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To Professor Vittorio Rizzoli 


Foreword 


Twelve years have passed since the publication of the first edition of 
RF/Microwave Circuit Design for Wireless Applications. Year 2000 was still the 
dawn of the wireless era; mobile telephony was about to change from highly 
expensive business equipment to a common ubiquitous consumer article. 
Chipsets for WiFi and GPS were available or under development but still to be 
deployed on the mass market. То remember those days, we kept the statement on 
the first page of the first chapter, saying that we concluded that 30% of the 
passengers waiting at an airport were on the air. Today, I would expect this 
number to be well beyond 100%, accounting for people being connected to the 
Internet by multiple devices while talking on their cell phone. 

Other changes are also obvious requiring the book to be enhanced and partly 
rewritten. Semiconductor technology and device modeling have advanced 
rapidly. The first edition still discussed GaAs MESFET as an important device, 
and stated that CMOS is still too slow for wireless applications. Therefore, this 
edition had to account for these advances, and now discusses CMOS and CMOS 
circuits, BiCMOS, and HBTs on GaAs and SiGe, as well as GaN HEMTs. 

It also happened in the last 15 years that the semiconductor branches of the 
major technology companies became independent companies. Just to name a 
few: chip-makers Siemens, Motorola, Philips, and Hewlett-Packard are now 
Infineon, Freescale, NXP, and Avago. On the other hand, most of the circuit 
design principles did not change much. We decided in many cases to rely on the 
Same commercial circuit examples that were already discussed in the first 
edition. The majority of the example products are still on the market. 

This book also discusses the GSM concept in detail. Important highlights in 
this new edition are power amplifiers with linearization. (This topic is discussed 
in great detail.) In addition to this, nonlinear noise in mixers and oscillators are 
new topics as is the treatment of nonlinear noise in cross-coupled oscillators that 
play an important role, and these have been covered as outlined above. The 
majority of the chapters have been updated, but the topics listed above are all 
new and fully covered. 

Last but not the least, there was a change in the authors of this book. Author 
David P. Newkirk, whose valuable language skills as a technical writer ensured 
the high quality of the first edition, was unavailable for the second edition. 


However, I was fortunate to have Dr.-Ing. Matthias Rudolph join me in the 
revision of this book. He had a solid background in microwave engineering at 
Ferdinand Braun Institut in Berlin, Germany where he was in a management 
position responsible for device modeling and low-noise components. In the fall 
of 2009, he was appointed the Ulrich-L.-Rohde tenure-tracking Professor for RF 
and Microwave Techniques at Brandenburg University of Technology, Cottbus, 
Germany. His experience and dedication to this effort gives this new edition of 
the book an exceptionally wide base. 

Finally, I would like to appreciate the support from the numerous companies 
and individuals that allowed us to use their images, datasheets, and technical 
papers as examples. Special thanks also to our publisher John Wiley & Sons, 
especially to George Telecki for his ongoing support and his patience. 


Ulrich L. Rohde 


Marco Island, Florida 
Fall 2012 


Preface 


When I started 2 years ago to write a book on wireless technology—specifically, 
circuit design—I had hoped that the explosion of the technology had stabilized. 
To my surprise, however, the technology is far from settled, and I found myself 
in a constant chase to catch up with the latest developments. Such a chase 
requires a fast engine like the Concorde. 





In the case of this somewhat older technology, speed still has not been 
surpassed by any other commercial approach. This tells us there is a lot of design 
technology that needs to be understood or modified to handle today's needs. 
Because of the very demanding calculation effort for the circuits, this book 
makes heavy use of the most modern CAD tools. Hewlett-Packard! was kind 
enough to provide us with a copy of their advanced design system (ADS), which 
also comes with matching synthesis and a wideband CDMA library. 
Unfortunately, some of the mechanics of getting us started on the software 
collided with the already delayed schedule of this book, and we were only in a 
position to reference their advanced capability and not really demonstrate it. The 
use of this software, including the one from Eagleware, which was also provided 
to us, needed to be deferred to the next edition of this book. To meet time 


constraints and give a consistent presentation, we decided to stay with Ше Ansoft 
tools. One of the most time-consuming efforts was the actual modeling job, since 
we wanted to make sure all circuits would work properly. There are too many 
publications showing incomplete or nonworking designs. 

On the positive side, trade journals give valuable insight in state-of-the-art 
designs, and I would recommend to all engineers to get a free subscription to 
them. Some of the major ones include Applied Microwave & Wireless, 
Electronic Design, Electronic Engineering Europe, Microwave Journal, 
Microwaves & RF, Microwave Product Digest (MPD), RF Design, and Wireless 
Systems Design. 

There are also several conferences that have excellent proceedings, which can 
be obtained either in book or CD form: GaAs IC Symposium (annual; sponsored 
by IEEE-EDS, IEEE-MTT), IEEE International Solid-State Circuits Conference 
(annual), and IEEE MTT-S International Microwave Symposium (annual). 

There may be other useful conferences along these lines that are being 
announced in the trade journals mentioned above, such as in England, Holland, 
and Germany, and workshops associated with conferences, such as the recent 
“Designing RF Receivers for Wireless Systems” associated with the IEEE MTT- 
S. 

Other useful tools include courses such as Introduction to RF/MW Design, a 
four-day short course offered by Besser Associates. 

Wireless design can be split into the digital part, which has to do with the 
various modulation and demodulation capabilities, advantages апа 
disadvantages, and many analog technologies, of which most of this book is 
composed. 

The analog part is complicated by the fact that we have three competing 
technologies. Given the fact that cost, space, and power consumption are issues 
for hand-held and battery-operated applications, CMOS has been a strong 
contestant in the area of cordless telephones because of the relaxed signal-to- 
noise-ratio specifications compared with cellular telephones. CMOS is much 
noisier than bipolar and GaAs technologies. One of the problems then is the 
input/output stage at UHF/SHF frequencies. Here, we find a fierce battle 
between silicon-germanium (SiGe) transistors and GaAs technology. Most 
prescalers are bipolar and most power amplifiers are based on GaAs FETs or 
LDMOS transistors for base stations. The most competitive technologies are the 
SiGe transistors and, of course, GaAs, the latter being the most expensive of the 
three mentioned. In the silicon-germanium area, IBM and Maxim seem to be the 


leaders, with many trying to catch ир. 

Another important issue is how to differentiate between hand-held or battery- 
Operated applications and base stations. Most designers, who are tasked to look 
into battery-operated devices, ultimately resort to using available integrated 
circuits, which seem to change every 6—9 months, and new offerings occur. 
Given the multiple choices, we have not yet seen a systematic approach of how 
to select the proper IC families and their members. We have therefore decided to 
show some guidelines for the design applications of the ICs, mainly focusing on 
high-performance applications. In the case of high-performance applications, 
low power consumption is not that big an issue; dynamic range in its various 
forms tends to be more important. Most of these circuits are designed in discrete 
portions or use discrete parts. Anyone who has a reasonable antenna and has a 
line of sight to New York City, with the antenna connected to a spectrum 
analyzer, will immediately understand this. Between telephones, both cordless 
and cellular, high-powered pagers, and other services, the spectrum analyzer will 
be overwhelmed by these signals. IC applications for handsets and other 
applications already value their parts as “good.” Their third-order intercept 
points are better than —10 dBm, while the real professional having to design a 
fixed station is looking for at least +10 dBm, if not more. This applies not only 
to amplifiers but also to mixer and oscillator performances. We, therefore, 
decided to give examples of this dynamic range. The following brief survey of 
current ICs has been assembled for the purpose of showing typical specifications 
that have been assembled to show the practical needs. It is useful that large 
companies make both the cellular telephones and integrated circuits or their 
discrete implementation for base stations. We strongly believe that the circuits 
selected by us will be useful for all applications. 

Chapter 1, as mentioned, is an introduction to the digital modulations that form 
the foundation of wireless radiocommunication and its performance evaluation. 
We decided to leave the information regarding actual implementation to more 
qualified individuals. Since the standards for these modulations are still in a state 
of flux, we felt that it would not be possible to attack all angles. Chapter 1 
contains some very nice material from various sources including tutorial material 
from my German company, Rohde & Schwarz, in Munich—specifically, from 
the digital modulation portion of their 1998 Introductory Training for Sales 
Engineers CD. Note: On a few rare equations, we have used either a picture or 
an equation more than once so that the reader need not refer to a previous 
chapter for full understanding of a discussion. 


Chapter 2 is a comprehensive introduction into the various semiconductor 
technologies that enables the designer to make an educated decision. Relevant 
material such as PIN diodes has also been covered. In many applications, the 
transistors are being used close to their electrical limits, such as a combination of 
low voltage and low current. The fr dependency, noise figure, and large-signal 


performance have to be evaluated. Another important application for diodes is 
their use as switches, as well as variable capacitances frequently referred to as 
tuning diodes. In order to better understand what the various parameters of 
semiconductors mean, we have included a variety of datasheets and some small 
applications showing which technology is best for what application. In linear 
applications, noise figure is extremely important; in nonlinear applications, the 
distortion products need to be known. Therefore, this chapter also includes not 
only the linear performance of semiconductors but also their nonlinear behavior, 
including even some details on parameter extraction. Given the number of 
choices the designer has today and the frequent lack of complete data from 
manufacturers, these are also important issues. 

Chapter 3, the longest chapter, has the most detailed analysis and guidelines 
for discrete and integrated amplifiers providing deep insight into the 
semiconductor performance and circuitry necessary to get the best results from 
the devices. We deal with the properties of the amplifiers, gain stability, and 
matching, evaluated one-, two-, and three-stage amplifiers with internal dc 
coupling and feedback as are frequently found in integrated circuits. In doing so, 
we also provide examples of ICs currently in the market, knowing that every six 
months more sophisticated devices will appear. Another important topic in this 
chapter is the choice of bias point and matching for digital signal handling, and 
we provide insight into such complex issues as the adjacent channel power ratio, 
which is related to a form of distortion caused by the amplifier in its particular 
operating mode. To connect these amplifiers, impedance matching is a big issue, 
and we evaluate some useful couplers and broadband matching circuits useful to 
these high frequencies. Finally, we provide a tracking filter as preselector, using 
tuning diodes. 

Chapter 4 is a detailed analysis of the available mixer circuits that are 
applicable to the wireless frequency range. The design also is supplied with the 
necessary mathematics to calculate the difference between insertion loss and 
noise figure, and receives insight into the differences between passive and active 
mixers, additive and multiplicative mixers, and other useful hints. We have also 
added some very clever circuits from companies such as Motorola and Siemens, 


as they are available as ICs. 

Chapter 5, the oscillator section, is a logical next step to be considered, as 
many amplifiers turn out to oscillate. After a brief introduction explaining why 
voltage-controlled oscillators (VCOs) are needed, we cover the necessary 
conditions for oscillation and its resulting phase noise for various configurations, 
including microwave oscillators and the very important ceramic-resonator-based 
oscillator. This chapter walks the reader through the various noise-contributing 
factors and the performance differences between discrete and integrated 
oscillators and their performance. Here too, a large number of novel circuits are 
covered. 

Chapter 6 deals with the frequency synthesizer, which depends heavily on the 
oscillators as shown in Chapter 5, and different system configurations to obtain 
the best performance. All components of a synthesizer, such as loop filters and 
phase frequency discriminators, and their actual performance are evaluated. 
Included are further applications for commercial synthesizer chips, and, of 
course, the direct digital frequency synthesizer as well as the fractional-N- 
division synthesizer principles are covered. The fractional-N-division synthesizer 
is probably one of the most exciting implementations of synthesizers, and we 
added interesting patents for those interested in coming up with their own 
design. 

I would like to thank my co-author, David Newkirk, for the enormous effort he 
put into making this project possible. Not only does he have a wealth of 
information as to practical applications, but he has also worked as a Professional 
Editor for many years and was really the key factor in putting this book together. 
Finally, I would like to thank the many engineers from Ansoft, Alpha Industries, 
Motorola, National Semiconductor, Philips, Rohde & Schwarz, and Siemens 
(now Infineon) for providing current information and being able to get 
permission to reproduce some of the excellent material. 

In the area of permissions, National Semiconductor has specifically asked us 
to include the following passage, which applies to all their permissions. 


LIFE SUPPORT POLICY 
NATIONAL'S PRODUCTS ARE МОТ AUTHORIZED FOR USE AS 
CRITICAL COMPONENTS IN LIFE SUPPORT DEVICES OR SYSTEMS 


WITHOUT THE EXPRESS WRITTEN APPROVAL OF THE PRESIDENT 
OF NATIONAL SEMICONDUCTOR CORPORATION. 


As used herein: 


1. Life support devices or systems are devices or systems which, (a) аге 
intended for surgical implant into the body, or (b) support or sustain life, and 
whose failure to perform, when properly used in accordance with 
instructions for use provided in the labeling, can be reasonably expected to 
result in a significant injury to the user. 

2. A critical component is any component of a life support device or system 
whose failure to perform can be reasonably expected to cause the failure of 
the life support device or system, or to affect its safety or effectiveness. 

I am also grateful to John Wiley & Sons, specifically, George Telecki, for 
tolerating the several slips in schedule, which were the result of the complexity 
of this effort. 

Finally, I would like to dedicate this book to Professor Vittorio Rizzoli, who 
has been instrumental in the development of the powerful harmonic-balance 
analysis tool, specifically Microwave Harmonica, which is part of Ansoft's 
Serenade Design Environment. Most of the success had by Compact Software, 
now part of Ansoft, continues to be based on his far-reaching contributions. 


Ulrich L. Rohde 


Upper Saddle River, New Jersey 
March 2000 


Note 


1. Now Agilent Technologies. 


Chapter 1 


Introduction to Wireless Circuit Design 


1.1 Introduction 


Wireless circuits are not that different from commonly known two-way radio, 
television, and broadcast arrangements. Some of them require high linearity in 
modulation (ТУ picture); some work via relay stations (two-way radio). The real 
differences lie in the fact that the cell sizes are much smaller, and that in most 
cases we attempt multiple channel use (reuse) using time-division multiplex, 
Spread spectrum, or some other efficient means of reducing the bandwidth 
required for communication. One can argue that the wireless circuits include 
simple devices, such as garage-door openers and wireless keys for automobiles 
(we have seen many cases where strong interfering signals prevented the car 
owners from reclaiming their cars until the interfering signal disappeared). 
Another longtime favorite is cordless telephones: initially, 50-MHz models with 
essentially no privacy protection; later, more sophisticated models that operate at 
900 MHz; and now, dual-band designs that use 900 MHz and 2.4 GHz. 

The largest wireless growth area is probably the cellular telephones. The two 
major applications are the handsets, common referred to as cell phones or 
occasionally as “handies,” and the base stations. The base stations have many 
more problems with large-signal-handling linearity at high power, although 
handset users may run into similar problems. An example of this is the waiting 
area of an airport, where many travelers are trying to conduct last-minute 
business; in one instance, we concluded that about 30% of all the people present 
were on the air! It would have been fun to evaluate this receiver-hostile 
environment with a spectrum analyzer. 

From such use comes anxiety factors, the lesser of which is “When will my 
battery die?"—a spare battery tends to help—and the greater of which the 
ongoing question, “Will this cellphone transmitter harm my body?” A brief 
comment for the self-proclaimed experts in this area: а 50-100-kW TV 
transmitter, specifically its video or picture portion, connected to a high-gain 


antenna, emits levels of energy in line-of-sight paths that by far exceed the 
pulsed energy from a cell phone. Specifically, the duration of energy is 
significantly smaller, and the absolute energy is more than a thousandfold higher, 
than the RF supposedly harming us from the cellular phone. Handheld two-way 
radios have been used for the last 30 years or so by police and other security 
interests, operating in the frequency range from 50 to 900 MHz with antennas 
close to the users' heads, and there are no known cases of cancer or any other 
illnesses caused by these handheld radios. Recent studies in England, debatably 
or not, showed that the reaction-time level of people using cell phones 
drastically actually increased—but then there are always the skeptics and 
politically motivated who ignore the facts, try to influence the media, and have 
their 15 min of fame (as Andy Warhol used to say). 

The question if cellphone radiation is harmful for the user is a question of 
ongoing research. However, the issue is quite complicated, and the results of 
different studies are even contradictory, or hard to reproduce. Luckily, Professor 
James C. Lin, from the University of Illinois-Chicago, takes the effort to write 
review articles on recent studies in his series Health Effects in the IEEE 
Microwave Magazine since 2001. This series provides us with the respective 
information and it is not only comprehensive but also written for engineers. 
From the vast number of articles, we just cite the first [1] and the one on the 
multinational study of the possible relation of tumors and cell phone use [2]. The 
other articles are easily found by a IEEEXplore database search. 

Concerning radiation, Figure 1.1 shows the simulated near-field radiation of a 
Motorola mobile phone. The antenna is hidden inside the phone for optical 
reasons, and it is most likely a radiating structure that looks quite different from 
the linear antennas that were used in the past. The field is mainly concentrated at 
the top of the phone, where it is unlikely that the user's hand attenuates the 
transmit and receive power, and it is also directed away from the head. If the 
user will find a “warm” sensation, it will have more to do with the efficiency of 
the RF power amplifiers heating up the case than the effect of radiation, 
especially when many frontends are in use, like GSM, GPS, and WiFi. 


Figure 1.1 Antenna near-field radiation of a mobile phone (courtesy Prof. D. 
Manteuffel, Univ. Kiel, Germany). 





With this introduction in place, we will first take a look at a typical UHF/SHF 
transceiver and explain the path from the microphone to the antenna and back. 
After this, we will inspect the radio channel and its effect on various methods of 
digital modulation. Analysis of wireless receivers and transmitters will be next, 
followed by a look at available building blocks and how they affect the overall 
system. To validate proper system operation, a fairly large number of 
measurements and tests must be performed, and conveying their purpose and 
importance will necessitate the definition of a number of system characteristics 
and concepts, such as dynamic range. Finally, after this is done, we will look at 
the issue of wireless system testing. Again, we intend to give guidance 
applicable to battery-operated, handheld operation as well as high-powered base 
Stations. 


1.2 System Functions 


A cellular telephone is a hybrid between a double-sideband and FM (PM) 
transceiver. The actual transmission is not continuous, but is pulsed, and because 
of the pulse spectrum there is a signal bandwidth concern due to keying 
transients, not unlike intermodulation products of an SSB transceiver cluttering 
up adjacent channels. The cellular telephone is also a linear transceiver in the 


sense that its signal-handling circuitry must be sufficiently amplitude-and phase- 
linear to preserve the modulation characteristics of the AM/PM hybrid emissions 
it transmits and receives. Containing such an emission's spectral regrowth, which 
affects operation on adjacent channels, is not unlike the linearity requirements 
we encounter in single-sideband (SSB) transceivers—requirements so stringent 
that amplifiers must be run nearly in Class A to meet them. The time division 
multiple access (ТОМА) operating mode, which allows many stations to use the 
Same frequency through the use of short, precisely timed transmissions, requires 
a system that transmits with a small duty cycle, putting much less thermal stress 
on a power amplifier than continuous operation. Power management, including a 
Sleep mode, is another important issue in handset design. 

Figure 1.2 shows the block diagram of a handheld transceiver. This example 
shows an example chipset for a mobile phone that can operate in four 2G GSM 
(800/900 and 1800/1900 MHz) bands and in one 3G WCDMA (UMTS) band. 
Many functionalities are integrated into a few chips. 


Figure 1.2 Block diagram of a handheld cellular telephone transceiver (courtesy 
Texas Instruments). 
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For those not too familiar with transceivers, here is a “walk” through the block 
diagram. The RF signal is intercepted by the antenna is fed to a switch that 
selects whether the GSM or WCDMA path is in use. 

If we follow the GSM path first, the signal is fed to a diplexer/switch (called 
switchplexer in the figure). Since GSM operates transmits in bursts, the RF front 
end is switched between transmit and receive. Then follows a band-selection 
filter for each of the four GSM bands, and low-noise amplifiers. The signal is 
then directly downconverted to baseband by a quadrature demodulator using a 
local oscillator signal generated on chip. The baseband signal is low-pass 
filtered, amplified, and converted to the digital domain for further processing. 

The WCDMA path is different from the GSM path at first sight since it 
requires a duplex filter instead of the switch/duplexer used in GSM. The reason 
is that in UMTS, the transmitter is in full-duplex operation and transmits and 
receives at the same time. The duplex filter therefore has to separate the two 
paths, especially it is has to prevent crosstalk at the transmit frequency that could 
overload the input or the receiver. Again there is a combination of band-selection 
filter and low-noise amplifier before the received signal is downconverted into 
the baseband, and its Г and О channels are converted to the digital domain. 

A nice overview about DSP in “readable” form is Ref. [3]. 

The GSM transmit portion consists of an on-chip synthesizer that is 
modulated. Both receive and transmit frequencies are controlled by a miniature 
temperature-compensated crystal oscillator (TCXO). The output of the voltage- 
controlled oscillator (V CO) is then amplified and fed to the antenna through the 
same switch/duplexer as the receive portion. 

The WCDMA transmit branch relies on the I-Q modulator architecture. In 
contrast to GSM the uses the GMSK coding scheme with constant envelope, 
WCDMA signals show high peak-to-average ratios and need good control over 
amplitude and phase of the RF signal. 

Figure 1.2 also reveals which part of the functionality can be integrated in 
CMOS today. In fact, it is almost everything, so let us talk about what is still off- 
chip and what will not be integrated in CMOS anytime soon. 


e The antenna, for obvious reasons. Unlike early mobile phones, radiating 
parts are integrated inside the phone that do not even look like classical 
antennas. 

e Band-selection filters need very low insertion loss and high selectivity. The 
low loss is required to obtain high sensitivity. This type of high-Q filters are 


commonly realized as surface-acoustic wave (SAW) or bulk acoustic 
resonance (BAR) filters on piezo crystals. 

e The antenna switch must be able to carry the high transmit power, provide 
low insertion loss, and high isolation. Besides of pin diodes, GaAs HEMT 
devices are often used. 

e The power amplifiers need to provide high powers, high linearity, and a 
maximum of power-added efficiency. The technology of choice to date is 
InGaP/GaAs HBTs. 


A mobile phone transmitter is more involved than, say, a WLAN or DECT 
transmitter, as it requires to operate at multiple frequencies according to different 
standards. And since it needs to operate over much wider distances and at higher 
powers. Less critical transceivers might be fully integrated in CMOS or in 
BiCMOS. However, an in-depth discussion of different transceiver architectures 
is beyond the scope of this book, and we stop at this point. A nice overview of 
different architectures is found in Ref. [4]. 


1.3 The Radio Channel and Modulation 
Requirements 


1.3.1 Introduction 


The transmission of information from a fixed station to a mobile is considerably 
influenced by the characteristics of the radio channel. The RF signal arrives at 
the receiving antenna not only on the direct path but is normally reflected by 
natural and artificial obstacles in its way. Consequently, the signal arrives at the 
receiver several times in the form of echoes that are superimposed on the direct 
signal (Figure 1.3). This superposition may be an advantage as the energy 
received in this case is greater than in single-path reception. This feature is made 
use of in the DAB single-frequency network. However, this characteristic may 
be a disadvantage when the different waves cancel each other under unfavorable 
phase conditions. In conventional car radio reception, this effect is known as 
fading. It is particularly annoying when the vehicle stops in an area where the 
field strength is reduced because of fading (e.g., at traffic lights). Additional 
difficulties arise when digital signals are transmitted. If strong echo signals 
(compared to the directly received signal) arrive at the receiver with a delay in 
the order of a symbol period or more, time-adjacent symbols interfere with each 


other. In addition, the receive frequency may be falsified at high vehicle speeds 
because of the Doppler effect so that the receiver may have problems to estimate 
the instantaneous phase in the case of angle-modulated carriers. Both effects lead 
to a high symbol error rate even if the field strength is sufficiently high. Radio 
broadcasting systems using conventional frequency modulation are hardly 
affected by these interfering effects. If an analog system is replaced by a digital 
one that is expected to offer advantages over the previous system, it has to be 
ensured that these advantages—for example, better AF S/N and the possibility to 
offer supplementary services to the subscriber—are not at the expense of 
reception in hilly terrain or at high vehicle speeds because of extreme fading. 











For this reason, a modulation method combined with suitable error protection 
has to be found for mobile reception in a typical radio channel, which is immune 
to fading, echo, and Doppler effects. 

With a view to this, more detailed information on the radio channel is required. 
The channel can be described by means of a model. In the worst case, which 
may be the case for reception in built-up areas, it can be assumed that the mobile 
receives the signal on several indirect paths but not on a direct one. The signals 
are reflected, for example, by large buildings; the resulting signal delays are 
relatively long. In the vicinity of the receiver, these paths are split up into a great 
number of subpaths; the delays of these signals are relatively short. These 
signals may again be reflected by buildings but also by other vehicles or natural 
obstacles like trees. Assuming the subpaths being statistically independent of 
each other, the superimposed signals at the antenna input cause considerable 
time-and position-dependent field-strength variations with an amplitude obeying 
the Rayleigh distribution (Figures 1.4 and 1.5). 


Figure 1.4 Receive signal as a function of time or position. 
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If a direct path is received in addition, the distribution changes to the Rice 
distribution and finally, when the direct path becomes dominant, the distribution 
follows the Gaussian distribution with the field strength of the direct path being 
used as the center value. 

In a Rayleigh channel, the bit error rate increases dramatically compared to the 
BER in an additive white Gaussian noise (AWGN) channel produces (Figure 
1.6). 


Figure 1.6 BER in a Rayleigh channel. 
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1.3.2 Channel Impulse Response 


This scenario can be demonstrated by means of the channel impulse response. 
Let us assume that a very short pulse of extremely high amplitude [in the ideal 
case a Dirac pulse ó(t)] is sent by the transmitting antenna at a time tọ = 0. This 
pulse arrives at the receiving antenna direct and in the form of reflections with 
different delays т; and different amplitudes because of path losses. The impulse 
response of the radio channel is the sum of all received pulses (Figure 1.7). Since 
the mobile receiver and also some of the reflecting objects are moving, the 
channel impulse response is a function of time and of delays т;, that is, it 
corresponds to 


Figure 1.7 Channel impulse response. 
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This shows that delta functions sent at different times t cause different 
reactions in the radio channel. 

In many experimental investigations, different landscape models with typical 
echo profiles were created. 

The most important are 


e rural area (RA), 

e typical urban area (TU), 

e bad urban area (BA), and 

e hilly terrain (HT). 

The channel impulse response informs on how the received power is 
distributed to the individual echoes. A parameter, the “delay spread" can be 
calculated from the channel impulse response, permitting an approximate 
description of typical landscape models (Figure 1.8). 


Figure 1.8 Calculation of delay spread. 
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The delay spread also roughly informs оп the modulation parameters carrier 
frequency, symbol period, and duration of guard interval, which have to be 
selected in relation to each other. If the receiver is located in an area with a high 
delay spread (e.g., in hilly terrain), echoes of the symbols sent at different times 
are superimposed when broadband modulation methods with a short symbol 
period are used. In the case of DAB, this problem is aggravated by the use of 
single-frequency networks. An adjacent transmitter emitting the same 
information on the same frequency has the effect of an artificial echo (Figure 
1.9). 


— 1.9 Artificial and natural echoes in the single-frequency network. 
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A constructive superposition of echoes is only possible if the symbol period is 
much greater than the delay spread. The following holds: 

(1.2) Т, > 107; 

This has the consequence that relatively narrowband modulation methods have 
to be used. If this is not possible, channel equalizing is required. 

For the channel equalizing, a continuous estimation of the radio channel is 


necessary. The estimation is performed with the aid of a periodic transmission of 
data known to the receiver. In networks according to the GSA standards, a 
midamble consisting of 26 bits—the training sequence—is transmitted with 
every burst. The training sequence corresponds to a characteristic pattern of I/Q 
signals that is kept in a memory in the receiver. The baseband signals of every 
received training sequence are correlated with the stored ones. From this 
correlation, the channel can be estimated, the properties of the estimated channel 
will then be fed to the equalizer (Figure 1.10). 


Figure 1.10 Channel estimation. 
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The equalizer uses the Viterbi algorithm (maximum sequence likelihood 
estimation) for the estimation of the phases that most likely have been sent at the 
sampling times. From these phases, the information bits are calculated (Figure 
1.11). A well-designed equalizer then will superimpose the energies of the single 
echoes constructively, so that the result in an area, where the echoes are not to 
much delayed, delay times up to 16 us have to be tolerated by a receiver, are 
better than in an area with no significant echoes (Figure 1.12). 


Figure 1.11 Channel equalization. 
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Figure 1.12 BERs after the channel equalizer in different areas. 
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Remaining bit errors are eliminated using another Viterbi decoder at the 
transmitter convolutionally encoded data sequences. 

The ability of a mobile receiver to work in an hostile environment such as the 
radio channel with echoes must be proven. The test is performed with the aid of 
a fading simulator. The fading simulator simulates different scenarios with 
different delay times and different Doppler profiles. A signal generator generates 
undistorted 1/О modulated RF signals that are downconverted into the baseband. 
Here, the І/О signals are digitized and split into different channels where they 
are delayed and attenuated and where Doppler effects are superimposed. After 
combination of these distorted signals at the output of the baseband section of 
the simulator, these signals modulate the RF carrier that is the test signal for the 
receiver under test (Figure 1.13). 


Figure 1.13 Fading simulator. 
Attenuation Doppler 
spectrum 










To make the tests comparable, GSM recommends typical profiles, for example 


e rural area (RAx), 

e typical urban (TUx), and 

e hilly terrain (HTX). 

where number and strengths of the echoes and the Doppler spectra are 


prescribed (Figure 1.14). 
Figure 1.14 Typical landscape profiles. 
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1.3.3 Doppler Effect 


Since the mobile receiver and some of the reflecting objects are in motion, the 


receive frequency is shifted because of the Doppler effect. In the case of single- 
path er this shift is calculated as follows: 


(1.3) ^ 
where v — bed of vehicle, c = speed of light, f = carrier frequency, and a = 
angle between v and the line connecting transmitter and receiver. 

In the case of multipath reception, the signals on the individual paths arrive at 
the receiving antenna with different Doppler shifts because of the different 
angles a;, and the receive spectrum is spread. Assuming an equal distribution of 
the angles of incidence, the power density spectrum can be calculated as follows: 

РҮ = l = for] Fl < | Fal 

(1.4) ^ Tvi- 

where f4 = maximum Doppler frequency. 


Of course, other Doppler spectra are possible in addition to the pure Doppler 
shift described above, for example, spectra with a Gaussian distribution using 
one or several maxima. A Doppler spread can be calculated from the Doppler 
spectrum analogously to the delay spread (Figure 1.15). 


Figure 1.15 Doppler spread. 
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1.3.4 Transfer Function 


The FFT value of the channel impulse response is the transfer function H(f, t) of 
the radio channel, which is also time dependent. The transfer function describes 


the attenuation of frequencies in the transmission channel. When examining the 
frequency dependence, it will be evident that the influence of the transmission 
channel on two sinewave signals of different frequency becomes greater with 
increasing frequency difference. This behavior can be adequately described by 
the coherence bandwidth that is approximately equal to the reciprocal delay 
spread, that is 

(1.5) “2-7 тұ 

If the coherence bandwidth is sufficiently wide and, consequently, the 
associated delay spread is small, the channel is not frequency selective. This 
means that all frequencies are subject to the same fading. If the coherence 
bandwidth is narrow and the associated delay spread wide, even very close 
adjacent frequencies are attenuated differently by the channel. The effect on a 
broadband-modulated carrier with respect to the coherence bandwidth is 
obvious. The sidebands important for the transmitted information are attenuated 
to a different degree. The result is a considerable distortion of the receive signal 
combined with a high bit error rate even if the received field strength is high. 
This characteristic of the radio channel again speaks for the use of narrowband 
modulation methods (Figure 1.16). 


Figure 1.16 Effect of transfer function on modulated RF signals. 
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1.3.5 Time Response of Channel Impulse Response 
and Transfer Function 


The time response of the radio channel can be derived from the Doppler spread. 
It is assumed that the channel rapidly varies at high vehicle speeds. The time 
variation of the radio channel can be described by a figure, the coherence time, 
which is analogous to the coherence bandwidth. This calculated value is the 
reciprocal bandwidth of the Doppler spectrum. A wide Doppler spectrum 
therefore indicates that the channel impulse response and the transfer function 
vary rapidly with time (Figure 1.17). If the Doppler spread is reduced to a single 
line, the channel is time invariant. In other words, if the vehicle has stopped or 
moves at a constant speed in a terrain without reflecting objects, the channel 
impulse response and the transfer function measured at different times are the 
same. 


Figure 1.17 Channel impulse response and transfer function as a function of 
time. 
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The effect on information transmission will be illustrated in an example. In the 
case of MPSK modulation using hard keying, the transmitter holds the carrier 
phase for a certain period of time, that is, for the symbol period T. In the case of 
soft keying with low-pass-filtered baseband signals for limiting the modulated 
RF carrier, the nominal phase is reached at a specific time, the sampling time. In 
both cases, the phase error фу = f4Ts is superimposed onto the nominal phase 


angle, which yields a phase uncertainty of Аф = 2ф, at the receiver. The longer 


the symbol period the greater the angle deviation (Figure 1.18). Considering this 
characteristic of the transmission channel, a short symbol period of Т, << (At)c 


should be used. However, this requires broadband modulation methods. 


Figure 1.18 Phase uncertainty caused by Doppler effect. 
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Figure 1.19 shows the field strength or power arriving at the mobile receiver if 
the vehicle moves in a Rayleigh distribution channel. Since the phase depends 
on the vehicle position, the receiver moves through positions of considerably 
differing field strength at different times (time dependence of radio channel). In 
the case of frequency-selective channels, this applies to one frequency only, that 


is, to a receiver using a narrowband IF filter for narrowband emissions. As 
Figure 1.19 shows, this effect can be reduced by increasing the bandwidth of the 
emitted signal and consequently the receiver bandwidth. 

Figure 1.19 Effect of bandwidth on fading. 
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1.3.6 Lessons Learned 


The strongly frequency-selective channel causing inadmissible distortion of the 
broadband-modulated carrier and channel impulse responses like those expected 
in a hilly terrain speak in favor of narrowband modulation methods with long 
symbol periods. In hilly terrain, extensively delayed echoes cause intersymbol 
interference when broadband modulation with short symbol periods is used. On 
the other hand, narrowband modulation has the disadvantage that the signals 
arrive at the receiver considerably attenuated and reception may be interrupted 
for an indefinite period of time. The burst errors occurring in digital information 
transmission cannot be corrected even with the most elaborate error protection 
methods. 

These transmission interruptions can be avoided by using broadband 
modulation methods, but these are sensitive to strongly frequency-selective 
channels. Since broadband modulation is obtained through the use of short 
symbol periods, broadband modulation is unsuitable when greatly delayed 
echoes are expected. 

It remains to be defined when a signal is considered a narrowband and when a 
broadband signal. This question shall be answered with the aid of an example. 
Apart from extremely narrowband analog modulation methods as are used for 


sound broadcasting in the longwave, mediumwave, and shortwave bands, ЕМ 
sound broadcasting transmissions in the VHF bands are narrowband. In the case 
of digital modulation, this means that transmissions with a rate of 400 kbit/s 
modulated onto a carrier with a bandwidth efficiency of 1.5 (bit/s)Hz over a 
bandwidth of approximately 300 kHz can be regarded as narrowband 
transmissions according to the definition above. Consequently, a DAB signal 
with this gross bit rate would be a narrowband signal and suitable for 
transmission on the radio channel with restrictions only. Based on the experience 
with conventional FM broadcasting systems in large cities and hilly terrain, this 
was obvious from the very beginning. 

Consequently, it is necessary to find ways for spreading the band artificially 
without reducing the bandwidth efficiency. This means that a large band must be 
available for the transmission of several programs, the full bandwidth being used 
by all the programs without mutual interference. 

Several approaches can be adopted to tackle the problem (Figure 1.20). One 
way would be a continuous change of the transmit and receive frequency 
according to a defined pattern (frequency hopping). This method is used in 
mobile radio, for instance, but only marginal investigations have been made in 
this respect for DAB. 


Figure 1.20 Band spreading by frequency hopping and CDMA. 
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Another possibility is to multiply the symbols of the individual programs with 
digital signals (pseudonoise function) using a much higher bit rate so that a 
higher symbol rate is obtained. In this case, the different programs are assigned 
different functions that must be orthogonal to each other (code division multiple 


access, CDMA). The “chopped ” bit streams of the individual programs are 
modulated onto carriers of identical frequency and the modulated carriers are 
added. A correlation receiver knowing the pseudonoise function divides the 
incoming CDMA signal into the individual programs. The disadvantage is 
obvious. Symbol periods are very short and elaborate means will be required for 
compensating the intersymbol interference. 

A different approach has been chosen for DAB, which does not involve 
continuous and elaborate channel measurements, so that it would be possible to 
use favorably priced receivers as are demanded in the field of consumer 
electronics. The method used for DAB is a multicarrier method where the 
information to be transmitted is spread onto many carriers using time and 
frequency interleaving. The terms time and frequency interleaving will be 
explained in the course of this discussion. The result is a broadband transmission 
method with long symbol periods. However, certain limitations caused by the 
Doppler effect will have to be accepted particularly at high carrier frequencies. 


1.3.7 Wireless Signal Example: The TDMA System in 
GSM 


1.3.7.1 Frequency Division Multiple Access (FDMA) 


In analog radio systems, the trend has always been toward a more efficient 
utilization of the available frequency spectrum by reducing the channel spacing. 
The number of radio channels obtained at a channel spacing of 12.5 kHz is of 
course twice that obtained at 25 kHz. However, any improvement brings about 
its disadvantage: the narrower the channel spacing, the higher the required 
frequency accuracy and the lower the possible maximum deviation of the 
frequency modulation. The latter leads to a poorer transmission quality due to 
the lower S/N ratio. Furthermore, the gaps between the channels, which must be 
a number of kilohertz wide for safety reasons, also reduce the available system 
bandwidth (see Figures 1.21 and 1.22). 


Figure 1.21 Channel spacing in broadband/narrowband systems. 
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The use of an available system spectrum divided into individual frequency 
channels enables the user to simultaneously access a multitude of different 
frequencies. This multiple access is called frequency-division multiple access 
(FDMA). Consequently, all radio systems with a spectrum divided into channels 
are FDMA systems. At present, the technically useful limit is reached with a 
channel spacing of 10—12.5 kHz. 

Advantages of FDMA. 

e Simultaneous access to a given bandwidth by many subscribers. 


e Increase in the number of channels through reduction of channel spacing. 
Disadvantages of FDMA. 

e Higher frequency accuracy required. 

e Transmission quality decreasing with reduction of channel bandwidth. 
e Better rejection filters required. 

e One transmitter/receiver required per channel. 


1.3.7.2 Time-Division Multiple Access (TDMA) 

With TDMA systems, the available bandwidth is divided into considerably 
fewer, and therefore wider, channels than in FDMA systems. Each of these 
channels is available to several subscribers quasi-simultaneously (see Figure 


1.23). However, a given subscriber can use the whole channel for a very short 
period (timeslot) only, for the rest of the time, they have no access. This serial 
access of several users is repeated within a fixed time frame. 


Figure 1.23 Time-division multiple access (ТОМА). 
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Advantages of TDMA. 

e Simultaneous use of a specific bandwidth by a great number of subscribers. 

e Depending on the number of available timeslots, several subscribers can be 
served by one transmitter/receiver. 

e ‘Transmitter and receiver are not permanently switched on (saves battery 
power). 

e The RF section may carry out other tasks in the intervals between 
transmission and reception. 

e Reduced susceptibility to frequency-selective fading in the case of larger 
channel bandwidths. 

Disadvantages of TDMA. 

e Accurate time synchronization of subscribers is required. 


e Higher processor capacity is required. 
e Broadband modulators are required. 


1.3.7.3 Code-Division Multiple Access (CDMA) 


The increasing use of low-priced and powerful signal processors allows a less 
common technique of multiple access to be employed in mass communication 
systems. In the case of code-division multiple access (CDMA), the whole system 
bandwidth is available to all subscribers at any time; that is, all send and receive 
simultaneously, with each using a specific code (Figure 1.24). 


Figure 1.24 Code-division multiple access (СОМА). 
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Logic “1” represents a certain bit sequence, logic “0” is the inversion of this 
sequence. The different signals are distinguished in the receiver by means of a 
cross-correlation of the received signal, which comprises a great number of 
codes, with the bit sequence expected so that the desired transmission signal can 
be detected. 

Advantages of CDMA. 


e Simultaneous use of a specific channel or subband many subscribers. 

e Several signals can be received simultaneously by one receiver. 

e Reduced susceptibility to frequency-selective fading in the case of large 
channel bandwidths. 

e More subscribers can be served. 

e Reduced costs for radio network planning. 


Disadvantages of CDMA. 


e Accurate time synchronization of subscribers required. 
e Fast transmitter power control over a wide dynamic range. 


1.3.7.4 TDMA in GSM 


RE Data 


In spite of the competition with other mobile radio systems, a common 
frequency band could be defined for GSM worldwide. All operators who signed 
the GSM memorandum of understanding committed themselves to install their 
GSM systems within the standardized frequency range. The competition for 
frequencies mainly affects countries using NMT900, the frequency range of 
which corresponds to the GSM P band. TACS also partly overlaps the GSM P 
band; the G1 band is completely within the TACS range. Cordless telephones 
operating in accordance with the CT1 standard also use the upper end of the 
GSM P band. CT1+ telephones, which had been assigned a frequency range 
below the P band years ago to protect them against GSM, have now been ousted 


by the G1 band. See Table 1.1. Since each frequency channel is divided into 
eight timeslots, transmitter and receiver operate in an intermittent mode, with the 
receive and transmit time in the upper and lower channels shifted by three 
timeslots (Figure 1.25). Although this alternative sending and receiving scheme 
operates in half-duplex rather than full-duplex operation, the received signal 
sounds continuous to the user. 


Table 1.1 RF Data for GSM900 and GSM1800. 


GSM900 GSM1800 
Frequency range P band СІ band 
Uplink (MHz) 890—915 850—890 1710-1785 
(MS transmitting) 
Downlink (MHz) 035—960 023—035 1805—1880 
(BTS transmitting) 
Duplex spacing (MHz) 45 45 95 
Spectrum (MHz) 2x25 2x10 2 х 75 
Frequency channels 124 49 374 
Channel numbers 1-І24 975-1023 512-585 
(АКЕСМ) 
Channel spacing 200 kHz 
Modulation GMSK with B x T 20.3 
Data transmission rate 270.833 kbit/s 
Bit duration 3.60 Is 


Figure 1.25 Duplex spacing of transmission and reception. 
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1.3.7.5 TDMA Structure 


Frame and Multiframe 


All GSM radio channels are organized in frames of approximately 4.62 ms 
duration. The frames are continuously repeated. Each frame is divided into eight 


timeslots of approximately 577 us each. A timeslot contains an information 
packet, the burst. Twenty-six-type multiframes are used on all timeslots 
containing a traffic channel (voice and/or data), 51-type multiframes on all 
timeslots reserved for control channels. See Figure 1.26. 

The TDMA structure uses other frame types above the multiframe level, as 
shown in Table 1.2. 


Figure 1.26 Timeslot, frame, and multiframe. 
Multiframes: 51/26 multiframe 
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Table 1.2 Superframes and Hyperframes. 





Superframe = 51 x 26 frames 
= 1326 frames 
=6.12 5 


Hyperframe = 2048 superframes 
= 2.715.648 frames 
= 3h, 29 min, 3.5 $ 


TDMA Timers 


The frame number within the hyperframe is counted continually so that counting 
of the TDMA clock restarts after approximately 3.5 h. The frame number 
therefore represents a time unit in the GSM system. Similar to time counting, 
where the seconds are combined into minutes, hours, and days, GSM does not 
count the absolute frame numbers but uses timers instead. These timers are 


structured as follows as shown in Table 1.3. 
The absolute frame number is obtained by a multiplication of the three timers. 
However, on certain occasions, a short version of the timers is used. 


Table 1.3 TDMA Timers. 


T1 = EN div. (26 x 51) Range 0—2047 

T2 = FN mod 26 Range 0—25 

T3 = EN mod 51 Range 0—50 

EN (Frame number) Range 0....2715647 


FN max = 51 х 26 x 2048-1 


Burst Structures 
Information between base station and mobile is sent in the timeslots. In each 
slot, a certain amount of information—that is, a burst—can be transmitted. 
Normally, the timeslot is occupied by the normal burst (Figure 1.27), which is 
used for signaling as well as for voice and data transmission. 

Each part of the burst serves a specific purpose as described below. 


Figure 1.27 Normal burst. 
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Information Bits 


The normal burst is able to transmit 2 х 57 information bits. Since this 
information can be replaced every 4.62 ms during an ongoing call, the average 
theoretical transmission rate is 
(1.6) 114 bits + 4.62 ms =з 24.7 kbit/s 

At the same time, this rate also represents the maximum transmission rate that 
can be obtained in the GSM system using one timeslot per transmission per time 
frame. Consequently, the transmission rate could be increased only if more than 
one time slot is used for the transmission. The bit rate is much lower in the 
control channels; that is, the above transmission rate is only attained by the 
mobile station if a traffic channel has been set up. In this case, the base station 
and the mobile station use a signaling channel, which also uses up capacity, in 
addition to the voice or data channel. Table 1.4 shows the assignment of the 
theoretically available capacity with a traffic channel set up. 


Table 1.4 Transmission Bit Rates. 


Information Error Protection Total 


Traffic channel 22.8 kbit/s 


Voice (full-rate) 13.0 kbit/s 9.8 kbit/s 
Data 2.4 kbit/s 20.4 kbit/s 
4.8 kbit/s 18.0 kbit/s 
9.6 kbit/s 13.2 kbit/s 
Control channels 0.95 kbit/s 
Idle frame 0.95 kbit/s 


Total 24.7 kbit/s 


Training Sequence 


In the middle of the normal burst, a 26-bit training sequence, the bit sequence of 
which is known to the receiver, is sent. The training-sequence code (TSC) can be 
one of eight different sequences. These sequences are stored in all receivers, and 
at the beginning of a transmission, the base transceiver station (BTS) decides on 
the TSC to be used. The training sequence serves two main purposes: bit 
synchronization and estimation of channel impulse response. 


1.3.7.6 Bit Synchronization 


Data transmitted via the air interface are in the asynchronous mode; that is, the 
receiver has to regenerate the bit clock from the data stream. To enable 
synchronization in the receiver, the transmitters adds synchronization bits to the 
information stream. Therefore, in normal data transmission, data telegrams start 
with a “...10101010...” sequence so that the receiver can regenerate the bit clock. 
A predefined bit word informs the receiver when the actual information (block 
synchronization) starts. A receiver synchronized in this way is able to decode the 
data stream online. The training sequence of the burst has to assume both 
synchronization tasks. Since it is in the middle of the burst, direct decoding is 
not possible. 

Each burst must first be stored in the receiver and then decoded by 
postprocessing. The reason for using this method is the second task of the 
training sequence. Synchronization itself is carried out by means of cross- 
correlation; that is, the expected training sequence is compared (correlated) to 
the center of the received burst and to the beginning and end of the training 
sequence so that the bit clock is also known. A burst containing other than the 
expected training sequence cannot be synchronized and decoded. 


1.3.7.7 Compensation of Multipath Reception 


The signal from the transmitter (in Figure 1.28, BTS > MS; the same applies 
also in the opposite direction) arrives at the receiver not only along the direct 
path but also via various other paths as a result of reflection and diffraction 
caused by obstacles in the signal path. 


Figure 1.28 Multipath reception due to reflection and diffraction. The base 
transceiver station (BTS) is transmitting to the mobile station (MS). 





Propagation conditions on these additional paths differ from those on the direct 
path. For instance, we can expect signals traveling via additional paths to exhibit 


e longer travel times because of increased path length, 
e various strengths, and 
e different Doppler shifts. 


Because of the different travel times, the signals arrive with a different phase 
at the receiving antenna. Depending on this phase, components may be canceled 
—that is, they may totally disappear—or added so that a high-quality signal is 
received for only a short period of time. RF-level variations are statistically 
distributed; level shifts due to fading may be as great as 40 dB. 

In addition to RF-level fading, another annoying effect is encountered that, 
uncompensated, would make correct signal decoding rather difficult. Because of 
the additional distance, the signal travels via the indirect path, the signal arriving 
at the receiving antenna exhibits time delay of its modulation in addition to 
variable phase shifts. The total of all channel responses to a single transmitted 
pulse is called channel impulse response (CIR, Figure 1.29). If the indirect path 
is only 1 km longer, the GSM echo bit reaches the receiver later than the directly 
received bit and thus interferes with the next bit received. This intersymbol 


interference may occur over several bits in succession. With delays of up to 15 
us, differentiating the desired-signal components from echoes becomes more and 
more difficult. This problem can also be solved with the aid of the training 
sequence. The echoes on the delayed paths also contain the training sequence. 
The correlation used for detecting the original training sequence may also be 
used for detecting the training-sequence echoes as well as their delay and loss. 
With the aid of this information, the received signal can be corrected by a 
channel equalizer. 


Figure 1.29 Channel impulse response. 
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Transmission in each timeslot is terminated with a guard period (Figure 1.30) of 
8.25 bit periods (#30 us). During this time, the level of the burst must be reduced 
from nominal to a minimum value (by up to 70 dB) and the burst is modulated 
with so-called dummy bits (logic 1), that is, no information is transmitted. The 
user of the next timeslot should start sending during this guard period so that his 
burst has reached nominal power when the actual transmission in the timeslot 
starts. This means that the switching time that cannot be used for transmitting 
information is used twice. 


Figure 1.30 Guard period at the end of each timeslot. 


Timeslot n 
Power 
гагпрїпд 

i ^ : "TITIO ТТТ ТІ 
: / ^ й x 
i ; 

Burst in 
timeslot rr 


LI 
Burst in 
timeslot n4 1 





С Guard period | 
8.25 bit penods 


Delay Correction 


The integrity of a timeslot depends on whether the subscribers send only during 
the period assigned to them and otherwise keep quiet. This is only possible when 
all subscribers are accurately synchronized. For practical reasons, the clock 
signal is generated by the BTS and the mobile stations synchronize to it. 
Conflicts with adjacent timeslots may occur in the uplink where several 
subscribers have to share the same channel. Although several subscribers are 
addressed in the downlink, signals can only be transmitted by the BTS. 
We will now examine the effect of a distance of 10 km between an MS and a 

BTS (Figure 1.31). Synchronization of the MS is as follows. 

Delay over 10 km = 33.3 ys (distance = velocity of light). 

The sync signals from the BTS requires this time for transmission. 

5 MS is synchronized by 33.3 us too late. 

MS sends a burst at the correct time from its point of view. 

5 The burst is sent 33.3 ps too late. 


Signal delay over a distance of 10 km — the burst requires another 33.3 us. 
From the point of view of the BTS, the burst arrives with a delay of twice the 
delay time. Transmission cannot be made in the assigned timeslot and interferes 
with the next one. 

The guard period at the end of each burst is only approximately 30 us long and 
fully used in the example above. The greater the distance between MS and BTS, 
the greater the effect of the signal delay. The only way to solve this problem is to 
make the MS send the burst at an earlier time. To do so, the distance between 
MS and BTS must be known. The BTS determines the distance by means of a 


delay measurement and informs the MS of the actual delay. As а result, the MS 
corrects its transmission time so that the signals again arrive time synchronized 
with the other mobiles at the BTS antenna. 

In GSM, this procedure is called timing advance (TA) and is carried out 
continuously for all active mobile stations. Every 480 ms, a new TA value is sent 
to all active mobiles. A few limiting values of the GSM system can be deduced 
from the TA. 

The TA is transmitted as a 6-bit word. Numerals from О to 63 can be 
represented with 6 bits. For instance, a TA of 10 means that for an MS from 
which bursts arrive with a delay of 10 bit periods, transmission must be 
advanced by this amount. Since the TA is transmitted as an absolute value, a 
maximum delay of 232.5 us (63 х 3.69 us) can be signaled and corrected. This 
maximum double delay corresponds to a distance of approximately 34.9 km. 

With the aid of the TA, the distance between the MS and the BTS can be 
determined. Since the smallest delay increment is a bit period, the resolution for 
a distance of one half of the delay corresponds to one bit period and therefore to 
approximately 550 m. 

This synchronization scheme cannot solve an inherent problem. The delay of 
the very first burst sent by an MS cannot be corrected because, with contact 
between the MS and BTS yet to be established, the MS has not yet received an 
appropriate ТА value from the BTS. Yet, if the mobile sends a normally timed 
burst, it may spill over into the next time slot and interfere with transmission 
from another MS. To avoid causing interference in such cases, the mobile uses a 
special burst at the beginning of a transmission or when no valid TA has been 
received. Called the access burst, it is considerably shorter than a normal burst. 
The next section describes the access burst and other additional burst types in 
greater detail. 


Figure 1.31 Signal delay and its effect. 
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In addition to the normal burst described before, other bursts, including the 
access burst, are available for special purposes (Figure 1.32). 


Burst Types 


Frequency Correction Burst. The 142 “fixed bits” of the frequency 
correction burst (FCB) are all set to logic 0. With Gaussian minimum shift 
keying (GMSK), the type of modulation used in GSM, a stationary carrier 
frequency deviation, in this case approximately 67.7 kHz, is generated with 
this burst. The FCB is sent by the BTS only and used by the mobile for 
synchronization to the carrier frequency and for compensating a possible 
Doppler shift. It is sent by the BTS every 10 frames (approximately every 46 
ms), but only in the timeslot О and only on a single (the CO) carrier. 
Synchronization Burst. One frame after the frequency correction burst, but 
also in timeslot 0, the synchronization burst (SB) is transmitted. This burst is 
sent only by the BTS, and only on the CO carrier. A particular difference 
between it and the normal burst is its considerably longer training sequence. 
Like the 26-bit training sequence of a normal burst, the SB's training 
sequence is also used for bit synchronization. Due to the great length of the 
sequence, synchronization can be more exact. 


The twice 39 encrypted bits comprise timers T1, Т2, and T3 in a coded 

form, and also the base-station identification code (BSIC). When this “GSM 
time” is received, the MS is synchronized to the BTS. 
Dummy Burst. A BTS must send continuously—that is, in all timeslots—on 
its CO carrier because this carrier is used by the MS to find the nearest BTS 
and for evaluating reception quality. If no normal burst is available for 
transmission in a timeslot, the BTS sends dummy bursts instead, as the 
carrier cannot be transmitted without a modulation signal. Only the BTS 
sends dummy bursts, and only on the CO carrier. 


Access Burst. As already pointed out, the access burst is sent when the MS 
first calls the BTS as a means of minimizing interference to other MTs while 
initiating a delay measurement and the determination of the TA. In most 
cases, the access burst is also sent on the CO carrier in the uplink direction, 
but in the case of a handover it may be transmitted on any carrier. 


Figure 1.32 Burst types. 
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1.3.8 From GSM to UMTS to LTE 


With GSM, as with the other second generation (2G) systems, mobile 
communications became digital. This system was of a completely new quality as 
compared to its analog predecessors. As an early system, this standard is less 
complex than newer systems, and easier to comprehend. It still is a good 
introductory example in a book like this, since it is the basis from which modern 
standards were developed. 

When GSM was developed, computing power was limited, especially 
regarding mobile devices. Designing the required RFICs, too, was all but an easy 
task. The standard therefore aimed at taking full advantage of the new 
possibilities that were offered by the digital world, like privacy protection 
through encryption, secure billing, and squeezing as many connections into a 
physical radio channel as possible. But it still is mainly a telephone system, as it 
offers one dedicated line for each call. Packet-switched data connections were 
not in the focus—in absence of reasonable mobile computer power and display 
technology, and considering the low data rates and high costs: a reasonable 


approach. However, short-message texting (SMS) was build into the system 
from the start. A low data-rate package-switched signaling channel was used to 
transfer these few bits. 

On the positive side, in the view of an RF designer, GSM is a nice standard. 
Relying on the GSMK modulation scheme (see Section 1.4.2), the transmitted 
RF signal is always of constant amplitude. The information is encoded in the 
phase shift from symbol to symbol. Due to the narrowband phase modulation, 
the signal did not consume more bandwidth than in AM. These signals were sent 
out in bursts, as discussed in the previous section. 

The advancement of the semiconductor technology enables much more 
complex systems nowadays. The driving force today is mobile data transmission, 
mainly access to the internet, e-mail, and social media, but also to entertainment 
such as stream video. Considering data throughput, voice is becoming 
negligible. 

The third generation (3G) successor of GSM is UMTS. With this system, any 
connection between the mobile device and the base station is treated as a data 
session. Instead of defining a fixed number of possible channels, defined in 
bandwidth and time slots, it uses a more flexible scheme, based on wideband 
code-division multiple access, which will be defined in a subsequent section. 

In future mobile systems, like the long-term evolution (3GPP-LTE), a standard 
that is currently being deployed, adds numerous new features on the system 
level. For example, variable bandwidth, enhanced localization, spatial 
multiplexing, and multiple-input—multiple-output (MIMO) schemes that use 
multiple receive and transmit antennas in order to enhance data throughput, or 
maximum ratio combining schemes that reduce bit error rate relying on multiple 
transmit antennas and a single receive antenna. 

An outline addressing most of the details of current and emerging standards 
beyond GSM are way beyond the scope of this book, and the reader is referred to 
the literature. Fortunately, a number of good introductory application notes are 
available, for example, |6-8, 10, 16-18]. 


1.4 About Bits, Symbols, and Waveforms 


1.4.1 Introduction 


Digital modulation of an RF carrier is the allocation of physically existing RF 


waveforms to the single elements of an alphabet of logical symbols where the 
number of allowed waveforms is equal to the number of logical elements of the 
alphabet (Figure 1.33). The most common alphabet is the binary one with the 
two logical symbols “0” and “1”, but we will also deal with quaternary, 
octernary, and hexadecimal alphabets or more generally with M-ary alphabets 
comprising many more elements when discussing the signal generation with 
signal generators and dedicated software packages. The waveforms representing 
these symbols differ from each other by their parameters amplitude a(t), their 
frequency f(t), and their phase @(t). 


Figure 1.33 At base, digital modulation involves frequency-shifting a baseband 
digital signal to RF. In practice, the process is more complicated than this 
because of bandwidth constraints on the resulting RF signal. 
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A modulator therefore is nothing more than a device by which this allocation is 
performed (Figure 1.34). From a coder it receives the logical symbols and emits 
at its output the corresponding waveforms s;(t). The waveform generation may 
be done by using a set of distinct generators (e.g., two oscillators to generate two 
signals with different frequencies in the case of binary frequency shift keying), 
by classical amplitude or frequency modulators or by more sophisticated 
equipment such as I/Q-modulators for M-ary modulations. 


Figure 1.34 Digital modulator. 
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On their way across the RF channel from the transmitter to the receiver, these 
waveforms are distorted by noise and other disturbing properties of the RF 
channel. 

The task of the receiver is to interpret the received waveforms r,(t) and to 
reallocate the proper logical symbols to them. For this purpose, it is not 
necessary to reconstruct the original waveforms from the distorted ones (Figure 
1.35). The important thing is to find out which symbol has most probably been 
sent when a certain signal r,t) has been received, a process that is known as 


maximum likelihood estimation. 


Figure 1.35 The information channel. 
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For meaningful receiver tests therefore waveforms have to be generated that 
mimic real, distorted signals to prove the ability of a receiver to tolerate 
waveform distortions to a certain extent. 


1.4.1.1 Representation of a Modulated RF Carrier 
The waveform of a modulated RF carrier can be expressed as 
(1.7) 5%) = a(t) соз[2х f. (£)E + e(t) 
and is defined by its amplitude a(t), its carrier frequency f(t), and its phase ф(0). 


All the three parameters are time variant and may be altered to generate different 
waveforms to represent logical symbols. If the occupied bandwidth of this 
modulated carrier is narrow compared to the carrier frequency f,, we call this 


signal the RF-bandpass signal (Figure 1.36). 
Figure 1.36 The bandpass signal and the I/Q representation of a carrier. 


.. _RF-bandpass signal 
bod 






Reference signal 


Q-component of bandpass signal 


As any frequency variation causes a phase variation and vice versa a phase 
variation always causes a frequency variation, we can replace any frequency 
modulation by a corresponding phase modulation. Therefore, we simplify the 
above equation to 

(1.8) s(t) = a(t) cosi2m fet + ФЕ) 
that is, we consider the carrier frequency as a constant and concentrate all 
frequency and phase variations into the parameter @(t). 

For our purposes, another representation is more suitable, we will have to look 
up some trigonometric identities and our formula processor finds that 

a(t) cos[2zf.t + O(t)| = cos[@(t)]a(t) cos(27 f-t) 

(1.9) — sin[ó(t)]a(t) sin(27 f-t) 
which we call the J/Q representation of the RF-signal. I/Q means that we have an 
I (in phase) signal, namely, соѕ[Ф(#)]0(#) cos (27f.t), and а Q (quadrature) signal, 
namely, - sin [o (t)]a(t) sin (27f,t). These equations help us a lot in understanding 
an І/О modulator. Because of the phase difference of 90° between the two carrier 
components, these are said to be orthogonal to each other. 

All the information about the (modulated) carrier with the carrier frequency f, 
is contained in the terms 

(1.10) er(£) = a(t) cos [G(£]| 

(1.11) co(t) = a(t) sin (9t) 
and, lazy as we are, we therefore disregard the terms cos (27 f.£) and — sin (27 f.) 


for further considerations and denote the above signals c(t) апа со(0) as the 
components of the complex baseband waveform or baseband signal. 


This leads us immediately to the vector representation of the signal, where we 
consider the two components c,(t) and co(t) of the complex baseband signal as 


the time-variant components of a time variant vector with the vector length a(t) 
and the angle to the I-axis @(t). We also get 


(1.12) 9 = y e + 00) 


ФЕ) = arctan (4) 
(1.3) '' (e, 
The vector can be depicted in the J/Q area (Figure 1.37). 


Figure 1.37 Different forms of signal representation. 
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Once we have realized that the modulated carrier can be represented as the sum 
of its Т and О components, which are the product of the two baseband 
components with two orthogonal RF carriers of the same frequency, it is easy to 
understand the hardware of the modulator (Figure 1.38). An unmodulated RF 
carrier is split up into two equal oscillations cos (27 /,), one of the two is then is 
shifted by 0.5 л, and therefore is described by - sin (27f,). The component cos 


(27f,) is multiplied with the I component of the baseband signal c,(t), the other 
one, - sin (27f,), is multiplied with the Q component co(t) of the baseband 


signal. Each multiplication may be performed using a double-balanced mixer. 
Afterward, the two RF-components are added in a simple power combiner. As it 
is difficult to shift the carrier by 90? over a broad frequency range, the 
modulated carrier is generated at an intermediate frequency and then 


upconverted to the wanted output frequency in a second mixer stage. 

The baseband signals are generated by mapping every digital symbol into a 
pair of digital pulses that are fed to digital baseband filters. The output signal of 
these filters is D/A converted and smoothened by analog low-pass filters. 

Figure 1.39 shows another example where, for a given modulation (MSK or 
GMSK), the instantaneous phase and then the corresponding cosinusoid and 
sinusoid, which modulate the two carrier components, are calculated from the 
data signal. 

Digital designs of the modulator also exist, in which the IF-carrier generation, 
the time-variant phase shift, the multiplication with the baseband signals, and the 
sum of the components are calculated in a digital signal processor, the output of 
which is D/A-converted and upconverted to the output frequency in the classical 
way. A further possibility is the generation of the modulated carrier with direct 
digital synthesis (DDS), as it is used in the Rohde & Schwarz SME signal 
generator. 





Mapping 


Figure 1.39 //O modulation (MSK апа GMSK). 
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Mapping the Data into the Baseband Waveforms 
The next question is, “How do we generate the baseband waveforms c(t) and 
со(0?” There is no general answer to this question, as the generation of the 


baseband waveforms depends on the type of modulation. The following short 
descriptions will suffice for the moment. 
Linear modulations (all kinds of amplitude and phase-shift keying, and M-ary 
QAM). 
e For binary amplitude and phase shift keying (ASK and BPSK), the data 
signal itself represented as a unipolar (ASK) or bipolar (BPSK) nonreturn- 
to-zero (NRZ) signal is the baseband waveform c,(t); the component cQ(t) 


does not exist. 

e For M-ary phase shift keying and M-ary quadrature amplitude modulation, 
N bits are combined to form new symbols that are elements of an alphabet 
with M = 2N elements. In the simplest case, every symbol is allocated an I 
and a Q amplitude during the symbol duration, which is N times the bit 
duration. The modulating signals сї) and co(t) are then staircase functions, 


and the modulated carrier has a time-varying envelope with the 
instantaneous amplitude a(t) (Figure 1.40). Because the steps of the 
envelope cause unwanted side lobes of the RF spectrum, the baseband 
signals are filtered to smooth the shape of the RF envelope and reduce the 
occupied bandwidth of the modulated RF signal. 


Nonlinear modulations (frequency-shift keying, minimum shift keying and 
Gaussian minimum shift keying). 


e Despite M-ary frequency shift keying (FSK) could be performed using an 


I/Q modulator, for this type of modulation much simpler equipment such as 
a voltage-controlled oscillator is used as a frequency modulator. Figure 1.41 
shows an example of quaternary frequency shift keying (4FSK), which also 
is known as 4 PAM/FM. This term indicates that every two bits are 
combined to a dibit that is mapped into a baseband pulse with an amplitude 
taking on one of four possible levels. The pulse than is shaped by a 
baseband filter before being fed to the frequency modulator. 

e If more precise modulations are required (e.g., MSK and GMSK, which also 
turn out to be frequency modulations), first the instantaneous phase of the 
modulated RF carrier is calculated from the data. The corresponding sine 
and cosine values that form the modulating baseband signals c,(t) and co(t) 


are determined from a look-up table. This operation is the reason for the fact 
that frequency modulation is called a nonlinear modulation. 


Figure 1.40 Constellation diagram, and baseband and RF signals of 16 QAM. 
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Figure 1.41 4PAM/FSK. 
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1.4.1.2 Тһе Spectrum of a Digitally Modulated Carrier 

It is the task of any transmission process to occupy as little bandwidth as 
possible. The absolute lower limit in the baseband is half the symbol rate of the 
baseband signal, where for M-ary modulation the symbol rate Ғутьоі is equal to 
the bit rate divided by l;(M). This lower limit is only theoretical as ideal 
rectangular filters that cannot be realized were necessary. Therefore, in practice, 
a minimum baseband bandwidth of about 0.75 rsymbo) has to be taken into 
account. 

With linear modulation, the occupied bandwidth in the RF range is twice the 
occupied baseband bandwidth. This follows from the lag theorem, according to 
which the double-sided spectrum of a time function is shifted from f = 0 to the 
frequency f = f. when the time function is multiplied with cos{27 ft) (Figure 
1.42). 


Figure 1.42 Occupied bandwidth in the baseband and the RF range. 





Expressing this with formulas, we find 


(1.14) €) O—e Qf) 
(115 €" dt) О-” (f - f.) 


Therefore, if the baseband spectrum is limited by a low-pass filter, the RF 
spectrum is limited as if it was filtered by an RF bandpass filter with twice the 
bandwidth of the baseband filter. 


Demodulation of Digitally Modulated Carriers 
The demodulation process is an estimation process. The receiver compares the 
received waveform with all the possible waveforms and decides which symbol 
has been received. The waveform allocated is the one that is most similar to the 
received signal. This process is also called maximum likelihood estimation. 
Figure 1.43 shows a possible demodulator. The received signals are cross- 
correlated with the stored ones in M correlators. High output from a given 
correlator indicates a match between its stored symbol and a symbol in the 
incoming signal. 


Figure 1.43 Correlation receiver. 
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As can easily be seen, such a receiver is quite complex. Therefore, other 
principles of receivers have been studied. The most often used receiver is based 
on ап J/Q demodulator, the principle of which is shown in Figure 1.44. 


Figure 1.44 Coherent demodulation. 
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The received signal is split into two equal components. One component is 
multiplied with the reconstructed carrier signal, the other with its orthogonal 
counterpart, that is, the 7/2-shifted reconstructed carrier. After low-pass filtering, 
this multiplication delivers the J and the Q components of the baseband signal, 
which is more or less distorted by interference, multipath, and noise in the radio 
channel. These demodulated baseband signals then can be A/D converted and 
treated using simple or sophisticated algorithms to decide which symbols were 
originally sent. This type of demodulation requires an exact reconstruction of the 
unmodulated carrier, not only with respect to frequency but also to phase, and is 
called coherent demodulation. While the frequency recovery is in principle quite 
simple, the acquisition and tracking of the signal phase requires complex signal 
processing of the baseband signal. 

Coherent demodulation and its accompanying costly signal acquisition and 
tracking is necessary for all types of phase and quadrature amplitude modulation 
in which any part of the transmitted information is coded in the absolute phase of 
the carrier. It only can be avoided when the information is coded in the phase 
difference of two sequential waveforms. Such modulation schemes are called 
differential phase modulation. Examples of such modulation include differential 
binary phase-shift keying (DBPSK) and differential quadriphase-shift keying 
(DQPSK) and their derivatives. 

The following list shows common digital modulation types and the telecom 
systems that use them. 

BPSK—Satellite radio links, GPS, Inmarsat 
QPSK—Satellite radio links, GPS, 15-95 
OQPSK—IS-95 (reverse link) 


п/4-ОР5К—МАРС, PHS, PDC. TETRA 

GMSK—GSM, DCS 1800 

GFSK (Gaussian FSK)—DECT 

COFDM (coded orthogonal frequency-division multiplexing)—DAB, DVB. 


1.4.2 Some Fundamentals of Digital Modulation 
Techniques 


The first waveforms that were used for “digital modulation” were amplitude- 
shift keying (ASK), similar to on—off-keyed Morse code, апа phase-shift keying 
(similar to FM). Figures 1.45 shows the resulting waveforms in the time domain. 
It is also useful to look at them in the the phase domain—the in-phase (J) and 
quadrature (Q) planes. From Figure 1.46, we see that ASK has only two states: 
no signal and signal at I (in-phase), while phase-shift keying can have two states: 
*[ and -T. In the frequency domain, ASK and BPSK have the output spectra 
shown in Figure 1.47. These output spectra, with their (sin x)/x appearance, 
depend on the rise and decay times and duty cycle of the modulating signal. 


Figure 1.45 Amplitude-shift keying (ASK) and phase-shift keying (PSK) in the 
time domain. 
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Figure 1.46 ASK and PSK in the /О plane. 
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Figure 1.47 ASK and BPSK in the frequency domain. 
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BPSK sends one data bit per signal state. Another way to put this is that each 
of BPSK's two signal states is a symbol that stands for just one bit—0 or 1. 
Transmitting more than one bit per symbol would allow us to improve our data 
throughput per unit of time, and this is exactly what is done in quadrature PSK 


(QPSK), which uses four possible signal states as symbols for two-bit sequences 
called dibits (Figure 1.48). Figure 1.49 shows a QPSK modulator and the QPSK 
constellation diagram. Figure 1.50 shows the result of QPSK in the time and 
frequency domains. Figure 1.51 shows a spectrogram of an actual QPSK 
emission. 


Figure 1.48 Quadrature PSK (QPSK) modulator (I/Q modulator). 
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Figure 1.49 QPSK constellation diagram (left) and modulator (right). 
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Figure 1.50 Result of QPSK modulation in the time and frequency domains. 
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Figure 1.51 ОР5К spectrum. 
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Moving from ASK to BPSK or QPSK results in increased resistance to noise. 
Figure 1.52 illustrates this by graphing bit error rate versus signal-to-noise ratio 
(here expressed as 10 log [Epi + Nol, where Ер, is energy per bit and Nọ is the 


noise [42]). Figure 1.53 compares the maximum interference voltages for BPSK 
and QPSK. 


Figure 1.52 Bit error rate (BER) in terms of Epi No for BPSK, QPSK, and ASK. 
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Figure 1.53 Maximum interference voltages for BPSK and QPSK, where Y is 
carrier voltage of the desired signal апаў is the carrier voltage of the 
interfering signal. 
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Figure 1.54 shows bandwidth requirements and constellation diagrams for 
BPSK and QPSK. Unfiltered BPSK and QPSK are purely angle-modulated 
emissions; for each, all symbols are transmitted at the same amplitude. As we 
will see, however, bandwidth limiting a BPSK or QPSK signal to minimize 
adjacent-channel interference results in envelope variations that must be 
preserved through careful circuit design if bit errors are to be minimized. 


Figure 1.54 Bandwidth requirements (left) and constellation diagrams (right) for 
BPSK and QPSK. For each emission, all symbols are transmitted at the same 
amplitude, as is indicated by their equidistance from the constellation origin. 
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Further increases in bit rate per symbol are possible with phase-modulation 
schemes that divide the 360° of each carrier cycle into increasingly smaller 
segments. Transmitting three bits per symbol, with each symbol spaced from its 
neighbors by 45°, gives 8-PSK; transmitting four bits per symbol, with each 
symbol spaced from its neighbors by 22.5°, results in 16-PSK. Increasing the 
data rate by increasing the number of bits per symbol does not give us something 
for nothing, however; the smaller the phase difference between adjacent 
symbols, the likelihood that phase shifts resulting from phase noise, multipath 
reception, and other sources of phase perturbation will cause demodulation 
errors. 

Modulation schemes that differentiate their data symbols through a 
combination of phase and amplitude shifts are susceptible to disturbances in 
amplitude in addition to phase. Figure 1.55 shows the modulator and 
constellation diagram for 16-state quadrature amplitude modulation (16-QAM), 
in which each symbol represents four bits. Figure 1.56 shows bit error rate 
versus SNR for BPSK/QPSK, and 16-QAM and 64-QAM. QAM systems can 
support very high bit rates—if sufficient SNR can be maintained and 
disturbances in signal amplitude and phase can be kept under control [5]. 


Figure 1.55 Quadrature amplitude modulation (QAM), with constellation 
diagram for 16-state QAM (16 QAM). Because transitions between QAM 
symbols involve shifts in phase and amplitude; even unfiltered QAM is a 

combination of amplitude and angle modulation. 





Figure 1.56 Bit error rate versus Epi/Nọo for BPSK/QPSK, 16-ОАМ and 64- 
QAM, showing the significantly greater SNR necessary for a given BER as the 


number of signal states is increased. In 64-ОАМ, each symbol represents six 
bits. 





The infinite number of sidebands produced by angle modulation must be 
reduced by filtering to minimize the spectrum occupied by an emission to just 
that necessary for communication (Figure 1.57). Considerations of filter 
realizability and transmitter frequency agility dictate that this filtering must be 
done at baseband (Figure 1.58). The filter characteristics are optimized in 
accordance with the modulation scheme used. The filtering is done in using DSP, 
minimizing component count, and resulting in characteristics that are essentially 
temperature independent and identical from unit to unit. 


Figure 1.57 QPSK spectrum resulting from pseudorandom binary sequence 
(PRBS) data. Most of an angle-modulated emission's infinite sidebands are 
unnecessary for communication and can be removed by filtering—at the cost of 
introducing amplitude variations that must be sufficiently preserved to keep the 
bit error rate low. 
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Figure 1.58 Baseband filtering. Figure 1.59 shows the result for QPSK. 
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қ 1.59 Spectrum of a band-limited QPSK signal. 
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Fundamental angle-modulation theory tells us that the envelope of an angle- 
modulated signal does not vary in amplitude. Such an emission could be 
amplified in highly nonlinear stages without distortion. But because angle- 
modulated signals must be band-limited for practical use, and because band- 
limiting an angle-modulated signal strips away sideband energy that would 
contribute to its envelope constancy, the emissions used in modern wireless 
systems, even those that do not involve intentional amplitude modulation, vary 
in amplitude with modulation. How much an wireless emission's amplitude 
varies depends on the degree of filtering and the particular modulation scheme 
used. Various schemes, many of which rely on particular synergies of coding, 
modulation, and filtering, have been devised for minimizing amplitude variation 
in digitally modulated signals. Figure 1.60 shows one (offset DQPSK 
[OQPSK]); Figure 1.61 compares the spectra of three (QPSK, minimum shift 
keying [MSK], and Gaussian MSK [GMSK]). Detailed discussion of such 
techniques is more concerned with coding, logic circuitry, and software than 
with radio hardware, and is therefore beyond the scope of this book. What is 
important to the circuit designer is that stages handling the emission(s) on which 
a system depends must be sufficiently amplitude linear to maintain the 
modulation integrity of the signal and, in the case of transmitters, to keep 
adjacent-channel interference and other spurious emissions within acceptable 
levels. 


Figure 1.60 Offset QPSK (OQPSK) exhibits reduced envelope variations 
compared to standard QPSK by time-offsetting the J and Q channels. 
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Figure 1.61 Comparison of QPSK, MSK, and GMSK. 
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1.4.2.1 Spread-Spectrum and CDMA Modulation Techniques 


A spread-spectrum techniques is, by definition, a modulation technique that 
spreads a baseband signal over a broader bandwidth for transmission—without 
improving the signal-to-noise ratio (SNR) compared to AM. Common FM or 
PM therefore are not considered spread spectrum, since increasing the 
bandwidth yields a reduction in SNR. The two techniques most commonly used 
for spread spectrum in commercial standards are frequency hopping, and direct- 
sequence spread spectrum. Let us have a look into these schemes in order to 
motivate why it can be advantageous to spread the signal instead of keeping it as 
narrowband as possible [19, 20]. 


Frequency Hopping 

The name already implies how it works: the carrier frequency is not fixed. 
During transmission, the signal hops between different frequency channels in a 
pseudorandom sequence that is known only to transmitter and receiver. This 
approach is advantageous in a hostile environment. The technique is dating back 
to the 1920s, and was first used as a measure to establish secure military radio 
links. Without knowledge of the hopping sequence, it is next to impossible in an 
analog world to track the transmitted signal. The transmission might even be 
unnoticed by the enemy since the average power for the full band is low and 
might even be below the total noise power. For one narrow band, on the other 
hand, the signal only appears for a very short time until it hops away. Another 
advantage is that it is not easy to disrupt the transmission by jamming. A jammer 
could practically just block one narrowband channel, while the transmit signal 


hops around it without experiencing any problem. 

Today, frequency hopping is commonly used in standards like Bluetooth that 
use an unlicensed ISM band. An unlicensed band can be regarded as a quite 
hostile environment, since many other devices might be active, for example, 
microwave ovens. Bluetooth uses an adaptive frequency-hopping spread- 
spectrum technique to ensure good transmission properties. In fact, the hopping 
sequence is adaptively updated, mainly by removal of channels that provide low- 
quality transmission, for example, due to fading or due to another device that is 
sending there. 


Direct Sequence Spread-Spectrum 


DSSS is used in code-division multiple access scenarios (CDMA). In DSSS, the 
digital baseband signal is multiplied with a fast pseudorandom bit sequence. One 
bit of information is now expressed by a long series of so-called chips. Since the 
chip length is a small fraction of the bit length, the respective spectrum is spread 
accordingly. On the receiver side, the original signal can only be reconstructed, if 
the received signal is multiplied with the original pseudorandom bit sequence. 

This signal is also hard to detect. Without knowledge of the spreading code, it 
looks like broadband noise. The power level might only be slightly higher or 
even below the natural noise level. This technique therefore also has its roots in 
the military sector, and the spreading code was also used to encrypt the 
transmission. 

An important feature of the DSSS is that the received signal is again multiplied 
with the pseudorandom bit sequence. Figure 1.62 shows a sketch of a spread- 
spectrum transmission. The original signal is multiplied with the spreading 
sequence, which can be done through an XOR operation. The figure shows the 
respective signals in the baseband. Spreading results in a sequence of shorter 
symbols, thereby the original spectrum is spread. The channel will add white 
noise, and possibly a narrowband interfering signal. 

The received signal is the superposition of these signals. Despreading is 
performed by applying an XOR operation of the received signal with the original 
spreading code. The transmitted signal, therefore gets reconstructed. In the time 
domain, the double XOR operation cancels out, and in the frequency domain, it 
is despread to its original bandwidth. Any other received signal, on the contrary, 
is spread, and its power is distributed over a wide band. However, spreading will 
not affect white noise, which is still white at the same power level after 
spreading. Therefore, the noise power that defines the SNR of the DSSS 


transmission equals the noise power within the original bandwidth, no change 
compared to AM transmission. 

Regarding a narrowband jamming signal, a clear advantage over АМ is seen. 
The despreading procedure is identical to the spreading procedure for any signal 
except the desired transmitted signal. A jammer is therefore spread, and its 
power is distributed over a wide bandwidth. Most of the power is then filtered. 

In CDMA, or wideband-CDMA (W-CDMA) systems like UMTS, the different 
users share the same bandwidth by using different orthogonal spreading codes. 
Ideally, the cross-correlation between the different bit sequences would be zero, 
which means that the average of one bit sequence multiplied with another one is 
equal to zero. In UMTS, these bit sequences are realized through feedback shift 
registers providing so-called Gold Codes. The codes of this family, however, are 
not fully orthogonal. The nonzero cross-correlation results in a higher noise 
floor, depending on the number of parallel users. 

W-CDMA can handle multipath propagation that causes reception of delayed 
echos of the signal. If the spreading code is orthogonal to a delayed copy of 
itself, all echos will just be discarded when despreading the main signal 
coherently. However, a rake receiver that basically despreads each of the echos 
individually, can even take advantage of the multipath propagation. It is, 
however, required to know in advance when the echos will arrive, which is 
accomplished through channel estimation techniques. 

UMTS mobiles operate in full duplex, they transmit their broadband signal at a 
quite low-power spectral density. The W-CDMA scheme enables flexible usage 
of the available bandwidth; more users at a time increase the noise floor for all, 
which in turn reduces data throughput. But the number of users is not a priori 
fixed as in pure TDMA or DFMA schemes. 


Figure 1.62 Direct-sequence spread spectrum. 
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1.4.2.2 Orthogonal Frequency Division Modulation (OFDM) and 
Single-Carrier Frequency-Division Multiple Access (SC-FDMA) 


Orthogonal frequency division modulation (OFDM) starts from a quite simple 
thought: if very long symbols are transmitted, multipath transmission and echos 
are not an issue, as long as the difference in delay for the different paths is short 
compared to the duration of the symbols. This requires a very long duration for a 
symbol that requires only narrow bandwidth. Thus, for a high-bitrate data 
transmission, a high number of subchannels is defined, and a high number of bits 
is transmitted in parallel. 

Regarding the different subchannels, it is required that they are independent or 
orthogonal. OFDM assumes at first a rectangular shape of the bits to be 
transmitted, which results in a sin (x)/x-shaped spectrum S,(q@) that has periodic 


zero crossings as follows: 


(1.16) | (w-w,)Ts/2 
with the bitlength Ts; and the subcarrier frequency о,. The distance of the zeros 


in the spectrum defines the channel spacing f, as follows: 


(1.17) ъ= т 
The subcarrier frequencies therefore are given as œ, = v · 2 · nfs. Figure 1.63 


shows the channel definition for five channels. It is obvious that the channels are 
only independent at the discrete frequencies f;; for all other frequencies, it is not 


possible to distinguish between the different channels. This channel definition is, 
however, only processed in the digital domain. Prior to transmission, the signal 
is inverse Fourier transformed into time domain, bandpass filtered, and 
converted into analog. The underlying principle is basically the same as the well- 
known Nyquist criterion for digital data transmission in the time domain. This 
criterion defines that the bits in a bitstream need to be independent from each 
other at the sampling time. And assuming an ideal low-pass channel, the bit 
symbols become sin (x)/x-shaped, and the time difference between the zeros of 
one bit signal defines the minimum data rate. OFDM, as stated before, uses 
basically the same principle, but with time and frequency domain interchanged. 
OFDM, therefore, requires perfect frequency synchronization between 
transmitter and receiver, since otherwise the subchannels are по longer 
orthogonal. 


Figure 1.63 OFDM spectrum for five channels. 
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OFDM is inherently robust against multipath transmission due to the long 
duration of the single bits. In order to completely cancel the impact of multipath 
effects, a guard period is inserted before each of the symbols, the so-called cyclic 
prefix. The end of the symbol is copied into this guard period, and all the echo 
signals are expected to arrive within this time. Before reconstructing the 
bitstream through FFT, this guard period is discarded. Therefore, in OFDM the 
signals arriving through the different paths superimpose for each symbol. If they 


add, it is even able to take advantage of the multipath propagation. And 
narrowband fading only affects a few subbands, therefore only a few bits are lost 
without any impact on the other bits transmitted in parallel. 

From the point of view of a circuit designer, however, OFDM has a major 
drawback, that lies in the high number of independent subchannels. The 
resulting time-domain waveform is almost chaotic and has a high variation in 
amplitude—the minimum in case that all subchannels transmit the symbol of 
lowest amplitude, and the maximum being the case, where all channels transmit 
at maximum amplitude. Even if a clever symbol mapping algorithm is able to 
reduce the peak-to-average ratio, the time-domain signal's amplitude variation is 
still the peak-to-average ratio of the single-carrier signal multiplied by the 
number of subchannels. 

Therefore, in order to simplify circuit design, we would prefer а single-carrier 
modulation due to its lower peak-to-average power. But regarding robustness 
against multipath propagation, OFDM would be the preferred. Fortunately, it is 
to a certain extent possible to unite the two approaches. Regarding OFDM, the 
system looks like this: original signal > IFFT > add cyclic prefix — radio 
channel 5 discard cyclic prefix = FFT — equalize — received signal. 

However, in a linear system, it is possible to exchange the building blocks 
without changing the final result. A single-carrier scenario could look like this: 
original signal — add cyclic prefix — radio channel — discard cyclic prefix — 
FFT > equalize — IFFT — received signal. The only change is that the IFFT 
block was moved to after the equalizer. This scheme is called single-carrier 
frequency-domain equalization (SC-FDE). On the transmitter side, the single- 
carrier signal is only changed by adding a cyclic prefix to a certain block of data, 
but no mapping to subcarriers is done. On the receive side, the guard interval is 
again discarded, which removes the impact of echos on the respective block of 
data, as in OFDM. Remains frequency-selective fading, which is addressed by 
equalization in frequency domain. SC-FDE also reduces the requirements 
regarding frequency synchronization between transmitter and receiver compared 
to OFDM. 

The SC-FDE scheme therefore reduces the requirements on the side of the 
transmitter power amplifier, since the peak-to-average ratio is the same as for the 
single-carrier modulation. On the other hand, it requires increased processing 
power on the receiver side, since an adaptive frequency-domain equalization is 
required. This scheme is therefore very attractive for the upstream in mobile 
communication systems, where the mobile unit is transmitting and the base 


Station receives. 

In case of LTE, however, the SC-FDE is implemented in a way that 
additionally allows for multiple access by frequency-domain multiplexing. 
While in SC-FDE, the full channel bandwidth is dedicated to one transmission, 
in single-carrier frequency-domain multiple access (SC-FDMA), the different 
channels defined for equalization are dedicated to different subscribers. It can 
either be a contiguous block of subchannels or the channels that are interleaved. 
On the mobile unit's side, it is now required that the single-carrier signal is 
Fourier transformed and shifted to the allowed subchannels. Figure 1.64 shows a 
block diagram. An N-point FFT is performed first, and the N subchannels are 
then mapped to a certain subset of M subchannels, unused subchannels are filled 
with zeros. The IFFT transforms the whole signal back into the time domain for 
transmission, the guard interval/cyclic prefix is inserted, and the signal finally is 
converted to analog and transmitted. The receive path is almost unchanged, 
except that the equalizer needs to be aware of the channel mapping in order to 
reconstruct the signal. 


Figure 1.64 SC-FDMA signal flow. Neglecting the dashed box yields a SC-FDE 
system that transmits a single-carrier signal enhanced by the cyclic prefix and 
performs the equalization on the receive side in the frequency domain. SC- 
FDMA in addition first converts the single-carrier signal to frequency domain 
and maps the discrete spectrum to the available subcarriers (adapted from the 
public-domain graphic published in the SC- ды Wikipedia article). 
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Further details on the SC-FDMA coding scheme and how it is implemented in 
LTE can be found in the literature [21, 22]. 


1.5 Analysis of Wireless Systems 


1.5.1 Analog and Digital Receiver Designs 


For the purpose of showing the capability of modern CAD, we now show first an 
analog receiver and following this ап analog/digital receiver with its 
functionality and performance. 


1.5.1.1 Receiver Design Examples 


Analog Receiver Design 


A transmitter modulates information signals onto an RF carrier for the purpose 
of efficient transmission over a noise filled air channel. The RF receiver's job is 
to demodulate that information signal while maintaining a sufficient signal-to- 
noise ratio (SNR). This must be done for widely varying input RF power level 
and with the presence of noise and interferers. 

Modern communication standards place requirements on key system 
specifications such as RF sensitivity and spurious response rejection. These 
system specifications must then һе separated into individual circuit 
specifications via an accurate overall system model. Symphony can play a major 
role in modeling systems and in determining the individual component 
requirements. A 2.4-GHz dual downconversion system (see Figure 1.65) will be 
used as an example. The first IF is 200 MHz and the second IF is 45 MHz. 


Figure 1.65 Dual-downconversion receiver schematic. 


[npu t 





As a signal propagates from the transmitter to the receiver, it is subject to path 
loss and multipath resulting in extremely low signal levels at the receive 
antenna. RF sensitivity is a measure of how well a receiver can respond to these 
weak signals. It is specified differently for analog and digital receivers. For 
analog receivers, there are several sensitivity measures including minimum 


discernible signal (MDS), signal-to-noise plus distortion ratio (SINAD), and 
noise figure. For digital receivers, the typical sensitivity measure is maximum bit 
error rate (BER) at a given RF level. Typically, a required SINAD at the 
baseband demodulator output is specified over a given RF input power range. 
For example, audio measurements may require 12 dB SINAD at the audio output 
over RF input powers ranging from —110 dBm to —35 dBm. This can then be 
translated to a minimum carrier-to-noise (C/N) ratio at the demodulator input to 
achieve a 12 dB SINAD at the demodulator output (see Figure 1.66). 


Figure 1.66 Receiver sensitivity measure — required C/N. 
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Determining receiver sensitivity requires accurate determination of each 
component's noise contribution. Modern CAD software, such as Symphony by 
Ansoft, can model noise from each stage in the system including oscillator phase 
noise. The C/N ratio can then be plotted as a function of input power (see Figure 
1.67). 


Figure 1.67 C/N ratio versus input RF power level. 
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This plot enables straightforward determination of the minimum input power 
level to achieve a certain C/N ratio. Once the sensitivity has been specified, the 
necessary gain or loss of each component can be determined. A budget 
calculation (see Table 1.5) can be used to examine the effects of each component 
on a particular system response. 


Table 1.5 Budget Calculation for the AS, Across Each System Component Accounting for Impedance 


Mismatches. 

Names AS», (dB) 
2.4 GHz BPF -0.82 
LNA 22.04 

2.4 GHz BPF -0.93 
МІХЕК 1 -5.34 


200 MHz IF BPF -3.85 
200 MHz AMP 22.21 
MIXER_2 -8.43 
45 MHz IF ВРЕ -0.42 


Another key system parameter is receiver spurious response. The receiver's 
mixers typically cause the spurious responses. The RF and LO harmonics mix 
and create spurious responses at the desired IF frequency. These spurious 
responses can be characterized by the equation [23] 


Some spurious responses, or spurs, can be especially problematic because they 
may be too close to the intended IF to filter thus masking the actual information 
bearing signal. These spurious responses and their prediction can be especially 
troublesome if the receiver is operated near saturation. The analysis can then be 


refined by including a spur table that predicts the spur level relative to the IF 
signal. The spur's power at the output of a mixer is calculated using the spur 
table provided for this mixer. Once generated, each spur is carried through the 
remainder of the system with all mismatches accounted for. The output power 
level of each spur is shown in Table 1.6. Another useful output is the RF and LO 
indices that indicate the origin of each spur. 


Table 1.6 Spur Output Powers and the Corresponding RF and LO Harmonic Indices. 
Frequency (MHz) Pout (dBm) 


45.00 -26 
20.00 -106 
65.00 -86 
90.00 -76 
110.00 -66 
135.00 -96 
155.00 -44 
175.00 -96 
180.00 -106 
200.00 —-56 
220.00 -96 
245.00 -76 
245.00 -46 
265.00 -76 


In addition to sensitivity and spurious response calculations, an analog system 
can be analyzed in a CAD tool such as Symphony for gain, output power, noise 
figure, third-order intercept point, IMD (due to multiple carriers), system budget, 
and dynamic range. 


Mixed-Mode MFSK Communication System 


Next, a mixed-mode, digital and RF, communication system will be described 
and simulated. In this example, digital symbols will be used to modulate an 8 
GHz carrier. The system uses multiple frequency shift keying (MFSK) bandpass 
modulation with a data rate of 40 Mbps. Convolutional coding is employed as a 
means of forward error correction. The system includes digital signal processing 
sections as well as RF sections and channel modeling. Several critical system 
parameters will be examined including bit error rate (BER). FSK modulation can 
be described by the equation [24] 


О [АЁ | 
(1 19) a(t) = тт” 00810011 + ф) 


where i = 1... М. So the frequency term will have М discrete values with almost 
instantaneous jumps between each frequency value (see Figure 1.68). These 
rapid jumps between frequencies in an FSK system lead to increased spectral 
content. 


Figure 1.68 4FSK signal generated in Symphony. 
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Figure 1.69 shows a block diagram of the complete system. The system can be 
split into several major functional subsystems, the baseband modulator, the RF 
transmitter section, channel model, RF receiver, clock recovery circuitry, and 
baseband demodulator. Looking specifically at the baseband modulator circuitry 
(Figure 1.70), a pseudorandom bit source is used and the bit rate is set to 40 
MHz. 


Figure 1.69 Mixed RF/DSP MFSK communication system simulated in 
Symphony. 





Baseband 
| ; HF 
transmitter =} 17 
pcs transmitter 
сігешігу 


Figure 1.70 MFSK baseband circuitry including frequency modulator. 





JURSTERT: I 


A convolutional encoder then produces two coded bits per data bit and 
increases the bit rate to 80 MHz. The purpose of the convolutional encoder is to 
add redundancy to improve the received BER. A binary-to-M-ary encoder then 
assigns one symbol to every two bits creating the four levels for the AFSK 
effectively halving the bit rate down to 40 MHz again. The signal is then scaled 
and upsampled. To decrease the bandwidth, a root-raised cosine filter is used to 
shape the pulses. The filtered signal then serves as the input to the frequency 
modulator. The RF section (see Figure 1.71) includes the transmitter that 
modulates the baseband signal onto an 8-GHz carrier. 


Figure 1.71 RF section including Gaussian noise 
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That signal is amplified and then filtered to remove any harmonics. The signal 
is then passed through an additive white Gaussian noise model. The received 
signal is filtered, amplified, and downconverted twice to baseband. After carrier 
demodulation, the signal is then sent through the clock recovery circuitry. Clock 
recovery is employed in order to ensure that sampling of the received signal is 
executed at the correct instances. This recovered timing information is then used 
as a clock signal for sample and hold circuitry. Clock recovery in this system 
was achieved using a PLL configuration. The schematic for the clock-recovery 
circuit is shown in Figure 1.72. 


Figure 1.72 Clock-recovery circuitry. 
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At the heart of the clock recovery circuit is the phase comparator element and 
the frequency modulator. The inputs to the phase comparator consist of a sample 
of the received data signal and the output of the feedback path that contains the 
frequency modulator. The frequency modulator reacts to phase differences in its 
own carrier and the received data signal. The output of the frequency modulator 
is fed back into the phase comparator whose output is dependent on the phase 
differential at its inputs. The phase of the frequency modulator continually reacts 
to the output of the phase comparator and eventually lock is achieved. Once the 
timing of the received signal is locked onto, the clock that feeds the sample and 
hold will be properly aligned and correct signal sampling will be assured. 

Figure 1.73 shows the received signal (filtered and unfiltered) as well as the 
recovered clock and the final data. Equalizer circuitry is then used to compensate 
for channel effects that degrade the transmitted signal. The equalizer acts to undo 
or adapt the receiver to the effects of the channel. The equalizer employed in this 
MFSK system is the recursive least square equalizer. The equalizer consists of a 
filter of N taps that undergoes an optimization in order to compensate for the 
channel effects. The equalizer depends on a known training sequence in order to 
adapt itself to the channel. The equalizer model updates the filter coefficients 
based on the input signal and the error signal (i.e., the difference between the 
output of the equalizer and the actual desired output). The update (optimization) 
is based on the recursive least square algorithm. Several equalizers are available 
in Symphony, including complex least mean square equalizer, complex recursive 
least square equalizer, least mean square equalizer, recursive least square 


equalizer, and the Viterbi equalizer. After equalization, the BER of the system is 
analyzed versus SNR (see Figure 1.74). 


Figure 1.73 Input data, filtered input data, recovered clock, and final output data 


for the MFSK communication system. 
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Figure 1.74 BER versus SNR for the MFSK system. 
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1.5.1.2 PLL CAD Simulation 
From the clock recovery circuit, it is logical to ask the question about the various 


frequency sources and their performance. Now to answer this question, we аге 
resorting to Symphony 8.0, where the system simulator allows us to evaluate 
phase-locked loops. Figure 1.75 shows the block diagram of a PLL in which the 
VCO is synchronized against a reference. For the purpose of demonstrating the 
capability, we have selected a 1:1 loop with a crossover point of about 100 kHz, 
meaning that the loop gain is 1 at this frequency. 


Figure 1.75 Block diagram of a CAD-based PLL system. 
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Its noise performance is best seen by using а CAD tool to show both the open- 
and closed-loop phase-noise performance. At the crossover point, the loop is 
running out of gain. The reason why the closed-loop noise increases above 2 
kHz has to do with the noise contribution of various components of the loop 
system. The highest improvement occurs at 100 Hz, and as the loop gain 
decreases, the improvement goes away. Therefore, it is desirable to make the 
loop bandwidth as wide as possible as this also improves the switching speed. 
On the bad side, as the phase noise of the free-running oscillator crosses over the 
phase noise of the reference noise, divider noise, and other noise contributors, 
one can make the noise actually worst than that of the free-running state. In a 
single loop, there is always a compromise necessary between phase noise, 
Switching speed, and bandwidth. A first-order approximation for switching speed 
is 2/f,, where fr is the loop bandwidth. Assuming a loop bandwidth of 100 kHz, 
the switching speed will be 20 us. Looking at Figure 1.76, we can clearly see the 
trend from 200 Hz to 100 kHz. Because of the resolution of the sampling time 
(computation time), the open-loop phase noise below 150 Hz is too low and 


could be corrected by a straight line extrapolation from 500 Hz toward 100 Hz. 
We did not correct this drawing so we could show the reader the effect of not- 
quite-adequate resolution. 


Figure 1.76 Open-and closed-loop phase noise for a CAD-based test phase- 
locked loop. 


Open loop 






—120,00 


Phase noise [dBc/Hz] 


Closed loop 


1.00E02 | 1.00E03 ОС 10004 0” 1.00Е05 
Offset from carriér [Hz] 
Having said this, Table 1.7 shows cellular and cordless standards, everything 
referring to 2G. Figure 1.77 shows the multiplexing schemes used. Table 1.8 


shows the parameters of cellular and cordless systems. Figure 1.78 shows the 
cellular structure. 


Table 1.7 Cellular and Cordless Standards. 
Cellular Telephone Networks 


Analog Digital 

AMPS IS-54 

Advanced Mobile Phone System North American Digital Cellular 

TACS 15-95 

Total Access Communication System North American Digital Cellular 

NMT GSM 

Nordic Mobile Telephone Global System for Mobile Communications 
PDC 


Personal Digital Cellular 
Cordless Telephone Networks 


Analog Digital/PCN 

CTO CT2/CT2+ 

Cordless Telecom 0 Cordless Telecom 2 

JCT DECT 

Japanese Cordless Telecom Digital European Cordless Telecom 


CT1/CT1+ PHS 


Cordless Telecom 1 Personal Handy Phone 
System 


DCS-1800 


Table 1.8 Parameters of Cellular and Cordless Systems. 


Cellular Telephones 
Characteristics 15—54 [5-95 GSM 
Band (downlink) 500-804 860—804 935-060 
Band (uplink) 824—840 824—840 890-915 
Bandwidth 50 MHz 50 MHz 30 MHz 
Channelization TDMA/FDMA CDMA/FDMA TDMA/FDMA 
Channel spacing 30 KHz 1250 kHz 200 KHz 
Channels/carrier 3 33-627 8 
Number of channels 832 20 124 
(3 users/ch.) (798 users/ch.) (8 users/ch.) 
Duplex method FDD FDD FDD 
Channel bit rate 48.6 kbps 1.2288 Mb/s 271 kbps 
Speech codec VSELP CELP RPE-LTP 
Bit rate (voice) 8 kbps 1.2—9.6 kbps 13 kbps 
Modulation z/ADQPSK = =BPSK/OQPSK GMSK 
Mobile peak power 0.6-3 W 0.2-2 W 2—20 W 
Mobile average 0.6-3 W 0.2-2 W 0.25-2.5 W 
power 
Cell radius 30 miles 30 miles 1-5 miles 
Cluster size (min) 7 | 3 


Figure 1.77 Multiplexing schemes. 





Time-division multiple access (TDMA) 


Cordless Telephones 
CT2 DCS1800 DECT 
864-868 1805-1880 1880-1900 
804-868 1710-1785 1880-1900 
2 MHz 150 MHz 20 MHz 
ҒОМА TDMA/FDM TDMA 
100 kHz 200kHz 1728 kHz 
1 16 12 
40) 750 10 
(16 users/ch.) (12 users/ch.) 
TDD FDD TDD 
Т2 kbps 271 kbps 1152 kbps 
ADPCM RPE-LTP ADPCM 
32 kbps 13 kbps 32 kbps 
FSK GMSK GMSK 
1lmW . 0.25-2W 250 mW 
5mW  0.03-0.25 W 10 mW 
? 7 40-140 m 
М/А 3 М/А 





Code-division multiple access (COMA) 


Figure 1.78 Cellular structure. W = N x Бо, where W is the full bandwidth and 
Bc is the bandwidth per cell. The number of channels/cell = B-/By, where By is 





1.5.2 Transmitters 


Since it is possible to generate any type of modulation using DSP, including 
those described in this chapter, a DSP-based transmitter can also be built. A good 
example of this is the Philips SA900, which is truly universal. 


Introduction to the $54900! 


Тһе SA900 (Figure 1.79) is a truly universal in-phase and quadrature (1/О) 
radio transmitter that can perform many types of analog and digital modulation 
including AM, FM, SSB, QAM, BPSK, QPSK, FSK, and so on. It is a highly 
integrated system that saves space and cost for the manufacturers producing 
cellular and wireless products. The device allows baseband signals to directly 
modulate the I/Q carriers, which are generated by internal phase shift network, in 
the 1-GHz range, and to maintain good linearity required for linear modulation 
scheme (e.g., 7/A-DQPSK). It contains an on-chip frequency divider, phase 
detector, and VCO, which can be built into a PLL frequency synthesizer to create 
a transmit offset frequency. Its unique internal design allows frequency 


conversion without having an external image rejection filter for eliminating the 
sum term after mixing. The SA900 meets the specifications required by the IS- 
54, the industry standard for North America Digital Cellular (NADC) system. 
This application note reviews the basic concept of І/О modulation and discusses 
the key points when designing the SA900 for an RF transmitter. 


Figure 1.79 SA900 transmit modulator. 
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I/Q Modulation 


Any bandpass RF signals can be represented in polar form by 

(1.20) (2) = A(t) cositect + AEN 
where A(t) is the signal envelope and @(t) is the phase. By using the 
trigonometric identities, we can represent (1.20) in rectangular form by 

s(t) = I(E) сонша! —Q(t) sinit], 
I(t) = A(t) сов|ф(4)| 

(1.21) Q(t) = A(t) іп (4) 
Since the baseband signals I(t) and Q(t) modulate two exactly 90° out-of-phase 
carriers cos (c,t) and - sin (@,t), respectively, we call the system implementing 


(1.21) an in-phase and quadrature (1/О) modulator. Figure 1.80 shows the 
mathematics and hardware implementation of an I/Q modulator. 


Figure 1.80 Mathematical representation and hardware implementation of I/Q 
modulator. 
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Carrier 


The local oscillator, usually a VCO within a PLL, generates the carrier and is 
split into two equal signals. One goes directly into a double-balanced mixer to 
form the J-channel and the other one goes into the other mixer via a 90° phase 
shifter (realized by passive elements) to provide the Q-channel. The baseband 
signals I(t) and Q(t), either analog or digital in nature, modulate the carrier to 
produce the J and Q components, which are finally combined to form the desired 
RF transmitting signal. Since any RF signal can be represented in the J/Q form, 
any modulation scheme can be implemented by an J/Q modulator. 


1.5.2.1 Linear Digital Modulation 


Linear digital modulation techniques depend on varying the phase and/or 
magnitude of an analog carrier according to some digital information: ones and 
zeros. This digital information can be the output of an analog-to-digital converter 
(e.g., voice codec) or it can be digital data in some standard formats (e.g., 
ASCII). The most popular digital signaling format is nonreturn-to-zero (NRZ), 
where 1s and Os are converted into signal with amplitude of 1 and -1, 
respectively, in a symbol duration. Since NRZ signal has infinite bandwidth, 
transmit filters have to be used to limit the spectral spreading. To ensure each 
NRZ symbol does not smear into its neighbors due to low-pass filtering and 


channel distortion causing intersymbol interference (ISI), the frequency response 
of the low-pass filter has to satisfy Nyquist criteria. One example of this type of 
filter is the linear phase square-root-raised cosine filter. Together with the same 
type of filter for receive low-pass filtering, the signal is guaranteed ISI-free in a 
Gaussian environment. One straightforward technique of transmitting these 
band-limited signals through communication channels would be applying it 
directly to the mixer of the I channel to generate the RF signal. This is known as 
binary phase shift keying (BPSK), where the phase of the carrier is shifted 180? 
to transmit a data change from 0 to 1 or 1 to O. 

Quadrature or quaternary phase shift keying (QPSK) is a much more common 
type of modulation scheme used in mobile and satellite communications. It has 
four possible states (90? apart) and each of them represents two bits of data. 
Figure 1.81 shows the baseband generator for QPSK (without the differential 
phase encoder). NRZ data bits go through the serial-to-parallel converter (see 
Figure 1.82) and are mapped in accordance to some rules to generate J and О 
values. The generic rule will be the values of I and Q components are 1 and 1 for 
the data bits “11” (45°) and -1 and -1 for the data bits “00” (—135?). These 
discrete signals have to be band limited by Nyquist low-pass filters to be ISI 
free. 


Figure 1.81 QPSK and ;/4A-DQPSK baseband generator. 
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Figure 1.82 Serial-to-parallel conversion. 
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A more sophisticated way of mapping results in 7/4-DQPSK (D for differential 
encoding), which is chosen for North America Digital Cellular (IS-54), Personal 
Digital Cellular (PDC) in Japan, and Personal Handy Phone System (PHS) in 
Japan. In this scheme, consecutive pairs of bits are encoded into one of the four 
possible phases: 7/4 for “11,” 37/4 for “01,” —37/4 for “00,” and -л/4 for “10.” 
However, unlike the previous case that “11” is always л/4 and “00” is always 
-3r/4, the encoded phases are the degrees that the carrier has to shift at each 
sampling instances. Thus, the information is contained in the phase difference 
(differential) instead of absolute phase for 7/4-DQPSK. 

A better way to tell the difference between QPSK and ;/4-DQPSK is by 
looking at the signal constellation diagram, shown in Figure 1.83, which displays 
the possible values of I and Q vectors and change of states. Constellation 
diagram is also known as phase diagram because it shows the phase of the 
carrier at the sampling point. Note that the phases of QPSK are assigned for 
every two bits of data; therefore, it can transmit twice as much information as 
BPSK in a given bandwidth, that is, more bandwidth efficient. 8-PSK is another 
type of modulation used for high-efficiency requirements. It maps three bits into 
eight phases, 45? apart, in the constellation. More spectrally efficient modulation 
can be created by mapping more bits into one phase at each sampling point. 
However, as you put more dots in the signal constellation, the signal 
susceptibility to noise is lower because the decision distance is shorter (dots are 
closer). Then, it requires higher carrier-to-noise (C/N) ratio to maintain the same 
bit error rate (BER). 


Figure 1.83 Signal constellation of QPSK and л/4-РрОРЅК. 
al Q 








One common misconception is that since 7/4-DQPSK has eight states in the 
constellation, it is just another type of 8-PSK. Note that at every sampling 
instant, the carrier of 7/4-DQPSK is only allowed to switch to one of the four 
possible states (see Figure 1.83). So, we still have two data bits that get encoded 
into four phases. Thus, it has the same spectral efficiency as QPSK for the same 
carrier power. The reason for using this modulation scheme is twofold. First, the 
envelope fluctuation, which causes spectral spreading due to nonlinearity of 
transmitter and amplifier, is reduced because the maximum phase shift is 135? 
instead of 180?. Second, the signal can be demodulated noncoherently, which 
simplifies the receiver circuitry by eliminating the need for carrier recovery. 


1.5.2.2 Digital and Analog FM 


Another family of digital modulation is categorized by frequency change of the 
carrier instead of phase and/or amplitude change. One of them is frequency shift 
keying (FSK), where the carrier switches between two frequencies. FSK is also 
known as digital FM because it can be generated by feeding the NRZ data 
stream into an analog VCO. FSK appears as a unit circle in the signal 
constellation because the RF signal envelope is constant and the phase is 
continuous. Baseband filtering is usually applied for FSK to limit the RF 
bandwidth of the signal so that more channels can fit into a given frequency 
band. 

One common modulation of this type is known as Gaussian minimum shift 
keying (GMSK), which is used for GSM and some other wireless applications. 
GMSK can be generated by following its definition: band-limit the NRZ data 
stream by a Gaussian low-pass filter, then modulate a VCO with modulation 
index (2 х frequency deviation/bit rate) set to 0.5. In other words, the single- 


sided frequency deviation is one fourth of the bit rate (Af = R/4). 

Another way of generating СМК is by I/Q modulator. Referring back to 
(1.21), any RF signal can be split into J and Q components. Unlike the QPSK 
mentioned before, baseband I(t) and Q(t) are not discrete points for FM signals; 
rather, they are continuous functions of time. The way to produce FM is shown 
in Figure 1.84. We first store all the possible values of cos [@(t)] and sin [@(t)] in 
a ROM lookup table, which will be addressed by the incoming data to generate 
the Г and О samples. The output data from the ROM is then applied to D/A 
converters, after low-pass filtering for signal smoothing, to produce the analog 
baseband I and О signals. This method guarantees the modulation index to be 
exactly 0.5, which is required for coherent detection of GMSK (e.g., the GSM 
system). The same J/Q principle can also be applied to generating analog FM 
signals. 


Figure 1.84 Digital FM (e.g., GMSK) baseband І/О generator. 
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1.5.2.3 Single Sideband AM (SSB-AM) 


AM signals can be divided into three types: the conventional AM, double 
sideband suppressed carrier AM (DSB-AM), and single sideband suppressed 
carrier AM (SSB-AM). The first type is not attractive because for 100% 
modulation, two thirds of the transmit signal power appears in the carrier, which 
itself conveys none of the information added by modulation. By using a 
balanced mixer (e.g., a Gilbert cell), one can generate DSB-AM, where the 
carrier is totally suppressed and only the upper and lower sidebands are present. 
However, this is still not the best because the information is transmitted twice, 
once in each sideband. To further increase the efficiency of transmission, only 
one sideband is needed to deliver the information. The SSB-AM can be 
generated by an J/Q modulator with the baseband information feeding the 
modulator (by quadrature), as shown in Figure 1.85. This modulation technique 
can greatly reduce the bandwidth of the signal and allows more signals to be 
transmitted in a given frequency band. This topic is discussed in detail in Ref. 
[26]. 











Figure 1.85 Baseband processing for SSB-AM. 
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System Architecture 


There are usually two schemes, the dual conversion and direct conversion, used 
for implementing transmit modulators. Dual conversion is simpler to implement 
by modulating an oscillator at lower frequency and then upconverting to the 
carrier frequency. This scheme, however, is more expensive due to the need for 
additional filtering and more PC board space. By using only one mixer, direct 
conversion requires fewer components but is harder to implement. 

The problems that direct conversion suffers are carrier leakage and modulated 
signal coupling. Poor RF isolation of the surface mount packages will allow the 
carrier to be present at the transmitter output thus making it difficult to have —40 
dBc carrier suppression. In addition to that, modulated RF signal would couple 
back to the oscillator (usually a VCO in a PLL synthesizer loop) and cause 
modulation distortion. 

Based on the concept of dual conversion, the SA900 uses an image-reject 
mixer to eliminate the need for IF filtering and allow monolithic integration. The 
transmit carrier (LO) is downconverted by the frequency synthesized by the on- 
chip VCO, which operates from 90 to 140 MHz. This LO is then modulated by 
the baseband І/О signals to obtain a complex modulation scheme. The image 
(sum term) after mixing and LO is sufficiently suppressed by the image rejection 
mixer. Any residual amounts can be further suppressed by an external duplex 
filter. 

Figures 1.86 and 1.87, respectively, show how the SA900 can be used in 
frequency division duplex (FDD) and time division duplex (TDD) transceivers. 
Note that the LO for both systems is running at a frequency that is higher than 
the transmit frequency, thus minimizing carrier leakage. In the FDD system, only 
one external VCO is required for generating both transmit and receive LO when 
using the SA900. 





Figure 1.86 FDD system using SA900. 
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Figure 1.87 TDD system using SA900. 
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Figure 1.88 shows the IS-54 frontend chip set that consists of the SA601, 
SA7025, SA900, and SA637. This receiver architecture (SA637) supports a 
digital magnitude/phase baseband demodulator. An alternate configuration will 
be using the SA606 ЕМЛЕ receiver in conjunction with an external I/Q 
demodulator IC. Table 1.9 shows the possible configurations for the IS-54 


handsets using the $A900 as transmitters. 


Figure 1.88 15-54 frontend chipset from Philips. 
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Table 1.9 Possible Configurations for 15-54 Handsets. 


On-Chip VCO On-Chip + N Crystal 
Rx Ist IF (MHz) Frequency (MHz) Value (MHz) Frequency (MHz) 


83.16 128.16 6 21.36 
71.64 116.64 6 19.44 
45 90 6 15 
84.6 129.6 9 14.4 


1.5.2.4 Designing with the SA900 


Baseband I/Q Inputs 


The baseband modulation inputs are designed to be driven differentially for the 
SA900 to operate at its best. The Гапа Q inputs should have a dc offset of Усс/2, 


which is externally provided by common DSP chips. If all four inputs are biased 
from the same source, the device can tolerate +0.5 V dc error; however, 
inaccuracy of dc bias between I,/I, or Q4/Q» causes reduced suppression of the 


carrier. Thus, it is important to have a well-regulated dc supply for I and О signal 
biasing. The bandwidth of the inputs is much higher than the specified 2 MHz. 
Approximately 2 dB of power loss will be experienced if the J and О inputs are 
50 MHz. 

The SA900 generates a minimum of 0 dBm of power to а 50-02 load when the 
amplitude of the J and Q signals are 400 mV P-P. The output power will decrease 


by 6 dB for every 50% decrease in І/О amplitude. Single-ended J and Q sources 
can be used but are not recommended due to the degradation in carrier 
Suppression (more than 10 dB compared to differential). In addition, the entire 
noise performance of the device will suffer. V--/2 should be applied to I; and Q, 


pins if the part is driven single endedly. 


Transmit Local Oscillator 


The transmit local oscillator path consists of a TXLO input buffer, LO output 
buffer, VCO, image rejection mixer, and phase shift network. Together with a 
few external components, this section provides the І and О carrier for 
modulation. 

The TXLO inputs and LO outputs are designed to be used in an external PLL 
that synthesizes different frequencies for channel selection. The RF signal being 
generated is fed into TXLO inputs and then comes out of LO outputs to 
complete the system synthesizer loop. The TXLO inputs are differential in 
nature and have a VSWR of 2:1 with input impedance of 50 Q. Single-ended 
sources can be used by ac grounding ће TXLO_2, as done on the demo board. 
This signal should also be ac coupled into the TXLO 1. The frequency range for 
these inputs is from 900 to 1040 MHz while the input power should be between 
-10 and -13 dBm. The output level will be changed significantly if the input 
level is below —25 dBm. 

The output power of the LO-buffered signal changes by about 2 dB when the 
SA900 is in a different mode of operation. Typical values are —13.5 dBm and — 
15.5 dBm for DUAL mode and STANDBY mode, respectively. 

The 90? phase shift network, realized by RC networks, is capable of operating 
over a wide frequency range. Even though their frequency characteristics are 
optimized for cellular band, the part can also be used in other applications in a 
different band. In such cases, designers have to test the part experimentally to 
find out the performance, such as sideband suppression, carrier suppression, and 
image rejection. 


Crystal Oscillator 


The crystal oscillator (XTAL_1 and XTAL 2 pins) is used to provide reference 
frequency between 10 and 45 MHz for the phase detector and the three on-chip 
clocks. It can be configured as a crystal oscillator using external crystal and 
capacitors or it can be driven by an external source. In the latter case, pin 
XTAL 2 can be left floating. Information regarding crystal oscillator design can 


be found in Ref. [27]. 


VCO 


The VCO, together with the phase detector, the divider, and external low-pass 
filter, can form a PLL for the transmit offset frequency. The image-rejected 
mixer down converts ће TXLO signal to the RF carrier by the amount of VCO 
frequency. Thus, the TXLO frequency should be the desired channel frequency 
plus the IF offset generated by the VCO. Note that the part will not function if 
the VCO section is not used. 

The VCO is designed for generating IF frequency between 90 and 140 MHz. 
Together with an external varactor diode and resonator, it can be configured as 
an oscillator shown in Figure 1.89. 


Figure 1.89 VCO tank circuit. 
TANK 1 





TANK 2 


(1.22) ^ Оту1Ст 
where Ст = (С 1С |Су) + Сз. Cy is a varactor diode, which changes capacitance 
as the voltage across it varies. 


Calculation: 

C, = C, = 33pF 

C3 = 5.6pF 

Cy = 33.5pF at 2.5V 

L = 100 nH 

Cy = 5.6 + (1/33 + 1/33 + 1/33.5) - 1 = 16.7 pF 
Feo = =~ (1001079 - 16.7 1022)? = 123 MHz 


On the demo board, a 1:1 ratio RF transformer is also included to allow single- 
ended external source driving differential inputs when the VCO is not used. 

When designing the VCO, careful PCB layout has to be made. Traces have to 
be short to avoid the parasitic capacitance and inductance that may cause 


unwanted oscillation. Referring to (1.22), there is a large combination of L and 
Ст values that will give the same resonant frequency. If undesired spurs are 


found in the design due to PCB layout, experimenting with a different set of LC 
values may sometimes solve the problem. 


Output Impedance Matching 


The equivalent output impedance at the DUALTX pin is approximately equal to 
600 © in parallel with 2 pF at 830 MHz. It has to be matched properly to 
generate maximum power into а 50-02 load (e.g., a SAW filter). Figure 1.90 
shows the recommended matching network. The shunt inductor (L,) is used to 
provide maximum swing at the output (short at dc) and also provide reactance to 
make the real impedance 50-02 looking into the matching network. The 
remaining negative reactance is canceled by the series inductor (Г). The values 
used on the demo board can be used as a reference but may not be suitable if a 
different layout is implemented. The two shunt capacitors are included to bypass 
the high-frequency RF signal, avoiding direct coupling into Усс. The series ac 
coupling capacitor is used to maintain the proper bias for the output stage. Their 
values are big enough to be left out in impedance matching calculation. 


Figure 1.90 DUALTX output matching network. 
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Using a network analyzer to measure the S characteristic is necessary for 
obtaining optimum matching, which generates maximum output power. Figure 
1.91a, b shows how to match the output impedance to а 50-Q load at 915 MHz. 
First, calibrate the network analyzer to the DUALTX SMA connector on the 
demo board. Then, short the point where the series inductor is located and use 
the DELAY feature of the network analyzer to move the point of reference in the 
Smith Chart to the leftmost point. Now the network analyzer is calibrated to the 
beginning of the matching network, not just the SMA connector. The frequency 


response (Figure 1.91а) shows that the “dip” is around 830 MHz, the frequency 
where the board was originally matched. The Smith Chart shows that it requires 
less inductance to bring the marker to the center of the chart (50 Q). By using a 
15-nH series inductor, the “dip” was moved closer to 915 MHz (-15 dB) and a 
better matching is achieved (Figure 1.91b). 


Figure 1.91 SA900 output matching using S parameters. 
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On-Chip Clocks 


The crystal oscillator is buffered to provide three external clock signals: CLK1, 
CLK2, and MCLK. Table 1.10 shows the divide ratio and the controlling 
mechanism. 


Table 1.10 Possible SA900 Clock Outputs. 
СКІ Divide by 3 X (bit 18) = 1 
Divide by 1 X (bit 18) = 0 
CLK2 Divide by 2 Y (bit 19) =1 
Divide by 1 Y (bit 19) 2 0 
MCLK Divide by 4 CLKSET pin = Vcc 


Divide by 5 CLKSET pin = Усс/2 
Divide by 1 CLKSET pin grounded 


CLK1 is usually used for the system synthesizer (e.g., SA7025) reference. 
Since MCLK is active all the time, it is ideal for providing the master clock for 
the microcontroller. When the device is in STANDBY mode, CLK1 and MCLK 
provide the clock signals necessary for receiving RF signals. CLK2 can also be 
used as a Clock for digital signal processing (DSP) chip. 


Modes of Operation 


The SA900 is intended for either AMPS mode (analog cellular) or DUAL mode 
(digital cellular, 15-54) operation. When the device is running in AMPS mode, 
the І/О modulator, variable gain amplifier (VGA), and phase shifter are disabled. 
The fixed-gain amplifier is powered up during AMPS mode operation. However, 
since the divide ratio is too low (6, 7, or 8), the comparison frequency of the on- 
board PLL is too high, making it very difficult for the loop bandwidth to be less 
than 300 Hz for analog frequency modulation. The device includes two power 
Saving modes of operation that disable partial circuitry to reduce the power 
consumption of the overall chip. The SLEEP mode disables all the circuitry 
except the master clock (MCLK pin) of the SA900. The STANDBY mode shuts 
down everything except the TXLO buffer, MCLK, and CLK1, which allows the 
system synthesizer (e.g., SA7025) to continue running. These two power saving 
modes are common to both AMPS and DUAL mode operation. The SA900 
draws 60 mA in DUAL mode, reduced to 3 mA and 8 mA in SLEEP and 
STANDBY modes, respectively. 

TXEN pin is for hardware powering down the modulator and synthesizer. The 
falling edge of the signal disables the modulator and synthesizer while the rising 
edge enables the modulator. To power down the synthesizer using software, send 
a data word with SE bit set to “0” (“1” for enable). The synthesizer will be 
disabled right after the strobe signal is transmitted. Either SE or TXEN going 
low will turn off the synthesizer. This operation is common to both AMPS and 
DUAL mode. 


Performance of the SA900 


Performance Criteria 


Since the J/Q modulator is a universal transmitter, measuring only the frequency 
Stability and modulation index of a generated FM signal would not be useful for 


other modulation schemes. Measurement parameters should be general enough 
so that they can represent the performance of modulators when applying 
different types of modulation and allow fair comparisons among different I/Q 
modulators. Based on this idea, two measurement techniques, in-phase 
modulation and quadrature modulation, are used for evaluating J/Q modulators. 
The in-phase modulation relies on injecting two equal frequencies and phase 
signals at [оа into the Г and О inputs. The result of this modulation is two 


sidebands appearing at f,,,q offset from the carrier, with the carrier totally 
suppressed. This is also known as double-sideband (DSB) conversion. The 
quadrature modulation requires two equal frequencies (but 90? out-of-phase 
signals) being injected into the J and О inputs. The result is a single-sideband 
suppressed carrier (SSB-SC) signal with either the upper or the lower sideband 
at ѓоа carrier offset being suppressed. This is also known as single-sideband 
(SSB) upconversion. Figure 1.92 summarizes these two tests. 

Figure 1.92 In-phase and quadrature modulation test. 
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In a practical system, imperfection of an І/О modulator is directly related to 
these two measurements. Sideband and carrier suppression from the quadrature 
modulation test will show the amount of gain imbalance, phase imbalance, and 
dc offset. On the other hand, intermodulation product suppression from the in- 
phase modulation test will show the linearity of ар I/Q modulator. When making 
measurements, it is important to have well-balanced І and Q baseband 
modulating signals for measurement since the signal imperfection will translate 
into degradation in sideband and carrier suppression. 


Performance Graphs 
In making those measurements for the demo board, the following parameters 
were used. 
In-phase modulation. 
PIN 431, = 400 mV Р-Р, dc- Усс/2 at 200 kHz, Phase = 0° 


PIN 42 I, = 400 mV Р-Р, dc- Үсс/2 at 200 kHz, Phase = 180? 
PIN 41 О, = 400 mV Р-Р, dc- Үсс/2 at 200 kHz, Phase = 0° 
PIN 40 Q, = 400 mV Р-Р, dc- Үсс/2 at 200 kHz, Phase = 180° 


Quadrature modulation. 
PIN 431, = 400 mV Р-Р, dc- Усс/2 at 200 kHz, Phase = 0° 


PIN 42 I, = 400 mV Р-Р, dc- Үсс/2 at 200 kHz, Phase = 180? 
PIN 41 О, = 400 mV Р-Р, dc- Усс/2 at 200 kHz, Phase = 90° 
PIN 40 Q, = 400 mV Р-Р, dc- Үсс/2 at 200 kHz, Phase = 270° 


Figure 1.96a and b illustrates what the typical output spectrum would be if in- 
phase and quadrature modulation were applied to an J/Q modulator. Quadrature 
modulation will produce lower sideband (LSB) or upper sideband (USB) signal, 
depending on the phase angle between the J and Q signals. Тһе SA900 was 
designed to have USB suppressed when the Г signal is leading the Q signal. The 
undesired signals are carrier breakthrough and the harmonic products of the 
baseband modulating signals sitting at fe + n * ў, „а, where n is an integer 22. 


Referring to Figure 1.93a, the output power is 1.3 dBm (cable loss = 0.7 dB) 
for the LSB while better than —38 dBc of carrier, sideband, and harmonics 
suppression is measured. The USB better than -26 dBc implies that the residual 
AM of the transmit signal is better than 596, a requirement of the IS-54 
specification. 


Figure 1.93 Typical SA900 output spectra. 
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(a) Quadrature test (SSB upconversion) 
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(b) In-phase test (DSB upconversion) 


In-phase modulation test will generate both LSB and USB. Beside these two 
tones, the carrier breakthrough and the harmonics, intermodulation (IM) 
products will all appear at the output. The odd IM products are dominant, and 
they satisfy the following rules. 


Let fı = fe > ИТ [^ Е fe a feat 
Third-order IM: 2f, — fo = f. — 3fmoa 2h = fi = fe + 3fmoa 
Fifth-order IM: 3f, - 2р =f. – 5fmoa 3fo - 2f, = fe + Ofmoa 


Seventh order IM: Af, — 3f5 = f. — 7fmoa 4h — ЭҺ = fe + 7hmoa 


Referring to Figure 1.93b, both LSB and USB are –1.6 dBm (cable loss = 0.7 
dB) in power, which is 3 dB less than the measured power for the quadrature 
modulation test. The IM, is better than -35 dBc. IM products of much higher 


orders are totally suppressed. 


Amplitude and Phase Imbalance 


Both amplitude and phase imbalance (error) of an J/Q modulator can be 
calculated directly from the SSB performance plots. Assume phase error equals 
ф radian and amplitude error equals К, the sideband suppression, X, in dBc сап 
be expressed as follows (see the МО Modulator Equations section for 
derivation): 
55B suppression, X(dBc) = 10 log | 
(1.23) К2 2х A x cos(@)4 1, 
Collecting the like terms and expressing @ in terms of K and_X, it becomes 
l елен ( 104/19 х К2 .- 10/19 — 1 — =~) 
d — cos o ——————M— 
(1.24) 2x K--2x K x 10/10 
For a given X, there will be a set of @ and К that satisfies (1.24). We can 
represent this relationship graphically, as shown in Figure 1.94. The contours 
show the phase and amplitude errors for SSB suppression, X, from —44 to —26 
dBc. When X equals —40 dBc, phase error is less than 1.2? with an amplitude 
error of 0 dB. By the same token, the amplitude error is less than 0.2 dB with a 
0? phase error. 


Figure 1.94 SSB suppression contours. 
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Spectral Mask 

To fully characterize the performance of an J/Q modulator, measurements of the 
power spectral density of various digital modulation schemes have to be made. 
Figure 1.95a and b shows the measured spectral masks of 15-54 and PDC 
standards, which designate л/4-РОРЅК as the modulation format. 


Figure 1.95 SA900 ADC, PDC, and GSM outputs. 
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GMSK is a digital modulation scheme widely used for wireless and mobile 
communications. Figure 1.95c shows the spectral mask of the modulation format 
required by GSM, the digital cellular standard in Europe. At 200 kHz and 300 
kHz carrier offset, the power of the signal is suppressed by 46 dB апа 58 АВ, 
respectively, which is well within the GSM specification. 


Power ON Time 


The power ON time for the SA900 is mainly determined by the loop bandwidth 
of the on-board PLL frequency synthesizer. It can be measured by using the HP 
53310A modulation domain analyzer set to the EXTERNAL TRIGGERED 
mode. The STROBE signal from three-wire bus is used to trigger the equipment. 
Figure 1.96 shows that the part can be powered up and locked in about 62 us. 
Figure 1.96 Power ON time measurement. 
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1.5.2.5 ISM Band Application 


The FCC has assigned three bands for ISM type of application. The one below 1 
GHz is from 902 to 928 MHz. This band becomes very attractive because users 
are allowed, without having a license, to transmit up to 1 W of power when 
frequency hopping or direct sequence CDMA is used. The wide bandwidth 
nature of the SA900 fits well into this application. Figures 1.97a and b are the 
output spectrum of the SA900 showing how well the image reject mixer works. 
A common IF (45 MHz) was chosen to be the offset frequency, and then injected 
externally into the VCO pins. The closest images are sitting at 45 MHz apart and 
are better than —36 dBc. 


Figure 1.97 Output spectrum of the SA900 in the ISM band. 
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(b) TXLO = 973 MHz, VCO = 45 MHz 


I/Q Modulator Equations 
Assume an imperfect J/Q modulator with gain error, К, and phase error, 4, 
modulated by quadrature I/Q signals (SSB upconversion) c,,. Then the signal, 
s(t), at the output of the О modulator becomes 

(1.25) 5 (t) = К cos (t,t + ф) cos (аљ) — sin (wet) cos (ші + 907] 

Using trigonometric identity and letting о. — о, = A and o, + о, = В, we 
obtain, 


ғ a 


, <A - . K :. 4 . 1 
(1.26) s(t) = — cos|At + Ф| + > cos |Bt - ф + 5 cos | At] — > cos | Be 


Assume that the information is in LSB—that is, A—and the spur is the USB, 


that is, В, we have 


K 1 К | 
= —— Cos A cos ф = 5 COS A = Ty alr А зіп Ф 


1.27) "igna! 5 


То find the power, we have to evaluate the envelope (amplitude) of these two 
signals. Recall that for any given bandpass signal in rectangular form 
Bandpass signal = X coswt — Y sin wi 


and the envelope is 


В т Lm 340.5 
_. К | Қо. 
Signal = | г Сө5Ф---) + | ваф | 
1.29 E 7 E | 


: F P. F 2 Ch 
ни K LO K 
Noise = (5 сов ф — 5) Г (> sin e) | 
{ 1.30 ) zu H = 


(1.30); 
z ‚ «зү | al n | 
SIN = 10 log Бестен 

(1.31) AK? —2K coso 4-1 


1.6 Building Blocks 


Our earlier block diagram already referred to a variety of integrated circuits that 
can be used to build a wireless system—in particular, a portable telephone. If we 
open any of the earlier-mentioned magazines and go through the advertising 
section, we will find many suppliers of subsystems/components that fit this 
requirement. 

They can be split into various technologies. The following table is a product 
overview of next-generation advances in wireless technology taken from an ad 
of Stanford Microdevices, one of the very aggressive component/subsystem 
companies. 

e New SX amplifiers features 2.4-GHz MMICs 

e GaAs heterojunction bipolar transistor (HBT) discrete transistors (100 mW 

to 10 W) 
e InP/GaAs (indium phosphate/gallium arsenide) high-linearity gain blocks 


Millimeter-wave product line featuring ICs for LMDSn 

Silicon-germanium product line (gain blocks and low-noise amplifiers) 
SXQ power modules for cellular and PCS applications 

Power modules featuring 4-to 25-W power amplifiers for land mobile 
amplifiers 

е 30-to 120-W silicon LDMOS power transistors for PCS, COMA, W-CDMA 
e SAW files featuring integrated transceiver modules 

e Flectro-optic апа datacomm products. 


In the beginning of this chapter, we looked at block diagrams and now into 
building blocks. Most manufacturers will try to move to the highest possible 
integration while avoiding external components. Figure 1.98, a test circuit for 
Motorola's MC13109 cordless telephone subsystem IC, shows the level of 
complexity needed to test such an IC with all its functionality. 


Figure 1.98 MC13109FB universal cordless telephone subsystem IC. 
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Another key issue at those frequencies is to really know a component's 
frequency dependencies. Figure 1.99 shows a good example. Typical 
components are capacitors and inductors as reactive elements, and resistors as 
passive elements. Depending on the type of integration, one may also have to 
look into the noise performance of integrated resistors. To look into this feature 
is best discussed with the foundries. Along these lines, the dielectric material on 


which these surface-mounted components are mounted plays а big role and must 
be addressed individually. 


Figure 1.99 Equivalent model of a film resistor above a ground plane. 
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Besser Associates of Los Altos, California, among other firms, offers а very 
nice one-day short course titled “Wireless Circuit Components: Measurements, 
Models and Data Extraction.” 

Table 1.11 presents a sampling of RFICs for wireless applications. These types 
of ICs, which were taken from Motorola are made in similar form by many 
companies. The selection guide is useful in starting off with a design that is less 
integrated, therefore allowing the designer to have access to portions of the 
circuit that later “disappear” inside the IC. 


Table 1.11 Sample RF Component/IC Selector Guide. 
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1.7 System Specifications and Their 
Relationship to Circuit Design 


Wireless communication involves a large range of signal powers—from levels 
on the order of 10—18 W (at the receiver input) to 102 W (at a base-station 
transmitter output). A receiver must be able to demodulate signals that have been 
attenuated billions of time through propagation; a transmitter must be able to 
produce a properly modulated signal at a frequency suitable for propagation, at a 
level high enough to overcome worst-case propagation losses and provide a 
useful signal at the receiver. Gain is therefore an essential attribute of wireless 
systems. Because no single active device can provide all the gain required for 
transmission or reception, we must distribute the gain among multiple stages, 
designing each for optimum performance across the power span it bridges. 

Two inescapable realities impose limits on the gain and absolute power output, 
we тау achieve with a given circuit. All real electrical and electronic networks 
generate noise to some degree, and all real electrical and electronic networks 
distort the signals applied to them to some degree. A signal weaker than a 
circuit's inherent noise cannot be amplified by that circuit because it remains 
indistinguishable from the noise. A signal that exceeds the power-handling 
capability of the circuit to which it is applied may be degraded, even rendered 
useless, by the resulting distortion. The following sections examine issues 
particular to system noise and linearity performance. 


1.7.1 System Noise and Noise Floor 


Assuming that a system's gain is sufficient, the weakest signal that may be 
processed satisfactorily, a figure of merit referred to as noise floor or (in 
receivers) minimum detectable signal (MDS), is limited by thermal noise, 
assumed to be equal to the noise power available from a resistor at 290 K (about 
17? C or 62° F), an arbitrary reference value near standard room temperature. 
The noise power is equal to 


(1.32) Fn = kIB 
where Р, is the noise power, К is Boltzmann's constant (1.38 · 10 ^? W/K), T is 


the temperature in kelvins, and B is the bandwidth (in Hertz) in which the noise 
appears. For T = 290 К, Р, is, therefore, 4.00. 10718 W, or -174 dBm in a 1-Hz 


bandwidth. Increasing B to a value suitable for digital communications, such as 


160 kHz for a GSM system, admits more noise to the network, raising the 
minimum noise power against which an incoming signal must compete to —122 
dBm. 

If the noise figure and bandwidth are known, the system noise floor can be 
calculated using the equation 

(1.33) Noise floor = —174 dBm + NF + 10log В 

The trouble with this equation is that the “integrated” bandwidth depends so 
much on the selectivity shape factor, which is not always known. Figure 1.100 
shows the translation of the bandwidth of a single tuned circuit with its Gaussian 
shape into its rectangular equivalent. The transformation is done by sizing the 
rectangle such that A’ = A and В = B; when this is true, the area of the 
rectangular equals the area under the curve. 


Figure 1.100 Graphical and mathematical explanation of the noise bandwidth 
from a comparison of the Gaussian-shaped bandwidth to the rectangular filter 
response. 
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Signal-to-Noise Ratio (S/N, SNR) and Sensitivity 


Successful radiocommunication depends on the achievement of a specified 
minimum ratio of signal power to noise power, expressed in decibels, at the 
output of the receiver. The input voltage, expressed in absolute units or decibels 
relative to а microvolt (dBuV), necessary to achieve a particular signal-to-noise 
ratio in a particular bandwidth may be specified as a figure of merit called 
sensitivity. Because techniques used to measure S/N actually measure the ratio of 
signal-plus-noise to noise, specifications may refer to (or imply) S + N/N or (S + 
N)/N rather than S/N. The difference between (S + N)/N and S/N becomes 
negligible at high ratios of signal to noise; even at an SNR of 10 dB—a common 
value—the difference is only 0.46 dB [28]. 

Most receivers are designed to operate optimally when connected to an 
antenna system of a specified impedance (commonly 50 0), but relatively few 
receivers exhibit this design load impedance at their input terminals; that is, they 
are not designed for a conjugate input match. It is therefore customary to specify 
sensitivity in terms of “open circuit” voltage—the signal voltage that, with the 
receiver's antenna input terminated in its design antenna impedance, results in 
the desired ratio of signal to noise. If, as is commonly the case, the input voltage 
for a given SNR is determined using instrumentation calibrated in terms of 
closed-circuit voltage—that is, in terms of voltage across a load resistance equal 
to the instrument's source resistance—the voltage indicated will be 1/2 the open- 
circuit value for the SNR specified [29]. By convention, the open-circuit 
measurement condition is indicated by a sensitivity specification in volts of 
electromotive force (EMF). Specifying sensitivity in terms of available signal 
power (usually decibels relative to 1 mW or dBm) eliminates this open/closed- 
circuit confusion. 


SINAD Ratio 


Extending the measurement of signal-plus-noise to noise to include distortion 
results in a figure of merit called SINAD (signal-plus-noise-and-distortion), 
commonly applied to FM receivers 

ENAD ей С 

(1.34) N+D 

where SINAD is in decibels, S is signal power, N is noise power, and D is 
distortion power. At a SINAD ratio of 12 dB—a common specification—the 
noise-and-distortion power is 25% that of the desired signal. As is true of (S + 
N)/N, SINAD closely approximates S/N at high ratios of signal to noise. 


Bit Error Rate and Noise 


For digital systems, signal-to-noise ratio and bit error rate are related. As 
introduced earlier, depending on the waveform, coding, and filtering, different 
BERs are related to particular SNRs (Figure 1.101). The SNR also depends on 
the interference from the synthesizer, as will be seen in the section on adjacent 
channel power ratio (ACPR). Since a digital transmitter is always involved, in 
the on-the-air testing, the laboratory measurement of SINAD cannot quite be 
correlated. At the IF level, we find the handover point between the transceiver's 
analog front end and its digital portion, and a standard noise-figure test setup, 
such as the one by Agilent, is still a valuable instrument for evaluating noise 
figure and signal-to-noise ratio. 


Figure 1.101 Bit error rate versus Ebit/NO for BPSK/QPSK, 16-QAM and 64- 
QAM, showing the significantly greater SNR necessary for a given BER as the 


number of signal states is increased. 
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Here is an example for a digital measurement. Assume that we use a test 
generator like the SMIQ to evaluate a front end having an 8.8-dB noise figure. A 
384-kbps 7/4 DQPSK digital modulation signal (-5 dBm) is applied to the 
transceiver front end. Testing at 2.47 GHz, we find that the error vector 
magnitude (EVM; defined later in this section) is about 3.89% in transmit and 
about 1.37% in receive. To determine the receive sensitivity of the RF front end, 
the signal from the digitally modulated generator (at -95 dBm) is applied to the 
RF front end in receive mode. The measured EVM at 2.47 GHz is now 20%. By 
using the equation 

(1.35) S/N = —20log(EVM) 
we see that the ratio that corresponds to an EVM of 20% is 14 dB. 





where Ес is the energy of a symbol, Ас is the symbol rate, No is the noise power 


density, and B is the bandwidth. Assuming a 7/4 DQPSK signal and ratio of 14 
dB, it can be determined that 


Assuming that the BER is 107°, the required E;/N, is 10 dB. Hence, from the 
definition of the sensitivity 


(1.38) — —102dBm 

The value —144 is derived from kT, by taking the bandwidth (1 kHz) into 
consideration. 

The result obtained at (1.38) is consistent with the obtained E;/Ng of 17 dB 


from the measurement at —95 dBm input power (since -102 + [17 — 10] = — 95). 
Hence, it was determined that the receive sensitivity of the RF front end is 
approximately —102 dBm. We can then determine the dynamic range (DR) from 


(1.39) DR rr P_id B Sensitivity — -21 __ 109 = 21 dB 


Noise Factor and Noise Figure 


The noise floor predicted by (1.32) cannot be achieved and maintained in any 
real network or system of networks because all real networks generate noise. 
Determining how closely the SNR achieved at a given input level approaches the 
SNR achievable at that input level in a noiseless network is therefore of high 
interest to the circuit and system designer. The degree to which a network's noise 
contribution degrades the noise floor predicted by (1.32) is evaluated by its noise 
factor (F), which is expressed as the ratio 
p — Nin + Млава 
(1.40) Nin 

where Ғ is noise factor, N;, is the noise power available from the source and 
N 


addeq 1S the noise power added by the network, with both powers determined in 


the same bandwidth. Expressing this ratio in decibels (10 log Р) returns noise 


figure (NF), a bandwidth-independent figure of merit of great value in evaluating 
the noise performance of networks and communication systems. We can also 


express NF as the ratio of the network's input SNR to its output SNR: 
NF = 10 logy, | | Sin/ Nin | | 

(1.41) (Sout: Nout) 
where NF is noise figure in decibels, S is signal power, and N is noise power, 
with the input and output values of these quantities signified by the subscripts 
and all powers determined in the same bandwidth. The noise figure of an ideal 
noiseless network is 0 dB; for all real, noisy networks, NF is positive. The NF of 
a lossy passive device is equal to its insertion loss. 

Noise figure can also be defined for antennas and antenna systems: 
NFant = 10 lo fio N ч Nant 
(1.42) | Ы 
where ХЕ, is the antenna system noise figure in decibels, N, is the antenna's 
system's thermal noise power, as defined in (1.32), and N,» is the total noise 


power picked up by the antenna system. From the lower end of the radio 
Spectrum, and decreasingly up to approximately 400 MHz, noise intercepted by 
an antenna system from atmospheric, man-made, and galactic sources will 
dominate NF,,, (Figure 1.102), and N, can be considered as equivalent to the 


noise power of a resistor at 290 K. Atmospheric noise subsides above 40 MHz; 
from this region to perhaps 700 MHZ, N, is still largely negligible, with noise 


from man-made and/or sky sources largely determining an antenna's noise 
figure. At these frequencies, an antenna's directivity and orientation relative to 
noise sources play a critical role in determining its noise figure; a strongly 
directive antenna located in a city suburb, for instance, exhibits a significantly 
higher noise figure when pointed toward the city center than it exhibits when 
pointed toward a more sparsely populated area. At frequencies above about 700 
MHZ, the RF environment is generally quieter, allowing receiver NF, not antenna 
NF, to more routinely limit a wireless receiver's sensitivity. At these frequencies, 
the concept of noise temperature is commonly used to evaluate the quietness of a 
receiver, its antenna system, and its RF environment. Noise temperature is 
particularly useful in designing systems for space communication, an antenna for 
which may be cooled, through radiation of a portion its own noise into the RF- 
cold sky, to a noise temperature an order of magnitude below 290 K. 


Figure 1.102 The higher the frequency, the more quiet the RF environment 
becomes, although the noise profile of specific sources may contradict this 
general rule. 
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Noise Figure of Cascaded Networks 


The noise figure of two networks in cascade may be determined from 


NF total = 10 logy, | P, + 5 | 
G1 , 





(1.43) 


where NF is noise figure in dB, F4 is the noise factor of the first network, ЕЁ» is 
the noise factor of the second network, and G, is the gain (as a numerical ratio, 


not in dB) [30]. The noise figure of a system with more than two stages can be 
evaluated through repeated iterations of (1.43). Note that (1.43) assumes two 
conditions: (1) that F4 and F are determined in the same bandwidth, and (2) that 


the networks' input and output terminations are resistive—a condition that is 
commonly not true of RF amplifiers optimized for lowest noise. Equation (1.43) 
can be expanded to account for bandwidth, but accounting for complex 
terminations requires the use of noise correlation matrix techniques as described 
in Ref. [28]. 


1.7.2 System Amplitude and Phase Behavior 


If we could build electronic systems that were absolutely amplitude-and phase- 
linear, radiocommunication system design would be greatly simplified. An 
amplifier designed for a power gain of 10 dB, for example, would merely 
increase the magnitude of all signals at its input by a factor of 10, regardless of 
their frequencies, while perfectly maintaining their relative phases. But all real 
electrical and electronic networks, even those designed (or supposed) to be 


amplitude-and phase-linear, exhibit amplitude and phase nonlinearity to some 
degree, just as they all generate noise to some degree. 

The effects of amplitude nonlinearity, generically referred to as nonlinear 
distortion, include the generation, through harmonic distortion and/or 
intermodulation distortion (IMD), of output signals at frequencies not present at 
a system's input. Nonlinear distortion also results in gain compression—changes 
in system gain with changes in input-signal level. By convention, when workers 
in electronics refer to or consider a network's “linearity,” they usually mean its 
amplitude linearity; likewise, by “distortion” they usually mean nonlinear 
distortion. 

The effects of phase or frequency nonlinearity are generically referred to as 
linear distortion because they occur independently of signal amplitude and 
polarity. We often intentionally apply linear distortion through filtering, which 
modifies the amplitude relationships among existing spectral components of a 
signal without creating any new frequencies. Another linear-distortion effect, 
phase or delay distortion, results in the delay of signals of differing frequencies 
by differing amounts of time. In a system where signal phase conveys 
information, as is true of most wireless links, phase distortion can seriously 
degrade communication. 

The fact that all real networks are amplitude-and angle-nonlinear to some 
degree means that all real networks modify the amplitude and angle 
characteristics of the signals they handle. What is perhaps less obvious is that 
subjecting a signal to amplitude and angle nonlinearities causes “crosstalk” 
between its amplitude and angle characteristics. For example, through a 
nonlinear distortion effect called AM-to-PM conversion, changes in a signal's 
amplitude result in changes in its phase. Filtering an angle-modulated signal 
produces the reverse effect; deprived by the filters selectivity of spectral 
components necessary to maintain its envelope constancy, it emerges from the 
filter as a combination of angle and amplitude modulation. 


Spectral Considerations of Analog and Digitally Modulated Signals 


Many wireless modulation schemes exist and even more are proposed; all use 
angle (usually phase) modulation or a combination of phase and amplitude 
modulation using an emission format engineered to achieve multiple goals of 
information throughput, robustness, spectral and hardware efficiency, and 
reproducibility. Digital modulation is standard in mainstream wireless 
applications because it allows increased channel capacity, and immunity to noise 


and distortion, compared to analog systems. At the circuit-design level, the 
particulars of whether, or to what degree, a modulation scheme is AM, PM, 
analog, or digital, matters less than the actual angle and amplitude characteristics 
of the signal(s) involved, and the tolerances within which these characteristics 
can be expected and allowed to vary. 

A system's amplitude linearity is of major concern because of its relation to 
energy efficiency, receiver dynamic range, and transmitter spectral purity. 
Energy efficiency, important because many wireless applications use battery 
power, generally decreases inversely with amplitude linearity. Yet, sufficient 
amplitude linearity must be guaranteed in the frontend circuitry of wireless 
receivers subjected to multiple strong signals, and in all wireless receiver and 
transmitter stages handling variable-envelope signals. 

Some digital modulation schemes, designed to be distortion-tolerant, produce 
constant-envelope signals; Gaussian minimum shift keying (GMSK) and Feher's 
quadrature phase-shift keying (FQPSK) are examples of these. Such signals can 
be processed in highly nonlinear circuitry—for example, an RF power amplifier 
operated in saturation to maximize efficiency—without degrading their spectral 
composition. Other digital modulation schemes result in the emission of, ideally, 
of a single PM sideband, with the carrier and all other sideband components 
suppressed. Such a signal exhibits, of necessity, phase and amplitude variations; 
the 15-54 cellular standard's 7/4 differential quadrature phase-shift keying (7/4 
DQPSK) scheme, which results in envelope fluctuations of 3-6 dB, exemplifies 
this [31]. Intermodulation distortion among such a signal's spectral components 
can generate products that fall outside the bandwidth painstakingly controlled in 
the modulation process. This spectral regrowth must be minimized to prevent 
adjacent-channel interference (Figure 1.103). 


Figure 1.103 Spectral regrowth results when a variable-envelope emission, л/4 
DQPSK in this case, is subjected to significant nonlinear distortion. This graph 
shows the simulated performance of a MESFET power amplifier operating at 1 
GHz; the amplifier is 6 dB into compression when driven at 15 dBm. 
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For a better understanding, Figure 1.104 shows the various channels and the 
energy levels associated with them. 


Figure 1.104 NADC signal and parameters, including channel spacing and 


channel bandwidth. 
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Amplitude Linearity Issues and Figures of Merit 
A network's amplitude nonlinearity can be characterized by the expansion 

(1.44) У = ki f(x) + [РОГ -— kf foo + higher-order terms 
where y represents the output, the coefficients k, represent complex quantities 
whose values сап be determined by an analysis of the output waveforms, and f(x) 
represents the input. Even though all practical networks exhibit amplitude 
nonlinearity, we can (and often do) refer to many networks as “linear.” We say 
this of networks that are sufficiently amplitude-linear for our purposes—for 
example, weakly nonlinear networks in which small-signal operation is assumed 
even though the signal levels involved are sufficient to cause slight distortion. 
For many practical purposes, the first three terms of (1.44) adequately describe 
such a network's nonlinearity: 

(1.45) у = kif (x) + ka |f (х)| + ka [/(ж)]° 
In adopting this simplification, we also assume that the nonlinearity is frequency 
independent—that is, the network has sufficient bandwidth to allow all the 
products predicted by (1.45) to appear at its output terminals unperturbed [32]. 

When multiple signals are present in a network, even weak nonlinearity can 
result in profound consequences. To illustrate this, we will let f(x) consist of two 
sinusoidal signals: 

(1.46) f Ux) = Ау cosiyf + Ag СОБО 
We will assume that c апа о» are close enough so that the coefficients k; can be 
considered equal for both signals. We will also assume for simplicity that all the 
К, are real. If (1.45) describes the network's response to an input f(x), the 
response will be 


(1.47) 


у = (А, cos af + A> cos ost) + k( A, cos шї + Аҙ cos est) 
+ k3(A, cos ef + Аз cos cot) 
= К1( А cos etf + А» cos 0921) 
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The k, term of equation (1.47) represents the results of amplitude-linear 
behavior. No new frequency components have appeared; the two sine waves 
have merely been “rescaled” by К. 


The second-and third-order terms of (1.47) represent the effects of harmonic 
distortion and intermodulation distortion. Second-order effects include second- 
harmonic distortion (the production of new signals at 20 and 2о0;) and IMD 


(the production of new signals at c, + о» and о; — œ»). Third-order effects 


include gain compression, third-harmonic distortion (the production of new 
signals at Зо; and Зо), апа IMD (the production of new signals at 20} + c» 


and 20» + 0). 


Gain Compression 

Gain compression occurs when a network cannot increase its output amplitude in 
linear proportion to an amplitude increase at its input; gain saturation occurs 
when a network's output amplitude stops increasing (in practice, it may actually 
decrease) with increases in input amplitude. We can deduce from (1.47) that the 
amplitude of the cos ct signal has become 


| 3 a 5 А 
1 == hy Ay + Ёз (34 + 54,43) 


Because k, will normally be negative, a large signal А, cos œt can effectively 
mask a smaller signal A, cos ct by reducing the network's gain. This third-order 


effect, known as blocking or desensitization when it occurs in a receiver, is a 
special case of gain compression. The presence of additional signals results a 
greater reduction in gain; the gain reduction for each signal is a function of the 


relative levels of all signals present. A receiver's blocking behavior may be 
characterized in terms of the level of off-channel signal necessary to reduce the 
strength of an in-passband signal by a specified value, typically 1 dB; 
alternatively, the decibel ratio of the off-channel signal's power to the receiver's 
noise-floor power may be cited as blocking dynamic range. Desensitization may 
be also characterized in terms of the off-channel-signal power necessary to 
degrade a system's SNR by a specified value. 

Multiple signals need not be present for gain compression to occur. If only one 
signal is present, the ratio of gain with distortion to the network's idealized 
(linear) gain is 


This is referred to as the single-tone gain-compression factor. Figure 1.105 
shows how the К» term causes a network's gain to deviate from the ideal. The 


point at which a network's power gain is down 1 dB from the ideal for a single 
signal is a figure of merit known as the 1-dB compression point (P. дв). Many 


networks (including many receiving and low-level transmitting circuits, such as 
low-noise amplifiers, mixers, and IF amplifiers) are usually operated under 
small-signal conditions—at levels sufficiently below Р_ gp to maintain high 
linearity. As we will see, however, some networks (including power amplifiers 
for wireless systems) may be operated under large-signal conditions—near or in 
compression—to achieve optimum efficiency at some specified level of linearity. 
Figure 1.106 shows what happens when a digital emission that uses amplitude to 
convey information is subjected to amplitude compression. 


Figure 1.105 The power level at which a network's power output is down 1 dB 
relative to that of its ideally linear equivalent is a figure of merit known as the 1- 
dB compression point (P. дв). The 1-dB compression point can be expressed 


relative to input power (P. ав п) or output power (P. ав ош). For the amplifier 
simulated here, P. ав in * — 14.5 dBm and P. 44g out – 1.3 dBm. 
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Figure 1.106 Influence of differential amplitude error (compression) on a QAM 
constellation. 
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Intermodulation 


The new signals produced through intermodulation distortion (IMD) can 
profoundly affect the performance even of systems operated far below gain 
compression (Figure 1.107). IMD products of significant power can appear at 
frequencies remote from, in and/or near the system passband, resulting in 
demodulation errors (in reception) and interference to other communications (in 
transmission). Where an IMD product appears relative to the passband depends 
on the passband width and center frequency, the frequencies of the signals 
present at the system input, and the order of the nonlinearity involved. These 
factors also determine the strength of an IMD product relative to the desired 
signal. 


Figure 1.107 Relationships between fundamental and spurious signals, including 
harmonics and products of intermodulation. 
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Fundamentals 
Second-order IMD (IM») results, for an input consisting of two signals c, and 
02), in the production of new signals at @, + c» and @, — œ»; third-order IMD 
(ІМ) results, for an input consisting of two signals c, and о», in the production 
of new signals at 20, + c» and 20; + 0}. 


Under small-signal conditions—that is, at levels well below compression—the 
power of ап IM, product varies by 2 dB, and the power of an IM; product varies 


by 3 dB, per decibel change in input power level. This allows us to derive a 
network figure of merit, the intermodulation intercept point (IP), for a given IM 
order by extrapolating a network's linear and IM responses to their point of 
intersection (Figure 1.108)—the point at which their powers would be equal if 
compression did not occur. Because of the system noise and/or intermodulation 
distortion products, there is a minimum discernible signal (MDS) that limits the 
dynamic range at the lower end. Theoretically, Figure 1.108 should show a noise 
floor or IMD-spur floor for a given input signal that represents a lower limit 
below which signals cannot be detected. The intercept point for a given IM order 
n can be expressed, and should always be characterized, relative to input power 
(ТР) or output power (IP, ош) the ІР, and IP, values differ by the network's 


linear gain. For equal-level test tones, IP,, in can be determined by 


n,ou 


where n is the order, Рл is the input power (of one tone), Pimp is the power of the 


IM product, and IP is the intercept point. The intercept point for cascaded 
networks can be determined from 


1 
I Pa in = 


4 " 
(1.51) (she + i) 
for ІР, and from 
зла = mE 
(1.52) TA * TÉ, 


for ІР. In both equations, IP, is the input intercept of Stage 1 in watts, IP» is the 


input intercept of Stage 2 in watts, and G is the gain of Stage 1 (as a numerical 
ratio, not in decibels). Both equation assume the worst-case condition, in which 
the distortion products of both stages add in-phase. 


Figure 1.108 The level at which the power of one of a network's IM products 
equals that of the network's linear output is a figure of merit known as the 
intermodulation intercept point (IP). The intercept point for a given IM order n 
can be expressed, and should always be characterized, relative to input power 
(ТР) or output power (IP, oup; the ІР; and ТР values differ by the network's 


linear gain. For the amplifier simulated here, 7 P5,, ғ 1.5 dBm, Р, 5: 14.5 dBm, 
ЇР 2-23 dBm, and ІР, œ 10.7 dBm. Each curve depicts the power in one 
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The ratio of the signal power to the IM-product power, the distortion ratio, can 
be expressed as 
(1.53) Fan = (п — 1) Pafin) ~ Баш) 


where n is the order, Rgn is the distortion ratio, ІР 
and P is the input power of one tone. 


n(in) 1S the input intercept point, 


Discussions of IMD have traditionally downplayed the importance of IM, 
because the incidental distributed filtering contributed by the tuned circuitry 
once common in radiocommunication systems was usually enough to render out- 
of-passband IM, products caused by in-passband signals, and in-passband IM, 
products caused by out-of-passband signals, vanishingly weak compared to 
fundamental and ІМ; signals. In broadband systems that operate at bandwidths 
of an octave or more, however, in-passband signals may produce significantly 
strong in-passband IM, and second-harmonic products. In such applications, 
balanced circuit structures (such as push—pull amplifiers and balanced mixers) 
can be used to minimize IM, and other even-order nonlinear products. 


As with IM», which IM; products are important depends on the spacing of the 


signals involved and the relative width of the system passband. If c, and œ, are 
of approximately the same frequency, the additive products 2c, + œ, and 20, + 
c, Will be outside the passband of a narrowband system. The subtractive 
products 20, - о» and 20» — w,, however, will likely appear near or within the 
system passband. The IM, performance of any network subjected to multiple 
signals is therefore of critical importance, and an array of I[M,-related, 
sometimes application-specific, figures of merit has evolved as a result. 


Dynamic Range 


As we have seen, thermal noise sets the lower limit of the power span over 
which a network can operate. Distortion—that is, degradation by distortion of 
the signal's ability to convey information sets the upper limit of a network's 
power span. Because the power level at which distortion becomes intolerable 
varies with signal type and application, a generic definition has evolved; the 
upper limit of a network's power span is the level at which the power of one IM 
product of a specified order is equal in power to the network's noise floor. The 
ratio of the noise-floor power to the upper-limit signal power is referred to as the 
network's dynamic range (DR), often more carefully characterized as two-tone 
IMD dynamic range, which, when evaluated with equal-power test tones, is a 
figure of merit commonly used to characterize receivers. The MDS relative to 
the input, as already defined, is 


When ІР(п) in and MDS are known, IMD DR сап be determined from 
(n — DIE P, - MDSin] 
(1.54) ^" n 
where DR is the dynamic range in decibels, n is the order, ІР „у is the input 


intercept power in dBm, and MDS is the minimum detectable signal power in 
dBm. The so-called spurious-free dynamic range (SFDR or DRSF) is calculated 
from 


This equation allows us to determine how to measure the spurious-free 
dynamic range. This is done by applying the two-tone signals (in the case of ІР;) 
and increasing the two signals to the point where the signal-to-noise ratio 
deteriorates by 3 dB or, if the measurement is done relative to MDS, where the 
noise floor rises by 3 dB. The factor 2/3 is derived from the fact that the levels of 


ІМ; outputs increase З dB for 1 dB of input increase. This definition of dynamic 


range now is referenced to a noise figure rather than a minimum level in dBm, 
and is therefore independent of bandwidth. (By choosing smaller bandwidths (1 
kHz instead of 10 kHz), a dynamic range measurement can be made to look 
better. Biasing the specification on noise figure directly avoids this problem.) 


Triple-Beat Distortion and Cross-Modulation 
P 4qg is a single-tone figure of merit; blocking, intercept point and dynamic 


range evaluate two-tone behavior. For networks that must handle AM and 
composite (AM and angle modulation) signals very linearly, such as television 
transmitters and cable TV distribution systems, a three-tone figure of merit 
called triple-beat distortion has gained acceptance. Signals at c, and о» (closely 


spaced) and оо (positioned far away from c, and c») are applied to the network 


under test, at levels, frequencies, and spacings that vary with the application. 
One triple-beat distortion figure of merit is the ratio, expressed in decibels, of the 
IM product at w3 + {wz — w1) to one of the network's linear outputs at a specified 
output level. Alternatively, the triple-beat figure of merit may express the 
network output level at which a specified triple-beat ratio occurs. 

Triple-beat distortion is the mechanism underlying cross-modulation, a form of 
intermodulation in which one or more AM signals present in a network 
amplitude-modulate all signals present in the network [33]. Angle-modulation- 
based wireless systems are largely immune to such effects. 

Figures 1.108 and 1.109 graph the results of gain compression, two-tone 
intermodulation, cross-modulation, and triple-beat testing on a wideband (5- 
1000 MHz) amplifier. 


Figure 1.109 Measured distortion components іп a wideband (5-1000 MHz) 
amplifier. Figure 1.108 shows a magnified view of the gain-compression region 
[34]. 
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Noise Power Ratio 


Triple-beat testing is one way of improving on two-tone testing as a means of 
evaluating a network's intermodulation behavior in the presence of multiple 
signals. Another figure of merit, noise power ratio (NPR), uses thermal noise as 
a test signal. The test measures the introduction, by IM, of noise into a quiet slot 
created by the insertion of a band-stop filter, equal in stopband width to the 
width of the measurement channel, between the noise generator and the network 


under test (Figure 1.110). 


Figure 1.110 Determining a network's noise power ratio (NPR) involves the 
application of a test signal consisting of thermal noise [34]. The reference 
measurement-channel noise power, P,, is then measured (a). Next, a stopband 


filter is placed between the noise generator and network under test to keep the 
test signal out of the measurement channel (b). Assuming sufficient filter 
attenuation, if the network were absolutely noiseless and linear, the ideal noise 
power in the measurement channel, P5, would then be zero. In practice, the 


network's own thermal noise and intermodulation between noise components 
outside the measurement channel result in an actual measurement-channel noise 
power (P3) greater than zero. The noise power ratio equals P,/P3. 
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Large-Signal Effects 
Except for P_jgp, the figures of merit discussed so far evaluate amplitude 


nonlinearity under small-signal conditions. At input powers that drive a network 
into gain compression and saturation, IM products of odd orders higher than 3 
become significant, and curves, dips, and nulls appear in their characteristics 
(Figure 1.111). Phase shifts related to nonlinear (primarily voltage-dependent) 
capacitances in solid-state devices аге one cause of these effects. Under such 
conditions, a network may exhibit hysteresis, with its behavior at any given 
instant depending not only on the voltage or current applied to it but also on its 
recent history [35]. 


Figure 1.111 As a network is driven into compression, IM products at odd orders 
higher than 3 become significant, and phase shifts in power-dependent device 
Capacitances cause curves and dips in the IM characteristics. The onset of these 


departures from IM-response linearity occurs at generally lower input power 
levels for higher IM orders; their severity, and their position on the IM curves, 
differs among the various products of a given order and varies with network 
topology and tone spacing. Figures of merit based on straight-line IM responses 
fail to usefully predict nonlinear network behavior under these conditions. This 
graph shows the simulated performance of а single-BJT broadband amplifier 
driven by two equal-amplitude tones at 10 and 11 MHz. 
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AM-to-PM Conversion 


The nonlinear distortion effects we have discussed so far can be termed AM-to- 
AM distortion—distortion that, to a degree that depends on the amplitude of the 
signal(s) applied to the network, results in changes in the network's gain, and/or 
production of signals at new frequencies. AM-to-PM distortion can also occur. 
As a network nears saturation, part of its driving signal goes into shifting the 
bias point(s) of its active device(s), changing their drive-dependent reactances 
and shifting the phase of the output signal relative to its value at input levels 
below compression (Figures 1.112 and 1.113). This effect, AM-to-PM 
conversion, can cause incidental phase modulation that degrades Ше 
performance of digital communication systems. 


Figure 1.112 Driving a network into compression and saturation shifts the bias 
point(s) of its active device(s), changing their drive-dependent reactances and 
shifting the phase of the output signal relative to its value at input levels below 
compression. This graph shows the simulated performance of a single-BJT 
broadband amplifier driven by a single tone at 10 MHz. 
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Figure 1.113 Influence of differential phase error (AM-to-PM conversion) on a 
QAM constellation. 
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Spectral Regrowth and Adjacent-Channel Power Ratio 


Spectral regrowth occurs largely as a result of third, fifth, and seventh-order 
IMD in power amplifiers operated near or in compression—at power levels 
where hysteretic IM effects result in poor agreement between measured behavior 
and predictions based on small-signal IM figures of merit [36]. We therefore 
evaluate the impact of spectral regrowth more directly, using a figure of merit 
called adjacent channel power ratio (ACPR). ACPR measurement techniques 
that incorporate memory can be used to increase ACPR predictions for networks 
with that exhibit saturation hysteresis [37]. Figure 1.114 shows the critical 
relationship between compression, power-added efficiency, and ACPR in a 
MESFET power amplifier. 


Figure 1.114 Keeping adjacent-channel interference under control can involve а 
critical trade-off between a wireless transmitter's power-added efficiency (PAE) 
and ACPR, as shown in this graph of the simulated behavior of the 1-GHz 
MESFET power amplifier introduced in Figure 1.103. As the amplifier is driven 
into compression, a peak occurs in the PAE response—in this case, at P_;grp— 


and ACPR rises sharply. 
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Phase Response Issues and Figures of Merit 


We have already seen how large-signal nonlinear distortion can result in 
amplitude-dependent phase shifts through AM-to-PM conversion. Because phase 
linearity is critical at all signal levels in PM systems, especially those using 
digital modulation, we must also consider linear distortion in evaluating 
networks used in wireless systems. 


Differential Group Delay 


Very frequency-selective network subjects signals passing through it to some 
degree of time delay. Ideally, this delay, also known as group or envelope delay, 
does not vary with frequency; that is, the network's phase-shift versus frequency 
response is monotonic and linear. In practice, a network's time delay varies 
across its passband, transition bands, and stopbands, exhibiting curvature, ripple, 
and transition-band peaks (Figure 1.115). The network's differential group delay 
—its group-delay spread—is therefore of considerable importance. This is 
especially so in digitally modulated systems, where the resulting phase distortion 
can cause errors in modulation and demodulation. 


Figure 1.115 Close-in amplitude and group delay responses for a 246-MHz 
SAW filter designed for GSM applications [38]. This filter is well within its 3.0 
us differential group delay specification across its passband (160 kHz at —3 dB); 
the peaks just outside the passband limits are characteristic of a network's 
transition-band phase response. 
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Effects of Phase Noise 


As Chapter 5 will discuss in detail, the phase of an oscillator's output signal is 
subject to random phase variations (Figures 1.116 and 1.117). Called phase 
noise, this effect is often quantified as the decibel ratio of the phase noise power 
in a single (the upper or lower) phase-noise sideband, in a 1-Hz bandwidth 
centered at a specified frequency offset from the oscillator carrier, to the carrier 
power (Figure 1.118); alternatively, it may be specified in degrees rms. A 
microwave voltage-controlled oscillator, for instance, might exhibit an SSB 
phase noise of -95 dBc/Hz at 10 kHz. Oscillator phase noise may manifest itself, 
through a mechanism known as reciprocal mixing, as the emission of 
unacceptably strong noise outside a transmitter s occupied bandwidth or as an 
increase in receiver noise floor. Phase noise may also directly introduce phase 
errors that result in modulation and demodulation errors. 


Figure 1.116 SSB phase noise. An ideal signal generator (a) would produce an 
absolutely pure carrier. A real signal generator (b) acts like an ideal generator 
driven by a noise generator, producing a noise-modulated carrier. 


Ideal 
generator 
f, | 


(a) 


Po, 












E ы 


Phase 
AN 


Figure 1.118 Phase-noise calculation. 
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Because the oscillators used for frequency translation in wireless systems are 
usually embedded in phase-locked loops, their phase-noise characteristics differ 
from those of “bare” oscillators as shown in Figures 1.119 and 1.120. Figures 


1.121 апа 1.122 show the measured phase noise of the Rohde & Schwarz SMY 
and SMIQ signal generators. The SMY is a low-cost signal source, while the 
SMIQ is a very high-performance signal generator capable of being programmed 
for all digital modulations; therefore, their PLL systems exhibit different phase 
noise versus frequency responses as the measured results show. 


Figure 1.119 Phase noise of an oscillator controlled by a phase-locked loop. 
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Figure 1.120 Effect of improper loop-filter design. 
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Figure 1.121 Measured phase noise of the Rohde & Schwarz SMY signal 
generator at 1 GHz. This signal generator has no provision for digital 
modulation, and therefore shows the best possible phase noise in its class. 
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Figure 1.122 Measured phase noise of the Rohde & Schwarz SMIQ signal 
generator at 1 GHz. This signal generator is optimized for all digital modulation 
capabilities and can be configured via appropriate programming. Above 10 kHz, 
the influence of the wideband loop becomes noticeable; above 200 kHz, the 
resonator Q takes over. 
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Reciprocal Mixing 


In reciprocal mixing, incoming signals mix with LO-sideband energy to produce 
IF output (Figure 1.123). Because one of the two signals is usually noise, the 
resulting IF output is usually noise. (Reciprocal mixing effects are not limited to 
noise; discrete-frequency oscillator sideband components, such as those resulting 
from crosstalk to or reference energy on a VCO's control line, or the discrete- 
frequency spurious signals endemic to direct digital synthesis, can also mix 
incoming signals to IE.) In practice, the resulting noise-floor increase can 
compromise the receiver's ability to detect weak signals and achieve a high IMD 


dynamic range; оп the test bench, noise from reciprocal mixing may invalidate 
desensitization, cross-modulation, and IM testing by obscuring the weak signals 
that must be measured in making these tests. 


Figure 1.123 Reciprocal mixing occurs when incoming signals mix energy from 
an oscillator's sidebands to the IF. In this example, the oscillator is tuned so that 
its carrier, at A’, heterodynes the desired signal, A, to the 455 kHz as intended; at 
the same time, the undesired signals B, C, and D mix the oscillator noise- 
sideband energy at B’, C’, and D’, respectively, to the IF. Depending on the 
levels of the interfering signals and the noise-sideband energy, the result may be 


a significant rise in the receiver noise floor. 
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Figure 1.124 shows a typical arrangement of a dual-conversion receiver with 
local oscillators. The signal coming from the antenna is filtered by an 
arrangement of tuned circuits referred to providing as input selectivity. For a 
minimum attenuation in the passband, an operating bandwidth of 

Í 

E м2: QL 
This approximation formula is valid for the insertion loss of about 1 dB due to 
loaded Q. 


Figure 1.124 Block diagram of an analog/digital receiver showing the signal 
path from antenna to audio output. No AGC or other auxiliary circuits are 
shown. This receiver principle can be used for all types of modulation, since the 
demodulation is done in the DSP block. 
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The filter in the first IF is typically either a SAW filter (in the frequency range 
from 500 MHz to 1 GHz) or a crystal filter (45—120 MHz). Typical insertion loss 
is 6 dB. Since these resonators have significantly higher Q than LC circuits, the 
bandwidth for the first IF will vary from +5 kHz to +500 kHz. It is now obvious 
that the first RF filter does not protect the first IF because of its wider 
bandwidth. For typical communication receivers, IF bandwidths from 150 Hz to 
1 MHz are found; for digital modulation, the bandwidth varies roughly from 30 
kHz to 1 MHz. Therefore, the IF filter in the second IF has to accommodate 
these bandwidths, otherwise, the second mixer easily gets into trouble from 
overloading. This also means that both synthesizer paths must be of low-noise 
and low-spurious design. The second IF of this arrangement (Figure 1.124) can 
be either analog or digital, or even zero-IF. In practical terms, there are good 
reasons for using IFs like 50/3 kHz, as in hi-fi audio equipment, with DSP 
processing at this frequency (50/3 kHz) using the low-cost modules found in 
mass-market consumer products. 

The following two pictures (Figures 1.125 and 1.126) show the principle of 
selectivity measurement both for analog and digital signals. The main difference 
is that the occupied bandwidth for the digital system can be significantly wider, 
and yet both signals can be interfered with by either a noise synthesizer/first LO 
or a synthesizer that has unwanted spurious frequencies. Such a spurious signal 
is shown in Figure 1.125. In the case of Figure 1.125, the analog adjacent- 
channel measurement has some of the characteristics of cross-modulation and 
intermodulation, while in the digital system, the problem with the adjacent- 
channel power suppression in modern terms is more obvious. Rarely has the 
concept of adjacent-channel power (ACP) been used with analog systems. Also, 
to meet the standards, signal generators have to be used that are better, with 
some headroom, that the required dynamic measurement. We have therefore 
included in Figure 1.126 the achievable performance for a practical signal 
generator—in this case, the Rohde & Schwarz SMHUSa. 


Figure 1.125 Principle of selectivity measurement for analog receivers. 
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Figure 1.126 Principle of selectivity measurement for digital receivers. 
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Because reciprocal mixing produces the effect of noise leakage around IF 
filtering, it plays a role in determining a receiver's dynamic selectivity (Figure 
1.127). There is little value in using IF filtering that exhibits more stopband 
rejection than a value 3—10 dB greater than that results in an acceptable 


reciprocal mixing level. 


Figure 1.127 Dynamic selectivity versus IF bandwidth for (a) the Rohde & 


Schwarz ESH-2 test receiver (9 kHz to 30 MHz) and (b) the Rohde and Schwarz 


ESV test receiver (10 MHz to 1 GHz). Reciprocal mixing widens the ESH-2's 
2.4 kHz response below —70 dB (-100 dBm) at (a) and the ESV's 7.5, 12, and 
120 kHz responses below approximately -80 dB (-87 dBm) at (b). 
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Although additional RF selectivity can reduce the number of signals that 
contribute to the noise, improving the LO's spectral purity is the only effective 
way to reduce reciprocal mixing noise from all signals present at a mixer's RF 
port. 

Factoring in the effect of discrete spurious signals with that of oscillator phase 
noise can give us the useful dynamic range of which an instrument or receiver is 


capable (Figure 1.128). 


Figure 1.128 This graph shows the available dynamic range, which is 
determined either by the masking of the unwanted signal by phase noise or by 
discrete spurii. As far as the culprit synthesizer is concerned, it can be either the 
local oscillator or the effect of a strong adjacent-channel signal that takes over 


the function of the local oscillator. 
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In evaluating the performance of digital wireless systems, we are interested in 
determining a receiver's resistance to adjacent-channel signals. 


Phase Errors 


In PM systems, especially those employing digital modulation, oscillator phase 
noise contributes directly to modulation and demodulation errors by introducing 
random phase variations that cannot be corrected by phase-locking techniques 
(Figure 1.129). The greater the number of phase states a modulation scheme 
entails, the greater its sensitivity to phase noise. 


Figure 1.129 Phase noise is critical to digitally modulated communication 
systems because of the modulation errors it can introduce. Intersymbol 
interference (ISI), accompanied by a rise in BER, results when state values 
become so badly error blurred that they fall into the regions of adjacent states. 
This drawing depicts only the results of phase errors introduced by phase noise; 
in actual systems, thermal noise, AM-to-PM conversion, differential group delay, 
propagation, and other factors may also contribute to the spreading of state 
amplitude and phase values. 
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When an output signal is produced by mixing two signals, the resulting phase 
noise depends on whether the input signals are correlated—all referred to the 
Same system clock—or uncorrelated, as shown in Figure 1.130. 


Figure 1.130 The noise sideband power of a signal that results from mixing two 
signals depends on whether the signals are correlated—treferenced to the same 
system clock—or uncorrelated. 
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Error Vector Magnitude 


Several earlier figures (Figures 1.106, 1.113, and 1.129) have shown how 
particular sources of amplitude and/or phase error can shift the values of a digital 
emission's data states toward decision boundaries, resulting in increased BER 
due to intersymbol interference. Figures 1.131-1.133 show three additional 


sources of such errors. 


Figure 1.131 Effect of gain imbalance between J and Q channels on a data 
signal's phase constellation. 
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Figure 1.133 Effect of LO-feedthrough-based ІО offset on а data signal's phase 
constellation. 





A figure of merit known as error vector magnitude (EVM) has been developed 
as sensitive indicator of the presence and severity of such errors. An emission's 
error vector magnitude is the magnitude of the phasor difference as a function of 
time between an ideal reference signal and the measured transmitted signal after 
its timing, amplitude, frequency, phase, and dc offset have been modified by 
circuitry and/or propagation. Figure 1.134 illustrates the EVM concept. 


Figure 1.134 Representing errors in a digitally modulated signal's in-phase (J) 
and quadrature (Q) values relative to the ideal as a single error vector allows us 
to derive the resulting error vector magnitude (EVM), a sensitive indicator of 


transmission quality [39]. 


Q 
bs Magnitude error 









Measured 


| Error vector 
signal 


Ideal reference signal 


Phase error 
І 


Figure 1.135 Тһе Rohde & Schwarz CMW 500 Wideband Radio 
Communication Tester can be used to measure all the relevant specifications of 
cellular telephones. 





1.8 Testing 


1.8.1 Introduction 


Testing of digital circuits deviates from the typical analog measurements, and yet 
the analog measurements are still necessary and related. As an example, the 
second-generation cellular telephones standards really have addressed only the 
transfer of voice and were just beginning to look into the transfer of data, mostly 
in the form of SMS, text messages limited to 140 characters. Current 3G 
standards with adaptive bandwidth do address high-speed data and video. Since 
the major use of 2G phones is voice, information such as signal-to-noise ratio as 
a function of many things is important. In particular, because of the Doppler 
effect and the use of digital rather than analog signals, where the phase 
information is significant, the designer ends up using coding schemes for error- 
correction—specifically, forward error correction (FEC). The signal-to-noise 
ratio, as we know it from analog circuits, now determines the bit error rate 
(BER), and its tolerable values depend on the type of modulation used. Because 
of correlation, it is possible to “rescue” a voice with a bit error rate of 1074, but 
for higher data rates with little, if any, correlation, we are looking for BERs 
down to 10 ?. The actual bit error rate depends on the type of filtering, coding, 
modulation, and demodulation. In several earlier figures (Figures 1.52 and 1.56), 
we related BER to signal-to-noise ratio; this is a key issue in receiver design. 

Another problem in receivers that has to do with the transmitter of a second 
Station is adjacent-channel power ratio (ACPR). Given the fact that a transmitter 
handling digital modulation delivers its power in pulses, its transmission may 
affect adjacent channels by producing transient spurious signals similar to what 
we Call splatter in analog SSB systems. This is a function of the linearity of the 
transmitter system all the way out to the antenna, and forces most designers to 
resort to less-efficient Class A operation. As possible alternatives, some 
researchers are looking into Classes D and E modulation, more about which is 
found in the power amplifier section of Chapter 3. 

It is actually not uncommon to do many linear measurements, and then by 
using correlation equations translate these measured results into their digital 
equivalents. 

Therefore, the robustness of the signal as a function of antenna signal at the 
receiver site, constant or known phase relationships, and high adjacent power 
ratios will provide good transfer characteristics. 





1.8.2 Transmission and Reception Quality 


The acoustic transmission and reproduction quality of a mobile phone is a highly 
important characteristic in everyday use. Accurate апа reproducible 
measurements of a cell phone's frequency response cannot be achieved with 
Static sinewave tones (SINAD measurements) because of coder and decoder 
algorithms. In this case, test signals simulating the characteristic of the human 
voice—that is, tones that are harmonic multiples of the fundamental, are 
required. A so-called vocoder is used to produce the lowest possible data rate. 
Instead of the actual voice, only the filter and fundamental parameters required 
for signal reconstruction are transmitted. Particularly, in the medium and higher 
audio frequency ranges, the static sinusoidal tones become a more or less 
stochastic output signal. For example, if a tone of approximately 2.5 kHz is 
applied to the telephone at a constant sound pressure, the amplitude of the signal 
obtained at the vocoder output varies by approximately 20 dB. In type-approval 
tests, where highly accurate measurements are required, the coder and docoder 
are excluded from the measurement. 

Whether the results obtained for the fundamental are favorable depends on 
how far the values coincide with the clock of the coding algorithm. Through a 
skillful choice of fundamental frequencies, test signals with overlapping spectral 
distribution can be generated, giving a sufficient number of test points in 
subsequent measurements at different fundamental frequencies so that a 
practically continuous frequency response curve is obtained. Evaluation can be 
done by means of FFT analysis with s special window function and selection of 
result bins. The results are sorted and smoothed by the software and display in 
the form of a frequency response curve. Depending on the measurement, a 
program calculates the sending or receiving loudness rating in line with CCITT 
P.79 and shows the result. 

Acoustic measurements relevant to GSM 11.10 include the following. 


Sending frequency response 
Sending loudness rating 
Receiving frequency response 
Receiving loudness rating 
Sidetone masking rating 
Listener sidetone rating 

Echo loss 

Stability margin 


Distortion sending 
Distortion receiving 

Idle channel noise receiving 
Idle channel noise sending. 


There are two categories of testing. One is a full-compliance test for all 
channels and all combinations of capabilities, and the other is a production tester 
with evaluation of the typical characteristic data. Both Agilent and Rohde & 
Schwarz are the leading companies in this area, and as the technology develops 
further, different equipment will be made available. Figure 1.134 shows a Rohde 
& Schwarz radiocommunication tester capable of evaluating cellular systems. 
Table 1.12 shows the typical specifications required to make the appropriate 
cellular telephone measurements. 


Table 1.12 Technical Specification of the Rohde & Schwarz CMW 500. 


General Technical Specifications 


RF Generator 


Frequency range ТО MHz to 3300 MHz 
Up to 6000 MHz with the 
R&S CMW-KBOS6 option 


Frequency resolution LS? i a se 
Frequency uncertain ы [| Semaas timebase + frequency resolution 


Se ST mr + 
RF1 СОМ, RF2 COM 
FW MER ME S EE EÉ— ———————| 
= pag { Т p to —5 Jam 
z | p to — 15 Jam 
mam _— | 
[100 MHz to 3300 MHz | | 
Peak envelope power (PEF) 


E ССА 
2 Dow TF 2 dim 


Output level uncertainty 


RF1 COM, RF2 COM [Outpt evel = a 
RFI OUT [Outputlevel > 110 Me 


Output level uncertainty In temperature range +5 °C to +45 "C, 
na overrangina 


RF1COM, RF2 COM tput level » —120 dBm 


RF1 OUT 





Output level linearity with fixed RF In temperature range +20 °C to +35 "C, 
output attenuator setting GPRF generator list mode, 
Level range 0 dB to-30 dB 


RFT COM, RF2 СОМ 
Output evel resolution a с` 77 


Output level repeatability Typical values after 1 h warm-up time 
always returning to same level and 
frequency. na temperature change. 
insignificant time chang 
utput level < —80 dBm 


Co 2 _ л... ._ у. ._ SZSAMAMNM 
RFT СОМ, RF2 СОМ 
5000 MHz to 6000 MHz Jele | 
RF1 OUT 
[5000 MHz to 6000 MHz Jele |) 


Attenuation of 2nd harmonic ee ee ee 
ЕРІ COM. RF? COM ТО MHz to 6000 MHz, Р = -10 dBm » 30 dB 
RF1 OUT ТО MHz to 6000 MHz, Р < 0 dBm » 30 dB 


Attenuation of 3rd harmonic И 
НЕТ СОМ, RF? COM 70 MHz to 6000 MHz. P < -10 dem > 40 dB 


RF 1 OUT 70 MHz to 6000 MHz. Р =< 0 dBm » 40 dB 


Attenuation af nonharmonics » 5 kHz offset from carrier, 
For output level > —40 dBm, 
Far full scale CW signal 
400 MHz to 3300 МН? 
Except Loan = 3000 MHz — fua. 
Except Loan = 3900 MHz 
Except fae = (899 to 801) MHz + 
n x 800 MHz with n= 1, 2. 3 


3300 MHz to 3500 MHz » 25 dB 
3600 MHz to 000 MHz » 40 dB 
Except Lana = 2 к Ёа — 5400 MHz 


Single sideband. 70 MHz to 3300 MHz | 2) 
< —120 dBc. 1 Hz 


Single sideband. 3300 MHz to 6000 MHz | — — | 
<-117 dBc, 1 Hz 


ТО MHz to 3300 MHz [ue 
RF1 СОМ, RF2 COM 5 MHz offset from carrier, > 95 dB, түр. > 101 dB. 1 kHz 

For output level > —30 dBm (= 125 dB, » 131 dB. 1 Hz) 
3300 MHz to 6000 MHz ee eee 


RF 1 СОМ. RF? COM 5 MHz offset from carrier, > 92 dB, 1 kHz 
For output level > -30 dBm 





Modulation source: arbitrary waveform generator (ARB) (R&S CMW-B110A дананы 


[Memory size [LiU24 Све 
Word length > 


ааа bit to 16 bit 
With 4-bit marker Upto 227 55 Msample 


Minimum . | | | |  [400Hz 


БАЗЕ: external TRIG А 
BASE- external TRIG B 





RF analyzer 
VSWR 


RF1 СОМ, RF2 COM 70 MHz to 3300 MHz 
3300 MHz to 5000 MHz 
5000 MHz to 6000 MHz 


Inherent spurious response Without input signal, 70 MHz to 6000 MHz, 
Except 4000 MHz, 4800 MHz 
5162.5 MHz, 5500 MHz. 6000 MHz 
Expected nominal power setting 
= —10 dBm 
Expected nominal power setting 


For full scale sing 
70 MHz to 3300 MHz 
Except 4, = 1962 5 MHz and 3925 MHz 
Except fn = 1962.5 MHz + „ы 
3300 MHz to 3700 MHz 
Except fn = 6400 MHz — fascia 
Except fn = 6400 MHz — 0.5 x faac: 
3700 MHz to 6000 MHz 
Except f, = 6400 MHz — 0.5 x faac: 


k- = 70 MHz to 1650 MHz, 
нге = 140 MHz to 3300 МНЕ 
k = 1650 MHz to 3000 MHz, 

aed = 3300 MHz to 6000 MHz 


RF1COM, RF2 COM i- = 70 MHz to 800 MHz, 
fee 210 MHz іп 2700 МНЕ 


i. = 900 MHz to 1100 MHz, 
Luz: = 2700 MHz ta 3300 MHz 
i. = 1100 MHz to 2000 MHz, 
Бла = 3300 MHz іп 6000 МНЕ 


Single sideband. 70 MHz to 3300 MHz 
FECI NI HN dBc, 1 Hz 


Single sideband. 3300 MHz in 6000 MHz | 
< —117 dBc, 1 Hz 





Trigger sources BASE: external TRIG А 
BASE: extemal TRIG B, 
СРЕЕ: free run, 


GPRF: IF power, 
BB generators, 





Power meter 


Frequency range ТО MHz to 3300 MHz 
Up to 6000 MHz with the 
R&S CMW-KBO36 option 


[Frequency resolution м Hz 
Resolution bandwidths. Gaussian, 1 kHz to 10 MHz. in 1/3/5 steps, 
Bandpass, 1 kHz to 30 MHz, in 1/3/5 
Steps. RAC, a = 0.1. 
3.84 MHz, RRC, a = 0.22, WCDMA filter 
1.2288 MHz, СОМА filter 
_For ADC ful scale 1 (Ң) 


SSS EE 
RFI СОМ, RF2 COM 70 MHz to 100 MHz [lp 19 «a^ —— -. 
Continuous 
Peak envelope 


|100 MHz to SOOM 
Continuous power (CW) 
3300 MHz toBDDOMHz |0 — 
Continuous power (CW) 
Peak envelope power (PEP) 


perature range +20 °Cto+35°C | 


RFT СОМ, RF2 COM 70 MHz to 100 MHz «10 dB 
100 MHz to 3300 MHz 
3300 MHz to 6000 MHz < 10 dE? 
emperature range +5 "C to «45 "C | | 
RF1 COM, RF2 COM 70 MHz to 100 MHz « 12 dB? 


100 MHz to 3300 MHz 
3300 MHz to 6000 MHz = 12 dB 


Level linearity with fixed expected іп temperature range +20 "C to +35 °C 
nominal power setting 


RFT СОМ, RF2 COM Level range 0 dB to —40 dB x 0-15 dB. 
Level resolution — |) [04M dB 


Level repeatability Typical values after 1 h warrn-up time, 
always returning to same level and |2 
Tequency. no temperature change. 
insignificant time change 


input level > —40 dBim « 0.01 dB 





Input level < —40 dBm < 0.03 dB 





Dynamic range ТО MHz to 3300 MHz. RBW — 1 kHz » 100 dB 
With fixed expected nominal power setting 


3300 MHz to 6000 MHz. ЕВИ — 1 KHz 
With = expected nominal power setting 


FFT —— analyzer 


(R&S CMW-KMOT10 opti 


Frequency range ТП МНЕ to 3300 MHz 
Up to 6000 MHz with the 
R&S'"CMW-KBO036 option 


sian A ома омы Ғе 
20 MHz, 40 MHz 


FFT length — |0 | fk, 2k, алкак | 
Detector o  —  à^hÀJ | ^ | |  — |peakRMS | 
езше -- _____________| Se ganeral eme specications | | 
For center frequency and detector — peak aci | 


Dynamic range ТО MHz to 3:300 MHz 


For FFT length— 15k and span — 5 MHz 
(equivalent to REW — 781 Hz} 


Dynamic range 3300 MHz to 6000 MHz. 
For FFT length — НЕ and span -> 5 MHz 
(equivalent to REM — 781 Hz) 


amic range 


Inherent spurious response Without input signal See general technical specifications 





Possible configurations with two RF paths’ 


Necessary hardware (H570, HSS0X): 
Selections: R&S"CMW-SS590A RF frontend (BASIC) or R&S *CMW-S580D RF frontend (ADV.) and R&S"CMW-S570 RF TRX. 
Optians: R&S"CMW-B590A RF frontend (BASIC) ar R&S*CMW-B580D RF frontend (АГА ) and R&S "CMW-B570 RF ТЕХ. 


Configuration with two H570 (RF ТЕХ) and two НВООА (RF frontend (BASIC)) 
The R&E*CMW-B570 and R&S*CMW-B590A options make the second RF path (RF path 2) available on the front of the instrument 
with three additional RF connectors, i.e. КЕЗ COM, RF4 COM and КЕЗ OUT. 


RF3 COM Equivalent to RF1 COM 


RF4 COM Equivalent to RFZ COM | неш | | 
RF3 OUT Equivalent to RF1 OUT Jeneral кейга c-r a 


Configuration with two H570 (RF ТЕХ) and one Н5900 (RF frontend (ADV. }) 


The R&S*CMW-B570 option and R&S*CMW-S590D selection make the second RF path (RF path 2) available on the front of the 
instrument at connectors RF1 COM, RF2 COM and RF1 OUT. 





RF path 1 and RF path 2 routed to separate connectors 


RF generator 1 and RF generator 2 Switchable to RF1 COM, RF2 COM, See general technical specifications 
RF1 OUT 


RF analyzer 1 and RF an ег 2 Switchable ta ЕРІ COM. RFZ COM Ses general technical specifications 
ТО MHz to 3300 MHz —5 dBm to +42 dint 
3300 MHz to 6000 MHz +5 dBm to +42 dam? 


RF — 1 = RF generator 2 Switchable to RF 1 COM. RF2 COM, See general technical specifications 
RF1 OUT 


Output level range Peak envelope power (PEP) The specified value is valid for the total 
power of the two RF generators, see 
general technical specifications 


Output level uncertainty see general technical specifications 
* 0.2 dB 
For the carrier ж the highest - level | see general technical specifications 


RF analyzer 1 and RF апга Switchable to RFI COM, RF? COM See general technical specifications 


Level uncertainty ТО MHz to 3:300 MHz See general technical specifications 
+ 0.2 dH 

3300 MHz to 6000 M See general technical specifications 
* 0.3 dB 


Expected naminal power setting for full ТО MHz to 3300 MHz —b dBm to +42 damt 
dynamic range 3300 MHz to 6000 MHz +5 dBm to +42 dEn? 





Possible configurations with four RF paths" 


Necessary — EE (НЬ70, H571B, Н59007: 
Selections: R&S"CMW-S580D RF frontend (АСОМ) and R&S" CMW-S570 RF ТЕХ. 
Options: R&S*"CMW-B580D RF frontend (ADV ) and R&S *CMW-B570 RF ТЕХ and wo R&S CMW-BS7T1B RF TX. 


Configuration with two H570 (RF ТЕХ), two Н571  B(RF TX) and two Н5900 (RF frontend (ADV .)) 


The R&S*CMW-B570 option, two R&S"CMW-B57 1 options and R&S"CMW-B5980D option make the four RF paths (RF path 1 RX and 
TX. RF path 2 RX and TX, RF path 3 TX only, RF path 4 TX only?) available on the front of the instrument at connectors RF1 COM, 
RF2 COM, RF1 OUT and НЕЗ COM, RF4 COM, НЕЗ OUT. 


RF path 1, 2, 3 and 4 routed ta separate connectors 


RF generator 1 and RF generator 3 Switchable to RF1 COM, RF2 COM, See general technical specifications 
RF1 OUT 

RF generator 2 and RF generator 4 Switchable to RFI COM, RF4 COM, See general technical specifications 
КЕЗ OUT 


Expected nominal power setting for ful 
dynamic range 
see general technical specific 

Expected nominal power setting for ful 


path 2, RF path 4 routed to common connector 


RF ee 1 ей RF generator 3 Switchable to RFI COM. RF2 COM, See general technical specifications 
RF1 OUT 
Output level range Peak envelope power (PEP) The specified value is valid for the total 
power of the two RF generators, see 
general technical spe 
Output level uncertainty See general technical specifications 
* 0.2 dB 
Signal-to-noise ratio For the carrier with the highest output level | See general technical specifications 
(at least 3 dB higher than the other carrier! 
RF generator 2 and RF generator 4 Switchable to RF3 COM, RF4 COM, See general technical specifications 
КЕЗ OUT 


Output level range Peak envelope power (PEP) The specified value is valid for the total 
power of the two RF perc see 
Output level uncertainty See general dad cd cab 
* 0.2 dB 
For the carrier with the highest output level | See general technical specifications 


RF analyzer 1 Switchable to БЕ] COM, RF2 COM See general technical specifications 


ТО MHz to 3300 MHz See general technical specifications 
+ 0.2 dB 

3300 MHz to 6000 MHz See general technical specifications 
+ 0.3 dB 


tere nominal power setting for full ТО MHz to 3300 MHz —b dBm to +42 dBm 
3300 MHz to 6000 MHz +5 dBm to +42 dBm 
RF analyzer 2 Switchable ta ЕЕЗ СОМ. RFA COM See general technical specifications 


ТО MHz to 3300 MHz See general technical specifications 
* 0.2 dB 


3300 MHz to 6000 MHz See general technical specifications 
+ 0.3 dB 


Expected nominal power setting for full ТО MHz to 3300 MHz -5 dBm to +42 dEn 
dynamic range 3300 MHz to 6000 MHz +5 dBm to +42 dBm 





Timebase 


Timebase = 


erature range +5 "C to +45 °C 





after 14 days of continuous operation 


Timebase basic ОСХО (R&S *CMW-B690A option) 
= 
Retrace At +25 °C, 
after 24 hours power ON / 
: er OFF / 1 haur po 
At +25 °C, 
after 10 day: 


іп temperature range +5 °C to +45 °C, 
referenced to +25 °C 


At +25 °C, 
the frequency is in the range that is 


[Synchronization input іі... BING connector REF IN, rear panel 

Frequency 
pe 

TV ZV. RM 

"impedance SS 7 SS 


[Synchronization output? | [ВМС connector REF OUNT 1, rear panel 
| (азады 

req ency at synchronization input 
| Output voltage ss A V. peak-to-peak 0 
x 1а о о 





* Valid for a 12-month calibration interval. 
? The maximum permissible continuous power is +34 dBm due to thermal limits. 
RBW — 1 kHz. 

? Valid for a 12-month calibration interval. 

* The maximum permissible continuous power is +34 dBm due to thermal limits. 

' R&S “CMW500 only. 

# The maximum permissible continuous power is +34 dBm due to thermal limits. 

" R&S*CMWSO0O only. 

' The maximum permissible continuous power is +34 dBm due to thermal limits. 

The test setup must be capable of measuring key IS-95 parameters, using the 
following. 


e Frame errors 
e Waveform quality 


Error vector magnitude 

Phase error 

Magnitude error 

Carrier feedthrough 

Frequency accuracy 

Power measurements 

Base station signaling for mobile testing. 


1.8.3 Base Station Simulation 
Simulating a CDMA (IS-95) base station involves the following. 


Synchronization of mobile 
Registration of mobile 
Incoming/outgoing call origination 
Handoff. 


During the call, the tester must verify the handset's RF performance and 
checks the correct operation of the basic signaling features. The best testers do 
not rely on any special test modes in the mobile station, performing their 
measurements under conditions almost identical to those in a real network. A 
voice loop-back allows quick verification of the performance of a mobile as it is 
perceived by the user. 


1.8.4 GSM 


Measurement, test, and adjustment capabilities for GSM should include the 
following. 


e Synchronization of mobile phone with base station (which is simulated by 
CTS) 

Location update 

Call setup (incoming/outgoing) 

Call release (incoming/outgoing) 

Control and measurement of transmitter power 

Handover (channel change) 

Sensitivity, including bit error rate (BER) and raw bit error rate (RBER), 
limit sensitivity via search routine, RxLev and RxQual 

e Phase and frequency error 

e Power ramp versus time 


e Timing error 

e AFC (automatic frequency correction) and RSSI (radio signal strength 
indication) 

I/Q modulator adjustment 

Echo test (voice test, includes also testing of loudspeaker and microphone) 
Functional test of mobile's keypad through display of dialed number 
Display of IMSI (international mobile subscriber identity), IMEI 
(international mobile equipment identity), power class, and revision level 
e Short message service (SMS) 


1.8.5 DECT 


Measurement, test, and adjustment capabilities for DECT should include the 
following. 


Synchronization of DUT with the CTS 
Call setup 

Call release 

Echo test 

Detection and display of RFPI (FP) 
Normal transmit power (NTP) 

Power ramp versus time 

Modulation characteristics versus time 
Frequency offset 

Maximum modulation deviation 
Frequency drift 

Timing (jitter, packet delay) 

Bit error rate (BER), frame error rate (FER) 


1.9 Converting C/N or SNR to Ep/No 


Figure 1.136 shows an application note for converting carrier-to-noise ratio 
(C/N) or SNR to energy per bit / normalized noise power (Ej Nj). 


Figure 1.136 Conversion of C/N or BER to Ej/Nj. 


Conversion of C/N or SNR to Ey/No 


Ofen BER diagrams do nor have СМ as ab- 
scissa [FIG] but Ep" Ig, which is the energy par 
information bit Ep referred to the normalized 
naise power Mp [1]. CAM describes the rotos in 
the transmission channel, SMR the signals aber 
the voos receive filer. The following applies: 


CAM = SNR + ky он [3B] 


In commenting Ihe two quectities, some factors 
have to be token into account! os shown by 
equations 1 and 2 on the right. 


To determine C/M [dB] or Е, Ч, [dB], the bog 
orithmac ratios have to be corrected using the 
following factors: 


& Бар fer Qaee-Solamean ВЕС 


keee = 10а 88. 
Кес = -0.3547 [dB] 








а Porton ioe PSE Cae mooulniion 
korskua = 10x Igi) 
z 
A 
б 
Я 
а Рог бси тіге тты jf = fae Cass" 
kp = tole 
GPSK а 
2/3 -1 7409 
2/4 -1.2494 
5/% -D.7918 
7/8 -0.5799 
CAM, I 0 
è ocior for woos ralat *ilinring in 


demoduloice / recover 


beta = амире а) 





0.1480 
-0.3977 


51% 
0.35 


* Te be loken ілію account if Е, only refers In 
fhe information bits; not to be Taken imio 
account if Ey refers to all bis transmitted 
{information plus error contre! bes] 


Note 


C/N = E/N + ТО ag * 10x рт) = 10x аР) - 10% д1 ЕТІ 


Ғы; = C/N- 10 = ipo- 


d ё 


depend on whether measurement is mode 
* in tee fransmission channel, 

& before or aber Viterbi correction, 

а with GAM or QPSK modulation. 


Exaimphes al conversion equations = 
For in-channel measurements with CAM trons. 
mission, the following applies: 


емо = C/N- 101288 - tO x bgt) [88] 


The factors for sees rallof filtering and pune- 
turing rate ane mot needed. 

For measurements in the QAM demodulator, 
«соз roll-off filtering filtering has to be Token 
int account 


Ох ит) - Ox lgiP + 105 lal 1 ~ zi НЫ 
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Equation 1 


Fauetion 2 


M bee 


BER referred to SME 
far 4, 15, 64 and 
2566 M, 


SMR 


Бема = C/N- 1010188 Lo 5 тохту» 10xla[ 1 -3) H 


Foe measurements іп the satellite demodulator 
with QPSK, the equation for determining Өне 
BER os a function of б, ТЧ aber Viterbi FEC is 


os follows: 


ЕМ = = C/N- 10x lanes 


In the later cose all correction foctors are 
ТЕ 


BF лоз асет) 10!) + 10> (g[ 1 - F) [dB] 





1. Based on portions of ће Philips Semiconductors/Signetics RF 
Communications Products Application Note AN1892, “SA900 I/Q transmit 
modulator for 1 GHz applications,” August 20, 1997. Used with permission. 
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Chapter 2 


Models For Active Devices 


Because we are dealing with amplifiers, both small-signal and power, oscillators 
and active mixers, active devices will play a major role in circuit design. At our 
frequency range of interest (about 1000 MHz and above), distributed elements 
predominate, and even in device modeling, we must consider some distributed 
effects such as packaging. 

As we dive into providing functional explanations of the active devices used in 
practical circuits, there is some temptation not to provide enough information on 
semiconductor behavior. Because manufacturers of microwave products will use 
the services of a foundry or specify semiconductors from their suppliers, we will 
cover the device operation in depth. That said, for the beginner looking into 
designing circuits from high frequencies to low microwave frequencies, we will 
provide examples of a variety of devices unique to this frequency range. Some 
treatment of device physics will therefore be useful in providing а basic 
understanding of the nonlinear behavior of active devices and modeling in 
preparing for practical circuits using computer-aided-design (CAD) tool. For 
CAD applications, we assume the user will have access to nonlinear CAD 
software, such as a high-performance SPICE program or а harmonic-balance 
program, such as Ansoft Designer or its derivatives. The general trend is that 
models for CAD are provided, in addition to the datasheets. For some devices, S- 
parameter sets, general-purpose SPICE model parameters, or highly 
sophisticated design kits can be directly downloaded from the company web site, 
while models for others are available in design kits from third-party companies 
specialized in device modeling, for example, from Modelithics, Inc. What CAD 
does for us—and this applies to SPICE and harmonic-balance programs alike— 
is predict the dc bias point of a device in the context of its surrounding circuitry. 
Configuring the simulation to drive the device into large-signal operation 
provides us with insight into the various forms of distortion and compression. 

However, it is necessary to be careful when relying on a model. Without 
validation under realistic conditions, one cannot be sure it is performing as 


required. 

First, semiconductor manufacturers tend to provide models that can be used in 
all simulators, which restricts the choice of models to basically the classic 
models that are widespread but also sometimes grossly outdated. Such models 
usually can only give a first guess of how the device might behave, not more. 

Some foundries, however, spend quite some effort in developing good models 
for their devices. One example is Freescale who provide a design kit for their 
packaged LDMOS power devices that even is based on a large-signal model 
specifically developed for these devices. The drawback is, however, that these 
design kits are usually only available for a few simulators, in this case it is 
Agilent's ADS. 

But even if a sophisticated design kit is provided, careful validation is 
imperative. 

The issue is that a model cannot be expected to be highly accurate for all 
possible types of operation. For example, for LNA design, one needs a model 
with good prediction of white noise and of the weak nonlinearity. When an 
osciallator is to be designed, 1/f noise needs to be described well, together with 
the nonlinearities due to the large-signal oscillation. But this nonlinearity is 
again probably different from the case of a power amplifier. What we consider to 
be good accuracy thus depends on the application; and a generally good model 
might fail for certain applications, since this case was not considered during 
parameter extraction. 

In evaluating active devices for RF circuit design, we have a few different 
technologies to consider. First, we will examine the semiconductor junction 
diode—a basic pn junction—and venture from there to the bipolar transistor and 
heterobipolar transistor. An investigation of metal-oxide semiconductor (MOS) 
devices, another important set of semiconductors for medium frequencies, will 
follow. We will also examine the metal-gate Schottky field-effect transistor 
(MESFET) and heterojunction field-effect transistor (HEMT) on III-V materials 
such as gallium arsenide and gallium nitride. Since critical large-signal 
parameters for some devices may not be available from their manufacturers, we 
will examine parameter-extraction techniques and problems. For device type, we 
will provide insight into the noise properties of the device. 


2.1 Diodes! 


The diode model contains a nonlinear current source that follows the Shockley 
equation: 


Current = 45 (emt - ) 
(2.1) 


where 
V; = voltage across the junction 


V, = thermal voltage (= kT/q) 


These values, with the model parameters 15 and N, are used to model the 
current-voltage effects of the semiconductor junction. This does not include the 
nonideal operation of real diodes. For example, at low currents (less than 1 nA), 
other semiconductor processes that increase the flow of currents become 
noticeable. 

By setting 15 to different values, we can obtain the characteristics of other 
devices, such as a Schottky-barrier diode or a silicon diffused-junction diode. 
High-current effects are modeled, grossly, by including a series resistance that is 
intended to combine the effects of bulk resistance (the material on each side of 
the junction) and high-level injection. At high currents, the observed diode 
current stops following the Shockley form: 


V. 
(2.2) Itorward шш is ж Pru 
and approaches a modified form 


(2.3) ГИН = ІЗ ж p INVE 


2.1.1 Large-Signal Diode Model 


Three diode models are used in the industry. These are as follows. 

e Microwave diode model 

e PIN diode model 

e Enhanced SPICE diode model 

Figure 2.1 shows the large-signal microwave diode model. Its key words 
appear in Table 2.1. This model can also be used to simulate varactor diodes. 


Figure 2.1 The large-signal microwave diode model. This model is temperature 
dependent. 
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Table 2.1 Large-Signal Microwave Diode Model Key Words. 
Key Word Description Unit Default 
Intrinsic Model 
JS Saturation current amp ü 
ALFA Slope factor of conduction current /volt 38.696 
JB Breakdown saturation curren amp 10 mA 
VB Breakdown voltage volt —oo 
E Power-law parameter of breakdown current — 10.0 
CTO Zero-bias depletion capacitance farad 0 
FI Built-in barrier potential volt 0.8 
GAMA Capacitance power-law parameter 0,5 
ОСІ Varactor capacitance polynomial coefficient | ‘volt 0.0 
GC2 Varactor capacitance polynomial coefficient 2 volt? 0.0 
GC3 Varactor capacitance polynomial coefficient 3 мон? 0.0 
CDO Zero-bias diffusion capacitance (p — п diodes) farad — 
AFAC Slope factor of diffusion capacitance ‘volt 38.696 
RO Bias-dependent part of series resistance in forward-bias condition ohm ü 
Г Intrinsic time constant of depletion layer for abrupt-junction diodes 5 0 
КЕ Flicker noise coefficient — 0.0 
AF Flicker noise exponent — 1.0 
FCP Flicker noise frequency shape factor — 1.0 
AREA Area multiplier — 1.0 
Extrinsic Mode! 
СР Package parasitic capacitance farad 0.0 
CE Beam-lead parasitic capacitance farad 0.0 
LP Package parasitic inductance henry 0.0 


Table 2.2 lists SPICE parameters for a selection of Schottky mixer diodes by 
Alpha. 


Table 2.2 Diode SPICE Parameters. 
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In most cases, the diode capacitance is modeled by a voltage-dependent 
capacitor, which is connected in parallel with the nonlinear current generator 
described previously, to represent the charge-storage effects of the junction. 
There are two components to this charge: 


e the reverse-voltage capacitive effect of the depletion region, and 
e the forward-voltage charge represented by mobile carriers in the diode 
Junction. 


Reverse-voltage capacitance follows the simple approximation that the 
depletion region (the area of the junction that is depleted of carriers) serves as 
the gap between the “plates” of a capacitor. This region varies in thickness, and 
therefore the capacitance varies with applied voltage. For a step (abrupt) 
junction, or linearly graded junction, the capacitance approximation is 


Capacitance = 
(2.4) Ф 
where Су) is the zero-bias value, ф (phi) is the junction barrier potential, and М 


is the grading coefficient that varies (1/2 is used for step junctions and 1/3 is 
used for linearly graded junctions, and most junctions are somewhere in 
between). 

There is often confusion about the barrier potential, which appears in the 
capacitance equation. From capacitance measurements, ф (model parameter VJ, 
and not to be confused with V; in the equations) takes on a value of nearly 0.7 V 


for regular (silicon) junction diodes and a range of 0.58-0.85 V for various 
Schottky-barrier diodes. This value is sometimes confused with the forward 
current voltage drop of the diode or the energy gap of the material; it is neither 
of these. 

Varying M generates a variety of reverse-bias capacitance characteristics. 
Inspection of the capacitance formula reveals that it predicts infinite capacitance 
for a forward bias, which is not the case for a real junction. Several depletion- 
capacitance formulas have been proposed that more correctly fit observed 
operation; however, SPICE uses a simple approach. For forward biases beyond 
some fraction (set by the parameter FC) of the value for $, the capacitance is 
calculated as the linear extrapolation of the capacitance at the departure. This 
provides a continuous numerical result, and does not affect circuit operation 
significantly because, for forward bias, the device capacitance is normally 
dominated by diffusion capacitance. 


The diffusion charge (and therefore the capacitance) varies with forward 
current and is simply modeled as a transit time (model parameter TT) for the 
carriers to cross the diffusion region of the junction. The total charge is 

(2.5) Diffusion charge = Device current x Transit time 
and capacitance is the derivative, with respect to bias, of this 

Diffusion capacitance — TT- es 

(2.6) | NV, 

Diffusion charge manifests itself as the storage time of a switching diode, 
which is the time required to discharge the diffusion charge in the junction, 
which must happen before the junction can be reverse biased (switched off). 
Storage time is normally specified as the time to discharge the junction so that it 
is supporting only a fraction (typically 1096) of the initial reverse current. First, a 
forward current is supplied to the device to charge the junction. Then, as quickly 
as possible, a reverse current is supplied to the device. Internally, the junction is 
still forward biased to a voltage nearly the same as before the switch in current; 
the junction is still conducting at the forward current rate. This internal current 
adds to the external current as the total current discharging the junction. As the 
junction voltage decreases, the internal current falls off exponentially (according 
to the Shockley equation). This system is a relatively simple differential equation 
that can be solved to an explicit equation for the TT parameter (assuming 


complete discharge) as follows: 


TT storage time 
Transit time = ———————— 


(2.7) in (22748) 





The diffusion charge dominates the reverse recovery characteristic of the 
diode. During the last part of the recovery, as the junction becomes reverse 
biased, the depletion capacitance dominates. This causes the small tail at the end 
of the discharge cycle. Total capacitance is taken to be the sum of these 
capacitances: the depletion approximation dominates for reverse bias as the 
device current is small, and the diffusion proximity dominates for forward bias 
as the device current is large. 

A special case for diode application is the switching diode, and its description 
and application will be part of a later chapter. Figure 2.2 shows the dc I-V 
curves, which indicate the different voltage potential, that are a result of the 
different doping profiles. 


Figure 2.2 DC І-У curves for seven diodes, showing the various barrier voltages 


that result from different doping profiles. 
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2.1.2 Mixer and Detector Diodes 


Electrical Characteristics and Physics of Schottky Barriers 


Schottky barrier diodes differ from junction diodes in that current flow involves 
only one type of carrier instead of both types. That is, in n-type Schottkys, the 
forward current consists of holes flowing from the n-type material into the metal. 

Diode action results from a contact potential set up between the metal and the 
semiconductor, similar to the voltage between the two metals in a thermocouple. 
When metal is brought into contact with an n-type semiconductor (during 
fabrication of the chip), electronics diffuse out of the semiconductor, into the 
metal, leaving a region under the contact that has no free electrons (“depletion 
layer"). This region contains donor atoms that are positively charged (because 
each lost its excess electron), and this charge makes the semiconductor positive 
with respect to the metal. Diffusion continues until the semiconductor is so 
positive with respect to the metal that no more electrons can go into the metal. 
The internal voltage difference between the metal and the semiconductor is 
called the contact potential, and is usually in the range of 0.3—0.8 V for typical 
Schottky diodes. A cross-section is shown in Figure 2.3. 


Figure 2.3 Schottky diode chip cross-section. 
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When a positive voltage is applied to the metal, the internal voltage is reduced, 
and electrons can flow into the metal. The process is similar to thermionic 
emission of electrons from the hot cathode of a vacuum tube, except that the 
electrons are “escaping” into a metal instead of into a vacuum. Unlike the 
vacuum tube case, room temperature is “hot” enough for this to happen if 
enough voltage is applied. However, only those electronics whose thermal 
energy happens to be many times the average can escape, and these “hot 
electrons" account for all the forward current from the semiconductor into the 
metal. 

One important thing to note is that there is no flow of minority carriers from 
the metal into the semiconductor and thus no neutral plasma of holes and 
electrons is formed. Therefore, if the forward voltage is removed, current stops 
"instantly," and reverse voltage can be established in a few picoseconds. There is 
no delay effect to charge storage as in junction diodes. This accounts for the 
exclusive use of barrier diodes in microwave mixers, where the diode must 
switch conductance states at microwave oscillator rates. 

The current-voltage relationship for a barrier diode is described by the 
Richardson equation (which also applies to thermionic emission from a cathode). 
The derivation is given in many textbooks (e.g., Sze). 


: — «gdp \ | gV 
f= AAncT* exp | = 9») lex (i2 )- м| 
(2.8) и; RT 


where А = area сіп“), Apc = modified Richardson constant [A/(K? * cm?)], К = 
Boltzmann's constant, T = absolute temperature [K], фр = barrier height [V], У; = 
external voltage across the depletion layer (positive for external voltage) = У- 
IRs, Rs = series resistance, M = avalanche multiplication factor, and I = diode 
current in amperes (positive forward current). 

The barrier height, фр, is typically a few tenths of a volt higher than the contact 


potential, фс (about 0.15 V higher than фс for silicon). This equation agrees well 
with experimental data for diodes without surface leakage, but is difficult to use 
because Арс, фр, and M are all dependent on applied voltage. 

The major cause for variation in фр with voltage is the “image effect,” in 
which the barrier height is lowered as the electric field near the metal is 
increased, especially at the edges. 

A better equation for circuit designers to use is one in which all parameters are 
independent of voltage and current. The simplest one that agrees reasonably well 
with Richardson's equation is 


where Іс = saturation current (a temperature-dependent quantity), 0.028 V = 
nkT/q at room temperature (n = 1.08), n = *forward slope factor" (derived from 
the variation of фр with forward voltage), К = reverse slope factor (expressing 
the variation of фр with reverse voltage), and Ур = breakdown voltage (the 
voltage at which M = 1). 

As before, V and І are considered positive for forward bias and negative for 
reverse bias. 

Typical ranges for these parameters for microwave Schottky and point-contact 
mixer diodes are 


I; = 10 1^ to 107° A 


n = 1.04 - 1.10 
R;-2-20Q 
K - 8 - 100 

Үр-2-20У 


The quantities Іс and 0.028 У are strongly temperature dependent, while both 
К< and Ур increase with temperature to a slight degree. Ес increases with current 
at high current levels (due to carrier velocity saturation) but is essentially 


independent of current at 10 mA and below for mixer diodes. Thus, for normal 
mixer and detector operation, Ес can be considered constant. 


Agreement between equations (2.8) and (2.9) is not perfect but equation (2.9) 


is much easier to use and is preferred by most circuit designers. A comparison of 
the two equations near zero bias gives the following relationship between zero- 


bias barrier height, Фо, and saturation current 





lO’ A Фо = | 
Aexp | ———— | {for n silicon at room temperature ) 
^" T 
cm | (0.026 


2.10 


Small-Signal Parameters 


By combining equations (2.9) and (2.10), the values of the parameters in 
equation (2.9) can be derived from a few simple measurements. Many specific 
equations can be derived, but the following are commonly used for production 
measurements: 


Hs = XD E (forn — 1.08) 


(211) " 0.009 
РДЕ гова: Salen A EN 
(2.12) °° 1.08 
наа ааа 
(2.13) | 0.060 
Ia 5 
K = (5 _ ) Vie 
(2.14) is} 


| | VFI Кұ\ү -.. | 
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(2.15) 
where Урут, Ур, and Уруу are the forward voltages at 0.1, 1, and 10 mA, 
respectively, and Ip, is the reverse current at 1 V. (The derivation of these 
equations requires that Іс be small compared to 0.1 mA.) The quantity D is the 
diameter of the metal-silicon contact in mils. Measuring Ур, at 1 mA and 10 mA 


instead of some other current levels leads to the best accuracy for typical mixer 
diodes. 


The total dynamic resistance for a forward-biased diode is given by 


dV пЕТ 
== Fig + — = = Hs + EB 


28 
Кв = —— 
(2.17) I + Ts 
This equation is also good at zero bias (unless K is very large or there is 


significant surface leakage). That is, 
| 28 


at room temperature (with / and Js in mA, n = 1.08) 


For reverse voltages of a few volts, the dynamic resistance is dominated by the К 
term: 
R PE eee 
(2.19) Т Kis 
For typical values of Іс, Ro is larger than 5000 © and Rp is larger than 100 КО. 





For some zero-bias Schottky applications, it is desirable for Ко to be made 
smaller than this. 

The factors that determine Ас аге: (1) the thickness of the epitaxial layer, (2) 
the epi doping level (Np), (3) the barrier diameter, (4) the substrate resistivity 


(spreading resistance), (5) the contact resistances of the metals used for the 
barrier and the substrate contact, and (6) the resistance associated with the 
bonding wire or whisker. The barrier height is about 0.15 V higher than the 
contact potential between the barrier metal and the semiconductor, and is 
influenced by the method used to apply the metal, conditions at the edge of the 
junction, and the doping level. Saturation current depends on barrier height, 
junction area, and temperature, and the slope factors, n and K, depend on doping 
level, punchthrough voltage, and edge conditions. 


2.1.2.1 Junction Capacitance 


The capacitance of a Schottky barrier chip results mainly from two sources: the 
depletion layer under the metal-semiconductor contact and the capacitance of the 
oxide layer under the bonding pad (the so-called overlay capacitance). The 
bonding pad is required because the typical Schottky barrier diameter is so small 
that it is impractical to bond directly to the metal on the junction. If the 
semiconductor epitaxial layer is uniformly doped, the capacitance-voltage 
characteristic is similar to that of a textbook “abrupt-junction” diode. 

esta A’ | 





ево (фе — V) 
Хр = oN 
(221) V @ 
where @ = contact potential, Cy = overlay (bonding pad) capacitance, &; = 
dielectric constant of the semiconductor (Œ 12 for Si or GaAs), N = doping level 
for the epitaxial layer, and A’ = effective contact area, including fringing 
corrections. 


In practical terms, the capacitance can be related to the 0-V barrier capacitance 


defined by 
ESE oA’ 


Сво = ———— 
| ADO 


(2.22) 
where 


| | 1.3 x 1015` mE 
Хро = , | (= Jo. (ІП рит) 
(2.23) V\ Np 


The resulting C — V relationship can be written as 


The contact potential, @,, is related to the barrier height as follows: 


-— 


ф. = фа — 0.026 1 ҺЕ, (F) 
(2.25) i | ЕН 
The theoretical meaning of these terms сап be clarified by looking at Figure 


2.4. 
Figure 2.4 Schottky diode band diagrams. 
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2.1.2.2 Parameter Trade-Offs 


Barrier Height 


The barrier height of a Schottky diode is important because it directly determines 
the forward voltage. In order to get good noise figure, the LO drive voltage, У;, 


must be large compared to Ут, which is essentially Ур). Normally, it is best to 


have а low forward voltage (low Vr), or low drive diode, to reduce the amount 


of LO power needed. However, if high dynamic range is important, high LO 
power is needed, and the diode can have a higher Ур and should also have a high 


V5 (see Table 2.3). 


Table 2.3 LO Power апа Ур, for Various Applications. 


Tvpe Typical Vr, LO Power (mW) Application 

"Zero bias” 0.10 — 0.25 «ü.] Mainly for detectors 
Low barrier 0.25 — 0.35 0.2 —2 Low-drive mixers 
Medium barrier 0.35 — 0.50 0.5 — 10 General purpose 
High barrier 0.50 — 0.80 Ll High dynamic range 


Noise Figure Versus LO Power 

At low LO drive levels, noise figure is poor because of poor conversion loss, due 
to a too-low conduction angle. At very high LO drive levels, noise figure again 
increases due to diode heating, excess noise, and reverse conduction. 

If high LO drive level is needed, for example, to get higher dynamic range, 
high V,(> 5V) should be specified. However, nature requires that you play for 
this with higher Rs (lower (с), so the noise figure will be degraded compared to 
what could be obtained with diodes designed for lower LO drive. Forward 
voltage and breakdown are basically independent parameters, but high 
breakdown is not needed or desirable unless high LO power is used. 

Such a high-breakdown diode will have low reverse current (which is 
important only if the diode has to run hot). 


Silicon Versus GaAs 


Typical silicon Schottky diodes have cutoff frequencies up to the lower GHz 
range. In order to get higher in frequency, GaAs-based diodes are required. 
Dedicated technologies are even available for THz applications. 

However, if your IF frequency is low, be careful; GaAs diodes have high 1/f 
noise. They also have high Уру, so more LO power is required. 


C, Versus Frequency 


There is quite а lot of latitude in choosing Су. However, in general, the 


Capacitive reactance should be a little lower than the transformed line impedance 
(Zo). If Zo is not known, a good way to start is to use Xç = 100 Q. Experience has 


shown that most practical mixers use ап Xç near this value (a little higher in 


waveguide and lower in 50-Q systems). This translates to follow the rule of 
thumb for choosing the junction capacitance of a diode for operation at 
frequency f (in GHz): 


бш — inpFl | 
(2.26) р we 


In order to evaluate possible tolerances, we show the range of forward current 
currents as a function of diode voltage (Figure 2.5), the junction capacitance as a 
function of the bias voltage (Figure 2.6), and finally some important RF 
parameters, such as noise figure and IF impedance, as a function of the local- 
oscillator drive (Figure 2.7). 


Figure 2.5 Forward dc characteristic curve range-voltage versus current. 
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Figure 2.6 Junction capacitance range versus voltage. 
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Figure 2.7 RF parameters versus local-oscillator drive level. 
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2.1.2.3 Mixer Diodes 


As an example of some of the parameters for mixer diodes, ‘Table 2.4 gives data 
on some of the X-band mixer diodes. NF is measured at 9.375 GHz. 


Table 2.4 X-Band Mixer Diode Data. 





Typ. Vr Typ. Feo Typ. Ks Typ. Ca Max. NF 


Material Barrier (@] mA) (GHz) (ohms) (pF) (dB) 
n GaAs High 0.70 1000 - 0,15 5.0" 
n GaAs (BL) High 0,70 500 = 0.15 6.07 
п GaAs (chip) High 0.70 1000 - (1.15 3,34 
п Silicon (BL) Low 0.28 150 б 0.20 6.5 
п Silicon (quad) Low 0.28 150 б 0.20 6.5 
p Silicon (BL) Low 0.28 150 12 0.20 6.5 
n Silicon (BL) High 0.60 100 8 0.20 6.5 
n Silicon (quad) High 0.60 1 O0 8 0,20 6.5 
п Silicon Low 0,28 200) б (1.15 3.5 
p Silicon Low 0.28 200) 18 (1.14 6.0 
p Silicon Medium 0.40 150 12 0.12 6.5 
n Silicon Low 0.28 150 8 0.18 6.5 
p Silicon Low 0.28 150 12 0.18 6.5 


«Specified for Nip = 1.0 dB 

2.1.2.4 Linear Diode Model 

Figure 2.8 shows the linear diode model. Its key words appear in Table 2.5. 
Figure 2.8 The linear diode model. This model is temperature-dependent. 
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Table 2.5 Linear Diode Model Key Words. 
key Word Description Unit Default 
LP Package inductance henry 0.0 
CB Beam lead capacitance [агай 0.0 
CP Package capacitance farad 0.0 
RS Contact resistance ohm 0.0 
RJ Junction resistance ohm 
CJ Junction capacitance [агай 


The circuit simulators, such as those supplied by Ansoft, Agilent, or AWR, 
provide a model library that has SPICE-type parameters for diodes (regular 
diodes, varactor diodes, and PIN diodes) as well as bipolar transistors and FETs, 


which will be discussed later. 


2.1.3 PIN Diodes 


2.1.3.1 Introduction 


The PIN diode, in comparison with other microwave semiconductor devices, is 
fairly easy to understand. This makes it possible to reduce complex behavior to 
simple terms and enables the microwave engineer to grasp the operating 
principles and design details of this family of devices. 

We do not attempt to describe the many possible microwave circuits in which 
PIN diodes are used. Rather, we attempt to explain the behavior of the diode in 
all aspects, giving the facts and some of the theory behind the facts. We offer the 
circuit designer the opportunity to understand the PIN, so that he can understand 
its behavior in his circuits. We assume the reader knows the circuit equations; to 
that knowledge we hope to add diode equations. 

Most of the material presented consists of generalized data and explanations of 
the behavior of PIN diodes; we conclude with a brief description of circuit 
performance, test methods, and some hints on proper PIN specification writing. 

The user can then evaluate the trade-offs involved in diode design and 
performance and be able to select the most nearly optimum diode from the wide 
range of diodes offered. 


2.1.3.2 Large-Signal PIN Diode Model 


Figure 2.9 shows the large-signal model for a PIN diode. Table 2.6 lists its key 
words. 


Figure 2.9 The large-signal PIN diode model. This model is temperature 
dependent. 








Anode С o Cathode 


Table 2.6 PIN Diode Model Key Words. 


Key Word Description Unit Default 


Intrinsic Model 


15 Saturation current amp | OE—14 
N Emission coefficient 1.0 
IBV Magnitude of current at the reverse breakdown voltage amp L.OE— 10 
BV Magnitude of the reverse breakdown voltage volt eo 
FC Coefficient for forward-bias depletion capacitance 0.5 
СЈО Zero-hias рп junction capacitance farad 0.0 
VJ Built-in junction potential volt 1.0 
М рп junction grading coefficient 0.5 
GC | Varactor capacitance polynomial coefficient 1 ‘volt 0.0 
GC? Varactor capacitance polynomial coefficient 2 [уой 0.0 
GC3 Varactor capacitance polynomial coefficient 3 volt? 0.0 
TT Transit time 5 0.0 
KI Variable resistance coefficient volt 0.0 
K2 Variable resistance current exponent 1.0 
RMAX Maximum resistance of PIN intrinsic region ohm 0.0 
KF Flicker noise coefficient 0.0 
AF Flicker noise exponent 1.0 
ЕСР Flicker noise frequency shape factor 1.0 
АКЕА Area multiplier 1.0 
Extrinsic Mode! 
RS Series resistance (min. resistance of PIN diode) ahm 0.0 
СР Package parasitic capacitance farad 0.0 
CB Beam-lead parasitic capacitance farad 0.0 
LP Package parasitic inductance henry 0.0 


Notes on the PIN Diode Model 


1. The PIN diode model is used to model a bias-dependent RF resistance for 
use in PIN diode circuits such as attenuators and switches. The resistance 
varies from Rmax to Rs using the А function above. A typical R versus I 
characteristic is shown in Figure 2.10 with parameters (IS = 5.96 nA, А; = 
2.016, Raa = 6500, КІ = 0.1272, K2 = 1.0, N = 2.077). 

2. The transit-time parameter, ТТ, can also be used to approximately model a 
switching PIN diode's reverse-recovery time—a value often provided by 
diode manufacturers. 

3. Diode breakdown can be modeled by specifying IBV and BV parameters. 


тах 


4. The reverse-bias capacitance characteristics сап be more accurately 
modeled than the common expression derived from pn junction theory. The 
Capacitance grading coefficient exponent can be expressed as a polynomial 


function of voltage by specifying values for GC1, GC2, and GC3. 


5. The PIN diode model was derived from J. Walston, “SPICE circuit yields 
recipe for PIN diode,” Microwaves & RF, November 1992. 


6. Following Sze, Physics of Semiconductor Devices, the variable resistance 
may be modeled by setting 


K2 = 1.0 





where W is the width of the intrinsic region, D, is the ambipolar diffusion 
coefficient, T, is the ambipolar lifetime, and V; is the thermal voltage. 


Figure 2.10 Simulated PIN diode resistance as a function of dc at 1, 10, and 100 


MHz. 
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2.1.3.3 Basic Theory: Variable Resistance 


Intrinsic or “риге” silicon as it can be grown in a laboratory is an almost lossless 
dielectric. Some of is physical properties include: 


Dielectric constant (relative) 12 


Dielectric strength 400 V/mil (approximate) 
Specific density 2.3 

Specific heat 0.72 J/g/? C 

Thermal conductivity 1.5 W/cm/? С 
Resistivity 300,000 Ф©/ст 


Since a PIN diode is valuable essentially because it is a variable resistor, let us 
concentrate initially on the resistivity. Consider a volume comparable to a typical 


PIN diode chip, say 20 mils in diameter and 2 mils thick. This chip has a dc 
resistance of about 0.75 mQ. High resistivity in any material indicates that most 
of the likely carriers of electric charge, electrons and holes, are tightly held in the 
crystal lattice and cannot “conduct.” 

In real life there are impurities typically like boron, that cannot be segregated 
out of the crystal. Such impurities contribute carriers, holes or electrons, that are 
not very tightly bound to the lattice and therefore lower the resistivity of the 
Silicon. 

Through various techniques we can adjust the level of impurities, called 
dopants, to produce resistivities ranging from 10 kQ/cm (for good PIN diodes) 
to 0.001 Q/cm (for substrates). 

If the impurity adds “electrons” to the crystal, it is called a donor; if it adds a 
hole it is called an acceptor. Boron adds holes, hence it is an acceptor, and the 
silicon plus boron combination is called p-type, or positive, because it has an 
excess of positive carriers. Phosphorus, on the other hand, is a donor, adding 
electrons, and the corresponding mix is n-type, or negative. 

There are many concepts important to the physicist but not to the diode user, 
that elaborate upon the impact of impurities on the behavior of silicon. These can 
be studied in Ref. [1]. The more carriers added, the lower the resistivity. 

If one wished to vary the resistance of a given diode, in principle he could 
bring it into a semiconductor laboratory, add or subtract carriers as desired, and 
perhaps even make the process reversible. However, this is a slow, expensive, 
and impractical way to make a variable resistor; one would be better advised to 
take a wrench and a soldering iron and replace a component. 

The PIN diode derives its value from the fact that the free charge carrier 
concentration in silicon, and hence its resistance, can be varied electronically by 
means of current from a simple bias supply. This can be done rapidly (in 
nanoseconds in some cases), reversibly, repeatably, and accurately. The thing 
that makes this possible is called a junction, the interface between the relatively 
pure silicon in the middle of the PIN diode (the I stands for intrinsic) and the 
heavily doped layers on either end, p* and n*. The р” region is rich in holes; the 
n' region is rich in electrons. Both of these regions have low resistance. The I 
region is the variable resistive element in the diode (see Figure 2.11). In the 
absence of any external bias, internal effects within the crystal keep the charges 
fixed; the resistance of the I region is high. 


Figure 2.11 General outline of PIN diode construction. 





| PIN chip — NIP chip 


Note: Chips and diodes of either PIM of NIP polarity are 
generally available for any application. The only basic 
difference is the polarity of the heat sink and of the 
diode. 

When the p* region (anode) is biased positively with respect to the n* region 
(cathode), the interface potential “barrier” is overcome. and direct current flows 
іп the form of holes streaming from p* toward п’, with electrons moving in the 
opposite direction; we say that free carriers have been injected into the I region. 
The resistance of the I region becomes low. 

The number of free carriers within the I region determines the resistivity of the 
region and thus the resistance of the diode. 

Consider “опе hole" and “опе electron" drifting in opposite directions in the I 
region under the impetus of the applied field. Under certain conditions, 
imperfections in the silicon may cause these carriers to recombine. They are no 
longer available to constitute current or to lower the resistivity of the I region. 

It can be shown that the amount of "recombination" between holes and 
electrons that continuously takes place in a semiconductor is governed by a 
property of the lattice called lifetime. In fact, lifetime is defined as the reciprocal 
of recombination rate. 

Thus, Qs = Qgexp(- t/T;), where Qs is the total amount of free charge “stored” 
in the I region, and Т, is the lifetime ог the mean time between recombination 


events. In steady-state condition, the bias supply must deliver current to maintain 
constant Ос. The required current is 





(2.27) 57 а m 
ог Qs = I4.T;, dropping the minus sign. 

Ignoring some details that are not crucial to this section, we can now calculate 
the resistance of a given diode, of area A and thickness W. (W stands for base 
width, the width or thickness of the intrinsic layer). The р” and n* regions have 
essentially zero resistance, as they are very heavily doped. 

The resistivity of a given material is inversely proportional to the number of 
free carriers, N, and the mobility (not quite the same as velocity) of the carriers. 


Thus 
1 


both holes and electrons, Hp, Hp are mobilities of electrons and holes, апа №, P 


are numbers of electrons and holes. Simplifying, 
C 


where C is a collection of constants, and dQ. is the stored charge density 


(numbers per unit volume). For our piece of silicon, volume is WA, and 
| WA 
The resistivity is 
|. CWA 
(2.31) Qs 
and the resistance is 


This is a fundamental equation in PIN diode theory and design. 
Rigorous analysis shows 








kt /4 . М ale W 
һ = sinh (Er ГАП sinh SSS 

(2.33) lf y DIL | 2y DT, 
where k = Boltzmann's constant, T = temperature in Kelvins, and D = diffusion 
coefficient = ukT/q. 

For most PIN diodes, W/DT; is less than unity, and the equation simplifies to 
the simple equation above. 

Typical data on Rs as a function of bias current are shown in Figure 2.12. A 


wide range of design choices is available, as the data indicate. Many 
combinations of W and T; have been developed to satisfy the full range of 


applications. 


Figure 2.12 Typical series resistance as a function of bias (1 GHz). 
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2.1.3.4 Breakdown Voltage, Capacitance, Q Factor 
The previous section on Ес explained how a PIN can become a low resistance, or 


a “short.” This paragraph will describe the other state: a high impedance, or an 
“open.” Clearly, the better PIN diode is the one that has the better on—off ratio at 
the frequency and power level of interest. 

If we return to the undoped or intrinsic I region, we note that it is an almost 
lossless dielectric. As such, it has a dielectric strength of about 400 V/mil, and 
all PIN diodes have a parameter called У,, breakdown voltage, which is a direct 


measure of the width of the I region. Voltage in excess of this parameter results 
in a rapid increase in current flow (called avalanche current) shown in Figure 
2.13. When the negative bias voltage is below the bulk breakdown of the I 
region, a few nanoamperes will be drawn. As Уу is approached, the leakage 


current increases often gradually, as is exaggerated in the curve. This current is 
primarily caused by less-than-perfect diode fabrication, although there is some 
contribution from temperature. Typically, the leakage current occurs at the 
periphery of the I region. For this reason, various passivation materials (silicon 


dioxide, silicon nitride, hard glass) are grown or deposited to protect and 
stabilize this surface and minimize leakage. These techniques have been well 
advanced over the years, and PIN diode reliability has improved as a result. 


Figure 2.13 Voltage versus current for various PIN diodes. 
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Most diodes are specified in terms of minimum Ур for a nominal leakage, 
usually 10 pA. 
It will be noted later that RF voltage swings in excess of the rated V, are 


permitted, for the mechanisms causing leakage current do not always respond at 
radio frequencies. However, bulk breakdown is effectively instantaneous, and 
that voltage should never be exceeded. 

The next characteristic of our “open” circuit is the capacitance. In simplest 
form, the capacitance of a PIN diode is determined by the area and width of the I 
region and the dielectric constant of silicon; however, we have discussed the fact 
that intrinsic material does contain some carriers and therefore has some 
conductivity. An E field could not exist unless all these carriers were swept out, 


or depleted. 

Application of a reverse bias accomplishes this. At zero bias, the excess 
carriers on either side of the junction are separated, held apart, by “built in” 
fields. This is the contact potential (about 0.5 V for silicon). If there are only a 
few excess carriers in the I region, this “potential” can separate the charges more 
easily. The junction “widens” in the sense that, start at the p* and I interface, 
there is a region of no free carriers called the depletion zone. Beyond this 
depletion zone the I region still contains the free charges it started with. With the 
application of reverse bias, the depletion zone widens. Eventually, at a bias equal 
to a so-called punchthrough voltage (Vpr), the depletion zone fills the entire I 
region. At this voltage, the 1-MHz capacitance bottoms out and the diode Q 
reaches its maximum. Figure 2.14 illustrates the equivalent circuit of the I region 
before punchthrough. 


Figure 2.14 Equivalent circuit of I region before punchthrough. 
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Some very interesting facts can be derived from this model. Consider the 
undepleted region; this is a lossy dielectric consisting of a volume (area A, length 
£^). of silicon of permittivity 12 and resistivity е. The capacitance is 

£o A 

(2.34) т 

and the admittance is 
ә. (12804) 

(2.385) £ 

The resistance is ғ//А and the conductance is A/e?. 

At very low frequencies, the undepleted zone looks like a pure resistor. At very 
high frequencies it looks like a lossy capacitor. The “crossover” frequency 
depends on the resistivity of the I region material. For ғ of 160 Q/cm, the 
frequency is 1 GHz. Higher resistivity is generally used for PINs— say, 1000 
О/стп, and the crossover frequency is 160 MHz. 


Diode manufacturers measure junction capacitance at 1 MHz; clearly, what is 
measured is the depletion-zone capacitance. 

If the I region thickness is W and the depletion with X4, the undepleted region 
is (W — XQ). 

The capacitance of the depleted zone is, proportionally, 

| 

(2.36) Xa 

of the undepleted zone, 
| 


(2.37) W — Xa 
The 1-MHz capacitance as a function of reverse bias is seen in Figure 2.15. 


Figure 2.15 Typical 1-MHz capacitance. 
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The 1-MHz capacitance decreases with bias until punchthrough, we Ху = W. 


However, at microwave frequencies well above the crossover, the junction looks 
like two capacitors in series. 
CaCa 1 
NN x a 

(2.38) Сасы W 

That is, the microwave capacitance tends to be constant, independent of X, and 
bias voltage. 

However, since the undepleted zone is lossy, an increase in bias up to the 
punchthrough voltage reduces the loss. 


At any given frequency, the equivalent network can now be drawn as Figure 
2.16. 


Figure 2.16 Simplified equivalent circuit, series. 


C J 
H it | Ry 7 


R, is now the equivalent series resistance of the undepleted region. Typical R, 
data is shown in Figure 2.17. 


Figure 2.17 Simplified equivalent circuit, series. 
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An alternate equivalent network is shown in Figure 2.18, and typical R shunt 
data is shown in Figure 2.19. 


Figure 2.18 Simplified equivalent circuit, shunt. 





Figure 2.19 Reverse shunt resistance, Ry 
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A good way to understand the effects of series resistance is to observe the 
insertion loss of a PIN chip shunt mounted in a 50-Q line, as shown in Figure 
2.20. 


Figure 2.20 Insertion loss versus frequency. 
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An accepted way to include reverse loss in the figure of merit of a PIN diode is 
to write 
1 


Шы” йы” Вы” В "зы" ETE 


where R, and R, are measured under the expected forward and reverse bias 
conditions at the frequency of interest. 

The punchthrough voltage is a function of the resistivity and thickness of the I 
region. It is advisable to measure loss as a function of bias voltage and RF 
voltage to determine if the correct diode has been selected for your application. 
(Note: At frequencies below crossover, and diodes with thin I regions, the 
effective junction capacitance can increase substantially at low forward bias, on 
the order of 1—200 pA.) 

Incidentally, if you are working with PIN or NIP chips that do not have an 
Opaque covering, note that PIN diodes are photosensitive. Incident light causes 
photogeneration of carriers in the I region, increasing the chip's insertion loss. 


2.1.3.5 PIN Diode Applications 


If the intrinsic zone is thick (10-100 um), we then have а high-reverse-voltage 
rectifier with a low forward voltage drop at high current or, in other words, a 
highly efficient rectifier. The low forward voltage results from the fact that the 
conductivity of the I zone can be modulated by large amounts of charge carriers 


injected from the р and the n zones. 

Another application of PIN diodes is the high-frequency (HF) field. Here, the 
fact is exploited that, due to the long carrier lifetime at frequencies beyond 
approximately 10 MHz, a rectifying effect will no longer occur and that the PIN 
diode rather behaves like a real resistance, the magnitude of which depends on 
the forward direct current passed by the device and produces an equal effect on 
both half waves of the HF signal. In view of this behavior, the PIN diode can be 
used as a Switch or a variable resistor for HF signals. Thus, it becomes possible, 
for example, to subject an HF signal to amplitude modulation by means of an 
AF-controlled PIN diode. 

An important application of PIN diodes that has found favor in recent times is 
their application to dc-operated attenuators in ТУ tuners and antenna distribution 
amplifiers. Figure 2.21 shows the real HF forward resistance ry as a function of 


the forward current Is measured at 100 MHz. 


Figure 2.21 Forward resistance versus forward current. 
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Figures 2.22 and 2.23 show second-order IMD and cross-modulation for PIN 
diodes. 


Figure 2.22 Second-order IMD in a PIN diode. Equation (1.47) can be used to 
determine the diode's IP2 from the absolute values of the its fundamental and 
IM2 outputs. 
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Figure 2.23 Cross-modulation in a PIN diode. Equation (2.62) relates cross- 


modulation level to IMD. 
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Applying the PIN in Amplitude Control of High-Frequency Signals 


In conventional transistorized TV tuners, automatic gain control (AGC) is 
usually achieved by varying the emitter current of the input transistor. This 
method exploits the fact that the input transistor exhibits maximum gain at a 


certain level of emitter current and that this gain decreases when the emitter 
current is either increased or decreased relative to this point. Since modulation 
capacity and cross-modulation resistance grow with the emitter current, 
“upward” gain control has lately become the preferred solution, and according to 
it, gain reduction is achieved by an increase of the input transistor's emitter 
current. An input stage based on this design, therefore, is least resistant to cross- 
modulation when receiving a signal from a weak transmitter because it is 
operating at or below the point at which AGC action begins. This effect is 
particularly disadvantageous when the signal of a weak transmitter is to be 
received in the presence of a strong local transmitter. The unsatisfactory cross- 
modulation properties of such an input stage manifest themselves more and more 
frequently in the form of image perturbations as the TV reception band is 
crowded by an increasing number of transmitters. Another disadvantage is the 
variation of the transistor parameters that results from the control action. The 
variations affect antenna matching at the input and the response of the RF filter 
at the output. 

To obviate these problems, methods being adopted today provide for the input 
stage to be equipped with cross-modulation-resistant transistors with fixed bias, 
gain control being provided by a variable attenuator preceding the transistor(s). 
The input-filter termination provided by this attenuator must be independent of 
the degree of attenuation to preserve the filter's response characteristics. 

The first two requirements are met by the properties of the PIN diode and the 
latter requirement can be met by designing a PIN diode control in the form of a 7t 
network, a schematic of which is shown in Figure 2.24. The attenuation of a 
matched л network is expressed by the following equations: 


Figure 2.24 Basic circuit of a л-тоае filter attenuator. 
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Figure 2.25 plots the relationship between the resistance levels of В, апа R, and 


of the relationship between the input and output voltages of the л network. 
Figure 2.26 shows the circuit diagram of an implementation of the 7 network 
composed of PIN diodes. The resistance characteristic required according to 
Figure 2.25 is achieved approximately by varying the control current Ico. 


Figure 2.25 Values of В, and А, in Figure 2.24 versus relation of input and 


output voltage. 
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Figure 2.26 PIN diode ;t-mode attenuator. 
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If the control current Ico in Figure 2.26 equals zero, then—due to the fact that 
R, = R, and R, = R4—the auxiliary voltage V, causes forward currents of equal 
magnitude to flow through diodes D, and D3. The voltage drops across №; апа 
R, are of equal magnitude, so that no current passes through diode D». 
Therefore, the latter presents a high resistance, whereas D, and О» present а low 


resistance. Under these conditions, the network produces maximum attenuation. 
A control current Ico reduces the forward currents through D, and О» and allows 


a forward current to be passed by diode D5. When it has attained its maximum 
value, diodes D, and D, are blocked—that is, high-ohmic—and D» low-ohmic. 
Under these conditions, the network produces its minimum attenuation. 


If the maximum attenuation of the л network is to be increased, it is possible to 
make the two shunt diodes D, and D4 more low-ohmic than the impedance Z, 


although this would reduce the reflection coefficient of attenuation. For example, 
if a reflection coefficient of about 7 dB is accepted over the entire control range, 
then a maximum attenuation of 25—30 dB could be achieved in the УНЕ range. 
The series inductances of the transverse diodes and the shunt capacitance of the 
series diode are responsible for this relatively unsatisfactory value. Improved 
attenuation is brought about the integrated л network described in the next 
section. 


2.1.3.6 Example: A PIN Diode л Network for TV Tuners 


The since-discontinued TDA1053 is an example of an integrated PIN л network 
attenuator intended for TV-tuner use. It comprises three silicon planar PIN 
diodes connected to form a л network (Figure 2.27) and serves for the electronic 
amplitude control of the input signals of TV tuners and antenna distribution 
amplifiers in the 40-1000 MHz range. Its input and output impedances remain 
constant over the entire control range. This can also be achieved with discrete 
diodes. 


Figure 2.27 Internal circuitry of the TDA1053. 
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The TDA1053 was normally supplied with vertical leads. The characteristics 
stated below apply to devices of this configuration. 

These data reveal that the compact design of the three PIN diodes in a common 
50B4 plastic package guarantees favorable values for minimum and maximum 
attenuation, as well as reflection attenuation. The test and application circuit 
shown in Figure 2.28 also comprises the transistor control-signal amplifier. The 
typical characteristic of the attenuation and the reflection attenuation for this 
circuit are shown in Figure 2.29, as a function of the control voltage V.,. Figure 


2.30 shows the attenuation at different control voltages, as a function of 
frequency. 


Figure 2.28 Test and application circuit. 
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Figure 2.29 Attenuation and reflection attenuation versus control voltage. 
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Maximum Ratings of Individual Diodes 


Reverse voltage Vn 30 V 
Forward current at Tamh = 25°C Гр 50 mA 
Junction temperature Т, 125 °C 
Storage temperature range Т, —55 іс +125 °C 


Maximum Ratings of the 7 Network 


Ambient operating temperature range when operating T anb 100 C 
according to Figure 2.28 


Characteristics of Individual Diodes at Tamh = 25°C 


Forward voltage at Гр = 50 mA Ve «1.2 V 


Forward current at Vg = 15 V In <500 nA 
Differential forward resistance 

At Jr = 10 mA, f = 100 MHz ry 3 £2 
At fp = 10 pA, f = 100 MHz ry 1.4 к? 


Characteristics in the Test Circuit (Figure 2.28) at Tamb = 25°С 


Voltage for 1% cross-modulation Ver 1 ү 
Attenuation in the 40-1000 MHz range 

At Veo = 1.5 V (1-2 V) max 45(> 36) dB 
At Veo = 5 V (4—5 V) gin 1.5(«2) dB 
Reflection coefficient in the 40-1000 MHz range over ей 20( > 16) dB 


the entire control range, depending on circuit design 


2.1.4 Tuning Diodes 


2.1.4.1 Introduction 


In recent years, continuous development of tuning diodes—also known as 
varactors or varicaps—together with increased commercial and military use has 
led to substantial improvement in О, reproducibility and reliability. 
Concurrently, new techniques for producing and controlling a hyperabrupt 
dopant profile in the semiconductor permit the capacitance-voltage law to be 
much faster than the classical square root or cube root behavior. 

Current tuning diode materials include silicon and gallium arsenide; silicon is 
favored for low cost and lower Q applications from HF through microwave 
frequencies. Hyperabrupt varactors, also of silicon, are finding many 
applications in commercial television tuner applications, where their high tuning 
ratios, linear tuning, and low cost are needed. New developments include low- 


Capacitance hyperabrupts for microwave and wireless applications. 

Gallium arsenide used with high operating frequency dictates the highest Q 
possible, as in parametric amplifiers and millimeter multipliers. 

This section will acquaint the reader with tuning diodes: how they work, and 
what they can or cannot be expected to do in an electronic circuit. The basic 
properties of a tuning diode will be described in terms of the parameters that 
manufacturers use in characterizing them. The following topics will also be 
addressed. 


e Capacitance ratio with respect to voltage and voltage breakdown 

Q as a function of design and operating conditions 

Stability-leakage current, temperature coefficient, and post-tuning drift 
Distortion products 

Packaging parasitics 

Applications—suggestions on how to specify a varactor 


2.1.4.2 Tuning Diode Physics 


Introduction 


All junction diodes are made up of the same physical parts: a pn junction, a 
carefully controlled epitaxial layer, and a very-low-resistance substrate. These 
parts are shown in Figure 2.31. 

No matter what type of junction device we are discussing—a tuning diode, a 
step-recovery diode, or a PIN diode—these parts are all present; the main 
difference between these devices is the resistivity and thickness of the epitaxial 
layer. Tuning diodes and multiplier diodes need epitaxial layers where both the 
resistivity and thickness are carefully controlled. 


Figure 2.31 (a) Basic PIN structure. (b) Cross-section of a reverse-biased pn 
junction. (c) Density distribution of free charge carriers. 
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Abrupt Junction 


An abrupt junction diode is one in which the p^, diffused, region of the diode is 
much more highly doped that the epitaxial layer. Also, the high doping drops to 
the doping level of the epitaxial layer in a distance that is short compared to the 
epitaxial layer thickness, and the doping level of the epitaxial layer is constant 
over its thickness. This is shown in Figure 2.32, with the corresponding C—V 
curve shown in Figure 2.33. When these requirements are satisfied, the diode 
capacity, diode area, epitaxial layer doping level, and diode voltage are related 


by 


Figure 2.32 N—X —— diode. 
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Figure 2.33 Capacitance versus total junction bias for P diode. 
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NIE Жү 
(2.42) А \V+ ;) 
where C(V) = capacitance of the diode at voltage V, A = area of the diode, N = 
doping level of the epitaxial layer, V = voltage applied to the diode, ф = built-in 
potential of the diode (0.6—0.8 V), n = slope of diode C—V curve; n # 0.5 for an 
abrupt-junction diode, and К = constant. 


As a consequence of the physical properties of a pn junction, a depletion layer 


is formed between the р апа п regions whose width depends оп the voltage 
applied to the diode. The capacitance of the diode is inversely proportional to the 
width of the depletion layer, that is, С « 1/70. In addition, the series resistance of 


the diode is proportional to the width of the undepleted epitaxial layer. Thus, as 
diode reverse bias is increased, the depletion layer increases, causing a decrease 
in capacitance and a decrease in series resistance. As the diode reverse bias is 
increased further, a point is reached where the electric field caused by the reverse 
bias reaches a critical level, and current through the diode increases rapidly; this 
is the breakdown voltage of the diode. If, at the breakdown voltage, the epitaxial 
layer is not completely depleted, the diode will have excessive series resistance. 
Conversely, if the epitaxial layer is depleted before the breakdown voltage is 
reached, no further capacitance decrease occurs after the total depletion, and a 
condition called punchthrough occurs. 

While, in the ideal case, voltage breakdown will occur just as the epitaxial 
layer is totally depleted, this seldom occurs in practice, and we generally have a 
condition of either punchthrough or excess series resistance. 


Linearly Graded Junction 


If, instead of the junction profile shown in Figure 2.32, we have ар” region and 
an n region whose doping levels increase linearly with distance from the pn 
junction as shown in Figure 2.34, with its corresponding C-V curve in Figure 
2.35, we then have what is called a linearly graded junction diode. This diode 
follows equation (2.42) with the exception that the exponent n is equal to 1/3. 
This means that, for a given voltage change, the linearly graded junction will 
have a smaller capacitance change than an abrupt junction diode. Since, in most 
cases, the designer is looking for the maximum capacitance change obtainable, 
the linearly graded junction is not used as a tuning diode. This structure found its 
greatest use several years ago as a “cube law" multiplier, but even this use has 
decreased as new structures have been developed. 


Figure 2.34 N - X linearly graded junction. 
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Figure 2.35 Capacitance versus total junction bias for POEM graded junction. 
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Hyperabrupt Junction 


The hyperabrupt diode provides a greater capacitance change than the abrupt 
junction diode for a given voltage change, as well as a linear frequency versus 
voltage characteristic over a limited voltage range. The structure of the 
hyperabrupt diode is shown in Figure 2.36 and can be seen to be an abrupt 
junction diode with an additional, increased doping level at the pn junction. This 
diode also follows equation (2.42) with the exception that n is not a function of 
voltage and is generally in the range of 0.5-2. A typical curve of n versus 
voltage is shown in Figure 2.37. 


Figure 2.36 N—X € junction diode. 
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Figure 2.37 кар l versus reverse se voltage for hyperabrupt junction diode. 
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The C-V curve in a hyperabrupt diode is shown in Figure 2.38 and is seen to 
start at a high value of capacitance per unit area at low bias (high epitaxial 
doping) and change to a lower value of capacitance per unit area (low epitaxial 
doping) at high bias. The details of the curve depend on details of the shape of 
the more highly doped region near the pn junction. 


Figure 2.38 Capacitance versus junction bias for hyperabrupt junction diode. 
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Unfortunately, with а hyperabrupt diode, you must settle for а lower О than ап 
abrupt junction diode with the same breakdown voltage and same capacitance at 
4 V. 

It should be noted that any diode that has an n value that exceeds 0.5 at any 
bias voltage is, by definition, a hyperabrupt diode. Thus, the hyperabrupt diode 
family can have an infinite number of different C—V curves. Since the abrupt 
junction diode has a well-defined C-V curve, the capacitance value at one 
voltage is sufficient to define the C—V capacitance at any other voltage. This is 
not the case for the hyperabrupt diode. In order to adequately define the С-У 
characteristics of a hyperabrupt diode, two and sometimes three points on the 
curve must be specified. 


Silicon Versus Gallium Arsenide 


Everything mentioned so far applies to both silicon and gallium arsenide (GaAs) 
diodes. The main difference between silicon and GaAs from a user's point of 
view is that higher Q can be obtained from GaAs devices. This is due to the 
lower resistivity of GaAs from a given doping level N. The resistivity of the 
epitaxial layer, or substrate, of a diode is given by 


where e is the resistivity, N is the doping level of the layer, e is the charge on an 
electron, and p is the mobility of the charge carriers in the layer. 

Gallium arsenide has a mobility about four times that of silicon and, thus, a 
lower resistivity and higher Q for a given doping level N. Since diode 
capacitance is proportional to ,/77, independent of resistivity, a silicon diode and 
a GaAs diode of equal area and doping will have a capacitance difference 
proportional to the square root of the dielectric constant ratio. This gives the 
GaAs diode a 596 higher capacitance and is thus of little practical significance. 
The penalty paid for using GaAs is an unpassivated diode and a more expensive 
diode due to higher material and processing costs. If the higher Q of the GaAs 
device is not really needed, a substantial price saving will be obtained by using a 
silicon device. 


Planar Versus Mesa Construction 


The two basic construction techniques used to manufacture tuning diodes are 
planar and mesa; a cross section of each of these devices is shown in Figure 
2.39. The planar process, which is the backbone of the integrated circuit 
industry, lends itself to large volume production techniques and is the one use for 
the 1 N series of tuning diodes. Mesa processing, on the other hand, requires 
more processing steps and is generally done on a wafer-by-wafer basis. This 
results in a more costly process and thus a more expensive diode. All microwave 
tuning diodes are of mesa design because of greatly higher Q. Due to the 
relatively small radius of curvature at the junction edge of a planar diode, the 
electric field in this area is greater than the electric field in the center (flat) 
portions of the junction. As a result, the breakdown voltage of the diode is 
determined by both the epitaxial resistivity and the radius of curvature of the 
junction edge. Thus, for a given breakdown voltage, a planar diode must use 
higher resistivity epitaxial material than a mesa diode, which has a completely 
flat junction. The end result is that the planar diode has a greater series resistance 
than a mesa diode for the same capacitance and breakdown voltage, and thus 
lower Q. 


Figure 2.39 Cross sections of planar and mesa devices. 
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2.1.4.3 Capacitance 


Capacitance Ratio 


From the user's point of view, ratio is simply the capacitance available in the 
circuit. Thus, a user tuning from, say, -4 to -45 V defines ratio as 

(2.44) Ст (—45) 
where Ст includes C; plus Cp plus Су. The manufacturer, however, defines Ст as 
C; + Cp. 

To explore the significance of this difference, let us take two examples, a large 
C; and a small C;, in chip, package and “typical” fringe situations. Both are 45- 
V tuning varactors. 

Device Ст C jas Ratio 


А 0.6 pF 0.1 pF 6.0 
B 15.0 pF 2.5 pF 6.0 


Put both devices in a standard 023 package with Ср (strap and ceramic) of 0.18 
рЕ: 


Device Сто Cras Ratio 
С 0.78 pF 0.28 pF 2.75 


р 15.18 pF 2.68 pF 5.67 


Note the drop in ratio, especially for the low-C, diode. If we now add a typical 
0.04 pF for external fringe capacitance, we get 


Device Сто Crys Fatio 
С 0.82 pF 0.32 pF 2.56 


D 15.22 pF 2.72 pF 5.6 


The reduction in ratio, and thus circuit tuning capability, by the fringing fields 
is quite obvious and amounts to 796 in this example. 

Because of the often stringent specifications on tuning ratio, it is mandatory 
that the manufacturer and customer clearly agree on the exact design of the 
holder used to measure the varactor in question. 

Having described how to measure capacitance, it is relatively easy to describe 
the results. The section on diode physics described the various types of “laws,” 
or C-V curves, and we will not repeat them here. Nonetheless, several important 
points must be covered. 

The first is “available capacitance swing." The laws indicate a steadily 
decreasing capacitance with voltage, which indicates that the epi region is 
widening and the electric field is increasing. (For an abrupt junction, since 
C x 1/ VV, the depletion zone with W is increasing as v, and the electric field 
V/W increases as yV.) 

Two things can happen. 

1. The junction width widens so that the entire intrinsic region is depleted. 
The capacitance bottoms out, resulting in voltage punchthrough. 

2. The electric field exceeds the dielectric strength of silicon (or GaAs), and 
"solid-state discharge" or “avalanche” current is drawn. 

The diode impedance drops, the varactor no longer “varacts,” and circuit 
operation ceases. Moreover, if more than a few milliamperes of current are 
drawn, localized overheating may destroy the diode. All varactors are 
characterized for breakdown voltage—for example, 45 V minimum. 

The theoretical tuning varactor is designed so that the punchthrough occurs at 


a voltage equal to the voltage breakdown of the diode. Logically, then this means 
that in order to obtain greater tuning ratios, it is necessary to be able to increase 
the depletion-layer width without reaching punchthrough or breakdown. You 
must have a thicker epi region to make this possible. 

Figure 2.40 shows catalog ratio values, from zero bias to breakdown, as a 
function of breakdown voltage necessary. In the next section, on Q, we will 
discuss other elements in your choice of Vp. 


Figure 2.40 apa ratio Versus breakdown voltage. 
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To complete this section, we should mention that semiconductor processing 
control has been refined so well that capacitance tracking to within +1% over the 
full range from zero to breakdown is now readily obtainable in production 
quantities. 


Temperature Coefficient of Capacitance (Тсс) 


Unfortunately, since most datasheets give the value of Тес at 4 V, it is sometimes 
assumed that this value applies at all bias voltages. This is not the case. Consider 


equation (2.44), a rewritten form of equation (2.42). 
C (О) 
== 
(2.45) (V+ Ф) 
Taking the derivative of this with respect to temperature Т we have 
ас WI _. -nC (O) dg 
(2.46) 47 (0+0) (0+ Ф)" ат 
or, after substituting equation (2.44) 
4 . 1 dCO(V) -n dé 
(247) ^— са) dT V+ dT 
As a first approximation, we can say that dọ/dT = - 2.3 mV/? C over the 








temperature range of interest. 
From equation (2.47), we can draw the following conclusions: 
1. the temperature coefficient is inversely proportional to the applied 
voltage, and 
2. the temperature coefficient is directly proportional to the diode slope, n. 
For an abrupt junction diode that has a constant value of n (0.5), the 
temperature coefficient has a smooth curve in the form K/(v + ф). However, in 
the case of hyperabrupt diodes, n is a function of voltage, and the shape of the 
Тсс curve depends on the details of the n(V) curve. A typical Tec curve for an 
abrupt junction diode is shown in Figure 2.41 and for an Alpha DKV6520 series 
hyperabrupt diode in Figure 2.42. The inflection in the hyperabrupt Тос is due to 
the fact that in this voltage range n(V) is increasing faster than 1/V, giving an 
increase in Тсс. It should also be noted, however, that over the range of the Тсс 
minimum the temperature coefficient is relatively constant, and operation in this 


area may be advantageous in some applications where a restricted tuning range 
can be used. 


Figure 2.41 Temperature coefficient of capacitance versus tuning voltage—abrupt 
junction diode. 
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Figure 2.42 Temperature coefficient of capacitance versus tuning voltage (T4 = 


25° С) hyperabrupt junction diode. 
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2.1.4.4 Q Factor or Diode Loss 


Definitions 
The classical definition of the Q of any device or circuit is 
" 2л x Energy stored 
(2.48) и Energy dissipated per cycle 
For a capacitor, two formulations are possible. 
it 
(a) Series І Dac sor 
| As ӘліНес 


(b) Parallel С Rp О= 2л +С 


tt. — 4 
Ls 


Clearly, the two definitions must be equal at any frequency, which establishes 


Rp Be — — 
(2.49) (2nf) C?Rs 
In the case of a high-Q tuning diode, the proper physical model is the series 
configuration, for the depleted region is almost perfectly pure capacitance, and 
the undepleted region, due to its relatively low resistivity, is almost a pure 
resistor in series with the capacitance. Furthermore, the contact resistances are 
also clearly in series. Q, then, for a tuning diode, is given by 


where f, is the operating frequency, С(-.) is the junction capacitance, and 
Ri») = B(epi) + Rz, the sum of the resistance of the undepleted epi and the fixed 
contact resistance. 

Cutoff frequency, f, is defined as that frequency at which Q equals unity. Thus, 


тинт Ee 


(2.51) Ic An H vy uy 
Historically, the tuning diode business a habit of specifying О at 50 MHz, 
despite the fact that Q values of microwave diodes are so high that it is almost 
impossible to measure them at 50 MHz. Instead, as discussed below, Q is 
measured at microwave frequencies (e.g., 1-3 GHz) and related to 50 MHz by 
the relationship 


(2.52) 
which derives quickly from the assumption that f. is independent of the 
measuring frequency. 

Since both junction capacitance and epi resistance are functions of the applied 
bias, it is not possible to calculated Q as a function of bias from a measurement 
of capacitance alone. Catalog specifications typically show Q at —4 V, together 
with the capacitance at two or more voltages. 

Relative to Оса Q increases faster than the reduction in capacitance for bias 
greater than 4 V and, conversely, decreases faster for bias less than 4 V. 

In the following section, we will discuss the diode design parameters that 
determine Q. Following this, we will describe some elementary Q measurement 
techniques. 


Causes 


In the discussion of device physics, the resistivity of the epi region was 


discussed, together with its impact on punchthrough and breakdown. For 
example, Table 2.7 supplies typical resistivity and relative parameters of 0.6 pF ( 
© зы) diodes of different breakdowns. 

Table 2.7 Parameters for 0.6-pF Diode. 


Depelted Undepleted 


Breakdown Junction Ері Ері Ері R 

Voltage Resistivity Diameter Region V — —4V V=—4V Undepleted Kip 

Fp (£2-cm) (mil.) (jum) (шт) (pm ) (£2) (521 Oy 
30 0.3] 24 1.37 0.54 0.83 0.81 0.18 5200 
45 0.52 2.8 2.25 0.73 1.52 1.80 0.15 2600 
a 0.74 3.2 3.20 0.90 2.30 3.24 0.13 1500 
90 1.25 3.7 5.27 1.21 1.06 7.17 010 700 

The entry Rsp (Repreading) 15 Ше series resistance between the ері region and the 


low resistivity substrate. The calculations are for idealized cylindrical epi 
regions of uniform resistivity, low resistivity contact on the anode (top) and low 
resistivity substrate on the cathode. This resistance is constant, independent of 
bias; also shown are epi thickness and width of the depletion zone at —4 V bias. 

Note the substantial reduction in Q for high-voltage diodes caused by the 
increased epi resistance; this is true for any value of capacitance or any type of 
junction. For greater voltage breakdown, the epi thickness must be increased, 
which requires an increase in epi layer resistivity; the higher the resistivity of the 
undepleted zone, multiplied by the fact that it is much wider for high-voltage 
diodes, means the resistance increases substantially. 

Consequently, a rule of thumb emerges: For maximum Q, never choose a 
tuning diode with a voltage breakdown in excess of what is needed for the 
necessary tuning range. If the required tuning range is an octave, requiring a 4 to 
1 ratio, the selection of a 30-V diode will result in diode losses half those of a 
60-V diode. 

Table 2.8 lists capacitance and Q for each of these chips as a function of bias. 
Please remember that Q is calculated at 50 MHz. 

Table 2.9 rewrites the data of Table 2.8 to show available capacitance ratios 
between zero bias and breakdown. The first column is the theoretical optimum, 
as tabulated. The second column is the typical catalog specification. The 
reduction in tuning ratio below theoretical optima is caused by nonideal junction 
fabrication. The junctions are never perfectly abrupt. 


Table 2.8 Q Versus Bias for 0.6-pF Diode. 





MOC FI AO] LTO Y9 его AG t Ec O МЕ үа QOL 90 ОДС ЕРІ 06 


MOLI 1170 WET 6T0 36 ‘Tal ҸЕ FO 00€] 90 066 ЕРІ (9 

06 6 [`0 NOC єє NC FO (OT yp 0cg €t] ср 

Nro ETO NOT FO OUTS oo DOLI ЄРТ pE 

(06—)0 (06—)/2 (9-20 O9) 2 (ср—)0 (şt—) 2 (05-00 (0£—)/2 (01-0 (01-02 @—)0 (ro (00 902 8A 
ITEYOA 


UA op ealq 





Table 2.9 Capacitance Ratios (Cj9/C;V p). 


Breakdown Minimum 

Voltage Optimum Guaranteed 

Vp Ratio Ratio OQ 4 Typical 
30 6.2 4.5 3000 
45 7.5 6.0 2500 

бі) 8.4 7.5 1400 

90 10.2 8.7 650 


Although the tables and numbers given refer to abrupt-junction silicon devices, 
the principle applies without exception to all types of tuning diodes. For 
comparison, Table 2.10 lists available ratios and Q values for a number of 
different varactors. The high Q values for GaAs and the low values for 
hyperabrupts are apparent. 


Table 2.10 Comparative Tuning Diodes. 


Breakdown Ratio 
Type Ст Voltage Vp (м Я Cy fC ; V B? 
Silicon abrupt 1.0 30 5.000 4.5 
Silicon abrupt 2.5 30 4,000 4,5 
Silicon abrupt 5.0 30 3,800 4,5 
Gallium arsenide abrupt 1.0 25 10.000 3.6 
Gallium arsenide abrupt 0.5 10 17,000 2.5 
Silicon hyperabrupt 50.0 22 300 17.0 
Silicon hyperabrupt 2.5 22 500 14 


"Minimum guaranteed. 

One last point: The Q values and series resistance refer to chips only. The 
effects of package parasitics will be discussed later, but it is important to 
consider circuit contact losses here. For low-capacitance diodes—for example, 
С(4) = 0.6pF—the epi region contributes a high value of resistance and 


dominates Q except at punchthrough. Diode contact losses are less significant. 


Post- Tuning Drift 


Post-tuning drift (PTD) is the change in oscillator frequency with time after the 
tuning voltage has stabilized. The minimization of PTD has assumed greater 
importance with the design of more sophisticated electronic countermeasure 
systems, where rapid, accurate frequency changes are required. 

Post-tuning drift can characterized as short-term and long-term. Short-term 
PTD occurs in the time range of tens of nanoseconds to a few seconds, while 
long-term PTD is in the time range of seconds to minutes, hours or days. 


Short-term PTD is mainly dependent on the thermal properties of the diode 
and is improved by high Q (low power loss) and flip chip construction. Long- 
term PTD depends on oxide stability and freedom of mobile charge in the oxide. 
It should be noted that actual oscillation frequency change may occur even with 
a perfect tuning diode because of variation with frequency in the power 
dissipated by the diode, changes in the diode heatsink temperature, and 
frequency changes due to other circuit elements. Less than 0.01% short-and 
long-term PTD can be obtained. 


2.1.4.5 Distortion Products 


Inasmuch as nonlinear components generate harmonics and other distortion 
products, an understanding of this mechanism is of prime interest to the circuit 
designer. In some instances, the distortion products are the desired end result of 
the circuit design, as in frequency multipliers, where harmonics of the input 
signal frequency are the required output signal. For other applications, such 
tuning-diode-tuned linear circuits, distortion products are extremely undesirable, 
and in some instances the end product specification may set a maximum limit to 
the distortion products allowed. 


Cross-Modulation 


Cross-modulation is the transfer of the modulation on one signal to another 
signal and is caused by third-order and higher odd-order nonlinearities in the 
behavior of the device. Rewriting equation (2.42), we have 
С (V | = Co = 
( 1 4 LA 
(2.53) } 
where Со = capacitance, V = applied voltage = Vo + v, Vg = dc applied voltage, 
and v = ac applied voltage. 
Then, for a desired signal of 
(2.54) 51 = vi sinwyt 
and a second, amplitude-modulates signal of 
(2.55) 55 = voll + M cos Omt) Sin wot 
it can be shown that the cross-modulation, y, defined by 
(2.56) Ouput signal vy ^ sin бї + y sin (w E mlt 


is found to be 


n (n -- 1)mvs 
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(2.57) 4774 (Vo + Ф) 
From this equation, it can be seen that cross-modulation is 
proportional to the square of the interfering signal; 
directly proportional to the interfering signal's modulation index, m; 
independent of the strength of the desired signal; 
independent of the frequencies of the desired and interfering signals 
(assuming that the nonlinearity to which both signals are subjected is 
sufficiently frequency-indiscriminate so this is the case); and 
e present for all values of n. That is, no value of n gives zero cross- 
modulation. 


Solving equation (2.57) for the signal level vz required to produce cross- 
modulation of value y we have 


2 (Vo + 97 


(2.58) ^ n(n + )™ 

The interfering signal levels required to produce 1% cross-modulation from a 
30%-modulated interfering signal applied to an abrupt junction diode and a 
hyperabrupt junction diode are shown in Figure 2.43. 

From this figure, it can be seen that the hyperabrupt diode is more susceptible 
to cross-modulation than the abrupt-junction diode in the region of maximum 
slope of the hyperabrupt diode. For many applications, however, distortion 
products will be generated by other devices, such as transistors, at signal levels 
considerably below those given in Figure 2.43. 


Figure 2.43 Interfering signal (30% amplitude modulated) level versus bias for 
1% cross-modulation—abrupt and hyperabrupt junction diodes. 
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Intermodulation 
Intermodulation is the production of undesired frequencies in the form 
(2.59) sin (Jut — tst) and sin (wi — 249) 
from an input signal in the form of 
(2.60) © (cos 441 + cos ust) 
From an analysis similar to that done for cross-modulation, it can be shown 
that 


Intermodulation = ——— — 

(2.61) S(Vo + Фф) 
ОГ 

(2.62) Cross — modulation = (2m) x Intermodulation 


n (n 4- 1) v* 


Harmonic Distortion 


Harmonic distortion products are integral multiples of the signal frequencies and 
decrease in amplitude as the harmonic number decreases. Due to passband 
considerations and amplitude decrease with harmonic number, the second 
harmonic is the one of prime concern. Again, it can be shown that the second 


harmonic, vs, of a signal of amplitude vi is 


& 2 


(2.63) ^ 306-4. 

Figure 2.44 shows the signal level required to produce 1096 second-harmonic 
distortion in an abrupt-junction and a hyperabrupt-junction diode. Again, as in 
the case of cross-modulation, the hyperabrupt diode is slight worse than the 
abrupt-junction diode in the region of maximum slope of the hyperabrupt diode. 
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Figure 2.44 Signal level versus reverse voltage for 10% harmonic distortion. 
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Reduction of Distortion Products 


In some cases, the signal levels applied to the diode generate distortion products 
larger than desirable for the circuit application. In this case, significant reduction 
in the distortion products can be achieved by using two diodes in a back-to-back 
configuration, as shown in Figure 2.45. Analysis shows that the fundamental 
signal components through the diodes are in phase and add, while some 


distortion products are out of phase and cancel, thus improving distortion 
performance. 


Figure 2.45 Back-to-back diodes. СР is а fixed parallel capacitance, RB is a bias 
decoupling resistor, and the capacitor marked © is a low-impedance bypass. 





Since the gradient of the electrical field produced in the depletion layer by a 
reverse bias applied to the device is proportional to the space charge density, the 
following equations can be written for the junction width W as a function of the 
reverse bias Vp: 


For an abrupt pn junction (alloyed diodes) 





. |. £g:£o f 1 Di X pas 
W = | Doct (= + =) (Мв + Ұр) 
(2.64) ү я €» © 


For linear pn junctions (single-diffused diodes, such as ВА110-ВА112) 


W =3,/12 
(2.65) \ 


wherein а is the impurity gradient within the depletion layer, ғо is the absolute 
dielectric constant (8.85 x 10714 As/V cm), and ғ, % 12, the relative dielectric 
constant of silicon. 





(Vn + Vn) 


The junction capacitance, which is inversely proportional to the junction 
width, therefore varies in alloyed diodes with the square root, and in single- 
diffused diodes with the cube root of the externally applied reverse bias, and can 
be calculated from the general equation 


C — _: ны 
(2.66) И/ 
wherein 5 is the surface area of the рп junction. By way of approximation, we 
can also use the equation 
К 
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wherein all constants and all parameters determined by the manufacturing 
process are contained in K. The exponent n is a measure of the slope of the 
capacitance/voltage characteristics and is 0.5 for alloyed diodes, 0.33 for single- 


diffused diodes, and (on average) 0.75 for tuner diodes with а hyperabrupt рп 
junction. Figure 2.46 shows the capacitance/voltage characteristics of an alloyed, 
a diffused, and a tuner diode. 


Figure 2.46 Capacitance/voltage characteristic for (a) an alloyed capacitance 
diode; (b) a diffused capacitance diode; and (c) a wide-range tuner diode 
(BB141). 
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Recently, an equation is indicated which, although purely formal, describes the 
practical characteristics better than equation (2.67): 


i ыра ү" 
(4.68) . " bua 
where Cj is the capacitance at Vp = 0, and A is a constant whose dimension is a 
voltage. The exponent m is much less dependent on voltage that the exponent n 
in equation (2.67). 
Equations (2.64)-(2.68) express the pure junction capacitance of the 
capacitance diode, but to this must still be added a constant capacitance, 


determined by structure parameters, in order to obtain the diode capacitance Сұ 


which interests the user. With high inverse voltages—that is, low junction 
capacitance—a difference will therefore arise between the theoretical 
capacitance/voltage characteristic according to equation (2.67) and the practical 
characteristic, as shown in Figure 2.47. 


Figure 2.47 Capacitance/voltage characteristic of the BA110 diode. 





The operating range of a capacitance diode or its useful capacitance ratio 
Cmax  Ctot(VRmin) 
(2.69) Cin С (Ках) 
is limited by the fact that the diode must not be driven by the alternating voltage 
superimposed on the tuning voltage either into the forward mode or the 
breakdown mode. Otherwise, rectification, which would shift the diode's bias 
and considerably affect its figure of merit, would take place. Figure 2.48 plots 
the capacitance/voltage characteristics of a capacitance diode to clarify the 


relationship. The useful operating range lies between the voltages 





Figure 2.48 Basic current/voltage and capacitance/voltage characteristics. 
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As has already been indicated, the exponent n for large capacitance ratio or 
tuning diodes used nowadays for TV tuners is not constant, but voltage 
dependent and subject to manufacturing tolerances. This means that the 
capacitance/voltage characteristic of these diodes is likewise subject to 
manufacturing tolerances. Since, in a TV tuner, it is necessary for two or three 
circuits to be tuned uniformly, tuner diodes must be selected empirically for 
identical characteristics and supplied in equipment lots. 


2.1.4.6 Electrical Properties of Tuning Diodes 


In this section, the electrical properties of capacitance diodes with reference to 
data published on the tuner diodes BB141 and BB142 is explained. 


Equivalent Circuit 


Since a capacitance diode is not an ideal capacitor, it is useful to introduce an 
equivalent circuit that can serve as a basis for discussing the diode's electrical 
properties. Figure 2.49 shows various types of equivalent circuits. 


Figure 2.49 Equivalent circuits for capacitance diodes: (a) complete circuit, (b) 


simplified circuit, апа (с) further simplification for low frequencies. 
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The complete equivalent circuit (Figure 2.49а), which conforms closely to 
physical conditions, comprises, in addition to the diode capacitance Сор the 


series resistance гс and the series inductance Ls, and also the reverse resistance R 





ob 


= dV,/dIp. At higher frequencies, this resistance can usually be disregarded, so 


that the equivalent circuit is simplified in terms of Figure 2.49b, the 
configuration usually employed. In many cases, also the series inductance can be 
disregarded, in which case we obtain Figure 2.49c. 


Capacitance 


Figure 2.50 shows the capacitance/voltage characteristic borrowed from the data 
sheets of diodes BB141 and ВВ142. As this characteristic, like most 
characteristics published in data sheets, represents merely a typical curve, it 
would not convey sufficient information for the user to dimension a tuner. 
Therefore, the data sheets contain additional data on capacitance and useful 
capacitance ratio: 


Figure 2.50 Capacitance/voltage characteristic of diodes BB141 and BB142. 
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On the basis of the spread of the diode capacitance С, guaranteed for Vp = 25 


V, it is possible to calculate the tuner with the aid of the spread guaranteed for 
the capacitance ratio. 

Three further capacitance graphs are shown in Figures 2.51 —2.53. Figure 2.51 
shows a (typical) curve representing the normalized slope as a function of the 
reverse voltage, Figure 2.52 the normalized capacitance as a function of the 
junction temperature, and Figure 2.53 the temperature coefficient of the 
capacitance as a function of the reverse voltage. 


Figure 2.51 Slope (normalized) as a function of the reverse voltage. 
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Figure 2.52 Capacitance (normalized) as a function of the junction temperature. 
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Figure 2.53 Temperature coefficient of capacitance as a function of the reverse 
voltage. 
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The variation of diode capacitance with ambient temperature, as shown in 
Figures 2.52 and 2.53, is really only a function of the temperature dependence of 
the diffusion voltage (see equation 2.66). The diffusion voltage drops with rising 
temperatures by about 2 mV/° C, which means that the diode capacitance rises 
with temperature. The influence of the diffusion voltage, and thus the 
temperature coefficient of the capacitance, decreases as the reverse voltage rises. 
It is therefore advisable to run a capacitance diode with as high a reverse voltage 
as the required capacitance ratio permits. Compensation for the dependence of 
Capacitance on temperature will be discussed later. 





Series Resistance, Figure of Merit (Q) 


Since capacitance diodes are intended for employment in resonant circuits, 
indications are required as to the circuit attenuation that they produce. Usually, 
the series resistance or the figure of merit that can be calculated therefrom, is 


indicated. With reference to the equivalent circuit shown in Figure 2.49a, the 
figure of merit (or Q factor) is calculated. 


(2.71) V7 Os + сок 

Figure 2.54 shows the theoretical (normalized) Q as a function of frequency. 
With the frequency range of 10—1000 MHz, which is essential for tuner diodes, 
the parallel resistance R caused by the reverse current (see Figure 2.49b) can be 
disregarded, and equation (2.71) can be simplified to read as follows (see Figure 
2.55): 


Figure 2.54 Q VEU) as a a function of frequency. 
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Figure 2.55 Q as a function of frequency. 
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In Figure 2.52, Q is plotted as a function of frequency for the tuner diodes 
BB141 and BB142. The data sheet indicates, in addition to this curve, the value 
of the series resistance at f = 470MHz and C,,, = 9 pF: 


since the diode capacitance and the series resistance decrease as the reverse 
voltage rises, Q is likewise dependent on the reverse voltage. It is smallest at a 
low reverse voltage, that is, at a low frequency. The series and parallel 
capacitances inevitable in a diode-tuned resonant circuit influence the effective 
Q of the tuning capacitance, as will be described later. 


Series Inductance, Series Resonant Frequency, Cutoff Frequency for Q - 1 
These three parameters define the behavior of the diode at high frequencies 
when the influence of the series inductance can no longer be neglected. The 
parameter on which the calculation is based is the series inductance Ls, which is 
determined by the connection leads. As indicated in Figure 2.49a, it is in series 
with the capacitance and, given a suitable frequency, forms a series-resonant 
circuit therewith. In that case 


and the series-resonant frequency is 


Above this frequency, the impedance of the diode is inductive, but it depends 
on the reverse voltage. Figure 2.56 shows for the tuner diodes BB141 and 
BB142 how the (normalized) series-resonant frequency depends upon the 
reverse voltage. 


Figure 2.56 Series-resonant frequency (normalized) as a function of the reverse 
voltage. 
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The cutoff frequency for О = 1 is defined as the frequency at which О assumes 
the value of unity. In a rough calculation, the reactive impedance of the diode 
capacitance сап be neglected and the frequency (оі obtained for the condition in 


which the inductive reactance equals the series resistance 
(2.75) vw Ls = rs 


Ts 


For the tuner diodes BB141 and BB142, Figure 2.57 shows how the 


(normalized) cutoff frequency depends on the reverse voltage. The data sheets 
contain the following numerical information. 


Figure 2.57 Cutoff frequency for Q = 1 (normalized) as a function of the reverse 
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Depending on the intended application, either the series-resonant frequency or 
the cutoff frequency for Q = 1 determines the maximum useful frequency range. 


Leakage Current, Breakdown Voltage 


These two parameters mark the dc performance of the diode when a reverse bias 
is applied to it. In the data book for the tuner diodes BB141 and BB142, the 
breakdown voltage is quoted as follows: 


Reverse breakdown voltage at Jp = 100 pA : Мвте > 30V 
This means that the maximum reverse voltage that тау be applied to the diode 
as a tuning voltage is 30 V. 

The leakage current for the above-mentioned tuner diodes is guaranteed as 
follows: 

Leakage current at Ур = 28 V : Ip < 50nA 

Moreover, Figure 2.58 shows a graph that illustrates the leakage current as a 
function of the reverse voltage. Since this current is temperatures dependent (as 
with every silicon diode)—it doubles with each temperature rise of about 10? C 
—care should be taken when dimensioning the tuner circuit that the leakage 
current does not cause inadmissible voltage variations at increased ambient 
temperatures. 


Figure 2.58 Leakage current as a function of reverse voltage. 
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Matching of Tuner Diodes, Uniform Parameters 


As has already been mentioned, the capacitance versus voltage characteristics of 
modern tuner diodes is subject to a certain scatter, so that it becomes necessary 
to test these diodes to obtain equipment lots empirically. 


2.1.4.7 Diode-Tuned Resonant Circuits 


The Tuner Diode in the Parallel Resonant Circuit 
Figures 2.59 —2.61 illustrate three basic circuits for the tuning of parallel- 


resonant circuits by means of capacitance diodes. 


Figure 2.59 Parallel-resonant circuit with tuner diode, and bias resistor parallel 
to the series capacitor. 





Figure 2.60 Parallel-resonant circuit with tuner diode, and bias resistor parallel 
to the diode. 





In the circuit diagram of Figure 2.59, the tuning voltage is applied to the tuner 
diode via the input coil and the bias resistor Rp. Series connected to the tuner 
diode is the series capacitor Сс, which completes the circuit for ac but isolates 
the cathode of the tuner diode from the coil and thus from the negative terminal 
of the tuning voltage. Moreover, a fixed parallel capacitance Cp is provided. The 
decoupling capacitor preceding the bias resistor is large enough for its value to 
be disregarded in the following discussion. Since for high-frequency purposes 
the biasing resistor is connected in parallel with the series capacitor, it is 
transformed into the circuit as an additional equivalent shunt resistance Rc. We 


have the equation 


С В ә 
R. = Re (1+ ==) 
(2.77) Сыл / 


If in this equation the diode capacitance is substituted by the resonant circuit 
frequency @, we obtain 





The resistive loss Rc caused by the bias resistor Rp is seen to be highly 
frequency-dependent, and this may result in the bandwidth of the tuned circuit 
being independent of frequency if the capacitance of the series capacitor Сс is 
not chosen sufficiently high. 

Figure 2.60 shows that the tuning voltage can also be applied directly and in 
parallel to the tuner diode. For the parallel loss resistance transformed in to the 
circuit, we have the expression 


В. = г | 1+ C'tot ) 
(2.79) ^ 7% Cs 
and 
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The influence of the bias resistor Rp in this case is larger than in the circuit of 
Figure 2.60, provided that 
(2.81) CS > Cs (Ci + Cp) + С.С, 
This is usually the case because the largest possible capacitance will be preferred 
for the series capacitor Сс and the smallest for the shunt capacitance Cp. The 


circuit of Figure 2.59 is therefore normally preferred to that of Figure 2.60. An 
exception would be the case in which the resonant circuit is meant to be 
additionally damped by means of the bias resistor at higher frequencies. 

In the circuit of Figure 2.61, the resonant circuit is tuned by two tuner diodes 
that are connected in parallel via the coil for tuning purpose, but series connected 
in opposition for high-frequency signals. This arrangement has the advantage 
that the capacitance shift caused by the ac modulation (see “Modifying the 
Diode Capacitance by the Applied ac Voltage”) takes effect in opposite 
directions in these diodes and therefore cancels itself. The bias resistor Rp, which 





applies the tuning voltage to the tuner diodes, is transformed into the circuit at a 
constant ratio throughout the whole tuning range. Given two identical, loss-free 
tuner diodes, we obtain the expression 


(2.82) Re = 4Rg 


Capacitances Connected in Parallel or Series with the Tuner Diode 


Figures 2.59 and 2.60 show that a capacitor is usually in series with the tuner 
diode, in order to close the circuit for alternating current and, at the same time, to 
isolate one terminal of the tuner diode from the rest of the circuit with respect to 
direct current, so as to enable the tuning voltage to be applied to the diode. As 
far as possible, the value of the series capacitor Сс will be chosen such that the 


effective capacitance variation is not restricted. However, in some cases, as, for 
example, in the oscillator circuit of receivers whose intermediate frequency is of 
the order of magnitude of the reception frequency, this is not possible and the 
influence of the series capacitance will then have to be taken into account. By 
connecting the capacitor Сс, assumed to be lossless, in series with the diode 


capacitance Cop the tuning capacitance is reduced to the value 


ob 





The Q of the effective tuning capacitance, taking into account the Q of the 
tuner diode, increases to 


(07 = Q (1 J. Cot 
(2.84) бе, 


The useful capacitance ratio is reduced to the value 


(2.85) i Cam Ld “imax 
wherein Crax and Chin are the maximum and minimum capacitance of the tuner 
diode. 

On the other hand, the advantage is gained that, due to capacitive potential 
division, the amplitude of the alternating voltage applied to the tuning diode is 


reduced to 


so that the lower value of the tuning voltage can be smaller, and this results in a 


higher maximum capacitance Созу of the tuner diode and a higher useful 


Capacitance ratio. The influence exerted by the series capacitor, then, can 
actually be kept lower than equation (2.84) would suggest. 
The parallel capacitance Cp that appears in Figures 2.59 —2.61 is always 


present, since wiring capacitances are inevitable and every coil has its self- 
capacitance. By treating the capacitance Cp, assumed to be lossless, as a shunt 


capacitance, the total tuning capacitance rises its value and, if Сс is assumed to 
be large enough to be disregarded, we obtain 





The Q of the effective tuning capacitance, as derived from the Q of the tuner 
diode, is 





or, in other words, it rises with the magnitude of the parallel capacitance. The 
useful capacitance ratio is reduced as follows: 
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In view of the fact that even a comparatively small shunt capacitance reduces 
the capacitance ratio considerably, it is necessary to ensure low wiring and coil 
capacitances in the circuit-design stage. 


Tuning Range 
The frequency range over which a parallel-resonant circuit according to Figure 
2.59 can be tuned by means of the tuner diode depends upon the useful 
capacitance ratio of the diode and on the parallel and series capacitances present 
in the circuit. 

The ratio can be found from 


| 14 a 
fms x | Cu ( i+ Ec ) 


In many cases, the series capacitor сап be chosen large enough for its effect to be 
negligible. In that case, equation (2.90) is simplified as follows: 


fn LLA 


(2.91) fimin \ і + Саш 


From this equation, the diagram shown in Figure 2.62 is computed. With the 
aid of this diagram, the tuner diode parameters required for tuning a resonant 
circuit over a stipulated frequency range—that is, the maximum capacitance and 


the capacitance ratio—can be determined. Whenever the series capacitance Сс 
cannot be disregarded, the effective capacitance ratio is reduced according to 


equation (2.85). 


Figure 2.62 Diagram for determining the capacitance ratio and minimum 
Capacitance. 
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Tracking 


Some applications require the maintenance of a fixed frequency relationship 
between two or more tuned circuits as their tuning is simultaneously adjusted. 
Referred to as tracking, this technique requires narrow tolerances of capacitance 
versus tuning voltage. Minimizing tracking error requires special care if the 
tracking circuits must cover the same frequency span beginning a different start 
and end frequencies, as is necessary when simultaneously tuning oscillator and 
mixer/RF circuitry in a superheterodyne receiver. Then, tracking error must be 
minimized by means of series and shunt capacitances in accordance with 
methods known from variable capacitors. The frequency deviations that must be 

anticipated are summarized as 
df _ ldCo 1 d(L—Lo) 

(2.92) P 26% 2 L 
The spread of parameters dCy/Cg and dLyL, can only be compensated by 
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varying the circuit inductances d(L – L,)/L or by varying the bias dVp/(Vp + Vp). 


Modulating the Diode Capacitance by the Applied ac Voltage 


In normal operation, the sum of the tuning voltage and the alternating signal 
voltage of the resonant circuits are applied to the tuner diode. The bias, and thus 
the capacitance, of the tuner diode therefore varies at the rhythm of the 
alternating voltage. Due the nonlinear character of the capacitance versus 
voltage curve, voltage distortions and capacitance shifts are inevitable, and these 
must be kept within adequate limits. This is done by maintaining the ac applied 
to the diode(s) at sufficiently low ac amplitude and by choosing an adequate 
minimum value for the tuning voltage. In the resonant circuit, a tuner diode is 
modulated predominantly by a current free from harmonics, according to 


(2.93) i = i cos wt 
The alternating voltage across the diode is 
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An evaluation of this equation shows that especially the first harmonic makes 
its appearance. The capacitance shift caused by the alternating voltage 
Superimposed on the tuning voltage is shown in Figure 2.63. However, the 
voltage distortion, and thus the capacitance shift, can be largely avoided if two 
tuner diodes are used, as in Figure 2.61. 


Figure 2.63 Capacitance increase as a function of the ac voltage drop across the 
tuner diode. 
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Compensating Temperature Dependence 


As has already been mentioned, variations are caused in the capacitance of the 
diode mainly by the dependence of the diffusion voltage on temperature. In a 
diode-tuned resonant circuit, the temperatures coefficient of the resonant 
frequency, therefore, depends on the tuning voltage and thus on the resonant 
frequency. It is therefore impossible to compensate the temperature dependence 
of the resonant frequency by means of temperature-dependent capacitors—the 
method usually adopted for mechanically tuned circuits. 

To achieve satisfactory compensation, the tuning voltage should be increased 
by an amount equal to that by which the diffusion voltage of the diode is reduced 
with rising temperature, that is, by approximately 2 mV/° C. This can be done 
easily by connecting a forward-based silicon diode in series with the source of 
the tuning voltage, as shown in Figure 2.64. Since the forward voltage of the 
diode varies by -2 mV/? С with ambient temperature, the voltage 


Figure 2.64 Temperature-compensation circuit with diode. 


V = Vo + Vp — Vp 

which determines the bias of the tuner diode, and therefore also the diode 
capacitance, is almost temperature-independent. In practice, it is advisable to 
feed this diode with additional current via the resistor Ер to keep its differential 
forward resistance sufficiently low and thus to prevent capacitive noise voltages 
from leaking into the tuning circuit. 

To prevent the load placed by the resistor Rp on the source of the tuning 
voltage from fluctuating in dependence on the amount of the tuning voltage, a 
circuit such as shown in Figure 2.65 may be used in which the emitter diode of 
the transistor effects the compensation, and the only load placed on the source of 
the tuning voltage is the base current of this transistor. 


Figure 2.65 Temperature-compensation circuit with transistor. 





Dynamic Stability 
The resonant frequency of a diode-tuned RF circuit follows the equation 
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The frequency ) is set with the aid of the circuit inductance when the tuning 
voltage equals Ур. Since the signal amplitude in the circuit depends upon the 


field strength of the received transmitter and since the resonant frequency of the 
circuit depends on the amplitude, undesirable feedback between the tuning 
voltage and the received alternating voltage may occur at the tuner diode. A 
disturbance that has a similar effect is the microphonic effect, which can 
sometimes be observed with mechanically variable capacitors. In an 
investigation of the feedback in diode-tuned resonant circuits, the following 
assumptions were made. 


e The impedance of the antenna (or of the signal generator) is negligible. 

e The full alternating voltage is applied to the diode (whereas, in practice, the 
series capacitor brings about a potential division). 

e The capacitance versus voltage characteristic is an exponential function. 

e The Q of this circuit is independent on the amplitude of the alternating 
voltage. 


As a result of a high alternating voltage at the resonant circuit, three 
undesirable effects—harmonic generation, frequency shift, and cross-modulation 
—are encountered. 


Harmonic Generation 


The nonlinearity of the capacitance versus voltage characteristic produces 
harmonics. However, the selectivity of the receiver reduces the effects of these 
harmonics to noise level. 


Frequency Shift 


When a sinusoidal voltage v is applied to the tuner diode of the RF circuit, the 
variation of the diode capacitance does not follow the sine law, but the equation 
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(2.96) Caf C = с RaW, ата) ) 

This results in a change of the resonant frequency of the circuit. The inductive 
slope of the resonant curve steepens and may even turn back. This could lead to 
bistable behavior of the resonant circuit. The change of frequency takes place as 
if the tuning voltage, and thus the resonant frequency, has decreased. The order 
of magnitude of this change of resonant frequency was determined with the aid 
of a computer from Fourier analysis of 
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Figure 2.66 shows the admissible alternating voltage at the diode, computed 
for a 2% frequency shift, as a function of the tuning voltage. The measured 
values differ by not more than 10% from the computed values. Since the Q of 
the circuits is about 50 for the VHF as well as the UHF range, a 2% frequency 
shift is permissible. 


Figure 2.66 Admissible alternating voltage for a 2% frequency shift as a 
function of tuning voltage. 
б 





Cross-Modulation 


Cross-modulation is a disturbance caused by nonlinearities of the characteristics 


of the components concerned. The modulation of an undesired amplitude- 
modulated signal is here transferred to the carrier of the amplitude-modulated 
intelligence signal. Cross-modulation is virtually independent of the amplitude 
of the intelligence signal. 

The cross-modulation factor for tuner diodes is 
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Resolving this equation іп terms of v, we obtain 
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The usual definition of the cross-modulation percentage for measurement 
purposes is as follows. А 10096 modulated noise signal (m, = 1) of amplitude v is 
received simultaneously with the intelligence signal in the diode-tuned RF 
circuit. If a 196 modulation of the signal carrier by the noise signal takes place, 
this amounts to a cross-modulation factor К = 0.01. We thus obtain for tuner 
diodes 


wong HER |n 
(2.100) | n Vn4l 
Figure 2.67 gives the graphs for this equation. In practical operating, FM and 
VHF/UHF tuners equipped with the tuner diodes BB121 or BB141 exhibit 
merely the cross-modulation caused by the BJTs or FETs employed. For bipolar 


transistors, v = 15-100 mV; for FETs, 100—300 mV. 
Figure 2.67 Graphical representation of equation (2.100). 
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Static Stability 


To ensure trouble-free operation, the static parameters of the tuner diodes also, 
especially the leakage current, must be taken into account. When differentiating 
the expression for the tuning voltage 

(2.101) Va = Vs ~ In En 
we obtain for a known leakage current IR the tuning voltage variation 
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(2.102) Ев Ip 
This leads to a change in the resonant frequency 
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The resonant frequency is more stable the smaller the exponent n and the 
higher the tuning voltage Vp. The influence of the temperature dependence of the 


diffusion voltage Vr, and its compensation has already been discussed. If the 
series bias resistance Ев is not too high, the effect of its variation (dRp/Rp) and 


the effect of the temperature dependence of the leakage current—doubling for 
every 10° C temperature rise—may be neglected. 


Generating the Tuning Voltage 
The supply voltage Vp in equation (2.103) exerts an influence in many respects. 


The temperature coefficient of the voltage source—usually, for economic 
reasons, only a Zener diode is provided for stabilization—affects conditions not 
only with ambient temperature variations but also when the Zener diode heats up 
after the set is switched on, or when its operating current varies. Because 
external temperature compensation of the operating voltage of the Zener diode 
cannot cover all detrimental effects and, moreover, increases the series bias 
resistance Rp, as well as any variations the latter may undergo, the use of a 


temperature-compensated Zener diode, such as the 1N4065A (nominal Zener 
voltage, 33 V; temperature coefficient, 0.002° C/W), is recommended. 


Diode Switches 


The diode switches described here differ somewhat from the switching diodes 
used in computer and pulse technology. While in the case of switching diodes 
the signal itself triggers the switching operation—current does or does not pass 
through the switching diode in dependence on the signal level—diode switches 


allow an alternating current to be switched on or off by means of a direct voltage 
or a direct current. Figure 2.68 shows an example of the use of diode switches. 


Figure 2.68 Comparison of mechanically and electronically tuned and switched 
resonant circuits. 
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Diode Switch Technology 


Special manufacturing techniques are needed to attain the low junction 
capacitance, low differential forward resistance гр and the low-inductance 


structure required for the special applications envisaged. Two conflicting 
requirements have to be met: on the one hand, a high-resistivity basic material 
Should be used and the diode area should be kept as small as possible to 
minimize the junction capacitance for a given reverse voltage; on the other hand, 
the bulk resistance should be kept low. The size of the junction area, therefore, 
can represent only a compromise between these two requirements. To obtain a 
low bulk resistance Ер despite the use of high-resistivity silicon around the 
junction, the diodes are manufactured by the epitaxial process, characterized by 
a thin high-resistivity layer on a low-resistivity substrate. If the forward current 
Гр is sufficiently high, then the specific resistance of the epitaxial layer does not 
affect the bulk resistance, because under these conditions, the resistivity of this 
layer is considerably reduced by being flooded with carriers. 


The junction impedance Z; is somewhat more critical (Figure 2.69). It is 
composed of the junction capacitance Се, which does not depend on current, the 
current-dependent diffusion capacitance 


Figure 2.69 Equivalent circuit of diode switches in the frequency range from 1 
MHz to 1 GHz. 
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(2104) У 
and the diffusion resistance 


(2.105) ^ Ir 

where in t, is the lifetime of the minority charge carriers and 
V; = КТ == "0 mV 

(2.106) q 
is the voltage equivalent of thermal energy. The resistive component of the 
impedance Z; is calculated as follows: 

= Ер 

As can be seen from the following approximations, this resistance becomes 

rather dependent on current at higher frequencies: 





| m | Ip 
for Ie — 0 Rel 4;) = р 
(2.108) (0 w*C$V, 

Ip 

for Ip — oo He( 4;) = - 
(2.109) шы 


In Figure 2.70, the differential forward resistance is plotted as а function of the 
forward current. The only parameter by which the differential forward resistance 
can be reduced for a given current and a given frequency according to equation 
(2.109) is the carrier lifetime. Steps will have to be taken, therefore, to make the 
carrier lifetime as long as possible. 


Figure 2.70 Differential forward resistance as a function of forward current. 
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Because diode switches are designed for applications up to the gigahertz 
range, a geometry resulting in a low inherent capacitance and inductance had to 
be used. Furthermore, the device had to be assembled in such a way that 
virtually no additional contact resistance Rc was introduced. For this reason, a 


double-plug construction (hard-glass pressure contacts) was chosen to avoid the 
S-or U-bends customary with other encapsulations. The system is pressure 
clamped between two stud-shaped enlargements of the connecting leads, the 
necessary high pressure being produced as the glass shrinks during cooling. This 
construction results in an encapsulation of short length (only 4 mm) and low 
series inductance, the advantages of which can be fully exploited because 
soldered connections to the leads can be made directly at the glass body. 


Diode Switch Data 


The silicon planar diode switches BA243 and BA244 are designed for electronic 
band selection in tuners in the frequency range from 10 to 1000 MHz. The 
differential forward resistance remains constant and is very low over a wide 
frequency and current range. The diode capacitance is likewise small and 
independent of voltage through a wide range. The devices are characterized by 


low-inductance geometry. The BA243 is intended for the VHF range and the 
BA244 for the UHF range. See Table 2.11. 


Table 2.11 BA243/244 Specifications. 


Maximum ratings 


Reverse voltage Vg 20 V 
Forward current at Timb = 25^C Ir 100 mA 
Junction temperature Г, 150 ЗЕ 
Storage temperature range I. —55 to +150 е 


Characteristics at Tamh = 22°C 





Foward voltage at fr = 100 mA Vr =<] V 
Leakage current at Vg — 15 V Ig =< 100 ПА 
Dynamic forward resistance at f = 50 — 1000 MHz, 

Ir = 10 мА 
Б.А243 ry 0.7(<1) ©? 
БА244 Ff О. 0.5) 52 
Relative variation of dynamic forward resistance with a Oc/m 

the variation of foward current in the range of Jp = ry iy 

E F 

2 — 40 mA 

Capacitance at Vg — 15 V, f — 1 MHz Сұм 1.3(-<2) pF 
| зын ; | mit AC 100 

Relative variation of capacitance with the variation ————— Oel V 

of reverse voltage in the range of Vg = 7 — 20 V, Cor Vg 

f — 100 MHz 
Series inductance across case Ls 2.5 nH 


Resonant Circuits Incorporating Diode Switches 


Figure 2.71 illustrates the function of the diode switch with reference to a 
parallel-resonant circuit whose resonant frequency can be switched by short- 
circuiting part of the circuit inductance. Such a switching procedure may be 
necessary for a VHF tuner, for example, to switch from band I to band III, 
because the frequencies of these bands are too far apart. 


Figure 2.71 (а) Diode switch as bandswitch, shorting a partial inductance. (b) 
Equivalent circuit with blocked diode switch. (c) Equivalent circuit with 
conducting diode switch. 
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Capacitor Сұ represents the capacitance of the resonant circuit. The symbol oo 
at capacitor C is meant to indicate that the value of this capacitor should be 
chose to be much higher than the circuit capacitance. C completes the ac circuit 
when the inductor L» is shorted and enables the switching or reverse voltage to 
be applied at a point of virtually zero RF potential. The resistor R, limits the 


diode current in the forward direction. 
At a reverse voltage of Vp = 15 V, for example, the diode switch represents a 


1-pF capacitor, as shown in Figure 2.71b. This represents parasitic capacitance C 
"іп the circuit, which reduces the effective capacitance variation of the resonant 
circuit in the case of capacitive tuning. The capacitance C’ is small enough to be 
negligible in most cases relative to the wiring and winding capacitances. Figure 
2.72 shows the relative capacitance of the blocked-diode switches, as a function 
of the reverse voltage. 


Figure 2.72 Capacitance as a function of the reverse voltage. 
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At a forward current of, for example, 10 mA, the diode has a differential 
resistance of approximately 0.5 © (see Figure 2.70). The effect of this resistance 
гр on the resonant circuit is illustrated in Figure 2.71c. Conversion of a series 
loss resistance гр into a parallel loss resistance ғ. is based on the following 
considerations: the equivalent parallel resistance ғ”. affects the tuned circuit in 
the same way as the series resistance rp, that is, the О of the circuit should be the 
same in both cases. If one assumes that wb > ri, the equivalent of parallel 
resistance can be expressed as follows: 





а= шіл _ lE 
(2110) * rr uL 
(cul | г 


(2.111) ^ 
An evaluation of this equation shows that a differential resistance гр % 0.5 Q can 
be tolerated in most applications as regards amplification and selectivity. 

Instead of altering the resonant frequency of a tuned circuit by short-circuiting 
part of its inductance, the same result can be obtained by connecting a second 
inductance in parallel. The use of the diode switch for this purposes is illustrated 


in Figure 2.73. This differs from the one shown in Figure 2.71 in that the circuit 
inductance consists of either L, or of L, and L, in parallel. By applying a 
permanent negative bias to the diode via a high-value resistor А, it is possible to 
dispense with the use of one switch contact. Figure 2.73 shows the equivalent 
circuit for the diode under reverse-bias conditions (corresponding to a low 
resonant frequency) and Figure 2.73c shows the equivalent circuit under 
forward-bias conditions (corresponding to a higher resonant frequency). 


Figure 2.73 (a) Diode switch as a bandswitch, with an inductance in parallel. (b) 
Equivalent circuit with blocked-diode switch. (c) Equivalent circuit with 
conducting diode switch. 
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In radio and television receivers, it is usually possible to derive the necessary 
reverse bias for the diode by rectification of the local oscillator signal, since the 
power required for blocking the diodes is extremely small. Note that under 
reverse-bias conditions the inductance L, and the capacitance C form a series- 


tuned acceptor circuit. However, this capacitance being extremely small, any 


undesirable effects due to its presence can normally be avoided. The same diode 
switching arrangements described for single-tuned circuits can also be employed 
in multisection bandpass and broadband filters. 

In the following paragraph, a practical example for the use of diode switches 
will be given, and it will be seen that it is possible in principle to replace all the 
mechanical RF switch contacts normally employed in receivers by diode 
Switches. In cases where application of the diode dc potentials to a “cold” point 
in the circuit is not feasible, it may be necessary to apply them via LC or RC 
isolating networks. 


Use of the Diode Switch in a Television Receiver 


Figure 2.74 shows the schematic of an electronically tuned and switched band I 
(48-62 MHz)/band III (175-224 MHz) TV tuner that requires switching of the 
input filter, bandpass filter, and oscillator circuit. These switching functions are 
performed by BA243 diode switches. As is customary in most European 
countries, in this example a broadband input filter between the antenna and the 
first RF transistor is used rather than a selective front-end circuit. In view of the 
need to correct noise and power matching over a relatively large frequency 
range, a switchable filter is employed in most tuners, switching being effected in 
this case by means of diodes D, and D». 


Figure 2.74 Schematic of a VHF television tuner with electronic band selection. 
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Diodes D4—Dg are used for band-filter switching, for switching the coupling to 


the mixer transistor, and for switching the oscillator frequency. To minimize the 
bias-current requirements (each diode requires a bias current of approximately 
10 mA), all diodes that are to be activated at the same time are connected in 
series. This arrangement requires only a few additional RF chokes, which are 
easily provided because of the high frequencies involved). The direct current 
required for the diode switches could be obtained by simple rectification, for 
example, from the heater circuit of the television receiver CRT, and the diode 
reverse bias could be obtained by rectification of the local oscillator signal, in 
which case the minute additional power requirement would have to be allowed 
for in the oscillator design. 

A technically sophisticated design for a television tuner takes the form of a 
combined VHF/UHF unit incorporating electronically switched circuits in which 
several elements would be common. Such an all-band tuner can be assembled 
from only three transistors and a combined VHF/UHF band filter in A/2 or A/4 
technology for UHF reception. The VHF circuits are short circuited when the 
UHF position is selected. 

Multistandard TV receivers require a large number of switch contacts in the 
tuner, the IF amplifier, the video amplifier, and the time base. The use of diode 
Switches is particularly advantageous in this situation because it renders the 
physical layout of the equipment virtually independent of the location of the 
controls, and obviates the need for long RF cable runs, which may be prone to 
interference. 


2.2 Bipolar Transistors 


2.2.1 Transistor Structure Types 
Bipolar transistors come in different flavors. 


e Silicon-based bipolar junction transistors (BJTs) are the classical type; they 
basically consist of three semiconductor layers, either of npn or of pnp-type 
(see Figure 2.75). In case of npn, the current is based on electrons, while the 
pnp-type current relies on holes. Due to the higher mobility of electrons, 
npn-type HBTs are commonly faster than their pnp counterparts from the 
same technology. The different semiconductor n and p regions can be 
formed by means of ion implantation. 


e Advanced silicon-based transistors rely on a certain germanium content in 
the base region. These are called SiGe heterojunction bipolar transistors 
(HBTs), because there is not only an ordinary pn junction between base and 
emitter (or collector) but also the semiconductor crystal changes from SiGe 
to Si. The technology required to produce these transistors is more involved 
compared to the BJT case, as it requires to grow the SiGe and emitter Si 
crystals during the processing using selective epitaxy. An advantage of SiGe 
technology is that it is in principle compatible with CMOS technology. 
Processes providing both types of transistors on a single wafer are called 
BiCMOS. These processes allow for an integration of logic circuits and for 
baseband signal processing together with a wireless front-end providing 
reasonable power levels. 

e HBTs are also available on GaAs substrates. These transistors use InGaP 
emitters, while base and collector are GaAs. InGaP emitters have now 
replaced AlGaAs emitters in commercial processes, due to the better 
electrical properties and due to the fact that the aluminum-free 
semiconductors showed higher lifetimes. The first steps in GaAs-based 
transistor technologies is commonly an epitaxial growth of the required 
transistor layers on the whole wafer. The transistors commonly are realized 
by etching active layers away where not required—these HBTs are therefore 
called mesa transistors, as they resemble the table mountains under the 
microscope. 

e HBT on InP are beyond the scope of this book—these devices target 
applications in the mm-wave region and beyond. The InP-based HBT is 
similar to the GaAs HBT, but commonly not used in the wireless sector for 
COSt reasons. 


Figure 2.75 Cross-section of a Si BJT. 
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Cross-section of a simplified bipolar transistor (not to scale) 


The main advantage of bipolar transistors is that the current flows through the 
bulk material, not just through a thin channel along a surface, as in case of FETs. 
This results in the following properties of BJTs and HBTs. 


e Bipolars can carry higher current densities compared to the respective FET 
of the same size. Smaller transistor size means less capacitance, thus easier 
matching without reducing output power. On the negative side, it means 
higher dissipated power densities resulting in self-heating. 

e Bipolars show less flicker (1/f) noise than FETs, for the same reason that the 
current does not flow along an interface or crystal surface, where the density 
of defects and traps is much higher than in the bulk material. 

e Transit times in bipolars are mainly determined by the thickness of epitaxial 
layers, not by the length of a metal gate like in FETs. In epitaxial growth, it 
is not a real problem to control thicknesses of a few nanometer, at least it is 
much easier achieved than similar dimensions of metal strips defined by 
lithographical techniques. Limiting factors are rather breakdown of the 
collector—base junction, and base sheet resistance. 

e Bipolar transistors require only one positive supply voltage, in contrast, for 
example, to GaAs HEMTS that additionally need negative gate bias. This 
reduces complexity of the whole system. 


The main applications for bipolar transistors are therefore power amplifiers 
and low phase-noise oscillators. For power amplifiers (PAs) providing about 1 W 
at 2 GHz, for example, the technology of choice could be GaAs-based HBT. 
This power level is so far unreachable for CMOS, calling for the PA to be 
designed in another technology. The GaAs HBT, on the other hand, still has 
enough headroom to reach these specification; its breakdown is in excess of 15 
V, and its cutoff frequencies are around 30 GHz and beyond. Silicon BJTs and 
HBTs offer the lowest flicker noise, thus they are the candidates of choice for 
oscillator applications. 


2.2.2 Large-Signal Behavior of Bipolar Transistors? 


In this section, the large-signal or dc behavior of bipolar transistors is 
considered. Large-signal models are available in virtually all circuit simulators, 
and foundries commonly provide highly sophisticated design kits to their 
customers. This section introduces the physical effects that these models attempt 
to describe. Second-order effects, such as current-gain and cutoff-frequency 
variation with collector current, and self-heating can be important in many 


circuits and are treated in detail. 


2.2.2.1 Electrical Characteristics and Specifications 


Electrical characteristics may be conveniently classified into two main types: dc 
and ac. 


DC Characteristics 


The importance of dc characteristics of high-frequency transistors lies primarily 
in biasing and reliability considerations. However, certain dc characteristics are 
also directly related to high-frequency performance. For example, high- 
frequency noise figure is affected by dc current gain. The dc characteristics 
discussed here are those usually found on high-frequency transistor datasheets. 


Усво» 1 СВО 


These two parameters serve to characterize the reverse-biased collector—base pn 
junction and are defined as follows (with the aid of Figure 2.76a). The collector- 
base breakdown voltage, Усво, identifies the voltage at which collector current 


tends to increases without limit, usually due to the high electric field developed 
across the junction. This voltage sets a limit on the maximum transistor 
operating voltage and, as mentioned before under maximum ratings, usually is 
the basis for the collector-base maximum voltage rating. Усво should be 


specified at a value of Ic = Ic, in the figure, which is within the avalanche (or 
high slope) region of the device's reverse characteristic. Typical values of Ic, аге 
in the 1—10-рА region for high-frequency transistors. 


To further define the quality of the reverse V—I characteristic, a specification is 
usually placed on the collector cutoff current, Icgo, which is measured at some 


value of collector-base voltage less than Усво. For a good-quality silicon 
junction (“sharp” instead of soft; see Figure 2.76a), Ісво is in the nanoampere 
range. 


Figure 2.76 Transistor reverse V—I characteristics. 
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These two parameters characterize the reverse-biased emitter—base pn junction in 
an analogous manner to the collector—base junction parameters Vego and /сво, 
given above, and are shown in Figure 2.76b. No further discussion of these 
parameters will be given here. 


VcEo !cEo 

The collector-emitter breakdown voltage and cutoff current are somewhat more 
complex in nature than the collector—base and emitter—base parameters. In the 
latter two, only a single pn diode is involved. In the collector-emitter case, two 


diodes are involved. Moreover, each is influenced by the other through transistor 
action, since the reverse current of the collector—base diode flows through the 
emitter-base junction as forward current. Thus, the collector-base reverse 
current is amplified by the dc current gain of the transistor, resulting in 

1. І-ро being greater than Гсво (for a given voltage); 

2. typically, the familiar negative-resistance region in the І-У characteristic 

as Shown in Figure 2.76c. 

Consequently, Vero is typically specified at collector currents one to three 

orders of magnitude higher than in the case of Усво and Урво to establish the 
minimum value of this characteristic. 


Practical Relevance of the Three Breakdown Voltages 
Now that we have defined three breakdown voltages for one device, the question 
arises which of them is actually setting a limit in a common-emitter circuit? 

The first guess would be that only the collector-emitter breakdown voltage 
Vcgo is relevant. If we deal with InGaP/GaAs HBTs іп a mobile application, we 
might not run into trouble, since Усро is easily four times higher than the 
collector-emitter dc voltage Vcg. However, іп SiGe HBTs, Уско might be 
around or below 5 V, and restricting the voltage swing to well below this 
maximum would not yield acceptable output power and efficiency. Given the 
fact that Усво > Vcgo, it also seems that we will not exploit the full capabilities 
of the device if we restrict the RF swing to the lower of the two. 

To identify Vero with the collector-emitter breakdown voltage in a practical 
circuit application, however, would be a misinterpretation. By definition, it 
requires that the base current is zero, which means that the base is terminated by 
an open circuit. Усво, on the other hand, is detemined with zero base—emitter 
voltage, which means that the base terminal is terminated by a short circuit. In a 
practical case, the RF termination will be somewhere between these extreme 
values, and choosing a low-impedance RF base termination allows for operation 
well beyond Vero. Figure 2.77 shows measurement of the collector-emitter 
breakdown behavior of an Infineon BFP450 transistor. In this measurement, the 
base is connected to ground through resistances of different values [2]. 


Figure 2.77 Dependence of collector-emitter breakdown on the internal 
resistance of the base voltage source (data from Ref. [2]). 
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Providing a high impedance at the base also potentially has a negative effect 
on base-emitter breakdown, for example, in class-AB power amplifiers [3]. 
When increasing input power, one would expect the dc current to rise, as it is 
equal to the average of the collector current. In deep class-AB, the current can be 
approximated by positive sinusoidal half-waves, thus the dc current depends on 
the RF amplitude. Fixing the base current by providing a high-impedance 
termination prevents this effect from happening—instead, the RF signal is 
reflected and reverse voltage peaks rise with input power, until, finally, the a 
base-emitter breakdown occurs. 

Thus, regarding breakdown, it can be concluded that providing a low 
impedance to the base in common emitter is beneficial. In order to account for 
this fact, datasheets often provide two collector-emitter breakdown parameters, 
Vcgo (base open) and Vers % Усво (base shortened to ground). 


hpg 
This parameter is simply the dc common-emitter current gain, that is, the ratio of 
collector current to base current at some specified collector voltage and current. 


AC Characteristics 


Of the numerous ac characteristics defined for transistors, only relatively few аге 
commonly used in characterizing high-frequency transistors. Some of the more 
pertinent parameters are briefly covered here (see also Figure 2.78). 


Figure 2.78 Key parameters in applying a BJT in low-noise front-end, high-gain, 
and linear-power stages. At (a), the BJT characteristics that lead to optimum dc 
bias for a low-noise front end; at (b), parameters characterizing device 
performance; at (с), Го, for the first stage, and 511 and 55; for the output stage as 


simulated by CAD software. The example is based on the Infineon BFP420 
(low-noise stage), BFP450 (high-gain stage), and BFG235 (output stage). 
Circuits to optimize stage noise, gain, and I/O matching are shown at (d). 
(Presentation based on Figure 2.14 in Charles A. Liechti, “Microwave field- 
effect transistors—1976,” IEEE Trans. Microwave Theory Tech., vol. МТТ-24, 
pp. 279—300, June 1976.) 
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Transition Frequency 


One of the better known, but perhaps least understood, figures of merit for high- 
frequency transistors is the so-called transition frequency, fr. Part of the 


misunderstanding that appears to exist is due to the use of the misleading (but 
common, for historical reasons) term short-circuit gain-bandwidth product for 
this parameter. By definition, fy is that characteristic frequency described by the 


equation 

(2.112) fr = hye X fmeas 
where hy, is the magnitude of small-signal common-emitter short-circuit current 
gain, and fheas is the frequency of measurement, chosen such that 


с - А рео 
(2.113) ^ "- 2 


where һуә denotes the low-frequency value of hy. 





To varying degrees of approximation, depending on the transistor type, fr is 
the frequency at which hy, approximates unity. It is not, in general, the frequency 
at which hg is precisely equal to unity. To clarify these points further, consider 
the plot of hg against frequency sketched in Figure 2.79. 


Figure 2.79 |h;,| frequency characteristics. 
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At low frequencies, f < fg, hfe is constant and equal to hz. 

At fp, hg, has decreased to 0.707hķo; that is, fg is the 3-dB cutoff frequency for 
common-emitter short-circuit current gain, hg. 

For frequencies such that 

(2.114) 2/5 < f < fr 
hy, varies inversely proportional to frequency. That is, the fy defining relationship 


(2.115) һуе X feas = constant = fr 


holds. 

At frequencies approaching fy, other parameters, especially package parasitics, 
can cause |hg| to depart significantly from this 1/f variation. Therefore, the 
frequency, |1, at which [hz] actually equals unity can be somewhat different from 


fT. 


Applying this frequency-gain characteristics to the common-emitter wideband, 
low-pass amplifiers give rise to the terminology of [т being a “gain-bandwidth 


product." However, this is an optimistic approximation at best, since the product 
of low-frequency circuit gain and the 3-dB cutoff frequency is reduced from fy 


by an amount that depends on circuit impedances. 
The real significance of fy lies in the fact that it is a measure of certain internal 


transistor parameters that do, in fact, affect high-frequency performance, for 
example, gain (though not in the convenient quantitative manner implied by the 
term *gain-band product"). In particular, good high-frequency noise performance 
requires that fr be high. Thus, [т is included on transistor datasheets primarily as 


a figure of merit, not as a parameter to be used directly in design. 


Collector—Base Time Constant, С. 


This is an internal device parameter that relates only indirectly to high-frequency 
performance. It is primarily a measure of internal feedback within the transistor. 
It also relates to transistor high-frequency impedance. As the name says (in 
symbols), it is a measure of transistor base resistance and collector capacitance 
in combination; however, except for certain low-frequency transistors, it cannot 
be considered the simple two-element lumped RC time constant implied by the 
terminology. (In high-frequency transistors, base resistance and collector 
impedance must be considered to be distributed when considered in detail). As a 
figure of merit, it is included on transistor datasheets to indicate how well base 
resistance and collector impedance have been minimized. It also allows the 
estimation of certain gain properties of the transistor (see the fmax parameter, 
which we will describe shortly). 


Collector-Base Capacitance, С, 


This parameter is simply the total collector-base pn junction capacitance 
measured at a low frequency (typically, 1 MHz) where it can be considered a 
single lumped element. For high-frequency transistors it is, of course, desirable 


that С.р be small from bandwidth and stability considerations as well as from 
gain considerations alone. 


Maximum Frequency of Oscillation, f,,,, 


This is another figure-of-merit parameter, as opposed to measurable parameters 
directly usable in the application of transistors. Its importance stems from the 
following approximate relationships (which will not be derived here): 

fi ү 


(2.116) fmax © (a 


(2.117) fam 


These expressions illustrate in a quantitative way the importance and the 
interrelationship between high fy and low r‘,Cc insofar as high-frequency gain is 





concerned. However, since the approximations and their derivation involves 
several assumptions that are not always valid, they must be interpreted with 
caution. For example, the expression for Gmax is obviously not applicable at low 


frequencies, since as f > 0, G,,,, > oo, according to this expression. As a rule of 


пах 
thumb, Ше G,,,, expression is a reasonable approximation for frequencies such 


that 
Б ШЕ e 
(2.118) foper 
For accurate analysis of transistor gain and stability, a complete set of two-port 
parameters must be employed in exact expressions, such as those from which the 
approximations shown above were derived. 


Datasheet Transistor Specifications 
The following is a reprint of a Infineon microwave transistor data sheet. Key 
parameters describing the transistor are 
1. dc parameters, such as maximum current and voltage and dissipation; 
2. noise figure as a function of generator impedance, bias point, and 
frequency. 
Detailled numerical data that can be used to actually design a circuit, such as 
1. frequency-dependent behavior, typically expressed in S parameters, and 
also as a function of bias point and frequency; 
2. large-signal performance to be calculated based upon a nonlinear model, 


such as the Gummel-Poon; 


are today usually provided by for download by the manufacturers, in 
compatible format for major circuit simulators. 

The following figures, reproduced with permission from the datasheet for the 
BFR380F transistor by Infineon Technologies are a typical representation of the 
dc-IV curves, S parameters, and noise parameters of a normal, packaged 
microwave transistor. Besides its dc parameters and capacitance, there are other 
critical parameters. A BJT's noise figure is a strong function of its dc current 
gain, and опе can determine a 3-dB cutoff frequency referred to as ју, which 


shows the gain roll-off as a function of collector current and frequency. 


Source: Courtesy Infineon Technologies. 
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Source: Courtesy Infineon Technologies. 
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Electrical Characteristics at 74 = 25°C, unless otherwise specified 


Parameter 


DC Characteristics 
Collector-emitter breakdown voltage 
lc = 1 mA, /g- 0 

Collector-emitter cutoff current 
Vee = 5 V, Vee = 0 

Vee = 15 М, Vee = 0 

Collector-base cutoff current 

Veg = 5 V, ГЕ = 0 

Emitter-base cutoff current 

Ves = 1 V. le = 0 

DC current gain 

le: = 40 mA, Vee = 3 V, pulse measured 
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Source: Courtesy Infineon Technologies. 
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Electrical Characteristics at Ta = 25°C, unless otherwise specified 
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AC Characteristics verified D random sampling 
Transition frequency 

lc; = 40 mA, Vee = 3 V, f= 1 GHz 
Collector-base capacitance 

Vcp = 5V, f= 1 MHz, Vee = 0, 

emitter grounded 

Collector emitter capacitance 

Vee = 5 V, f= 1 MHz, Vee = 0, 

base grounded 

Emitter-base capacitance 

Vep = 0.5 V, f= 1 MHz, Veg = 0, 

collector grounded 

Minimum noise figure 

їс = 8 mA, Vcg = 3 V, 25 = 7зор. f= 1.8 GHz 
lg = 8 mA, Vcg = 3 V, 25 = Zsopt f= 3 GHz 
Power gain, maximum available!) 

ір = 40 mA, Vee =3V, £c = ZSopt: 

ZL = ZLopt f= 1.8 GHz 

lc = 40 mA, Vcg = 3 V, 25 = 25.4, 

Z = ZLopt = 3 GHz 





Transducer gain 
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{= 1.8 GHz 
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Z= =50 0 

25 = Zsopt, ZL = Дорі 


'Gma = |Sate! S42el (k-(k*-1)"/4) 
?|P3 value depends on termination of all intermodulation frequency components. 
Termination used for this measurement is 50 52 from 0.1 MHz to 6 GHz 
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Source: Courtesy Infineon Technologies. 
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Source: Courtesy Infineon Technologies. 
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Source: Courtesy Infineon Technologies. 
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Source: Courtesy Infineon Technologies. 
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Figure 2.80 shows a photograph of the die for the BFP420. 


Figure 2.80 Photograph of the BFP420 die. The bonding pad for the base is at 
the upper right and for the collector is at the upper left. The two lower pads 
connect to the emitter. Courtesy Infineon Technologies. 





2.2.3 Large-Signal Transistors in the Forward-Active 
Region 
We saw in the diode case that its description is physics based and it is, therefore, 
logical to apply the same modeling for the transistors. The first complete 
modeling for transistors was described in the Gummel—Poon model [4], [5]. By 
combining two diodes, the parasitic elements, and the base separating resistor, 
we can show the “intrinsic” nonlinear model for the bipolar transistor. 

The advantages of the 40-year-old Gummel—Poon model is its simplicity, and 
that it is definitely available in every circuit simulator. The way it explains the 
whole transistor operation through the charge-control theory, connecting the 
electrical behavior with device physics, namely, the charge stored in the base Q,, 
is simply beautiful. This is the reason why this model still has its place in 
textbooks like ours: it is well suited to explain the basics. 

Of course, this model does not cover all the effects observed in todays SiGe 
HBTs. Modern models are expected to account also for the following effects, 
which today can be considered to be of first-order inportance. 


Dynamical Self-Heating. The temperature of the transistor is not static, 
given by the ambient temperature. It depends on the power dissipated during 
operation and needs to be determined during circuit simulation as a function 
of dc and RF fed to the device, and RF power delivered to the load. 
Especially regarding GaAs-based power amplifier chips, the power 
transistor might heat up surrounding components that will impact circuit 
performance. Self-heating impacts everything from dc operating point to 
cutoff frequency. 

Dependence of Transit-Time on Collector Current. The presence of many 

electrons leads to interactions with the doping—and changes transit times 
and capacitances as a function of bias. These effects are only expected under 
high-current conditions, that is, when the mobile carrier density cannot be 
neglected compared to the doping density. In modern bipolar transistors, 
however, this condition is reached almost immediately. GaAs and Si-based 
devices, however, show a different behavior. Unfortunately, it is not a 
solution to simulate using an average transit time; the current depencency is 
the dominant source of distortion products in HBTs [8], [9]. 
Heterojunctions. These are generally improving transistor performance. But 
they might not be invisible. A modern transistor model needs to account for 
these variations, especially if the high-current low-voltage region is affected. 
Parasitic Transistors. They can exist if a pn-junction is used to isolate a 
silicon transistor from the rest of the chip. 

Comprehensive models for silicon technologies are the MEXTRAM [7] and 
HICUM [6] models. In the III-V world, the AgilentHBT [10| model is widely 
used due to the fact that it is versatile and the only model for these devices that is 
avallable by default in Agilents ADS simulation software. However, some 
companies developed their own derivatives, such as RFMD. Another alternative 
is the FBH-HBT [10] model that is of reduced complexity, but is published in the 
Verilog-A language, which requires that the circuit simulator supports this 
interface. 

The drawback of modern transistor models is their complexity. HICUM, for 
example, comes with roughly 120 parameters, which is not an uncommon 
number. Models for GaAs HBTs are less complicated, which seems to keep them 
alive, although MEXTRAM and HICUM claim to be suited for this material 
system as well. 

Explaining modern models, and their physical derivation, in detail is a book in 


itself, for example, Refs [11], [10]. Model details can also be found in the 
respective documentations. 

For complex models, parameter extraction is involved, and requires a lot of 
time, experience, and measurement effort. That is why foundries are today 
expected to provide external designers with design kits—basically plug-ins for 
the major circuit simulators—instead of just data sheets. 

Consequently, we will review the basic bipolar physics in the following, with 
some additions for the today's transistors. 

A typical npn planar bipolar transistor structure is shown in Figure 2.81a, 
where collector, base, and emitter are labeled С, В, and Е, respectively. The 
impurity doping density in the base and the emitter of such a transistor is not 
constant but varies with distance from the top surface. However, many of the 
characteristics of such a device can be predicted by analyzing the idealized 
transistor structure shown in Figure 2.81b. In this structure, the base and emitter 
doping densities are assumed constant, and this is sometimes called a “uniform- 
base” transistor. Wherever possible in the following analyses, the equations for 
the uniform-base analysis are expressed in a form that applies also to 
nonuniform-base transistors. 


Figure 2.81 (a) Cross section of a typical npn planar bipolar transistor structure. 
(b) Idealized transistor structure. (c) Carrier concentrations along the cross 
section AA’ of the transistor in (b). Uniform doping densities are assumed. (Not 
to scale.) 
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А cross section АЛ” is taken through the device of Figure 2.81b and carrier 
concentrations along this section are plotted in Figure 2.81c. Hole concentrations 
are denoted by p and electron concentrations by n with subscripts p or n 
representing p-type or n-type regions. The n-type emitter and collector regions 
are distinguished by subscripts Е and С, respectively. The carrier concentrations 
shown in Figure 2.81c apply to a device in the forward-active region. That is, the 
base-emitter junction is forward biased and the base-collector junction is 
reverse biased. The minority-carrier concentrations in the base at the edges of 
the depletion regions can be calculated from a Boltzmann approximation to the 
Fermi—Dirac distribution function to give [17] 
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where Үр is the width of the base from the base-emitter junction depletion layer 





edge of the base—collector depletion layer edge and n, is the equilibrium 


concentration of electrons in the base. Note that Vgc is negative for an npn 
transistor in the forward-active region and thus п,(У/р) is very small. Low-level 
injection conditions are assumed in the derivation of (2.119) and (2.120). This 
means that the minority-carrier concentrations are always assumed much smaller 
than the majority-carrier concentration. 

If recombination of holes and electrons in the base is small, it can be shown 
that the minority-carrier concentration n,(x) in the base varies linearly with 
distance [18]. Thus, a straight line can be drawn joining the concentrations at x = 
0 and x = Wg in Figure 2.81c. 

For charge neutrality in the base, it is necessary that 

(2.121) МА + ny(z) = рь(2) 
and thus 

2.122) Pp\t) — np(z) = Na 
where p,(x) is the hole concentration in the base and д is the base doping 
density that is assumed constant. Equation (2.122) indicates that the hole and 
electron concentrations are separated by a constant amount and thus р,(х) also 
varies linearly with distance. 

Collector current is produced by minority-carrier electrons in the base 
diffusing in the direction of the concentration gradient and being swept across 
the collector-base depletion region by the field existing there. The diffusion 
current density due to electrons in the base is 











i. 
(2.125) 


where A is the cross-sectional area of the emitter. Substitution of (2.119) into 


(2.125) gives 
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so 


(2.128) We 
and I; is a constant to describe the transfer characteristic of the transistor in the 
forward-active region. Equation (2.128) can be expressed in terms of the base 
doping density by noting that [19] 
n? 


i 


(2.129) ^ N4 
and substitution of (2.129) in (2.128) gives 
дА ГУ, ne qA D, n? 


(2.130) ^ WsNa в 
where Ов = WBN, is the number of doping atoms, п the base per unit area of the 
emitter, and n; is the intrinsic carrier concentration in silicon. In this form (2.130) 
applies to both uniform and nonuniform base transistors and D, has been 
replaced by i», which is an average effective value of the electron diffusion 
constant in the base. This is necessary for nonuniform-base devices because the 
diffusion constant is a function of impurity concentration. Typical values of Іс as 
given by equation (2.130) are 10-14 to 10-16 А. 

Equation (2.127) gives the collector current as a function of base—emitter 
voltage. The base current / is also an important parameter and, at moderate 
current levels, consists of two major components. One of these (I5) represents 
recombination of holes and electrons in the base and is proportional to the 
minority-carrier charge Q, in the base. From Figure 2.81c, the minority-carrier 
charge in the base is 


1 
C. = —Th, ОТИ nagd 
(2.131) * 2" (0)W ва 
and we have 
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2.132 тъ 2 e. 


where t, is the minority-carrier lifetime in the base. I5, represents a flow of 
majority holes from the base lead into the base region. Substitution of (2.119) in 


(2.132) gives 


The second major component of base current is due to injection of holes from 
the base into the emitter. This current component depends on the gradient of 
minority carrier holes into the emitter and is [20] 

AD, 
H2 — I? n E (0) 

(2.134) by 


where D, is the diffusion constant for holes and L, is the diffusion length 
(assumed small) for holes in the emitter. p, (0) is the concentration of holes іп 
the emitter at the edge of the depletion region and is 
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(2.135) 
If Np is the donor atom concentration in the emitter (assumed constant) then 
2 
k: 


T T 
(2.136) ^"^? ^ Np 


The emitter is deliberated doped much more heavily than the base, making Np 
large and p,r,, small, so that the base-current component, Гр», is minimized. 
Substitution of (2.135) and (2.136) in (2.134) gives 


нен i exp— 
(2.137) ір Np Vr 
The total base current, Ip, is the sum of Ip, and Ip; 
oW | Vi 
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Although this equation was derived assuming uniform base and emitter 
doping, it gives the correct functional dependence of Ip on device parameters for 


practical double-diffused nonuniform-base devices. Second-order components of 
I5, which are important at low current levels, are considered later. 

Since Iç in (2.127) and Ip in (2.128) are both proportional to exp (Vgg/Vr) in 
this analysis, the base current can be expressed in terms of collector current as 


Гв == и 
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where |р is the forward current gain. An expression for pp can be calculated by 


substituting (2.126) and (2.138) in (2.139) to give 
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where (2.129) has been substituted for п. Equation (2.140) shows that pr is 


maximized by minimizing the base width Wp, and maximizing the ratio of 


Вр = We 


emitter to base doping densities ЛЛА. Typical values of Pp for npn transistors 


in integrated circuits are 50—500, whereas lateral pnp transistors have values 10— 
100. Finally, the emitter current is 
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The value of ар can be expressed in terms of device parameters by substituting 


(2.140) in (2.142) to obtain 
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Тһе validity of (2.143) depends on W43/(2rpD,)<1 and 
(Do! Da) (We / Lp) (NA/Np) < 1, and this is always true if Dp is large (see (2.140). 
The term y in (2.143) is called the emitter injection efficiency and is equal to the 
ratio of the electron current (npn transistor) injected into the base from the 
emitter to the total hole and electron current crossing the base—emitter junction. 
Ideally, y > 1, and this is achieved by making N,/N, large and Ур small. In that 
case, very little reverse injection occurs from base to emitter. 

The terms от іп (2.143) is called the base transport factor and represents the 
fraction of carriers injected into the base (from the emitter) that reach the 
collector. Ideally, ат — 1 and this is achieved by making Wp small. It is evident 
from the above development that fabrication changes that cause ат and y to 
approach unity also maximize the value of Dr of the transistor. 


The results derived from the above allow formulation of a large-signal model 
of the transistor suitable for bias-circuit calculations with devices in the forward- 
active region. One such circuit is shown in Figure 2.82 and consists of a base— 
emitter diode to model (2.138) and a controlled collector-current generator to 
model (2.139). Note that the collector voltage ideally has no influence on the 
collector current and the collector node acts as a high-impedance current source. 
A simpler version of this equivalent circuit, which is often useful, is shown in 
Figure 2.82b, where the input diode has been replaced by a battery with a value 
Увк(опр Which is usually 0.6-0.7 V. This represents the fact that in the forward- 


active region, the base-emitter voltage varies very little because of the steep 
slope of the exponential characteristic. In some circuits, the temperature 
coefficient of Vgg(o,; is important and a typical value for this is -2 mV/° C. The 


equivalent circuits of Figure 2.82 apply for npn transistors. For pnp devices, the 
corresponding equivalent circuits are shown in Figure 2.83. 


Figure 2.82 Large-signal models of npn transistors for use in bias calculations. 
(a) Circuit incorporating an input diode. (b) Simplified circuit with an input 
voltage source. 
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Figure 2.83 Large-signal models of pnp transistors corresponding to the circuits 
of Figure 2.82. 
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2.2.4 Improving RF Performance by Means of 
Heterostructures 


Let us recall a few equations that were defined in the previous sections. It was 
shown in (2.143) that the common-base current gain ар consists of the emitter 


efficiency y multiplied by the base transport factor ат. 


(2145) | DiE, No 
The RF performance of bipolar transistors is characterized by the cutoff 
frequencies fr and fay: 





(2.116) 
where f, is basically the inverse of the emitter, base, and collector transit times. 
The base transit time is given by 

„W 

(2.146) 2D B 

These four formulas point to a dilemma, as it is impossible to increase all 
figures of merit at a time. To begin with, high emitter efficiency is imperative, 
which means y > 1. But the only degree of freedom, if we assume that the 
crystal quality is perfect, is the ratio of base doping to emitter doping #4. We 
need the emitter doping to be much higher than base doping. Since there is a 
practical limit to doping the emitter, base doping will not be too high. 

On the other hand, we need a thin base for high speed (low ть), and a low base 





resistance r; for high (ғау. However, the resistance decreases with base doping 


and base thickness. A thin base needs to be highly doped in order to allow for 
low гу. 

These interdependence of parameters sets a natural limit for downscaling of 
BJTs and required to develop HBTs. 

In order to overcome this dilemma, an additional degree of freedom is 
required. The theory was derived already in 1957 by H. Kroemer [12], but it was 
not before the mid-1990 that the epitaxial layers could be realized in good 
quality. 


Consider an HBT where the emitter is made of a material of wider bandwidth 
than the base, for example, InGaP emitter versus GaAs base in Figure 2.84a. If 
the material system is well chosen, there will be a step in the valence band at the 
pn junction due to the hetero interface. This step prevents holes from being 
emitted from the base to the emitter, while the desired electron current is not 


affected. The valence band offset АЕ, alters the formula for the emitter 
efficiency: 


Figure 2.84 Band diagrams of HBTs. The dotted lines denote the respective 
bands without heterostructure (a) InGaP emitter, GaAs base, and collector. The 
valence-band offset at the BE interface suppresses injections of holes into the 
emitter. (b) Si emitter and collector, SiGe base with Ge content increased toward 
the collector. The Ge content lowers the conduction band compared to Si and 
supports electron injection from the emitter. The slope of the conduction band 
accelerates the electrons toward the collector. 
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(2.147) 

For a reasonably high AF,, ү # 1 is achieved independently of the doping 
levels. Now, the base can be thinned and still provide a low sheet resistance due 
to high doping. 

The same effect can be achieved with Si-based transistors, when SiGe is used 
in the base. Adding Ge to the base lowers the bandgap, and supports electron 
injection into the base, see Figure 2.84b. Another positive effect is used in some 
of the SiGe technologies. By varying the germanium content along the base, the 
conduction band gets a negative slope toward the collector. This results in an 
acceleration of electrons through a static built-in field. Since drift is much faster 
than diffusion, the base transit time is significantly reduced. For these transistors, 
the factor 2 in equation (2.146) needs to be replaced by a factor n that accounts 
for reduction of the т, due to drift current. 


= Con АЕ. 
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A further benefit of a highly doped base is that base width modulation due to 
variations of V-p—the Early effect that is explained in the following section—is 


in general negligible. 


2.2.5 Effects of Collector Voltage оп Large-Signal 
Characteristics in the Forward-Active Region of BJTs 


In the analysis of the previous section, the collector—base junction was assumed 
reverse biased and ideally had no effect on the collector currents. This is a useful 
approximation for first-order calculations, but it is not strictly true in practice. 
There are occasions where the influence of collector voltage on collector current 
is important, and this will now be investigated. 

The collector voltage has a dramatic effect on the collector current in two 
regions of device operation. These are the saturation (Vcr approaches zero) апа 
breakdown (Vcr very large) regions that will be considered later. For values of 
collector-emitter voltage Vcg between these extremes, the collector current 
increases slowly as Vcg increases. The reason for this can be seen from Figure 
2.85, which is a sketch of the minority-carrier concentration in the base of the 
transistor. Consider the effect of changes in Vcg on the carrier concentration for 
constant Vgp. Since Урр is constant, the change in Vcg equals the change in Vc, 
and this causes an increase in the collector-base depletion-layer width as shown. 


The change in the base width of the transistor, AWp,, equals the change in 
depletion-layer width and causes an increase Л/с in the collector current. 


Figure 2.85 Effect of increases in Уср on the collector depletion region and base 
width of a bipolar transistor. 


Carrier concentration 





Collector depletion i 
region widens due | 
to AM ep | 










Initial 


| 
| 
| 
| 
| 
= depletion 
region 


— e 





Emitter Collector 


From (2.127) and (2.130), we have 
т. = TAD A oep E 
(2.148) | QE Vr 
Differentiation of (2.148) yields 
Ol.  —gADan? ( | VngY 4©в 
(2.149) ӘУсв Qi — (o Ут | 
and substitution of (2.148) in (2.149) gives 
al, I, dQg 
(2.150) уск в Vor 
For а uniform-base transistor, Ов = WpN, and (2.150) becomes 
OL le dWmg 
(2.151)89Vcg Ив сЕ 
Note that since the base width decreases as Vcg increases, dWy/dVcg in 
(2.151) is negative and thus ОТ, /д Усу is positive. dWp/dVcp is a function of the 


bias value of Vcg, but the variation is typically small for a reverse-biased 
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junction and dW,/dVcpr is often assumed constant. The resulting predictions 


agree adequately with experimental results. 
Equation (2.151) shows that 01/0 Vcr is proportional to the collector-bias 


current and inversely proportional to the transistor base width. Thus, narrow- 
base transistors show a greater dependence of Ic on Vcg in the forward-active 


region. The dependence of 01/0 Vcg on Ic results in typical transistor output 


characteristics as shown in Figure 2.86. In accordance with the assumptions 
made in the foregoing analysis, these characteristics are shown for constant 
values of Урр. Extrapolation of the characteristics of Figure 2.86 back to the Vcg 


axis gives an intercept V, called the Early voltage, where 


Figure 2.86 Bipolar transistor output characteristics showing the Early voltage, 
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Substitution of (2.151) in (2.152) gives 
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which is a constant, independent of Ге. Thus, all the characteristics extrapolate to 
the same point on the Vcg axis. The variation of Ic with Vcg is called the Early 
effect and V4 is a common model parameter for circuit-analysis computer 
programs. Typical values of V4 for integrated-circuit transistors are 15—100 V. 
The inclusion of Early effect in dc bias calculations is usually limited to 
computer analysis because of the complexity introduced into the calculation. 
However, the influence of the Early effect is often dominant in small-signal 
calculations for high-gain circuits and this point will be considered later. 

Finally, the influence of the Early effect on the transistor large-signal 
characteristics in the forward-active region can be represented approximately by 


modifying (2.127) to 


PELIS (: VBE | е VE 
Jp. sm E +— a Vy 
(2.154) УА 


This is а common means of representing the device output characteristics for 
computer simulation. 





2.2.6 Effects of Collector Current and Voltage on 
Large-Signal Characteristics in the Forward-Active 
Region of HBTs 
An important issue is the bias dependence of the RF performance in HBTs. As a 
figure of merit, we will look at the transit frequency fy, in order to discuss the 
various physical effects. [т is a measure of the overall transistor behavior. It 
always corresponds to the total time delay of the transistor, and to some variation 

in HBT capacitances. 
Even at first look it becomes obvious that fy is no constant in SiGe transistors, 
see Figure 2.87. It shows a maximum at an optimum collector current Гс and 


degrades toward lower and higher currents. In order to explain this behavior, we 
will consider the main contributors to fyr, which are the base-emitter time 


constant Tpe, the base transit time ть, and the collector transit time T,: 


Figure 2.87 Transit frequency [т of an Infineon BFP650 SiGe HBT as a function 


of bias point (from the datasheet, reprinted with permission). Courtesy Infineon 
Technologies. 
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Some of the time constants depend on the emitter current I,, others on collector 
current Г... However, a good bipolar transistor provides high current gain а ғ 1. 
Therefore, we consider I, ғ І, in this section. 
The to be regarded here is the RC time constant of the base-emitter junction's 
resistance Ry, and depletion capacitance Ср. The differential resistance of 
a pn junction is inverse proportional to the diode current, and therefore РА, 
decreases with 1/7,. On the other hand, the base-emitter voltage is close to 
the diffusion voltage of the junction. The depletion capacitance Ср will be 
approximately constant. Thus, тр, х 1/I, is observed. Since Рр, is significant 
at low currents, tj, dominates fr for I, > 0. In Figure 2.87, it is shown that 
[т starts at quite low frequencies at low current, and then increases rapidly. 
There is no dependence on V,, in the low-current regime, since тр, is 
dominant. 
ть used to be the dominant time constant in old-fashioned BJTs, but HBTs 


have very thin base layers, and often even built-in drift fields. In absence of 
the two pn junctions, this time constant would define the absolute minimum 


time constant. 

Т. is dominant at higher current densities. First of all, it is observed in Figure 
2.87, that the device obviously becomes faster if higher voltages V., are 
applied. Second, there is a distinct maximum of fr increases toward higher 


currents and voltages. Responsible for this behavior is the so-called Kirk 
effect, or base push-out [13], [14]. 

Base push-out occurs if the collector is only weakly doped and collector 
current is high. Under these conditions, it is no longer possible to neglect the 
electrons travelling through the space-charge region compared to the doping. 
It is rather necessary to define an effective collector doping Хосе: 

Noe = Np- = 


(2.156) ШЕГІ 


with the collector doping Np, the collector current density J,, 


electron 
charge q, and the average electron velocity vs. Thus, even if the collector is 
n-doped, it can effectively change its doping to p-type if the current is high 
enough. As a consequence, the pn junction is shifted from the base-collector 
interface to the collector-subcollector interface. The subcollector is a highly 
n-doped semiconductor layer used to form the contact to the collector. This 
might not be an issue if the space-charge region fills the whole collector. But 


with increasing p-type Ncețp the space-charge region is reduced, and а 


neutral p-type region is formed at the base side of the collector. Concerning 
transistor operation, this effect looks like an increased base width, and it is 
therefore called base push-out. 

Base push-out reduces the base transport factor, which might be of minor 
importance for high-quality HBTs. But in any case, it significantly increases 
т, even though the effective base extends far into the collector. 


Base push-out takes place at a certain collector current, but it can be 
delayed by applying higher collector voltages, as is clearly seen in Figure 
2.87. 

The behavior of GaAs-based HBTs is at first sight similar, but differs in some 
important points, see Figure 2.88. 


Figure 2.88 Transit frequency [т of an InGaP/GaAs HBT, emitter size З х 15 


шп? as a function of bias point (courtesy Ferdinand-Braun-Institut). Parameter is 
Vor = 1.5, 2, 3, 4, 5, 6 V. 
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Obviously, in contrast to the Si HBT, the device becomes slower with 
increasing V e. Second, there seems to be a region at moderate currents, where fr 
rises more or less linearly with current. But before discussing the differences, let 
us point out what is similar to the SiGe case. First of all, it is the behavior toward 
low currents. It is dominated by тр, also for GaAs-based HBTs, even though the 
interesting part is not measured in our figure here. 

The second similarity is the region of base push-out. fr decreases beyond a 
critical current, and the effect is delayed toward higher currents at higher 
voltages. 

This leaves two major differences to be explained: Why is the GaAs-based 
HBT becoming slower at higher V.,, and why is it getting faster with increasing 
І? 

III- semiconductors do not just have a constant electron mobility and an 
electron saturation velocity. Instead, for very high fileds, the electrons are 
scattered into the Г valley. In the Г valley, the effective mass is higher, thus the 
velocity is lower. The typical velocity-field characteristic of GaAs therefore 
starts with a constant mobility; at an electric field of about E, ~ 4kV/cm, a 
maximum velocity of almost 2 x 10//cm/s is reached. The velocity decreases 
toward higher currents to about a bit more than half of the maximum velocity 
[11], [15]. 

However, collector layers are quite short, in the region of 1 um or less. 
Therefore, the electrical fields in the collector will always be beyond E,. 
Therfore, increasing V e means lowering electron velocity, and therefore 
reducing f. 


Altough it is not as pronounced, self-heating also reduces ју. It supports the 


effect observed, since the dissipated power is higher at higher supply voltages, at 
least when measuring S-parameters. 

What remains to be explained is that fr seems to increase more or less 
proportional to Г. at moderate currents. 


This region is dominated by the effect that the collector doping is compensated 
by the current according to equation (2.156), but we are still below the critical 
current. As a consequence, the space-charge region extends wider into the 
collector, and also the field profile changes. Remember that the electrons do not 
travel with constant velocity, thus the detailed investigation gets a bit involved. 

However, it turns out that the compensation of the collector charge improves 
the transistor operation by lowering т., but only until base push-out takes place. 
This effect is called velocity modulation and was derived in detail by Camnitz 
[16], [10]. 

Velocity modulation and base push-out also impact the base-collector 
capacitance Cpe. While it is reduced in the velocity modulation conditions in 
GaAs HBTs, Ср. increases rapidly at base push-out for both SiGe and GaAs 
HBTs. 


2.2.7 Saturation and Inverse Active Regions 


Saturation is a region of device operation that is usually avoided in analog 
circuits because the transistor gain is very low in this region. Saturation is much 
more commonly encountered in digital circuits, where it provides a well- 
specified output voltage that represents a logic state. 

In saturation, both emitter-base апа collector-base junctions are forward 
biased. Consequently, the collector-emitter voltage Vcg is quite small and is 
usually in the range of 0.05—0.3 V. The carrier concentrations in a saturated npn 
transistor with uniform base doping are shown in Figure 2.89. The minority- 
carrier concentration in the base of the edge of the depletion region is again 
given by (2.120) as 


Figure 2.89 Carrier concentrations in a saturated npn transistor. (Not to scale.) 


Carrier concentration 
Phy Е P | 
| 


Р(х) 


al 


>" nu. fx) 
a E P 
| =. = 
ipl) ~ 


= — шыш eS =т= — мл жа. — — 


ant 
Pak | a ме, 
| А, Есалы "paix ). “М 
27 MN a 
Emitter Base Collector 
We 
| “вс 


(2.157) | | Vi 

but since Vgc is now positive, the value of n (Wp) is no longer negligible. 
Consequently, changes in Vcg with Урр held constant (which cause equal 
changes іп Vgc) directly affect n (Wp). Since the collector current is proportional 


to the slope of the minority-carrier concentration in the base [see (2.123)], it is 
also proportional to [n,(0) — n ,(Wp)] from Figure 2.89. Thus changes іп п. (Ув) 


directly affect the collector current, and the collector node of the transistor 
appears to have a low impedance. As Vcg is decreased in saturation with Урр 


held constant, Vgc increases as does п,(У/р) from (2.157). Thus from Figure 2.89 


the collector current decreases because the slope of the carrier concentration 
decreases. This gives rise to the saturation region of the /--Үср characteristic 


shown in Figure 2.90. The slope of the 1--Уср characteristic in this region is 


largely determined by the resistance in series with the collector lead due to the 
finite resistivity of the n-type collector material. A useful model for the transistor 
in this region is shown in Figure 2.91 and consists of a fixed voltage source to 
represent Vpr(on), and a fixed voltage source to represent the collector-emitter 


voltage. Vcg. A more accurate but more complex model includes a resistor in 


series with the collector. This resistor can have a value ranging from 20 to 500 
Q, depending on the device structure. 


Figure 2.90 Typical IC-Vc characteristics for an npn bipolar transistor. Note the 
different scales for positive and negative currents and voltages. 
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Figure 2.91 Large-signal models for bipolar transistors in the saturation region. 
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An additional aspect of transistor behavior in the saturation region is apparent 
from Figure 2.89. For a given collector current, there is now a much larger 
amount of stored charge in the base than there is in the forward-active region. 
Thus the base-current contribution represented by (2.133) will be larger in 
saturation. In addition, since the collector-base junction is now forward biased, 
there is a new base current component due to injection of carriers from the base 
to the collector. These two effects result in a base current Гр in saturation, which 


is larger than in the forward-active region for a given collector current I. Ratio 
Іе/Ір in saturation is often referred to as the forced [5 and is always less than Ву. 
As the forced р is made lower with respect to Br, the device is said to be more 


heavily saturated. 

The minority-carrier concentration in saturation shown in Figure 2.89 is a 
Straight line joining the two end points assuming that recombination is small. 
This can be represented by a linear superposition of the two dotted distributions 
as shown. The justification for this is that the terminal currents depend linearly 
on the concentrations n,(0) and n,(Wp). This picture of device-carrier 
concentrations can be used to derive some general equations describing 
transistor behavior. Each of the distributions in Figure 2.89 is considered 
separately and the two contributions are combined. The emitter current that 
would result from n,,;(x) above is given by the classical diode equation 


lor =< Гре Г ВЕ L) 

(2.158) “FF ^ "55i 
where Tps is a constant that is often referred to as the “saturation current” of the 
junction (no connection with the transistor saturation described above). Equation 
(2.158) predicts that the junction current is given by Гер = Ips with a reverse- 
bias voltage applied. However, in practice, (2.158) is applicable only in the 
forward-bias region, since second-order effects dominate under reverse-bias 
conditions and typically result in a junction current several orders of magnitude 
larger than IIgs. The junction current that flows under reverse-bias conditions is 
often called the *leakage current" of the junction. 

Returning to Figure 2.89, we can describe the collector current resulting from 
пьә(х) alone as 


Vac 
fon == — fos (exp — — ) 
(2.159) Vr | 
where Ics is a constant. The total collector current Іс is given by Icp plus the 





fraction of Гер that reaches the collector (allowing for recombination and reverse 
emitter injection). Thus 


T - "M (exp VBE Е ) i In (exp Vac _ ) 
2.160 ie PES V, Co : Vr 
where ар has been defined previously by (2.143). Similarly, the total emitter 








current is composed of Гер plus the fraction of Ic that reaches the emitter with 
the transistor acting in an inverted mode. Thus 


| VBE | Vac 
Tre = — Ins | exp— —1)+aprics le Ee 
2.161 E ES (exp V. ) O RICS ( хр Vy | 


where ар is the ratio of emitter to collector current with the transistor operating 





inverted (i.e., with the collector-base junction forward biased and emitting 
carriers into the base and the emitter—base junction reverse biased and collecting 
carriers). Typical values of ар are 0.5-0.8. An inverse current gain Вр is also 
defined as 
OR 
Яв == " 

(2.162) | — Og 
and has typical values 1—5. This is the current gain of the transistor when 
operated inverted and is much lower than Әр because the device geometry апа 
doping densities are designed to maximize Ву. The inverse-active region of 
device operation occurs for Vcr negative in an npn transistor and is shown in 
Figure 2.90. In order to display these characteristics adequately in the same 
figure as the forward-active region, the negative voltage and current scales have 
been expanded. The inverse-active mode of operation is rarely encountered in 
analog circuits. 

Equations (2.160) and (2.161) describe npn transistor operation in the 
saturation region when Урр and Урс are both positive, and also in the forward- 
active and inverse-active regions. These equations are from the Ebers—Moll 
equations. In the forward-active region, they degenerate into a form similar to 
that of (2.127), (2.139), and (2.141) derived earlier. This can be shown by 
putting Урр positive and Vgc negative in (2.160) and (2.161) to obtain 


Jes L= aptas (elit -1) + 1o 
i T | 





Ip = —Ips (exp BE 

(2.164) Vr 
Equation (2.163) is similar in form to (2.127) except that leakage currents that 
were previously neglected have now been included. This minor difference is 
significant only at high temperatures or very low operating currents. Comparison 
of (2.163) with (2.127) allows us to identify I; = alps and it can be shown [21] 


in general that 
2.165) @rfes = anlcs = Is 
where this expression represents a reciprocity condition. Using (2.165) in 


(2.160) and (2.161) allows the Ebers—Moll equations to be expressed in the 
general form 
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This form is often used for computer representation of transistor large-signal 
behavior. 


The effect of leakage currents mentioned above can be further illustrated as 
follows. In the forward-active region, we have, from (2.164), 


VBE 
ВЕ _ ) = р — аңаіся 
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Substitution of (2.168) in (2.163) gives 

(2.169) /. = -arlg + Ico 
where 

(2.170) ісо = Ics (1 — акар) 

and Ico is the collector-base leakage current with the emitter open. Although 
Ісо is given theoretically by (2.170), in practice, surface leakage effects 
dominate when the collector—base junction is reverse biased and Ico is typically 


several orders of magnitude larger than the value given by (2.170). However, 
(2.169) is still valid if the appropriate measured value for Ico is used. Typical 


values of Ico are 10719 to 1071? A at 25? C, and the magnitude doubles about 


every 8? C. As a consequence, these leakage terms can become very significant 
at high temperatures. For example, consider the base current Гр. This is 


2.171 Ін = -- (Te 1. Ip) 
If I, is calculated from (2.169) and substituted in (2.171), the result is 
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But from (2.142) 
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and use of (2.173) in (2.172) gives 


B rg 
since the two terms in (2.174) have opposite signs, the effect of Ico is to 


decrease the magnitude of the external base current at a given value of collector 
current. 


2.2.8 Self-Heating 


Temperature is a dynamic parameter in any circuit, and it impacts the electrical 
performance especially for semiconductor devices. Three temperatures are 
important for circuit design: 


e То, the ambient temperature during for parameter extraction; 


e T p the ambient temperature in simulation. Could be, for example, swept 


between —40 and 120? C; 
e T; the dynamical junction temperature during operation. 


The actual temperature during operation therefore is T; = T4 + АТ), where 
AT; denotes the increase in temperature due to self-heating. 


For accurate simulation, it therefore is necessary that the transistor 
mathematics do not just calculate currents and charges as functions of voltages, 
but also as a function of temperature. The models therefore do have quite a 
number of parameters that describe how transistor performance changes with 
temperature. But that is not all, since the actual temperature depends on the 
device dissipated power and on the heatsinking measures applied. 

Fortunately, the flow of heat is described through differential equations like the 
flow of current. This allows for calculation of temperature within a circuit 
simulator without the need for a dedicated solver. The relation between 
dissipated power and temperature is given by a thermal resistance А} (іп K/W), 


and a thermal capacitance С (in J/W). The dissipated power is hence treated 
like a current, and the temperature is calculated through an equivalent voltage. 
lransistor models commonly use thermal subcircuits like the one seen in 


Figure 2.92. It consists of the equivalent current source that forces the current 
equivalent to the total dissipated power: 


Figure 2.92 Equivalent circuit of the large signal FBH-HBT model with thermal 
subcircuit. 
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The thermal time constant accounts for the fact that the temperature does not 
follow the electrical power with infinite speed. In an integrated circuit, the КС, 
time constant is typically around a microsecond. 

The thermal subcircuit provides a thermal node in this model. In the basic 
application, this node would just be shortened to ground, and the increase of 
device's junction temperature compared to the ambient temperature, AT; would 
equal the equivalent voltage across R4, and Съ. It is clearly seen that this 
subcircuit is fully separated from the rest of the circuit. 

Commonly, ће R4, Ca time constant is only used to separate dc from RF, since 
dc power heats the device, while RF power does not. Only for wideband 
applications, or for baseband applications, the real thermal frequency response 
can be interesting. In this case, detailed analysis of the thermal response is 
required, and usually multiple time constants are to be taken into account, for 
example, one for the die, another for the package, a third one for the heatsink. 

The thermal port also enables the exchange of thermal energy between 
different devices and thus can be used to determine the impact of mutual heating 
between different devices. 


Impact of Self-Heating on HBT DC Characteristics 


The output IV curves of GaAs-based HBTs look a bit different from the curves 
previously discussed for BJTs, see Figure 2.93. Instead of increasing with Ve 


due to the Early effect, these curves decrease due to self-heating. Early effect is 
not pronounced in these devices due to the high base doping, anyway. 


Figure 2.93 Output IV curves of a 3 x 30 um HBT. (Courtesy Ferdinand- 
Braun-Institut.) 
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The figure shows two measurements, one at 25? С ambient temperature and 
one at 45° C. When looking at the IV curve first, it is observed that increasing 
the ambient temperature basically reduces current gain. The negative slope of the 
curves, on the other hand, is due to self-heating, it is most pronounced in the 
region of high dissipated powers Р = Ic · Vcg. Comparing how the two types 


of heating impact device performance points to the fact that the junction 
temperature can easily reach about 100° C in power amplifiers. 

The temperature dependence of transistor model parameters are usually 
linearly approximated, since the span for which the model needs to be accurate is 
rather narrow, say, for example, —40 to 120° С ambient temperature. For diode 
currents, however, an exponential dependence of the saturation current I, needs 


to be considered: 


(2.176) 
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with the bandgap energy E,, the Boltzmann constant К, and the junction 


9? 
temperature at time of parameter extraction (the reference temperature) Ty, and 


the actual junction temperature T;. At fixed base voltage, the current increases 


with temperature. This positive feedback allows GaAs HBTs become thermally 
unstable with low-impedance base matching. In the worst case, the devices melts 
down or the current concentrates in one part of the device. The latter effect, hot- 
spot formation, is sometimes hard to be detected and suppressed, but it is of 
course a threat regarding reliability and lifetime. 


When forcing current, оп the other hand, base voltage is reduced with self- 
heating in case of HBTs. This effect is shown in Figure 2.93b. During ас 
characterization of HBTs, this Урр — Vcg plot should always be taken together 
with the 1-- Vcg plot, as it shows the temperature dependence of the base- 
emitter diode much more pronounced than the collector current alone. 

In the case of SiGe HBTs, the situation is similar but a bit relaxed. First, Si 
conducts the heat about three times better than GaAs. Second, the material 
systems offers the possibility to compensate the temperature behavior, at least to 
a certain extent. 


2.2.9 Small-Signal Models of Bipolar Transistors 


Figure 2.94 shows the small-signal equivalent BJT model. It consists of an 
intrinsic model and a package model. The model key words are listed in ‘Table 
d ls. 


Figure 2.94 Linear BJT model. 
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Table 2.12. Small-Signal BJT Model Key Words. 


Key Word Description Unit Default 


Intrinsic Model 


А Ratio of fo to fp at de 0.0 
RE Emitter resistance ohm 0.0 
Ғ Current generator roll-off frequency Hz oo 

T Time delay S 0.0 
CE Emitter capacitance farad 0.0 
CI Collector capacitance farad 0.0 
RCE Collector emitter resistance ohm oo 

RC Collector resistance ohm со 

ЕО Extrinsic base collector resistance ohm 0.0 
CO Extrinsic base collector capacitance farad 0.0 
ЕБІ Intrinsic base resistance (Rpp) ohm 0.0 
RCI Parasitic collector resistance ohm 0.0 
REI Parasitic emitter resistance ahm 0.0 
ЕВ2 Parasitic base resistance ohm 0.0 
RC2 Parasitic collector resistance ahm 0.0 
CBE Base-to-emitter package capacitance farad 0.0 
CBC Base-to-collector package capacitance farad 0.0 
CCE Collector-to-emitter package capacitance farad 0.0 
LE Base lead inductance henry 0.0 
LC Collector lead inductance henry 0.0 
LE Emitter lead inductance henry 0.0 
TJ Chip temperature К 298 
МРАС Noise factor proportional to drive 1.0 
FC Flicker noise (1/f noise) corner frequency Hz 50 

Package Mode! 

CBCP Base-to-callector package capacitance farad 0.0 
СВЕР Base-to-emitter package capacitance farad 0.0 
CCEP Collector-to-emitter package capacitance farad 0.0 
ZBT Base transmission line impedance ahm 30 

ZCT Collector transmission line impedance ahm 50 

ZET Emitter transmission line impedance ahm 50 

LBT Base transmission line length at £, = | meter ü.ü 
LCT Collector transmission line length at в, = 1 meter ü.ü 
LET Emitter transmission line length at с, = 1 meter ü.ü 


Notes: 
1. А = = h. В = de curent gain = e/(l — a). 
2. The bipolar current gain in this model is described by 
gm 
А = A(D)— ---- 
l+ Е 
where œw = 2л and f = frequency. 
. The current source is controlled by the current through A,. The current generator has a cutoff frequency with 
respect to the total emitter current, “с: 


ыг 


F = fa nC, 


where б, = |/ Re- This frequency becomes infinity for the default value for C, (0.0). The parameter F specifies 
the frequency roll-off for the current generator with respect to the current through A,. Effectively, this frequency 
parameter may be used to model additional delays in the device. 


2.3 Field-Effect Transistors 


Both diodes and pnp/npn transistors work on the injection principle, which 
means the base-emitter junction generates either free electrons or other carriers 
that are being “collected” by the collector connection and the base connection 
controls it. 

In opposition to this, the FET controls the electronic conduction in a solid by 
an electric field, and this concept actually predates the invention of the bipolar 
transistor. J. E. Lilienfeld filed for a patent on such a device in 1925 (U.S. Patent 
No. 1,745,175), and W. Shockley presented a comprehensive theory of the FET 
in 1952. It took until 1960 before the first commercially available FETs came to 
the market. 

Several types of semiconductor materials have been used for making FETs: 
silicon, germanium, gallium arsenide, gallium nitride, and other have been used. 
By far, the most widely used is silicon, followed by gallium arsenide. 

The field-effect transistor (FET) is a class of electronic semiconductor device 
in which the conduction of a “channel” between source (S) and drain (D) 
terminals is controlled by an electric field impressed upon the channel via a gate 
(G) terminal. The conduction channel may utilize n-type carriers (electrons) or 
p-type carriers (holes). The electric field that controls the channel conduction 
may be introduced via a pn junction (for a “junction” FET [JFET]), a metal plate 
separated from the semiconductor channel by an oxide dielectric (for a metal- 
oxide semiconductor [MOS] FET), or a combination of the two methods. The 
channel of heterostructure FETs (HFETs or HEMTs) consists of a quantum well 
of high conductivity and the gate voltage controls the number of available 
electrons in the channel. The polarity of the controlling electrical field is a 
function of the type of carriers in the channel. A FET “family tree” is shown in 


Figure 2.95. 
Figure 2.95 A RF-FET family tree. 
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For today's microwave and RF integrated circuits, the JFET with its high- 
frequency problems (low cutoff frequency) and large variation in parameters, 
such as transconductance and pinchoff voltage, has fallen out of favor. It has, 
however, still its place in frequency generation up to 500 MHz due to its 
unparalleled low flicker noise corner frequency. The most-used FET types are 
MOS for small-signal applications, LDMOS (lateral diffased MOS), and as an 
emerging technology, GaN HEMTs for power applications, GaAs HEMT for 
lower-power applications (low-voltage applications) as well as high-power 
applications. 

All members of the FET family are high-impedance-input devices. Figure 2.96 
shows the key parameters in operating for MOSFETs, MESFETs, and HEMTs in 
low-noise stages, high-gain stages, and linearized power stages. Тһе 
linearization also improves the matching. This figure is similar to its counterpart 
in Section 2.2.2. 


Figure 2.96 Key parameters in operating a MESFET in a low-noise front-end 
Stage, a high-gain intermediate stage, and a linear power stage, showing at (a), 
the device characteristics that lead to optimum dc bias for each service; at (b), 
the parameters that characterize the device performance; at (c), the optimum 
generator reflection coefficient that must be synthesized by each circuit; and at 
(d), circuit arrangements that reduce the transistor's input Q or stabilize it at low 
frequencies. Although this example is based on an HP MESFET with a gate 
length of 1 uim and a gate width of 500 um, this principle applies to all members 
of the FET family [22]. 61976 IEEE. 
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The following several pages present a typical example of a datasheet? for a 
JFET (U310) and the chip (NZA) on which it is based, followed by an example 
of a device with a much higher dynamic range (the CP640 family). The CP640 
family and its similars are no longer made and are being replaced by low-power 
LDMOS, which are not yet well documented. At least one company, InterFET, is 
devoted entirely to producing discrete JFETs and JFET-related hybrid and small- 
scale-integration IC products. 
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2.4 Large-Signal Behavior of JFETs 


A section view of a junction field-effect transistor (JFET) is shown in Figure 
2.97. This structure contains, between the source and the drain contacts, an n- 
type “channel” embedded in a p-type silicon substrate. If it is assumed that the 


pn junction forms a barrier to current flow, then it can be seen that channel 
conduction is a function of the channel width, length, and thickness and of the 
density and mobility of the carriers. In this structure, current can flow equally 
well in either direction through the channel; that is, the drain can be positive or 
negative with respect to the source. 


Figure 2.97 Junction field-effect transistor [24]. 


Source (S) / Drain (D) 


a 






Since we have found out that the SPICE models for JFETs are really 
incomplete and give poor answers, we will only briefly touch here on the JFET's 
performance. The modified Materka model, one of the best GaAsFET models, 
turns out to be best suited for junction FETs because both transistors act 
similarly in the dc area. Both have a gate-to-source diode that becomes 
conductive above 0.7 V at the input and they are also quite similar in other 
respects. Their equivalent circuits are also quite similar, as parameter extractions 
for both approaches have shown. 

In general, in a three-terminal device, the drain current Ip is a function of two 
variables: Vps and Vgs. This function is best represented by families of 


characteristic curves, as shown in Figure 2.98. These curves are for the 
"common source" configuration, with the drain as the output and the gate as the 
input. They reveal that for this device, if Vps is greater than about 2 V (but less 


than the drain breakdown), Ip is primarily determined by the gate voltage Ус. 


Under these conditions, it is valid for small signals to characterize the FET by a 
single transfer characteristic curve, commonly called the “forward 
transconductance curve," such as the upper curve shown in Figure 2.98b. Some 
of the relationships between the forward transfer curve and the output 
characteristic curves of Figure 2.98a will be examined. The value of Усс that 


reduces Гр to approximately zero is the gate-source cutoff voltage, Ус<(о/у- With 
reference to the output curve, Figure 2.98a, note that the drain current at Vgs = 0 


tends to become saturated at a drain voltage approximately equal in magnitude to 
—Vesiof) This drain voltage is often referred to as the pinchoff voltage Vp; 


however, in this section, pinchoff voltage is used interchangeably with gate- 
source cutoff voltage. Vp will have the same meaning as Усе(о/р- The symbol 


Гу is commonly used to indicate the value of saturated drain current at Усс = 0. 


Figure 2.98 Static characteristics of an n-channel JFET. 
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The forward transconductance characteristic of Figure 2.98b can be 
approximated by a power law relation expressed as 


Ча тг - —1 
—— = п Vas ~ Vasif 
(2.177) Ip 7" es - Vesem) 
if Vps 2 — Үс̧ѕсот: By differentiation the small-signal transconductance, gg is 
given by 


g 
(2.178) 


Some texts indicate a value of 3/2 for n; however, experimental measurements 
on a number of n-channel JFET geometries indicate that the exponent n is close 


to 2, which is the value derived in an approximate treatment by К. Р. 
Middlebrook [25]. 


A useful relationship between дро, Ipss, and Ус<(ору is derived from the ratio 


of equations (2.177) and (2.178). 


( Vas 

dds — 9450 | 5 7 ; 

(2.179) Мазон); 

At Vgs = 0, Ip = Іь and Dts = ро: Using 2 as the value of the constant n 





leads to 


For n-channel FETs, Ipss is positive and Үссеор is negative; for p-channel 
FETs Ipgs is negative and Voss is positive; thus ду, is a positive quantity for 
both p-and n-channel FETs. 

Equation (2.177) indicates that for Ves = Үс̧ѕсор Ip = 0. In a real device, this 


does not happen. Starting from zero, as the gate voltage is made more negative, 
the drain current decreases until it reaches a very low value equal to the drain- 
leakage current. At this value, the source current will consist of source-gate 
leakage. Any further increase in the magnitude of the negative gate voltage will 
result in an increase in Ip leakage. For the small-signal device illustrated, this 


minimum Tp is on the order of 2 x 10713 A. 

For some types of applications of the FET, it is helpful to understand the 
characteristics at very low values of Vps, such as those shown in Figure 2.99. A 
“very low value" is one that is small compared to the magnitude of Ves - 
Vgs(opy 1n this region, Vps is small enough to have little effect upon channel 
thickness, so that the Ip/Vps slope is nearly linear. Since the slope is a function 
of Vas, the FET can be utilized as a voltage-controlled resistor. The conductance 
slope (AIp/Vps) at Vps = 0 is approximately a linear function of Vos — Ус<(о/р; 


Figure 2.99 Enlargement of n-channel output characteristic around Vps = 0. 
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If gg, at Vgs = 0 is given the term до, then 
p JT 
Jm 


= p AA 
(2.181) l БІНЕ 
with Vps = 0. A plot of this characteristic is shown in Figure 2.100, along with 


gg, and Ip characteristics. 


Figure 2.100 JFET Ip, gg, and gas 
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The relationship between 440» Усе(о/р» and Ге is given by the equation 
1 


,FCP 


(2.182) (.// Р) 


where Ipss and Үсѕсор are as indicated in Figure 2.98. It is important to note that 


equations (2.181) and (2.182) and the да, curve of Figure 2.100 are valid only 
for the case where Vps is very small compared to Vp. Drain-source conductance 


at higher values of Vps will be discussed later. FETs designed to be used as 
voltage-controlled resistors typically have a high Үсѕсор because the Vps/(Vas — 
VGs(ofp) ratio should be low to keep distortion low. The actual large-signal JFET 


model, as used in most simulators, is shown in Figure 2.101, including a list of 
its intrinsic key words (Table 2.13). Again, we had very little luck using this 
model as published by several SPICE CAD software manufacturers as offered. 
Although we cannot judge on the quality of the parameters that came with the 
software, it was not possible to closely match even optimized sets of parameters 
to this large-signal model and obtain acceptable results. However, since the 
modified Materka model worked very well for this, we recommend not to use 
this popular JFET model at frequencies above 10 MHz. 


Figure 2.101 The nonlinear ЛЕЕТ model. Table 2.13 lists its intrinsic and 
extrinsic parameters. In our opinion, this model is limited to frequencies below 
10 MHz; above this frequency, the modified Materka model should replace it. 





Table 2.13 О Versus Bias for 0.6-pF Diode. 


Key Word 


NJE/PJE 


VTO 
BETA 
LAMB 
IS 


Description 


Channel-type selection (NJF=N-channel, РЛЕ= Р-сһаппе1) 


Threshold voltage 


Intrinsic Model 


Transconductance coefficient 


Channel-length modulation 


Gate-junction saturation current 


Gate-junction potential 


Forward-bias depletion capacitance coefficient 


#ero-bias gate-source junction capacitance 
#ero-bias gate-drain junction capacitance 


Channel transit-time delay 
Flicker noise coefficient 
Flicker notse exponent 


Flicker noise frequency shape factor 


Switch to turn device shot noise on (1) or off (0) 


Area multiplier 


Reference label to a set of noise data 


Required user-specified name up to 8 characters 


Drain ohmic resistance 
Source ohmic resistance 


Extrinsic Mode! 


Unit 


volt 
amp/volt2 
volt 

amp 

volt 


farad 
farad 


ohm 
ohm 


Default 


NJF 
-2.0 
].0e-4 
0.0 
1.Ое-14 
10 

0,5 

0.0 

0.0 

0.0 


0.0 
0.0 


2.4.1 Small-Signal Behavior of JFETs 


Figure 2.102 shows the small-signal equivalent transistor model we would 
recommend. It consists of an empirical FET model and a package model. Table 
2.14 lists its key words. Its advantage is that its built-in noise model is very 
accurate, even for JFETs and metal semiconductor FETs. 


Figure 2.102 Linear FET model. 
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Table 2.14 Capacitance Ratios (C jy/C j Vj). 


Key Word 


FCP 
Label 


Description 


Intrinsic Model 
lransconductance at ас, G (see Note 1) 
Gate-source capacitance 
3-dB roll-off frequency 
Time delay 
Drain source time delay 
Gate-source conductance 
Drain-gate capacitance 
Dipole layer capacitance 
Drain-source capacitance 
Drain-source conductance 
Channel resistance 
Gate resistance 
Drain resistance 
Source resistance 
External gate capacitance 
External drain capacitance 
Gate lead inductance 
Drain lead inductance henry 
source lead inductance henry 
External gate-drain capacitance 
Gate drain conductance 
Chip temperature 


Package Parasittcs 
Gate wirebond inductance 
Drain wirebond inductance 
source wirebond inductance 
Gate bondpad to source capacitance 
Drain bondpad to source capacitance 
Gate to source package capacitance 
Drain to source package capacitance 
Gate to drain package capacitance 
Gate transmission line impedance 
Drain transmission line impedance 
source transmission line impedance 
Gate transmission line length for at £, = 1 
Drain transmission line length for at ғ, = 1 
source transmission line length for at e, = 1 
Corner frequency of flicker (1/7) noise (See Note 2) 
shape factor of the 1/ f noise response 
User-defined term that refers to temperature coefficient 


Unit 


/ohm 
farad 
Hz 

8 

8 
/ohm 
farad 
farad 
farad 
/ohm 
ohm 
ohm 
ohm 
ohm 
farad 
farad 
henry 
0.0 
0.0 
farad 


/ohm 
К 


һепгу 
һепгу 
һепгу 
farad 
farad 
farad 
farad 
farad 
ohm 
ohm 
ohm 
meter 
meter 
meter 
hertz 


Default 


Notes: 





| 0.67) 1/3 
JS (актв ) 


1. Тһе transconductance of this model may be approximately described by If s 
where o = 2лѓ and f = frequency. 


2. The flicker noise frequency dependence is given by | /( f/ Е, )Р? 

Note 1: The transconductance of this model may be approximately described 
by 

1 

where œ = 2лѓ and f = frequency. 

Note 2: The flicker noise frequency dependence is given by 

| 

ШЕ 

Electrical noise generated within a junction FET is usually represented by 
equivalent noise sources, £, and i,. Both noise voltage Е, and noise current i, 
are frequency dependent and have the characteristics shown in Figure 2.103. 





Figure 2.103 JFET noise characteristics. 
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An equivalent noise circuit is shown in Figure 2.104. Above the frequency f, 
E,, is approximately given by 


Ey ^ (4 E 
(2.183) gfs 


where К = 1.374 х 10723 J/K, Т = absolute temperature in Kelvins (273 К = 0? 
С), В = frequency range in Hertz, and gg = transconductance of FET. 


Figure 2.104 Equivalent noise circuit of the FET. 
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With the input short circuited, the noise voltage across the load Кү resulting 
from the FET is 
(2.184)Outputnoisevoltage = & Ay 


Below the frequency |), én increases proportional to 1/f" and is expressed as 


| nas 1/2 
ы актв (987) (1+ 4) | 
(2185) | дүз f 


The low-frequency corner frequency f, for JFETs is typically in the 100 Hz to 
] kHz range, and the exponent n is usually between 1 and 2. As indicated by the 
equations, E, is inversely proportional to the square root of gp. 


The equivalent input noise current i, is caused by the current in the gate-to- 
channel junction. Its approximate value below f, is 


(2.186)in = (215 в)” 
where q = 1.602 x 1079, В = frequency range in hertz, and Iç = dc gate current. 
This expression is fairly accurate when Ic is the result of the active device 
conductance. Typically, i„ will be lower than the calculated value because part of 
Іс is due to conductance across the device package. 


At higher frequencies (above f) 


[D pd | 


| “тн. н 


where Rp = real part of gate input impedance. Ер, in terms of Y,,, can range from 


several tens of mQ (at audio frequencies) to 1 КО or less (at VHF/UHF 
frequencies). The high-frequency corner f is typically in the range of 5-50 kHz 


and more than 100 MHz for high-frequency devices. 


Another form of noise is known as “popcorn” or burst noise, the causes of 
which have not been completely identified. It shows up as a random short- 
duration step-function change in drain current, equivalent to an input gate-source 
voltage change of a few tenths of a microvolt. It is not unlike big bubbles on the 
surface of boiling water. 

As far as the noise is concerned, we can also state that the Materka built-in 
proprietary noise model is significantly more accurate than the one mentioned 
above [26—29]. This model is implemented, with minimal documentation of its 
inner workings because of its proprietary nature, in the linear portion of the 
circuit simulator in Ansoft Designer. In many cases, the manufacturer supplies 
only limited data, so it is most convenient that after SPICE-type parameter 
extraction is done by using the Scout program, one even gets good noise 
prediction for JFETs using the modified Materka model. 


2.4.2 Large-Signal Behavior of MOSFETs 


Metal-oxide-semiconductor field-effect transistors (MOSFETs) are important 
components in contemporary analog integrated circuits. While initial 
applications were centered on all-MOS processes, combined bipolar and MOS 
processes give the designer the best of both worlds. A major advantage of MOS 
processes for realizing analog functions is that complex, dense digital functions 
can be realized on the same chip. 


2.4.2.1 Transfer Characteristics of MOS Devices 


A cross section of a typical enhancement-mode n-channel MOS transistor 
(NMOS) is shown in Figure 2.105a. Heavily doped n-type source and drain 
regions are fabricated in a p-type substrate (often called the body). A thin layer 
of silicon dioxide is grown over the substrate material and a conductive gate 
material (metal or polycrystalline silicon) covers this oxide between source and 
drain. The operation of the device is very similar to that of a JFET in that the 
gate-source voltage is used to modify the conductance of the region under the 
gate. This allows the gate voltage to control the current flowing between source 
and drain, giving gain in analog circuits and switching characteristics in digital 
circuits. 


Figure 2.105 (a) Typical enhancement-mode NMOS structure. (b) 
Enhancement-mode NMOS or PMOS circuit symbol when one device type only 
is present. (Cc) NMOS and PMOS symbols used in CMOS circuits. (d) NMOS 


and PMOS symbols used when the substrate connection is nonstandard. (е) 
Depletion MOS device symbol. 
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The enhancement-mode NMOS device of Figure 2.105а shows significant 
conduction between source and drain only when an n-type channel exists under 
the gate, and this is the origin of the “ n-channel” designation. The term 
“enhancement mode" refers to the fact that no conduction occurs for Vgs = 0, 


and thus the channel must be “enhanced” to cause conduction. MOS device can 
be made equally well by using an n-type substrate with a p-type conducting 
channel. Such devices are called enhancement-mode p-channel MOS transistors 
(PMOS). In technologies employing one or the other of these device types, the 
circuit symbol of Figure 2.1055 is commonly used for either one. In 
complementary MOS technology (CMOS), both device types are present and the 
circuit symbols of Figure 2.105c is used to distinguish them. In PMOS or NMOS 
technologies, the substrate is common to all devices, invariably connected to a 
dc power supply voltage, and usually not shown on the circuit diagram. In 
CMOS technology, however, devices or one type or another are fabricated in 
individual, separate isolation regions, which may or may not be connected to a 
power supply voltage. If these isolation regions are connected to the appropriate 
power supply, the symbols of Figure 2.105c will be used and the substrate 
connection will not be shown. If the individual isolation regions are connected 
elsewhere, however, the devices will be represented by the symbols of Figure 
2.105d, where the substrate is labeled B. Finally, in NMOS technology, an 
additional device type called a “depletion-mode” device is usually available. 
This is a conducting channel implanted between the source and the drain so that 
conduction occurs for Vgs = 0. This device has characteristics that are almost 
identical to that of a JFET and will be represented by the symbol of Figure 
2.105e. 

The derivation of the transfer characteristics of the enhancement-mode NMOS 
device of Figure 2.105a begins by noting that with Vgs = 0, the source and drain 
regions are separated by back-to-back pn junctions. These junction are formed 
between the n-type source and drain regions and the p-type substrate, resulting in 
an extremely high resistance (about 1012 €2) between drain and source when the 
device is off. 

Now consider substrate, source, and grain grounded and a positive voltage Vgs 
applied to the gate as shown in Figure 2.106. The gate and substrate then form 
the plates of a capacitor with the SiO, as a dielectric. Positive charge 
accumulates on the gate and the negative charge on the substrate. Initially, the 
negative charge in the p-type substrate is manifested by creation of a depletion 


region and resulting exclusion of holes under the gate. This is shown in Figure 
2.106. The depletion-layer width X under the oxide is 


X — Ed ) 1 /т 
(2.188) \aNa 
where ф is the potential in the depletion layer at the oxide-silicon interface, N4 


atoms/cm? is the doping density (assumed constant) of the p-type substrate, and ғ 
is the permittivity of the silicon. The charge per unit area in this depletion region 
is 

(2.189)@ = 4NAX = y QN aep 


Figure 2.106 Idealized NMOS device cross section with positive Vgs applied, 


showing depletion regions and the induced channel. 
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When the potential in the silicon reaches a critical value equal to twice the 
Fermi level Pr & 0.3 V, a phenomenon known as “inversion” occurs [30]. Further 


increases in gate voltage produce no further changes in the depletion-layer width 
but instead a thin layer of electronics is induced in the depletion layer directly 
under the oxide. This produces a continuous n-type region with the source and 
drain regions and is the conducting channel between source and drain. This 
channel can then be modulated by increases or decreases in the gate voltage. In 
the presence of an inversion layer, and with no substrate bias, the depletion 
region contains a fixed charge 


(2.190) © = ү 24 Уде2фу 
If a substrate-bias voltage Усь (source positive for n-channel devices) is 
Бе Vsp p 
applied between source and substrate, the potential required to produce inversion 


becomes (2ф, + Vsg) and the charge stored in the depletion region, in general, is 


(2.191) Оһ = ү24Уле(2фу + Узв) 

The gate voltage Vgs, required to produce an inversion layer, is called the 
threshold voltage V, and can now be calculated. This voltage consists of several 
components. First, a voltage [2ф, + (Q}/Cox)] is required to sustain the depletion- 
layer charge Q,, where C,, is the gate oxide capacitance per unit area. Second, a 
work-function difference $,, exists between the gate metal and the silicon. 
Third, there is always charge density Q.. (positive) in the oxide at the silicon 
interface. This is caused by crystal discontinuities at the 51-51О- interface and 
must be compensated by a gate voltage contribution of —Q,./C,,. Thus, we have 
a threshold voltage 
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where (2.190) and (2.191) have been used and V, is the threshold voltage with 
Усв = 0. The parameter y is defined as 


l ------- 
"E —— 4A/92ge М, 
(2194) c. ^ ^ 


and 


where £x and t,x are the permittivity and thickness of the oxide, respectively. A 
typical value of y is 0.5 У! and С,, = 3.5 x 107 рЕ/рт? for t, = 0.1 um. 
In practice, the value of V, is usually adjusted in processing by implanting 


additional impurities into the channel region. Extra p-type impurities are 
implanted in the channel to make V, ғ 0.5 to 1.5 V for n-channel enhancement 


devices. By implanting n-type impurities in the channel region, a conducting 
channel can be formed, even for Усс = 0. This MOS transistor is called а 


depletion device, with typical values of V, in the range -1 to —4 V. If Q; is the 


charge density per unit area due to the implant, then the threshold voltage given 
by (2.192) is shifted by approximately Q//C,,. 


The preceding equations can now be used to calculate the large-signal 
characteristics of an NMOS transistor. For purposes of analysis, the source is 
assumed grounded and bias voltages Vgs, Vps, and Vcp are applied as shown in 


Figure 2.107. If Vgs is greater than V, a conducting channel exists and Ур; 
causes a larger reverse bias from drain to substrate than exists from source to 
substrate, and thus a wider depletion region exists at the drain. However, for 
simplicity, we assume that the voltage drop along the channel itself is small so 
that the depletion layer is constant along the channel. 

Figure 2.107 NMOS device with bias voltages applied. 
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At a distance y along the channel, the voltage with respect to the source is V(y) 
and the gate-to-channel voltage at that point is Усс — Убу). We assume that this 
voltage exceeds the threshold voltage V,, and thus the induced electron charge 
per unit area in the channel is 

(2.196) Qr(v) = CoxVas — Viy) — Vi] 

The resistance dR of a length dy of the channel is 

dfi = a 

(2.197) W us Q r(y) 
where W is the width of the device, perpendicular to the plane of Figure 2.107, 
and р, is the average electron mobility of the channel. 


The voltage drop dV along the length of the channel dy is 


dV = IndR = m. dy 
(2.198) 
If L is the total channel length, then substitution of (2.196) in (2.198) and 


integration gives 


L 
Ind 
Рр, О 
This results in 
KW 





where 
ы — Lea Cone __ Hn fox 
(2.201) ж 


Equation (2.200) is important and describes the І-У characteristics of an MOS 
transistor, assuming a continuous induced channel. A typical value of K for tox = 


0.1 um is about 20 LA/V? for an n-channel device. 

As the value of Vps is increased, the induced conducting channel narrows at 
the drain end and (2.196) indicates that Q; at the drain end approaches zero as 
Vps approaches (Усс - Vj). This results in the same pinchoff phenomenon as 
occurs іп а JFET, and further increases in Урс produce little change in Ip. 
Equation (2.200) is thus no longer valid if Vps is greater than (Vas – V). The 
value of Ip in this region is obtained by substituting Vps = (Ves — УӘ in (2.200), 
giving 

- Wey, 


(2.202) P 37 
for an MOS transistor in the pinchoff region. As in the case of a JFET, the drain 
current in the pinchoff region varies slightly as the drain voltage is varied. This 
is due to the presence of a depletion region between the physical pinchoff point 
in the channel at the drain end and the drain region itself. If this depletion-layer 
width is X4, then the effective channel length is given by 


(2.203) Ler = b — Ха 


If Loge is used in place of L in (2.202), we obtain a more accurate formula for 


the pinchoff region 
| k' W .. - 
f — — —— ү Ac VU Д 
Dp >] „т ( e { | 


(2.204) 21. 


The fact that X ; (and thus Г) are functions of the drain, source voltage results 
in a variation of Ip and Vps in the pinchoff region. Using (2.203) and (2.204), we 
obtain 


ОТ» kW y)? {әк 


— = ——_ __— [зө = 
(2.205) ӘУов 212045 H dVgs 
and thus 


Olin Ip dXe 
(2.206)9Vps ^ Lag Ф 
This equation is analogous to (2.151) for bipolar transistors. Following a 


similar procedure, a voltage analogous to the early voltage can be defined as 
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Va = = клен 
(2.207)  9Ip/8Vps 


and thus 


P 


аха N^. 
V = Lei ETIN 
For MOS transistors, the most widely used parameter for the characterization 


of output resistance is 
і 


= 
(2.209) Va 
As in the bipolar case, the large-signal properties of the transistor can be 
approximated by assuming that A and V, are constants, independent of bias 


conditions. Thus, we can formulate a better approximation to the І-У 
characteristics as 
lp = E a VY - Alps) 

(2.210 ^ 21” | i 

In practical, MOS transistors variation of Ха with voltage is complicated by the 
fact that the field distribution in the drain depletion region is not one 
dimensional. A vertical component in the field distribution is introduced by the 
potential difference between the gate and channel and the gate and drain. As a 
result, the calculation of A from the device structure is quite different [31], and it 
is usually necessary to develop effective values of A from experimental data. The 
parameter А is a linear function of effect channel length and is an increasing 
function of the doping level in the channel. Typical values of A are in the range 
0.05—0.005 V £. Note that, in the case of a JFET, the pinchoff region for MOS 
devices is often called the saturation region. 

A plot of Ip versus Vps for an NMOS transistor is shown in Figure 2.108. 


Below pinchoff, the device behaves as a nonlinear voltage-controlled resistor, 
which is often called the ohmic or triode region. Above pinchoff, the device 
approximates a voltage-controlled current source. Note that for depletion MOS 


devices, V, is negative and Ip is finite, even for Усс = 0. For PMOS devices, all 
polarities of voltage and current are reversed. 


Figure 2.108 NMOS device characteristics. 
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The results as previously derived сап Бе used to form a large-signal model of 
an MOS transistor. The model topology in the pinchoff region is the same as that 
for the JFET, but using (2.202) for the controlled-current generator. 


2.4.2.2 MOS Device Voltage Limitations 


The voltage limitations of MOS transistors depend on the gate length L. For 
small values of L (less than about 10 um), the drain-depletion region exerts an 
appreciable influence on the channel. This causes Гр to rise with increasing Vps 
in a similar fashion to the bipolar transistor curves of Figure 2.90. 

For long channel lengths, the drain-depletion region has little effect on the 
channel and the Ip-versus-Vps curves follow closely the ideal curves of Figure 
2.108. Eventually, the drain-substrate pn-junction breakdown voltage is 
exceeded and a sharp breakdown characteristic is obtained, which is similar to 
the JFET characteristic. 

In addition to Урс limitations, MOS devices must also be protected against 
excessive gate voltages. Typical gate oxides break down with about 25-50 V 
applied from gate to channel, and this process is destructive to the transistor. 


2.4.3 Small-Signal Model of the MOS Transistor in 
Saturation 


The preceding large-signal equations can now be used to derive the small-signal 
model of the MOS transistor in the saturation or pinchoff region. The important 
equations are (2.207) and (2.193). Note from (2.193) that the source-substrate 
voltage Урс affects У„ and thus Ip. This is due to the influence of the substrate 
acting as a second gate and is called body effect. As a consequence, Ip is a 
function of both Усс and Vgs, and we require two transconductance generators in 
the small-signal model as shown in Figure 2.17. Variations in the voltage Vps 
from source to body cause current gm,,,, to flow from drain to source. Note that 
the body (or substrate) of an NMOS integrated circuit is usually connected to the 
most negative supply voltage and is thus an ac ground. However, the source 
connection can have a significant ac voltage impressed upon it. Parasitic 
resistances due to the channel contact regions should be included in series with 
the source and drain of the model, but are usually neglected in hand calculations. 
These resistances have an inverse dependence on channel width W and have 
typical values of 50—100 Q for devices with W of about 1 um. 

The parameters of Figure 2.109 can be determined from (2.210) by 
differentiating. 
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Figure 2.109 Small-signal MOS transistor equivalent circuit. 





If AVps < 1, this is often pem as 
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Like the JFET and unlike the ілім transistor, the transconductance of the 


MOSFET depends on both bias current and the W/L ratio (also on the oxide 
thickness via К”). Similarly 
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(2.214) OVas 2,/207 + Мв 
where this equation defines a factor у. This parameter is equal to the rate of 
change of threshold voltage with body bias voltage. One obtains 
D 


(2.2345) с. 
where С; is the capacitance per unit area of the depletion region under the 
channel, assuming a one-sided step junction with a built-in potential Wo = 20. 


Substitution of (2.214) in (2.213) gives 


2216) . 24/26, + Ув 


Again, if AVps < 1, we have 
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An important quantity is the ratio g,,,/g,,, and from (2.211) and (2.216) we 
find 


ты _, 
(2.218)9» — 226; + Vss 


The factor y is typically in the range 0.1—0.3. 
Finally, the small-signal output resistance can be obtained directly from 


(2.205) 


қ (22. E. (44) B 
(2.219) ` \ ОЪ | In | dVps | 


and using (2.208) and (2.209), we find 

(2.220) ^ Alp dp 

Small-signal model capacitances are also shown in Figure 2.109. Of these, 
only the gate-source capacitance С. is intrinsic to the device operation in the 


saturation region. Capacitances C,, and Cy, are parasitic depletion-region 


capacitances between the substrate and the source and drain regions, 
respectively. These can be expressed as follows: 





C Jh = Oo Goo 
(2.221) X Fo i 

C = Сао SN 

as = о... 
2.22 (1+ Von.) 
(2.222) ас. 


These capacitances are proportional to the gate and source region areas 
(including sidewalls), and C;, also includes depletion-region capacitance from 
the induced channel in the body. 

Capacitance C,,, between gate and substrate models parasitic oxide capacitance 


between the gate contact material and the substrate outside the active-device 
area. This is a constant capacitance, and models coupling between polysilicon 
and metal interconnects and the underlying substrate. In fact, parasitic 
Capacitance of this type underlies all polysilicon and metal traces on the chip and 
should be taken into account when simulating and calculating high-frequency 
circuit and device performance. Typical values depend on oxide thicknesses and 
range from about 0.04 to 0.15 fF per square micrometer of interconnect, with 
fringing effects becoming important for narrow lines (several micrometers or 
less in width). 

Capacitances C,, and C, exist from gate to source and drain, respectively. If 
Со, is the oxide capacitance per unit area from gate to channel then the total 
capacitance under the gate is C,, WL. This capacitance is intrinsic to the device 


operation and models the gate control of the channel conductance. In the ohmic 
region of device operation, this capacitance is split equally between source and 
drain so that Cj, = C44 = 1/2C,,WL. However, in the saturation region, the 
channel is very narrow at the drain end and the drain voltage exerts little 
influence on either the channel or the gate charge. As a consequence, the 
intrinsic portion of C, is essentially zero in the saturation region and C, then 
consists of a constant parasitic oxide-capacitance contribution due to gate 
overlap of the drain region. This is on the order of 1719 fF for small devices. 

In order to calculate the corresponding value of C,, in the saturation region, 
we must calculate the total charge От stored in the channel. This can be obtained 


by integrating (2.196) to obtain 


L 
2.223 JT Г / C (y) | Oy 
Substituting for dy/dV from (2.198) in (2.223), we find 
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where the limit у = L corresponds to V = (Усс — V,) in saturation. Solution of 


(2.224) and use o (2.201) and (2.202) gives 


(2.228)2" = SWLO, (Ves — И) 


and thus 
сы = 222? 
(2.226) “ Ves 3 
In addition, there is a contribution to C,, from the constant parasitic oxide 
Capacitance due to gate overlap of the source region. 
The fr of the MOSFET is given by 
| l де 
(2.227) "7 7 a Op + Ca 1 Cy 
The dependence of MOSFET f on device and process parameters can be seen 
by assuming that the intrinsic device capacitance C,, dominates. Thus, from 
(2.227) we have 


| L gm 
fr m 


(2.228) . 2r Cos 
Substituting in (2.228) for gm from (2.212) and C,, from (2.226), we find for a 


MOSFET 
к= t (Узв - V) 





It is interesting to compare this with the intrinsic [т of a bipolar transistor when 


parasitic depletion-layer capacitance is neglected. From 
| 


(2.230) " dare 
and substituting for т, and using the Einstein relationship Р/р, = kT/q = V, we 
find for a bipolar transistor 


The similarity in form between (2.229) and (2.231) is striking. In both cases, 


the intrinsic device fr increases as the inverse square of the critical device 
dimension across which carriers аге in transit. The voltage Ут = 26mV is fixed 
for a bipolar transistor, but MOSFET fr can be increased by operating at high 
values of (Vas — Və. Note that the base width Wp in a bipolar transistor is a 


vertical dimension determined by diffusions or implants and can typically be 
made much smaller than the channel length L of a MOSFET, which depends on 
surface geometry and photolithographic processes. Thus, bipolar transistors 
generally have higher fr than MOSFETs made with comparable processing. 


Finally, (2.229) was derived assuming that the MOSFET square law is valid. 
However, as discussed in Section 2.4.4, submicrometer MOSFETS depart 
significantly from square-law characteristics, and we find that for such devices f; 


increases as L ! rather than 1,2. 


2.4.4 Short- Channel Effects in FETs 


The evolution of integrated-circuit processing techniques has led to continuing 
reductions in both the horizontal and vertical dimensions of the active devices 
(the minimum allowed dimension of passive devices has also increased). This 
trend is driven primarily by economics in that more devices and circuits can be 
processed at one time on a given wafer. A second benefit has been that the 
frequency capability of the active devices continues to increase, as intrinsic [т 
values increase with smaller dimensions while parasitic capacitances decrease. 

Vertical dimensions such as the base width of a bipolar transistor in production 
processes may now be on the order of 0.05 um or less, whereas horizontal 
dimensions such as bipolar emitter width or FET gate length may be in the order 
of some ten nm. Even at these very small dimensions, the large-signal and small- 
signal models of bipolar transistors given in previous sections remain valid. 
However, significant short-channel effects become important in FETs of all types 
at channel lengths on the order of 1 uim or less and require modifications to the 
FET models given previously. The primary effect is to modify the classical FET 
square-law transfer characteristic in the saturation region to make the device 
more closely approach an ideal linear transfer function. Note, however, that even 
in processes with submicrometer capability, many of the FETs in a given analog 
circuit may be deliberately chosen to be larger than the minimum size and may 
be well approximated by the square-law model. 

The most important short-channel effect in FETs is due to velocity saturation 


of carriers in the channel [32]. At low electric field values, the linear relation 
between carrier velocity and field implied by (2.197) and (2.198) is valid. At 
high fields, however, the carrier velocities approach the thermal velocities and 
subsequently the carrier velocities increase more slowly with increasing field. 
This is illustrated in Figure 2.110, which shows typical measured electron drift 
velocity va versus tangential electric field strength magnitude ғ in an NMOS 
surface channel. Note that at low field values, the velocity is proportional to the 
field, while at high fields the velocity approaches a constant value called the 
scattering-limited velocity vse. A first-order analytical approximation to this 
curve 15 
ныс 
(2.232) 4 IFE 

where ¢ = 1.5 x 109 V/m and р, S 0.07 т/У5іп the low-field mobility. Equation 
(2.232) is also plotted in Figure 2.110. From (2.232), as £ — оо, we have 
Us == д.6. At the critical field value £, the carrier velocity is a factor of 2 less 
than the low-field formula would predict. In a device with a channel length L = 
1um, we need a voltage drop of only 1.5 V along the channel to have an average 
field equal to £, and this condition is readily achieved in small MOSFETs. 
Similar results are found for PMOS devices. 


Figure 2.110 Typical measured electron drift velocity va versus tangent electric 
field £ in an MOS surface channel (solid line). Also shown (dotted line) is the 
analytical approximation of equation (1.204) with £. = 1.5 x 106 V/m and p, = 
0.07 m^?/Vs. 
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As an example of the effects of velocity saturation on FET characteristics, we 
consider the example of the MOSFET. In the analysis of “Transfer 
Characteristics of MOS Devices” in Section 2.4.2, we now use the more general 
expression 

(2.233) fp = WQrty)valu) 

Substituting (2.232) in (2.233) and using 

(2.234)/p = WO ry valy) 
for the magnitude of the field, we find that 
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(2.235) £c dy , diy 
Note that as 6, — oo and velocity saturation becomes negligible, (2.235) 


approaches the original equation (2.198). 
Integrating (2.235) along the channel, we obtain 
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and thus 
nO. И cw 
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The quantity Vps/L in (2.237) сап be interpreted as the average field in the 
channel. If this is comparable to £. the drain current for a given Vps is less than 
the simple expression (2.200) would predict. 

Equation (2.237) is valid in the triode region. The MOSFET transfer function 
in saturation can be obtained by using Vps = (Vas - Vp in (2.237) to obtain 

к! W - 
р = 3n ré(Vas V LS М) 
where # = 1/L£, and has the dimension V t. For L = 1 рт, a typical value is 0 ғ 
0.7 V 1. Note that in the presence of velocity saturation effects, the device enters 
the saturation region for Vps < (Ves — Vj). However, (2.238) still gives a good 
estimate of the saturation current. 

Thus far, we have only considered the effects of the tangential field due to the 
Vps along the channel when considering velocity saturation effects. However, 
there exists a normal field originating from the gate voltage that also inhibits 
channel carrier mobility. Since the normal field depends on the value of Vgs, we 


find that an empirical modification to 0 in (2.238) can adequately model this 


effect. In practice, @ is determined by a best fit to measured device 
characteristics. 

Returning to (2.238), we note that for very short channel lengths, 0 becomes 
large and (2.238) reduces to 

(2.239)/р x (Vas — М) 

Thus, the FET characteristics tend toward a linear transfer function as the 
channel length becomes very small (less than 1 pm). 

Equation (2.238) has a simple circuit representation. Consider the circuit of 
Figure 2.111, where an ideal square-law MOSFET has a resistance Асу in series 
with the source of the FET. Assume 


Figure 2.111 Model of velocity saturation of a MOSFET by addition of a series 
source resistance to an ideal square-law device. 


5 


and substituting (2.241) into (2.240) we find that 
200 pO М С - 
2.242 Ip = NE: —(Vas - — InRsx — Ve)? 
Rearranging (2.242), we find 
C W o. : 
Гі p = 3n Z0. г. т ---( Ра a= VW)? 
(2242) 211 +0, Rsx(Vas — V) L ` 


This has exactly the same form as (2.238) if we identify 


W 
(2.244) ^ ^ “отг вх 


Substituting # = 1/1, into (2.244), we have 
1] 1 1 
Rsx = ттт 
(2.245) Ec ШО М 
Thus, the influence of velocity saturation on the large-signal characteristics of 
a FET can be modeled to first order by a resistor Асу in series with the source of 


an ideal square-law device. Note that Асу varies inversely with W, as does the 


intrinsic physical series resistance due to source and drain contact regions. 
Typically, Rss is larger than the physical series resistance. For W = 2um, pC,, = 


The foregoing analysis has developed a modified large-signal mode for the 
MOSFET including velocity saturation effects. Small-signal MOSFET modeling 
for small devices can still be done using the equivalent circuit of Figure 2.109 if 
the values of g,, and g,,, are modified to account for the effects of velocity 
saturation using (2.238). 

Figure 2.112 shows a cross-section of VMOS (vertical MOS) and DMOS 
(double-diffused MOS) transistors. The probably most popular device of this 
family is the LDMOS (laterally diffused MOS) power transistor (Figures 2.113 
and 2.114). LDMOS FETs operate from a single supply (approximately 8 V and 
up) and are available for output powers surpassing 100 W at 2 GHz. The 
feedback capacitance is much lower than VMOS, TMOS, and earlier models, 
significantly improving circuit stability. 


Figure 2.112 Cross-section of (a) VMOS and (b) DMOS FETs. 
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(b) DMOS (double diffused MOS) 


Figure 2.113 Cross-section of a Philips (now NXP) LDMOS FET [33]. 
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2.4.5 Small-Signal Models of MOSFETs 


2.4.5.1 Subthreshold Conduction in MOSFETs 


The MOSFET analysis of Section 2.4.2 focused on the normal region of 
Operation where this is a well-defined conducting channel under the gate. 
Changes in the gate voltage are assumed to cause changes in the channel charge 
only, and not in the depletion region below. However, for gate voltages less than 
the extrapolated threshold voltage V,, the applied gate potential affects both the 


depletion region charge and the channel charge, which is then very small but not 
zero. The device can thus conduct finite (but small) current for Усс < У, so that 


(2.202) is not valid in this region. The electrons in the n* source region of an 
NMOS transistor can overcome the potential barrier to the p-type substrate and 
enter the channel region. This process is very similar to the turn-on of a bipolar 
transistor, and in fact the MOSFET characteristics in this subthreshold region 


(also called weak inversion) are very similar to those of a bipolar transistor. 
Analysis [34] shows that in the subthreshold region, MOSFET characteristics 
can be defined by the equation 


- E. QUOS In Vr ( | — e` Vpg/ VT | 
тт e L | 


where k, depends on process parameters апа п = 1.5. The value of п is not equal 


to unity in this case (as it is for the bipolar transistor) because the applied voltage 
Vcs appears partially at the silicon surface and partially across the depletion 
layer. 

To illustrate this effect, we show measured NMOS characteristics plotted on 
three different scales in Figures 2.115 —2.117. In Figure 2.115, we show the 
transfer characteristic in the forward-active region plotted on linear scales. For 
this device, W = 20um and L = 20um and short-channel effects are negligible. 
The same data is plotted in Figure 2.116 as „Tp versus Vgs. The resulting 





straight line shows that the device characteristic is close to an ideal square law. 
Plots like this are commonly used to obtain V, by extrapolation (0.7 V in this 
case) and also К from the slope of the curve (54 иА/У? in this case). Note that 
near the threshold voltage, the curve deviates from the straight line representing 
the square law. This is the subthreshold region. The data are plotted a third time 
in Figure 2.117 on log-linear scales. The straight line obtained for Ус; < V, fits 
(2.246) with n = 1.5. At currents below 107127 A, the effect of leakage currents 
becomes evident. 


Figure 2.115 Measured NMOS transfer characteristic in the forward-active 
region. 





Figure 2.116 Data from Figure 2.115 plotted as „Tp versus VGS showing the 


square-law characteristic. 
ҮТ (uA) 





Extrapolated V, = 0.7 V 


Figure 2.117 Data from Figure 2.115 plotted on log-linear scales showing the 
exponential characteristic of the subthreshold region. 
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The major application of subthreshold operation is in very low power 
applications at relatively low signal frequencies. The limitation to low signal 
frequencies occurs because the MOSFET fr becomes very small. Since the 


device capacitances at very low bias currents are essentially fixed, and the small- 
signal g, calculated from (2.246) becomes proportional to Ip, we see that the 


value of fr becomes very small at very low values of Ip. 


2.4.5.2 Substrate Flow in MOSFETs 


As the reverse-bias voltages on the device are increased, Carriers traversing the 
depletion regions gain sufficient energy to create new hole-electron pairs in 
lattice collisions by a process known as impact ionization. Eventually, at high 
enough bias voltages, the process results in large avalanche currents. For 
collector—base bias voltages well below the breakdown value, a small enhanced 
current flow may occur across the collector—base junction due to this process 
with little apparent effect on the device characteristics. 

Impact ionization also occurs in MOSFETs but has a significantly different 
effect on the device characteristics. This is because the channel electrons (for the 
case of NMOS) create hole-electron pairs in lattice collisions in the drain 
depletion region, and some of the resulting holes then flow to the substrate, 
creating a substrate current. (The electrons created in the process flow out the 
drain terminal.) The carriers created by impact ionization are thus not confined 
within the device as they are in a bipolar transistor. The effect of this 


phenomenon can be modeled by inclusion of a controlled current generator Ipg 


from drain to substrate, as shown in Figure 2.118 for an NMOS device. The 
magnitude of this substrate current depends on the voltage across the drain 
depletion region (which determines the energy of the ionizing channel electrons) 
and also on the drain current (which is the rate at which channel electrons enter 
the depletion region). It has been found empirically [35] that the current Ipp can 


be expressed as 
(2.247) ipe = Ay | Vos — Vos sat tpe ta (Ура ~ Уре am 
where К; апа K, are process-dependent parameters апа Vps sat is the value of 


у 


Vps where the drain characteristics enter the saturation region. Typical values for 
NMOS devices аге К, = БУ”! and К, = 30V. The effect is generally much less 


significant in PMOS devices because the holes carrying the charge in the 
channel are much less efficient in creating hole-electron pairs than are energetic 
electrons. 


Figure 2.118 Representation of impact ionization in a MOSFET by a drain- 
substrate current generator. 








The major impact of this phenomenon on circuit performance is that a parasitic 
resistance from drain to substrate now exists. Since the substrate of an NMOS 
device in a p-substrate process is an ac ground (the common substrate terminal 
must always be connected to the most negatives supply voltage in the circuit), 
the parasitic resistance shunts the drain to ground and can be a limiting factor in 
many circuit designs. Differentiating (2.247), we find for the drain-substrate 
small-signal conductance 
Opp 





(2.248) 7 (Ирв m Vps sat )^ 
Its main advantage is the BiCMOS process, which allows the mixing of analog 


and digital circuits nicely. Heterojunction transistors, such as SiGe, are 
inherently much more linear and, for the same performance, require less current 
than MOS technology. 

In the following pages, we reproduce the datasheet for the Infineon BF999 
single-gate MOSFET.* Above 500 MHz, a dual-gate (also referred to as tetrode) 
MOSFET, such as the BF998, is preferred over a single-gate device. The main 
reasons for this are the following. 

1. Internally, it is equivalent to two single-gate devices connected in a 
cascode arrangement, with the output device operating in the grounded-gate 
configuration, which entirely avoids the Miller effect and therefore remains 
stable at higher frequencies, operating up to 1.2 GHz. 

2. The second gate can be used for AGC. As the Gate 2 voltage changes, the 
gain varies heavily. 

3. By applying a local oscillator signal to Gate 2, this configuration can be 
used as a mixer. 

The major drawbacks of these devices are their wide tolerances and 
temperature sensitivity. They follow to some degree the CMOS design, but seem 
to have better performance. 

To demonstrate the capabilities of LDMOS power transistors, we show the 
PTFA211801E datasheet. This device is intended for CDMA base-station power 
amplification and delivers up to 180 W. These transistors are key components for 
high-power amplification for mobile communications. Besides its low feedback 
Capacitance, the LDMOS features higher breakdown. However, these devices 
have an extremely large total gate width in order to be able to provide the 
required currents. This results in large output capacitances and low output 
impedances (around 1 ©) at microwave frequencies. Such transistors are only 
useful if the first matching stage is already at the chip inside the package, a 
technique that is called prematching. Due to prematching, power LDMOS 
transistors are commonly designed for specificly defined frequency bands, for 
example, 2110—2170 MHz in case of the PTFA211801E. 


Source: Courtesy Infineon Technologies. 
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Parameter 
Drain-source voltage 
Continuous drain current 


Gate-source peak current 








Total power dissipation 
Ta = 76 °С 
Storage temperature 


Channel temperature 


Thermal Resistance 
Parameter 


Channel - soldering point2! | 


!Pb-containing package тау be available upon special request 
“For calculation of Аң уд please refer to Application Note Thermal Resistance 
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Electrical Characteristics at Га = 25°C, unless otherwise specified 
Parameter Symbol 





DC Characteristics 


Drain-source breakdown voltage ViBR)DS 20 V 
Ip = 10 pA, “Vas = 43у 
Gate-source breakdown voltage tVigR)Gss | 8.5 


t igs = 10 mA, Vos = 0 
Gate-source leakage current tisss 
t Vee 75V, Vos = 0 


Drain current loss 
Vps = 10 V, Ves = 0 


Gate-source pinch-off voltage -Vesip) 
Vos = 10 V, ip = 20 pA 


Electrical Characteristics at 74 = 25°C, unless otherwise specified 


AC Characteristics 
Forward transconductance | 14 
Vos = 10 V, fp = 10 mA | 
Gate input capacitance 

Vos = 10 V, Ip = 10 mA, f= 10 MHz 
Output capacitance 

Vps = 10 V, Ip = 10 mA, f= 10 MHz 





Power gain G, 27 dB 
Vos = 10 V, Ip = 10 mA, f= 45 MHz 
Noise figure F 21 dB 


D 
gn 
ut 


Vos = 10 V, Ip = 10 mA, f 45 MHz 
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Gate transconductance gi = (Vas) Drain current /5 = (V) 
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Infineon PTFA211801E 
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Thermally-Enhanced High Power RF LDMOS FET 
180 W, 2110 – 2170 MHz 


Description 


The PTFA211801E is a thermally-enhanced, 180-watt, internally  PTFA211801E 
matched LDMOS FET intended for WCDMA applications. ІІ i$ Package H-36260-2 
characaterized for single- and two-carrier WCDMA operation from 

2110 to 2170 MHz. Manufactured with Infineon's advanced LDMOS 

process, this device provides excellent thermal performance and 

superior reliability. 





Features 
Two-carrier WCDMA Drive-up | Е | 
Vas = 28 М, lng = 1.2 А, f = 2140 MHz, · Broadband internal matching 


ЗӘРР WCDMA signal, PAR = В dB, * Typical twa-carrier WCDMA performance at 2140 
10 MHz carrier spacing MHz, 28 V 
- Average output power = 45.5 dBm 
- Linear Gain = 15.5 dB 
- Efficiency = 27.5% 
- Intermodulation distortion 2 —38 dBc 
- Adjacent channel power = —41 dBc 
Typical CW performance, 2170 MHz, 30 V 
- Output power at P4qg = 180 W 
- Efficiency = 52% 
= Integrated ESD protection 
* Excellent thermal stability, low HCI drift 
* Capable of handling 10:1 VSWR @ 2B V, 
150 W (CW) output power 
Pb-free and RoHS-compliant 


IM3 (dBc), ACPR (dBc) 
Drain Efficiency (%) 


Average Output Power (dBm) 





RF Characteristics 


WCDMA Measurements (tested in Infineon test fixture) 
Мор = 28 V, Ipo = 1.2 А, Pout = 35 W average, Ң = 2135 MHz, fo = 2145 MHz, 3GPP signal, channel bandwidth = 3.84 MHz, 
peak/average = 8 dB @ 0.01% CCDF 


Characteristic Symbol Min Typ Max Unit 
Gain Gps 14.5 15.5 = ав 
Drain Efficiency nD 26 27.5 = % 
intermodulation Distortion IMD = -36 —34 dBc 


All published data at Tease = 25°C unless olherwise indicated 
ESD: Electrostatic discharge sensitive davica—observe handling precautions! 
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Infineon PTFA211801E 


RF Characteristics (cant) 


CW Measurements (tested in Infineon test fixture) 
Мор = 28 V, lpg = 1.2 A, Pout = 150 W average, f = 2170 MHz 


Characteristic Symbol Min Typ Max Unit 


Gain Compression сог 0.5 1.0 ав 


Two-tone Measurements (not subject to production test — verified by design/characterization in Infineon test fixture) 
Мор = 28 V, Ipo = 1.2 A, Pout = 140 W PEP, f = 2140 MHz, tone spacing = 1 MHz 


Characteristic Symbol Min Typ Max Unit 
Gain Gos = 15.5 - ав 
Drain Efficiency nD — 38.5 = 9% 
intermodulation Distortion IMD = =28 dBe 
DC Characteristics 

Characteristic Conditions Symbol Min Typ Max Unit 
Drain-Source Breakdown Voltage Ves = 0 V, Ips = 10 mA ViBRIDSS 65 — — V 
Drain Leakage Current Vos = 28 V, Veg = OV Inss = = 1.0 НА 
Drain Leakage Current Vos = 53 V, Vas z0V Ipss == == 10.0 pA 
On-State Hesistance Vas = 10 V, Vps = 0.1V Нрх5{оп) == 0.05 == 

Operating Gate Voltage Vps = 2B V, Ipo = 1.2 А Vas 2.0 2.5 3.0 v 
Gate Leakage Current Vas = 10 V, Vna =0 v lass = == 1.0 ША 


Maximum Ratings 


Parameter Symbol Value Unit 
Drain-Source Voltage Voss B5 V 
Gate-Source Voltage Vas -0.5 to +12 V 
Junction Temperature Ty 200 ч 
Storage Temperature Range Тете —40 to +150 "C 
Thermal Resistance (Tcase = 70°С, 150 WCW) Нас 0.31 "CAN 
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In fineon PTFA211801E 
Ordering Information 
Type and Version Package Outline Package Description Shipping 
PTFA211801E V5 H-36260-2 Thermally-enhanced slotted flange, single-ended Tray 
PTFA211801E V5 R250 Н-36250-2 Thermally-enhanced slotted flange, single-ended Tape & Reel 


Typical Performance (data taken in a production test fixture) 







Two-carrier WCDMA at Various Biases Broadband Performance | 
Vba = 28 V, f= 2140 MHz, 3GPP WCDMA signal, Мас * 25 V, ba = TZA, Pour = AED gim CNN 
PAR = B dB, 10 MHz carrier spacing, series show |р; 


-30 
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5 5 УТ z 5 
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e 50 | Е 35 а 
m L— 
e 
-56 


ята 2000 2110 2130 215) 2170 2180 2210 
Output Power, Avg. (dBm) Frequency (MHz) 
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Typical Performance (cont) 


Power Sweep, CW Conditions Power Sweep, CW Conditions 
Veo = 28 V, bg = 1.2 A, f = 2170 MHz Von = 30 V, I, = 12 A, f = 2170 MHz 
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Intermodulation Distortion Products Two-tone Drive-up 
ұз. Tone Spacing Veo = 2B V, Ing = 1.2 A, 
Voo = 28 V lpo m 1,2 A, f= 2140 MHz, f = 2140 MHz, tone spacing = 1 MHz 


Paur = 51 dBm РЕР 
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Typical Performance (cont) 


Single-carrier WCDMA Drive-up Voltage Sweep 
Voo = 28 V, lg = 1.2 A, f = 2140 MHz, қ n | А 

3GPP WCDMA signal, TM1 w/18 DPCH, 87% loa = 1.2 A, f= 2140 MHz, Pour = 51 dBm PEP, 
clipping, PAR = 8.5 dB, 3.84 MHz BW tone spacing = 1 MHz 
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Reference Circuit 


























Reference circuit schematic for f = 2140 MHz 


Electrical Characteristics at 2140 MHz 


Transmission | Electrical Dimensions: L x W (mm) Dimensions: L x W (in.) 
Line Characteristics 
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Reference Circuit (cont) 
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Reference circuit assembly diagram (not to scale)" 


Circuit Assembly Information 





Component 
C1, C2, C3 


СА 
C5, C6 
Ст 


C8, C12, C16 


C9 
C10, G21 
C11 

C13, Gif 
C14, C18 
C15, C18 


AS, НӘ 


Вб, R7, RB 


PTFA2Z11B801E LDMOS Transistor 


0.76 mm [.020"] thick, Ег = 4.5 


Rogers ТММ4 


[eemnes — [28 — — — —À] 
Coram capcte ов Гао 


| Ceramic capacitor. 1.5 pF 


пїгеоп Technologies | 


chip ree: sika [эу J 


* Gerber Files for this тай асаана 
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Package Outline Specifications 
Package H-36260-2 
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Diagram Notes—unless otherwise specified: 
1. Interpret dimensions and tolerances per ASME Y14,5M-1994 
>. Primary dimensions аге mm, Alternate dimensions are inches. 
All tolerances + 0.127 [.005] unless specified otherwise, 
Pins: D = drain, S = source, G = gate. 
Lead thickness: 0.10 +0.051/40.025 [004 4.002/—.001]. 
Gold plating thickness: 1.14 + 0.38 micron [45 + 15 microinch] 





Find the latest and most complete information about products and packaging al the Infineon Internet page 
http://www. infineon.com/ ipower 
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2.4.6 III-V MESFETs апа HEMTs 


2.4.6.1 Introduction 


For RF applications, more than 20 years ago, the ЛЕЕТ was the dominant FET. 
As mentioned earlier, its major disadvantage is the fact that the fr cutoff 
frequency, defined as 
(2.249) fr = 9m/27Ces 

limits the operating range of this semiconductor device to 1 GHz at most. Also, 
the JFET's temperature sensitivity and loose tolerances in transconductance and 
other RF-related values made it difficult to use. Finally, no RFICs made use of 
this technology. While at this moment silicon-based MOS technology probably 
is the most cost effective and produced in largest quantities, it does not rival the 
metal-semiconductor FET designed on GaAs technology. Figure 2.119 shows the 
structure of the silicon MOSFET, silicon JFET, and the GaAs MESFET. 


Figure 2.119 This picture is provided to differentiate between the structure of 
the three technologies. (a) (JFET) and (b) (MOSFET) are based on silicon, and 
(c), the GaAsFET, on semiinsulating GaAs. While the MOS transistor has silicon 
dioxide (51O;) as gate insulation, both the JFET and GaAs MESFET have а 


diode from gate to source, with a barrier voltage of 0.65 V for silicon and 0.8 V 
for GaAs. 





77" SiO, 
> 277 2- Depletion region | | Channel 
p-Si n-Channel (inversion) semi-insulating GaAs 
(b I (с) L 


2.4.6.2 HEMTS 


The best performance in terms of cutoff frequencies and white noise is achieved 
today by heterojuction FETs. The channels of these transistors is a two- 
dimensional electron gas at a hetero interface, which allows much migher 
electron velocities. The devices are therefore called high electron mobility 
transistors (HEMTs). 


The basic principle of an HEMT can be explained regarding the band diagram 
shown in Figure 2.120. A material with a wider bandgap (e.g., AlGaAs) is grown 
on a II-V compound semiconductor (e.g., GaAs). A step in the conduction and 
valence bands will be present at the heterointerface. If the wider bandgap 
material now is n-doped, it will not take long until the electrons fall down the 
step—but are confined there directly at the interface due to the electric field from 
the donors. As a result, the bands bow as shown in the figure; and directly at the 
interface, a spike in the conduction band reaches below the fermi level. Inside 
this narrow spike, we find the two-dimensional electron gas. 


Figure 2.120 Band diagram of a HEMT structure. 
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Transistor operation is achieved by applying a gate voltage vertically to this 
structure, which controls how deep the spike is. In the figure, the gate contact 
would be on the left-hand side. 

Commonly, HEMTs аге normally-on and negative gate voltages are required to 
pinch them off. There are, however, special HEMT structures that are normally- 
off. 

The performance of the HEMT is therefore mainly determined by the 
properties of the two-dimensional electron gas. In order to prevent the electrons 
from being scattered at the doping atoms, the first layer of wider-bandgap 
material will be undoped. It serves as a spacer. For better performance, it is 
desirable to replace the GaAs channel by InP, but without switching to the more 
expensive wafers. Simply growing InP crystals on GaAs substrates, on the other 
hand, is not easily possible since the lattice constants are too different. The 
solution are today's pseudomorphic НЕМ15 (pHEMTSs) and metamorphic 
HEMTs (mHEMTs) that rely on extremely thin layers of strained InP. 

The most popular HEMTS are the GaAs ones; InP-based HEMTs are rather 


used for highest performance at highest frequencies. For highest power, GaN 
devices are the devices of choice. Since GaN crystals are not available, it is 
required to grow the whole transistor layer stack on a suitable wafer. GaN on Si 
promises to be cheaper, but it is also technologically even more challenging due 
to the difference in lattice constants. Thermal conduction is also not too high. 
GaN on SiC offers best performance and thermal management. 

Luckily, HEMTs outperform MESFETs, but they generally do not require a 
completely new model for circuit design. The typical small-signal and large- 
signal behavior of HEMTs and MESFETs is quite similar, and the same 
equivalent circuits and parameter extraction approaches are used. Although 
today, dedicated HEMT models are available, these should also fit MESFET 
devices with reasonable accuracy. 


2.4.6.3 Large-Signal Behavior of MESFETs and HEMTs 


The mathematics for the large-signal behavior of the GaAsFET is basically quite 
similar to that for the JEET; however, the computation of ЛЕЕТ channel current, 
diode currents, and capacitance are much simpler than necessary for the 
GaAsFET. Temperature effects are embedded in all the equations for all the 
transistors mentioned so far. A rather high number of models is available for 
MESFET and HEMT devices; these were developed over the past almost 40 
years. Over the years, complexity and accuracy increased, of course. Early 
models such as the famous Curtice—Ettenberg cubic model required to anticipate 
the limited computer ressurces available at these times. Just to give one example, 
IV curves needed to be approximated by a power series up to the cubic term. 
Today, a tangens hyperbolicus function is used since, besides other advantages, it 
is defined and behaves well for all arguments. The additional load for the 
computation is today not even noticed. Modern transistor models also 
incorporate sophisticated models for the bias-dependent capacitances where the 
conservation of energy and charge is an issue. Last but not least, it is to mention 
that the dynamical self-heating is extremely important in many applications. 

The ІП-У FET models that are mostly in use, among the latest generation 
models, are the EEHEMT and Chalmers (Angelov) models. As mentioned, these 
might be much more complex than their predecessors, and it is left to the 
designer or device modeling engineer to choose the optimum complexity-to- 
accuracy ratio. For example, we cose to provide the description of the Materka 
model since its mathematics is much less involved and therefore easier to 
understand than for the most advanced model. In many cases, it can still be the 


model of choice. 
The following models are usually available in commercial circuit simulators. 


Curtice—Ettenberg cubic 

‘Tajima 

Modified Materka—Kacprzak 

Raytheon (Statz) 

TOM (TriQuint's Own Model, in different versions) 
Root 

EEHEMT 

Chalmers (Angelov) 


However, when switching between different circuit simulators, it is necessary 
to take into consideration that there is no standardizing process in the GaAs 
world as it happens for silicon transistors. Models for silicon transistors need to 
be approved by the Compact Modeling Council, which requires publication of 
the model code before any major company agrees to provide model parameters 
or to incorporate the model into their simulation software. The GaAs world is 
smaller and less regulated. The philosophy and some of the math behind these 
models are usually published in scientific papers, but it is more or less left to the 
software companies how they turn a scientific publication into code. This results 
in slight different implementations and can lead to different model behavior for 
different tools. 

The main advantages of GaAsFET technology derive from the fact that it uses 
a metal-semiconductor junction with a barrier voltage of 0.8 V, its input 
Capacitance is typically less than 0.2 pF, and the reverse feedback capacitance is 
less than 0.02 pF, or roughly 10% of the input capacitance. As a result of this, 
тах 1S approximately five times higher than fr. Table 2.15 shows a comparison 


of silicon BJT and GaAsFET technologies. While fmax for the bipolar transistor 
15 





(2.250) | 


Table 2.15 Comparative Tuning Diodes. 





51 Bipolar SiGe HBT GaAs FET 


Тт 25 GHz 100 GHz 22 GHz 
так 40 GHz 200 СН? 110 GHz 
Features Low cost, low 1/f noise Low 1/7 noise, very low Highest flexibility, lowest 
(5 kHz) distortion, high cost, N Fo, well established. 
IC only 


the [мах determination for the GaAsFET is given by 





А = A 
(2251) | атк Ric 
As a sample calculation 
2.252" = а = 110 GHz 
The three major drawbacks of ће GaAsFET аге the following. 
1. Much higher flicker comer frequency (somewhere between 10 and 100 
MHz), probably due to a lack of a surface passivation. 
2. Much higher output conductance. This tends to load down any circuit 
connected to the drain. On the other hand, since the transconductance is 
quite high for even low currents, these devices have very high gains at low 
frequencies, which can make them quite unstable. In the saturated mode, it is 
not uncommon to find а drain-source resistance of 100—500 Q, while BJTs 
and JFETs offer values of several kilohms and higher. 
3. Because of the very high flicker corner frequency (from 10 to 100 MHz), 
MESFETs are really not useful for low-noise mixers and oscillators, and 
unless there are no devices available in the frequency range above 30 GHz, 
they should be avoided for these applications. 
As to the MESFET's construction and dc properties, Figure 2.121 shows а 
MESFET'Ss cross-section and dc І-У characteristics. 


Figure 2.121 (a) Cross-section and bias circuit and (b) dc J-V curve, including 
ac load line, for a MESFET. 
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It was outlined in the beginning that while the GaAsFET is a close relative to 
the JFET and MOSFET, its actual behavior was found to be best described by a 
set of analytic equations. The first such model was the one by Curtice in the 
form of quadratic and cubic models, but it does not have enough derivatives to 
give enough insight into subtle things such as third and higher-order 
intermodulation distortion and accurate harmonic generation. Other researchers 
have addressed various areas, but we still find that the Materka model has the 
best approximation, especially using the two-transistor approach outlined later 
[35], [36]. The large-signal topology for all FETs consists of an intrinsic model 
with some extrinsic parameters, further complicated by the package, as shown 
by Figures 2.122 and 2.123. Table 2.16 lists their key words. The actual intrinsic 
model and its parameter definition depends on the particular model and since 
designs using GaAsFET will always be done using CAD tools, we will not go 
into any detail of the equations but will list them. They are not dissimilar from 
the JFET and MOSFET equations. 


Figure 2.122 MESFET extrinsic model. 






| | Ldb ба Le 
Go T 2 аи —]—о D 
IET a m TAL. —' 
5; | 
gsb Cast; 
Coen Lab Сар 
TRL | бы La 
5 W 
Figure 2.123 MESFET package model. 
0, 
ІІ 
Саре V 
13 
D 
_ Ба На g |имтімеіс| Coso = | 
я ae d NA FET = Cos CDE 
G; Нрар 
5 
> Hs 
Са 
Ms 
S 


Table 2.16 The Modified Materka-Kacprzak Model: Extrinsic Key Words. 


Key Word Description Unit Default 
RG Gate bulk and ohmic resistance ohm 0.0 
RD Drain bulk and ohmic resistance ohm 0.0 
RS Source bulk апа ohmic resistance ohm 0.0 
LG Gate lead inductance (metallization) henry 0.0 
LD Drain lead inductance (metallization) henry 0.0 
LS Source lead inductance (via) henry 0.0 
CDS Drain-source capacitance farad 0.0 
CDSD Low frequency trapping capacitor farad 0.0 
RDSD Channel trapping resistance ohm со 
CGE Gate-source electrode capacitance farad 0.0 
CDE Drain-source electrode capacitance farad 0.0 
CGDE Gate-drain electrode capacitance farad 0.0 
LGB Gate wirebond inductance henry 0.0 
LDB Drain wirebond inductance henry 0.0 
LSB Source wirebond inductance henry 0.0 
CGSB Gate bondpad to source capacitance farad 0.0 
CDSB Drain bondpad to source capacitance farad 0.0 
CGSP Gate to source package capacitance farad 0.0 
CDSP Drain to source package capacitance farad 0.0 
CGDP Gate to drain package capacitance farad 0.0 
AGT Gate transmission line impedance ohm 50 
ZDT Drain transmission line impedance ohm 50 
ZST Source transmission line impedance ohm 50 
LGT Gate transmission line length for £, = 1 meter 0.0 
LDT Drain transmission line length for е, = 1 meter 0.0 
LST Source transmission line length for ғ, = 1 meter 0.0 


2.4.6.4 The Modified Materka—Kacprzak Model 


Figure 2.124 shows the intrinsic model of the Materka FET. Table 2.17 lists its 
key words. 


Figure 2.124 Intrinsic model of the modified Materka—Kacprzak MESFET. 





Table 2.17 The Modified Materka—Kacprzak Model: Key Words. 


ді 


Key Word 


AREA 
KFN 
AF 
FCP 


CIO 
КІ 
MGS 
CIS 
CFO 
KF 
MGD 
FCC 


Description 


Area, Noise, and Name Key Words 
Area multiplier 
Flicker noise coefficient (Materka model only)" 
Flicker noise exponent 
Flicker noise frequency shape factor 


Channel Current Model Key Words 
Drain saturation current for Ves = 0 
Pinch-off voltage for Vps = 0 
Voltage slope parameter of pinch-off voltage 
Constant part of power law parameter 
Dependence of power law on Ves 
Slope of the Уса = 0 drain characteristic in the linear region 
Drain dependence on Vas in the linear region 
Slope of the drain characteristic in the saturated region 
Channel transit-time delay 
Diode saturation current 
Slope factor of forward diode current 
Breakdown saturation current 
Slope factor of breakdown current 
Breakdown voltage 
Breakdown conductance 
Fitting parameter 
Fitting parameter 
Fitting parameter 
Intrinsic channel resistance for Vgs = 0 
Slope factor of intrinsic channel resistance 


Materka Capacitance Model Key Words 
Gate-source Schottky barrier capacitance for Vos = 0 
Slope parameter of gate-source capacitance 
Gate—source grading coefficient 
Constant parasitic component of gate-source capacitance 
Gate-drain feedback capacitance for Vgp = 0 
Slope parameter of gate-drain feedback capacitance 
Gate-drain grading coefficient 
Forward-bias depletion capacitance coefficient 


Unit 


ampere 
volt 
/volt 


мон 
amp/volt 
/volt 
amp/volt 
5 

атреге 
/val 

amp 
мо 

volt 
amp/volt 
/volt 

volt 

volt? 
ohm 
/volt 


farad 
/volt 


farad 
farad 
/valt 


Default 


1.0 
0 

1.0 
1.0 


Ho ое 


= 


o 


0.0 
1.25 
0.5 
0.0 
0.0 
1.25 
0.5 
0,8 


"The flicker noise parameter of the Materka model is КЕМ so as not to conflict with the KF parameter in the 
capacitance model. 


Large-Signal Equations 


Device equations 


Vi = Intrinsic gate-source voltage 
Vasi = Intrinsic drain-source voltage 
V, = Voltage across Ссс апа R; 
Ура = Intrinsic gate-drain voltage 
Үт = kTJ/q (thermal voltage) 


К = Boltzmann's constant 
q — Electron charge 


T; - Analysis temperature (Kelvins) 


Channel Current 





2 "Mes E--KEV,(t—T)) 
-SS Vasi \ | Мав Т) | 
| IDSS / 1 VPO + GAMA Va 

SL Vasi | 


ed | IDSS(1 - КӨУ, (Е T) / 


Diode 
ІВбехр (—AFAB (У.а + VBC)) 
SMAS (tan h (КІР (У; — K2D)) — 1) 
аш lgd — 4 а 
X (а + VBC — V ( Vedi + VBC) + кэр) 
where 


Teac = IGO (exp (AFAG Vegi) — 1) 
Channel Resistance 
R10 (1 — ККУ.) KR Vasi < 1.0 
0 ККУ, > 1.0 


P 


Capacitance Model 


ҒІР2 








Cys = CGS0— —  — + CGDOF3 
ү! ув 

ба чыш ү 
Ү! уві 


l i Va — VT \ 
where Fl = = 1 + t ERL——————— 
2 М (Ver — VI)" + 2? 


ы | / (Уы = Кы + (1/ALFA/ / 
F3 = l | АК Vadi 

| V (V. ү di ) + (1 /ALFA). 
‚ fA А1<УМАХ 
Vnew = УМАХ A1 > ens 


Al= 5 (Ves To VE ea Сано ME E ғ) 


Vor E = (Ves a Vedi + V (Ұры __ Vadi) + (1/ALFA)?) 


VI = VPO + GAMA Vi 
ё = 0.2 
Some of the modifications to ће Materka model have been done by Ansoft 
under various Department of Defense contracts, and by Raytheon and Texas 
Instruments under similar contracts, with Ansoft being a subcontractor. 
The most relevant equation is really the channel current. Its derivatives are 
largely responsible for the accuracy of the intermodulation distortion, power- 
added efficiency, and, of course, its dc I-V curves. 


2.4.6.5 Enhancement/Depletion FETs 


To make the designer's life more difficult, it turns out that there аге two types of 
(таА5ЕЕ Ís. 
1. Depletion FETs (DFETS). Most similar to the JFET; here Ус must be 


negative to control the device. They are the most commonly produced and 
are the FET type most referred to in this book. 
On one hand 


e they require a negative gate voltage with respect to the source; 
e self-bias allows operation from a single supply voltage. 


On the other hand 


e for low-voltage operation, a negative voltage generator may be 
required; 

e supply voltage must be doubled to accommodate full-swing 
Operation. 


2. Enhancement FETs (EFETS). Most similar to the MOSFET; here Ус must 


be positive to bring life to the device. Practically speaking, EFETs are used 
mostly in integrated circuits; they are typically not available in discrete, 
packaged form. 

On one hand 


e they need only positive supply for biasing; 

e they provide higher gm/mA (for same device width)—5.1 mS versus 
3.9 mS at 8 mA; 

e they are good for low-power LNAs, giving slightly better NF than 
DFETS, an NF of 1 dB at 1 GHz, and Ij, < 10 mA. 


On the other hand 
e they have a very limited gate bias range (Усс between 0.15 and 0.7 
V); 
e the gate conduction degrades NF and input impedance; 
e the gate capacitance is higher than that of DFETs; 
e the linearity is not as good as that of DFETS. 

With today's technologies, all GaAs devices are n-channel; we have not seen 
any p-channels yet. More information about biasing will be given in the next 
chapter. 

Figure 2.125 is a lumped element, two-part equivalent circuit of a MESFET 
showing the location of lumped-element components. 


Figure 2.125 Location of lumped-element components for a MESFET. 
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2.4.7 Small-Signal GaAs MESFET and HEMT Model 


Figure 2.126 shows the applicable linear equivalent circuit for a MESFET and 
Table 2.18 lists its key words. As with the MOS transistors, there is a gallium- 
arsenide dual-gate MOSFET available that is mostly used in special circuits, 
such as preamplifiers and mixers, whose IF frequency has to be significantly 
higher than the flicker corner frequency, for example, higher than 200 MHz. 


Figure 2.126 Small-signal model of a MESFET. 
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Table 2.18 Small—Signal MESFET Model Key Words. 


Key Word 


G 
CGS 


CGE 
CDE 


CGDE 
GDG 


LGB 
LDB 
LSB 
CGSB 
CDSB 
CGSP 
CDSP 
CGDP 
AGT 
ZDT 
ZST 
LGT 
LDT 
LST 
FC 
FCP 
label 


Notes: 


Description 


Transconductance at dc, Go (see Note 1) 
Gate-source capacitance 
3-dB Roll-off frequency 
Time delay 

Drain source time delay 
Gate-source conductance 
Drain-gate capacitance 
Dipole layer capacitance 
Drain-source capacitance 
Drain-source conductance 
Channel resistance 

Gate resistance 

Drain resistance 

Source resistance 

External gate capacitance 
External drain capacitance 
Gate lead inductance 

Drain lead inductance henry 
Source lead inductance henry 
External gate-drain capacitance 
Gate drain conductance 

Chip temperature 


Package Parasttics 
Gate wirebond inductance 
Drain wirebond inductance 
Source wirebond inductance 
Gate bondpad to source capacitance 
Drain bondpad to source capacitance 
Gate to source package capacitance 
Drain to source package capacitance 
Gate to drain package capacitance 
Gate transmission line impedance 
Drain transmission line impedance 
Source transmission line impedance 
Gate transmission line length for at =, = 1 
Drain transmission line length for at е, = 1 
Source transmission line length for at ғ, = | 
Corner frequency of flicker ( L/f) noise (see Note 2) 
Shape factor of the 1/7 noise response 
User-defined term that refers to temperature coefficient 


1. The transconductance of this model may be approximately described by 


e JT 


am — C —————— 
қ L+ AF) 


where œ = Әл) and f = frequency. 
2. The flicker noise frequency dependence 1s given by 


| 
(fi E 


Unit 


/ohm 
farad 
Hz 

: 

8 
/ohm 
farad 
farad 
farad 
/ohm 
ohm 
ohm 
ohm 
ohm 
farad 
farad 
henry 
0.0 
0.0 
farad 
/ohm 


K 


henry 
henry 
henry 
farad 
farad 
farad 
farad 
farad 
ohm 
ohm 
ohm 
meter 
meter 
meter 
Hz 
1.0 


Default 


298 


50 
50 


10 MHz 


The following two datasheets? show a typical low-noise enhancement GaAs 
РНЕМТ and a high-power GaN HEMT device. 


Source: Copyright © Avago Technologies 2009, all rights reserved. 


ATF-53189 


Enhancement Mode"! Pseudomorphic HEMT 


їп SOT 89 Package 


Data Sheet 


Description 


Avago Тесһпоісдівв 5 АТҒ-531В9 is а single-vollage high 
linearity, low noise E-pHEMT FET packaged in a low cost 
surface mount SOT89 package. The device is ideal as а 
high-linearity, low noise, maedium-power amplifier. Its 
operating fraquency range is from 50 MHz to 6 GHz. 


ATF-53188 is ideally suited for Cellular FCS and WCDMA 
wireless infrastructure, WLAN, WLL and MMDS application, 
and general purpose discrete E-pHEMT amplifiers which 
require medium power and high linearity. All devices are 
100% RF and DC tested. 


Pin Connections and Package Marking 








Bottom View 


Mates: 

Package marking provkies onentation and identification 
“30” = Device Code 

чи" = Month code indicates the month of manufactura. 
D = Drain 

5 = Source 

G = Gate 


FVacoQ 


TECHNOLOGIES 


Features 

в Single voltage operation 

* High Linearity and Gain 

* Low Noise Figure 

è Excellent uniformity in product specifications 

а SOT 89 standard package 

« Point MTTF > 300 yearsí? 

a MSL-1 and lead-free 

* Tape-and-Reel packaging option available 

specifications 

2 GHz, 4.0V, 135 mA (Тур.) 

+ 40.0 dBm Output IP3 

s 23.0 dBm Output Power at 106 gain compression 

* 0.85 dB Noise Figure 

а 15.5 dB Gain 

« 46% PAE at PTdB 

« LFOM"' 12.7 dB 

Applications 

* Front-end LNA 91 and Q2, Driver or Pre-driver Ampli- 
fier for Cellular PCS and WCDMA wireless infrastruc- 
ture 

è Driver Amplifier for АЛАМ, WLL/RLL and MMDS ap- 
plicabons 


а General purpose discrete Е-рНЕМТ for other high 
linearity applications 


Mates: 

1. Enhancement mode technology employs а single positive М” 
elmmating the need of negative gate voltage associated with 
conventional depletion mode devices. 

2. Refer tn reliability datasheet for detalled MTTF data. 

3. Linearity Figure of Mert (LFOM) is ОТЕ divided by DC bigs power. 


Source: Copyright © Avago Technologies 2009, all rights reserved. 


ATF-53189 Absolute Maximum Ratings” 


Absolute Thermal Resistance ^^ 
Symbol Parameter Units Maximum Ө ъ= САМ 
V. Drain-Source Voltage”! V 7 Bin: 
Же Gate-Source Voltage м -5 to 1.0 1. Operation of this device above any one of 
————————————— these parameters may cause permanent 
Va Gate Drain Voltage" V -5to 1.0 damage. 
‚ | 2. Assuming DC quiescent conditions. 
| 
МА б п __ 3, Board (package belly) temperature T, is 
a Gate Current mA 20 25°С, Derate 14.30 mWPC for T, > 80°C, 
тузуш 2-52, 4, Channel-to-board thermal resistance 
P an Total Power Dissipation W 10 measured using 150°C Liquid Crystal Mea- 
Ps RF Input Power dBm +24 surement method, 
Ты. Channel Temperature T. 150 
Tas Storage Temperature “ы -65 to 150 


АТҒ-53189 Electrical Specifications 
Т = 25°С, ІК bias for RF parameters is Vds = 4.0V and Ids = 135 mA unless otherwise specified. 





Symbol Parameters and Test Conditions Units Min. Typ. Max. 

Vgs —OperationaGateVoltage | Vds-40Vlds-135mÀ У 2-0 0450-00 
Vth ss Threshold Voltage | | ҮУф-40/,іі5-8тТА У — 030 - 
lds —  DrantoSoureCurent и  Vds-40VVgs-0V pA — IO - — 
Gm  — Transondutane |  Vds-40V,Gm-Alds/AVgs mmhO - |60 — 0 


AVgs = Vgs1- Vgs? 
Vgs1 = 0.6V, Vgs2 = 0.55V 


1455 Gate Leakage Current Vds = OV, Ygs = -4V LA, -10.0 -0,34 = 

МЕ Noise Figure f=o00 MHz dB — 0.80 — 
[22.0 GHz dB — 0.85 13 
f22.4 GHz dB — 1.00 — 

G Gain" f2900 MHz dB — 17.2 — 
f=2.0 GHz dB 14.0 15.5 17.0 
f22.4 GHz dB — 15.0 — 

OIP3 Output 3rd Order Intercept Point!" f=900 MHz dam — 42.0 — 
[22.0 GHz dBm 36.0 40.0 -- 
f22.4 GHz dëm — 38,6 -- 

PidB Output 1dB Compressed!" f2o00 MHz dEr — 21.7 — 
f=2.0 GHz dBm — 23.0 — 
f=2.4 GHz dëm — 23.2 

РАЕ Power Added Efficiency f=900 MHz % - 33.8 — 
[22.0 GHz % — 46.0 — 
f22.4 GHz % == 49.0 

ACLR Adjacent Channel Leakage Offset BW = 5 MHz dBc — -54.0 — 

Power Ratio! Offset BW = 10 MHZ dBe — -54.0 — 
Notes: 


1. Measurements at 2 GHz obtained using production test board described in Figure 1. 
2, ACLA test spec is based an 3GPP TS 25.141 V5,3.1 (2002-06) 

- Test Model 1 

- Active Channels: PCCPCH + SCH + CPICH + PICH + SCCPCH + 64 DPCH (SFz128) 

- Freg = 2140 MHz 

- Pin = -8 dam 

- Channel Integrate Bandwidth = 3.84 MHz 


Source: Copyright © Avago Technologies 2009, all rights reserved. 


Input Matching Circuit 


г mag=0.74 
Г ang--112.4* 


Input 





Output Matching Circuit 
I mag-0.40 
Г ang-z120.0* 


Output 


Figure 1. Block diagram of the 2 GHz production test board used for NF, Gain, OIP3 , PT1dB, PAE and 
ACLH measurements. This circuit achieves a trade-off between optimal OIP3, P1dB and VSWR. Circuit 
losses have been de-embedded from actual measurements. 
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Figure 2. OIP3 @ 2 GHz, 4V, 135 mA. 
LSL = 36 dBm, Nominal = 40 dBm. 
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Figure 4, Gain @ 2 GHz, 4V, 135 mA. 
LSL = 14 dBm, Nominal = 15.5 dBm, 
USL = 17 dBm. 
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Figure 3. NF @ 2 GHz, 4V, 135 mA. 
USL = 1.30 dBm, Nominal = 0.84 dBm. 
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Figure 5. PidB 2 2 GHz, 4V, 135 тА. 
Hominal = 23 dBm. 
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1. Distribution data sample size is 500 samples taken from 3 different wafers. Future wafers 
allocated to this product may have nominal values anywhere between the upper and lower 


lirnits. 


2. Measurements are made on production test board, which represents a trade-off between 
optimal OIP3, P1dB and VSWR. Circuit losses have been de-embedded from actual measure- 


ments. 


Source: Copyright © Avago Technologies 2009, all rights reserved. 


Gamma Load and Source at Optimum OIP3 Tuning Conditions 


The device's optimum OIP3 measurements were determined using a Maury Load Pull System at 4.0 V, 135 mA quiesent 
bias. 


Typical Gammas at Optimum ops"! 


Freq... GammaSource Gammaload | OlP3 Gain РВ PAE | 
(GHz) Mag Ang (deg) Mag Ang (deg) (dBm) ((В) (dBm) 1%) 
20 59741 -11235 04080 11999 48 — 158 224 £442 —— 
за 05875 чыз 04478 17474 £4443 8а 91 4400 
58 05204 -7501 03525 -12013 89 56 £224 257  — 
Note: 


1. Typical describes additional product performance information that is mol covered by ihe product warranty. 





Vas (9) 
Figure & Typical IV Curve. 
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Source: Copyright © Avago Technologies 2009, all rights reserved. 


ATF-53189 Typical Performance Curves (at 25°C unless specified otherwise) 
Tuned for Optimal OIP3 at Vd = 4.0V, lds = 135 mA. 
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Figure 7. OIP3 vs. lds and Vds at 900 MHz. Figura & OPS vs, 195 and Vds at 2 GHz Figure 9. ОІРЗ vs. 195 and Vds at 3.9 GHZ. 
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Figure 10, Small Sonal Gain үс. lds and Vds Figure 11. Small Signal Gain vs. lds and Vds Figure 12 Small Signal Gain vs, 195 and Vds 
at 900 MHz. at 2 GHz. at 3.9 GHz 
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Figure 13. OIP3 vs. lds and Vds at S.B GHZ. Figure 14. Small Signal Gain vs. 195 and Vds Figure 15. Small Signal Gain/Paut/PAE vs 
at 5.8 GHz. Pin at Vdsz3V and Freg = #00 MHz 
Note: 


Bias current far те above charts аге quiescent conditions. Actual evel may increase depending on amount of КР drive. 


5 
Source: Copyright © Avago Technologies 2009, all rights reserved. 


ATF-53189 Typical Performance Curves (at 25°C unless specified otherwise), continued 
Tuned for Optimal OIP3 at Vd = 4.0V, 195 = 135 mA. 
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Figure 16. Small Signal Gain Poul PAE vs. 
Fin at Vds-4V and Freg = 900 MHz 
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Figure 1% Small Signal Gain/Pout/PAE vs. 
Pin at Vds-4V and Freq =2 GHz. 
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Figure 22. Small Signal Gaim Pout PAE vs 


Рап at Vds-iV and Freg = 3.9 GHz. 


Note: 
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Figure 18. Small Signal Gain/Pout/P AE va. 


Figure 17. Small Signal Gaim/Pout/PAE vas. 
Pin at Vda-3V and Freq = 2 GHE. 


Pin ai Vde=6¥ and Freg = 900 MHE 
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Figure 21. Small Signal Gain Peut PAE vs. 


Figure 20. Small Signal Gain Peut PAE vs. 
Pin at Vds-3V and Freq = 3.9 GHz. 


Pin at Vds- and Freq = 2 GHz 
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Figure 24. Small Signal Gain/Pout/PAE vs 


Figure 21. Small Signal Gain/Pout/PAE ув, 
Fin at Vds-3V and Freq = 5.8 GHz 


Pin at Vds-5V and Freg = 3.9 GHz. 


Bias current for the above charts are quiescent conditions. Actual level may increase depending on amount of RF drive. 
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Source: Copyright © Avago Technologies 2009, all rights reserved. 


ATF-53189 Typical Performance Curves (al 25°C unless specified otherwise), continued 
Tuned for Optimal OIP3 at Vd = 4.0V, Ids = 135 mA. 
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Figure 25. Small Signal Gain/Pout/PAE vs. Figure 26. Small Signal Gain/Pout/PAE vs. 
Pin at Vds = aV and Freg = 5.8 GHz. Fin at Vds = 5V and Freg = 5.8 GHz 


ATF-53189 Typical Performance Curves, continued 
Tuned for Optimal OIP3 at Vd = 4.0V, Ids = 135 mA, Over Temperature and Frequency 
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Figure 27. CIPS vs, Temperature and Figure 28. Gam vs. Temperature and 
Frequency at optimum (СКЗ, Frequency at optimum OIP3. 
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Figure 28. PAE vs. Temperature and Figure 30. РТАВ vs. Temperature and 
Frequency at optimum OIP3. Frequency at optimum OIF3. 


Note: 
Bias current for the above charts are quiescant conditions. Actual level may incraase depending on amount of RF drive. 


Source: Copyright © Avago Technologies 2009, all rights reserved. 
АТҒ-53189 Typical Performance Curves (at 25°C unless specified otherwie), continued 
Tuned for Optimal OIP3 at Vd = 4.0V, Ids = 135 mA 
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Figure 31. OIPS vs. lds and Vds at 2.4 GHz. Figure 32. Small Signal Gain vs. lds and Vds 
at 2.4 GHz. 
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Figure 33. Small Signal GaiwPoutPAE vs. Figure 34. Small Signal Gain/Paut/PAE vs. 
Pin at Vds 3V and Frag = 2.4 GHz. Pin at Vds 4V and Freg = 2.4 GHz. 
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Figure 35. Small Signal GaiwPout'PAE vs. 
Pin at Vds БУ and Freq = 2.4 GHz. 


Note: 
Bias current for the above charts are quiescent conditions. Actual level may increase depending on amount af HF drive. 


Source: Copyright © Avago Technologies 2009, all rights reserved. 
ATF-53189 Typical Scattering and Noise Parameters at 25°C, V5, = 4.0%, lj, = 180 mA 


Freq. -m E E. S, MSG/MAG 


GHz Mag. Ang. dB Mag. Ang. dB Mag. Ang. Mag. Ang. dB 





8 
MT 1 
à 
ull 
: 
$ 
3.5 1.17 0.645 -103.3 0,28 13.53 
au be БЕРЕ TU 5 11:35 G 2 4 6 & 10 12 14 16 18 
5.8 1.53 0.840 -56.1 0.41 10.31 FREQUENCY (ӨНЕ 
6.0 1.56 0.855 -52.9 0.42 10.38 
7.0 1.72 0.920 “39.0 0.51 9.79 Figure 36. MSG/MAG & |621 vs. and 
6.0 1.87 0.870 27,5 0.97 7,91 Frequency at 4.0У/180 mA. 
9.0 2.03 0.593 18.1 1.88 6.11 
10.0 2.18 0.997 7,5 254 4.56 
Notes: 


1.F values at 2 GHz and higher are based on measurements while the Е. below 2 GHz have been extrapolated. The F_ values are based on 
a set of 16 noise figure measurements made at 16 different impedances using an АТМ NPS test system. From these measurements a true Ё... 
ie calculated. Refer to the noise parameter apnlication section Tor more infomatian. 

2. 5 and noise parameters are measured on a microstrip lina made on 0.025 inch thick alumina carrier. The input reference plane is at the end of 


the gate lead. The output reference plane is at the end of the drain lead. 


Source: Copyright © Avago Technologies 2009, all rights reserved. 


ATF-53189 Typical Scattering and Noise Parameters at 25°C, Vos = 4.0V, ly, = 135 mA 


Freq. S, 
GHz Mag. Ang. 
0.1 0,544  -133.2 
0.2 ағай -158.7 
0.3 Q.777 -169.4 
0.4 0.813 -176.1 
0.5 0.856 178,5 
0.6 0.8606 174.5 
0.7 0.872 170,9 
0.8 0.874 167,5 
0.9 0.876 164.1 
1.0 0.680 161.0 
1.5 0.881 150.2 
20 0.882 13741 
2.5 0,878 124.9 
3.0 0874 112.7 
З.Б 0.86852 98.5 
4.0 0.659 926 
5.0 0.903 782 
6.0 0.918 613 
7.0 0948 412 
8.0 0.960 243 
9.0 0.941 118 
10.0 0.8486 108 
11.0 азағ 03 
120 05914 -B0 
13.0 0.951 -12.1 
14.0 0,948 -20.6 
15.0 8838 -236 
16.0 0.948 -23.1 
17.D аза; -243 
18.0 0,903 -32.5 
Freq Fmin 
GHz dB 
D.5 0,30 
0.9 0,41 
1.0 0.44 
1.5 0.53 
2.0 0.62 
ed 0.69 
3.0 0.60 
3.5 0.88 
5.0 1.16 
5.8 1.31 
6.0 1.34 
7.0 1,52 
8.0 1.71 
9.0 1.88 
10.0 2.07 
Notes 
1.F 


Mag. Апа. 


45.531 110.9 
19.023 97.1 
12.872 90,4 
9.705 85.7 
7.687 84,4 
6.438 817 
5.562 78.2 
4,939 76.5 
4.433 73.8 
4.026 70.9 
2.910 59.6 
2.123 45.9 
1647 33.4 
1.304 21.1 
1.062 11.3 
0.921 1.5 
0.669  -19.8 
0.515 -41.5 
0.369 -53.6 
0.508 -79.9 
0.239 -100.5 
0.187 -1094 
0.158 -124.9 
0.131 -138.0 
0.110 -153.4 
0.089 -168.9 
0.085 177.8 


31.1 0.088 1659 


0.114 155.2 
0.140 133.4 


dB 


377 
-37.1 
-36.5 
-35.9 
-35.4 
34.9 
-34.4 
-33.6 
-33.2 
32.4 
30.5 
-28.6 
273 
-26.6 
-26.0 
-25.8 
25,2 
257 
-26.0 
-26.7 
-28.4 
:31.1 
-34.4 
46.0 
-40,0 
-37.1 
-39.2 
-37.7 
41.9 
-35.4 


Нп/50 


0.05 
0.05 
0.05 
0.04 
0.04 
0.05 





5. MSG/MAG 
Mag. Ang Mag. Ang. dB 
0013 317 D692  -1637 34.4 
0.014 25.2 0.738 -173.2 31.3 
0015 249 0,749 -1776 29.3 
0.016 263 0.752 175.3 278 
0017 35304 0,756 175.7 26.5 
0018 326 0755 173.5 25.5 
048 345 0,7585 171.4 24.7 
0.021 359 D753 169.4 ed. 
Q022 36.9 0.755 167.5 23.0 
Q.024 — 37.1 0.753 1656 22.2 
ПП 35.8 D.753 158.4 18.2 
0027 310 0,752 150.1 16,0 
0043 250 0.768 1423 13.4 
0.047 183 O766 1355 11.5 
0.050 12.6 IERE) 131.8 10.0 
0.051 7.1 0.779 1233 9.4 
0.055 -53 0,783 1029 7,0 
Q.052 ded 0.806 64.7 "к 
0.050 -39.5 0,809 (699 3,2 
П045 -55.9 0.844 54.6 2.1 
0.038 -73.5 0,882 370 1.4 
Q.028 81.6 0.896 27.1 1,1 
ПН -1083 0.872 203 -1.8 
0.005 1473 0916 70 13 
ао 71.0 O87"  -1.1 -4,4 
0014 5302 0,882 -75 -Б.3 
0.011 4.3 0.665 -192 -T 2 
0013  -8.8 0.864 -262 -5.9 
g.o08 173.5 0.656 -336 -4.7 
0.017 1617 0,835  -42.5 ae 
Sa “ТТТ 
ав _ 30 
27008 
2212 “= 29 
20 8 |, 
18.95 » 
17.05 Е ü 
15,87 COLE SENE 
1463 й 0 да 
19.2 ELLE DO 
11.19 Oy 4 6 в 10 12 14 18 18 
ae FREQUENCY (GHz) 
o64 Figure37. MSG/MAG 8 [521[ vs. and 
B.GB Frequency at 4.0V/135 mA. 
6,57 
4,51 


min 81065 at 2 GHz and higher are based оп measurements while the Faiy below 2 GHz have been extrapolated. The F nin 


values are based on 


a set of 16 noise figure measurements made at 16 different impedances using an АТМ NPS test system. From these measurements a true Frnin 
is calculated, Refer to the noise parameter application secbon for more information 
2.5 and nome parameters are measured on a rmicrostrip line made оп 0.025 inch thick alumina carrier. The input reference plane & at the end of 


the gate lead. The output reference plane is at the end of the drain lead 


10 


Source: Copyright © Avago Technologies 2009, all rights reserved. 
ATF-53189 Typical Scattering and Noise Parameters at 25°C, Vie =4.0V, lps = 75 mA 


Freq. 
GHz 


0.1 
0.2 
аз 
0.4 
05 
0.6 
OF 
0.8 


9.0 
10.0 


Notes: 


1. F mn values at 2 GHz and higher are based on measurements while the Р 


S 


Mag. 


0.544 
0.704 
Ore 
0.813 
0.856 
0.856 
0.872 
O.874 
0.876 
0.880 
0.881 

0.852 
0.879 
0.874 
0.882 
0.889 
0.503 
0.818 
0.848 
0.960 
0,941 

0.946 
И 
0.914 
0.951 

0.948 
0.939 
0.948 
0.847 
0.903 


11 


S42 Saa MSG/MAG 
Mag. Ang. Mag. Ang. dB 
0013 31.7 0.692 -163.7 34,4 
0.014 25.2 0,738 -1732 31.3 
0.015 24.9 0,748 -1776 28.3 
C016 26.3 0.752 178.3 27.8 
0.017 304 0.756 175.7 26.6 
DOIB 925 0.755 1743.5 25.5 
0.019 34,5 0.755 171.4 24.7 
0.021 35,9 0.753 168.4 23.7 
DOS? 36.8 0.755 167,5 23.0 
D.D24d 341 0.753 165.6 eed 
0030 35.6 0.753 158.4 19.2 
0.037 31.0 0.750 150.4 16.0 
0.043 25.0 0.768 142.3 13.4 
0.047 183 0,7686 135,5 11.5 
0.050 12.6 алта 131.8 10.0 
0051 — 7.1 ауға 123.3 a.d 
0.055 — -5.3 0,793 102.9 7.0 
0052 -22.4 0.805 BdT 5.2 
0.050 -39.5 0.809 69.9 3.2 
0.046 -559 0,844 546 2.1 
0.038 -735 0.8820 37.0 1.4 
D.DO2B -816 0.896 271 0.1 
О.019 -108,3 а8ға жаз -1.8 
D.DOb — -14/.3 0,518 0 “1.4 
ПП 1710 Q.B77 -1.1 -4.4 
0.0124 302 0,882 -7.5 “6.3 
0.011 -4 8 0.8665 -19.2 -7.2 
0.013 -88 0,864 -26.2 -5,9 
D.DOB — -173.5 0.8655 -336 -4 7 
ОЯНҒ — 161.7 0.835 -42.5 -32 
ба = 
dB 30 
sa ott 
21988 СЕ, Nes [lll]. 
21.50 % EN 
18.55 a D —— x. 
6з 2. ЕТІ 
15.18 = 
13.86 : Ре ms 
12.68 aa 





=30 L 
anl 0 2 4 6 В 10 12 14 1818 
bean FREQUENCY (GHz) 
gor Figure 38. MSG/MAG & {521 үз. and 
7.78 Frequency at 4.0V/75 та. 

6.96 

4.46 


below 2 GHz have been extrapolated. The Р 


min 


min 


values are based on 


а set оѓ 16 noise figure measurements made at 16 different impedances. using an ATH NPS test system. From these measurements a true Frin 
is calculated. Refer to the noise parameter application section for more information 
2. 5 and noise parameters are measured on a microsetrip line made on 0.025 inch thick alumina camer. The input reference plane is at the end of 


the gate Іва The output reference plane іс at the end of the drain lead. 
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Source: Copyright © Avago Technologies 2009, all rights reserved. 
ATF-53189 Typical Scattering and Noise Parameters at 25°C, ү... = 5.0V, lps = 135 mA 


Freq. Su 5, 
GHz Mag. Ang. dB Мад. Ang. 
0.1 0.544  -1332 41.0 35.531 110.9 
0.2 0,704 -158.7 25.6 19.023 97.1 
0.3 Q./77 -169.4 22.2 12.872 90.4 
0.4 0.813 -176.1 187 9,705 85.7 
0.5 0.856 178.5 17.7 7.687 844 
0.6 0.656 174.5 16.2 6.4358 81.7 
0.7 0.872 1709 149 5,582 792 
0.8 0.874 167.5 139 4.939 76.5 
0.9 0,876 164,1 |29 4433 738 
1.0 Q.BBD 1610 121 4026 70.9 
1.5 0.681 150.2 a3 2.910 596 
2.0 ОНВ2 1371 65 2.1234 45.9 
2b 0879 124.9 4.3 1.647 334 
3.0 0.874 1127 ed 1.304 21.1 
4.5 ПЕН; 995 0.5 1.062 11.3 
40 0,888 92.6 -0.7 0921 15 
5.0 пз fae -35 0.669 -19.8 
6.0 0.8918 613 58 0,5159 -415 
£D 0948 41.2 62 0.389 -59.6 
4.0 0.950 243 102 0.308 -798 
9.0 0.941 11.8 12.4 0,228 -100.5 
10,0 0.946 108 -14.6 0,187 -109.4 
11.0 0.937 03 -16.0 0,158 -1249 
12.0 0.914 -80 17.7 0,131 1386.0 
13.0 0.951 -12.1 19.2 0,110 -1534 
14.0 Deia -20.6 21.0 0.089 -1689 
15.0 0999 -Z236 21.4 0.085 1778 
16.0 0.548 -231 1.1 0.088 165.9 
17.0 0.947 -24.3 -18.9 0,114 1552 
18.0 0.903 -32.5 17.1 0,140 1334 

Freq Fmin Gamma Opt 

GHz dB Mag Ang 

0.5 0.36 0.266 149.9 

0.8 0.46 0,315 162.4 

1.0 0,49 0.327 165.6 

1.5 0.59 0.388 172.7 

2.0 0.68 0.448 -153.0 

2.4 0,77 0,495 -138.6 

3.0 0,88 0.563 -116.3 

3.5 УВ 0.617 104.9 

5,0 1.28 0.764 70,5 

5.8 1.44 0.830 56.5 

6.0 1.48 0.845 53.4 

7.0 1.68 0.912 38.7 

8.0 1,88 0.960 28.3 

9.0 2.08 0.988 18.3 

10.0 2.2H 0.994 -В.5 
Notes: 


1.F 


values at 2 GHz and higher are based on measurements while the Р 


dB 


di 
-37 „1 
-35.5 
-35.9 
«365.4 
-34.9 
£d 
“32.8 
-33.2 
-32.4 
-30.5 
:2B.5 
-27.3 
-26.6 
26.0 


| | | 3. 54 0047 1617 0895 -425 32 





Б. S55 MSG/MAG 
Mag. Ang. Mag. Ang. dB 
0.013 317 0.692 -163.7 34,4 
0.014 25.2 0,738 -173.2 31,3 
0.09158 248 0,748 -177.6 29.3 
DOIE 263 0.752 175.3 er. 
0047 904 O755 175.7 26.6 
DDIB 326 Q./bhÓ 173.5 25.5 
0.019 34,5 0,755 171.4 24,7 
0.021 35.9 0.753 169.4 23.7 
0.022 36.8 0,755 167.5 e 3.0 
0024 341 0.7583 165.6 22. 
0.0390 358 0,783 158.4 19.2 
DOF — 31.0 Q./b2 150.1 16.0 
О 043 25.0 O768 1423 13.4 
047 18.3 0.766 135.5 11.5 
D050 126 Drd 1931.8 10.0 
0.0581 7.1 0,779 123.3 9.4 
0.055 -53 0.793 102.9 7.0 
0052 -224 0,806 847 5.2 
О.050 39.5 0.6803 68.9 з.е 
DHE -559 Q.Bdd 54.6 2 1 
0.038 -735 0.882 37.0 1.4 
0028  -81.6 0695 271 0.1 
0.019  -108,3 0,872 203 -1.8 
0005 —-147.3 0.916 70 -1.3 
0010 710 0,877  -1.1 -4,4 
0014 32 ПАН? -75 -Б.3 
0011 -4.9 0.665 -19.2 -7.2 
0013 -8.8 0,864 -26.2 5.9 
0.008 — -173.5 0,856 -33.6 -4,7 
Ga ы 
dB — зу 
с | 
2651 2,7, 
2279 = 
2209 Ëo 
18.92 B 
17.04 4 0 
15.87 3 
14,50 т -10 
13.11 
ы 7200 2 4 6 8 10 12 14 16 18 
Pages FREQUENCY (ана 
939 Figure 39, MSG/MAG & |521| vs. and 
a 7B Frequency at 5.01135 тА. 
8.05 
474 


below 2 GHz have been extrapolated. The Р 


пип 


values are based оп 


a set of 16 noise figure measurements made at 16 different impedances. using an АТМ NPS test system. From these measurements a true Fmin 
is calculated. Reter to the noise parameter application section tor more infommation. 
2. 5 and noise parameters are measured on a microsinp line made on 0.025 inch thick alumina camer. The input reference plane is at the end of 


the gate laad The output reference plane іс at the end of the drain lead. 


12 


Source: Copyright © Avago Technologies 2009, all rights reserved. 


ATF-53189 Typical Scattering and Noise Parameters at 25°C, Vos = 3.0V, Ip. = 135 тА 





Freq. S44 Sy S45 Sa. MSG/MAG 
GHz Mag. Ang. dB Mag. Ang. dB Mag. Ang. Mag. Ang. dB 
0.1 0.544 -1332 310 35531 110.8 -37.7 0013 317 0.682 -163.7 34.4 
02 0.704 -158.7 25.6 19.023 97.1 -37.1 0014 252 0.738 -173.2 31.3 
0.3 Q.777  -1698.4 2202 12872 90.4 -36 55 0015 243 Q./49 -1776 29.3 
0,4 0.813 — -176.1 19.7 9,705 2857 -30.9 0016 263 0,752 179.3 27.8 
0,5 0.856 178,5 І?7 7,687! 844 -354 0017 304 0.756 175,7 26.6 
0.6 O866 174.5 16.2 6438 817 -34.9 0019 326 0.755 173.5 25.5 
OF ОВ 170.9 1459 2582 79. -344 0019 34,5 0,755 171.4 24.7 
ав 0.874 167.5 138 4.999 76.5 39.6 0021 358 0.753 169.4 237 
0.8 0,876 164.1 129 4433 7348 -332 0022 36.8 0.755 167.5 23.0 
1.0 20.880 1610 12.1 4.026 70.8 “А 0.024 37.1 0.753 165.6 22.2 
1.5 0881 1502 93 2,910 59.6 -30.5 0090 358 0,753 158.4 19.2 
2.0 0882 137.1 65 2123 4539 8.6 0037 31.0 0.752 150,1 16.0 
25 08798 1249 43 1.647 33.4 -27.3 0043 25.0 0.768 1423 13.4 
3.0 0874 1127 23 1304 21.1 -26.6 0.047 183 0.766 135.5 11,5 
35 0BB2 99.5 D5 1082 11.3 -25.0 0050 12.6 0.773  131.B 10.0 
40 0,889 926 OF 0.921 15 -206 0051 71 0.779 123.3 9.4 
5.0 0903 7&2 “Б 0.669 -19.8 -25.2 0.055 -5.3 0.793 102.9 70 
6.0 0.918 613 58 0.515 -41.5 -257 0082 -224 0605 847 5.2 
70 0.548 41,2 62 0.389 -596 -26.0 0050 -39.5 0.800 69.9 d.e 
5.0 0.950 243 -102 0,308 -79.9 -26.7 0046  -559 0.844 БАБ 2.1 
9.0 0.541 118 -12.4 0,239 -100.5 84 0038 -73.5 0.682 37.0 1.4 
10.0 0846 10.8 -14.6 0.187 -109.4 -31.1 0028 -816 0.698 271 0.1 
11.0 0.937 03 -16.0 0.158 -124.9 -344 0.019  -108.3 0,872 20.3 -1.8 
12.0 0914 -Е80 -17.7 0.131 -138.0 46.0 0005  -147.3 0916 7.0 “1.4 
13.0 0.951  -12.1 -19.2 0.110 -153.4 -400 0010 710 0,877 -1.1 -4,4 
14.0 0.548 -20.6 21.0 0.089 -168.9 71 0014 302 0,882  -7.5 -6,3 
15.0 0999 -236 -21.4 0.085 177.8 -32 0011 4.9 0.865 -192 72 
16.0 0.48 -231 21.1 0.088 165.9 77 0013  -&.8 0,864 -26.2 -5,9 
17.0 0847 -243 -189 0,114 1582 -41.9 0008 -1735 0.856 -336 4.7 
18.0 0503  -32.5 -17.1 0,140 1334 -354 0017 161.7 0,835 -42,5 -2.2 

Freq Fmin Gamma Opt R50 Ga xs 

GHz dB Mag Ang dB a 30 

0,5 0,34 0.225 146.2 0.05 26.30 ч 20 

0.9 0,43 D262 157.0 0.04 22.19 в 

1.0 0.45 0.296 160.2 0.04 22.07 р 10 

1.5 0.53 0.362 -177.0 0.03 19.00 " 

e. 0 0,61 O42? -156.3 0.03 17.13 = Ü 

2.4 0.68 0.478 -141.3 0.05 15.89 5 

3.0 0.78 0.551 -121.1 0.09 14.59 = “10 

3.5 0.66 0.608 -106.2 0.17 13.17 zr 

5.0 1.10 0.763 -70.8 0.24 11.22 7400-2746 3 101214 187168 

5B 1.24 D.832 -56.6 ора 10.16 FREQUENCY (GHz) 

6.0 1.27 0.848 -53.5 0.30 9.99 A 

7.0 1.43 0,915 -39.7 0:38 9.57 Figure 40. MSG/MAG & |521| vs. and 

8.0 1.60 0.964 -28.4 0.74 8.78 Frequency at 3.0Ұ/135 тА. 

9.0 1.76 0.991 -18.5 0.95 727 

10.0 1.93 0.995 -B.6 1.55 3.38 
Motes 


1. F nin Values at 2 GHz and higher are based on measurements while the Fy, below 2 GHz have been extrapolated. The F py values are based on 
а set of 16 noise figure measurements made at 16 different impedances. vang an АТЫ NPS test system. From these measurements а true Fmin 
Іа calculated. Peter to the noise parameter application section for more information 

2. 5 and noise parameters are measured on a micresinp line made on 0.025 inch thick alumina camer The input reference plane is at the end of 
the gate lead. The output reference plane is at the end of the drain lead. 
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CGH40180PP 


180 W, RF Power GaN HEMT 


Cree’s CGHAO01BÜPP is an unmatched, gallium nitride (Gal) high 
electron mobility transistor (HEMT). The CGHAOIBÜPEPE, operating 
fram а 28 volt rail, Сеге à general purpose, broadband solution tà 
a variety of RF and microwave applications. Сам HEMTs offer high 
efficiency, high gain and wide bandwidth capabilities making the 





CGH40160F? ideal for linear and compressed amplifier circuits. 





The transistor is available іп а 4-lead flange package. Package Types 440 
"Урев: 440199 


PN: CGH40180PP 


FEATURES APPLICATIONS 


Up to 2.5 GHz Operation . 2-Way Private Radio 
20 dB Small Signal Gain at 1.0 GHz * Broadband Amplifiers 
15 dB Small Signal Gain at 2.0 GHz Cellular Infrastructure 


220 W typical P... Test Instrumentation 


70 % Efficiency at P., Class A, AB, Linear amplifiers suitable 


28 V Operation for OFDM, W-CDMA, EDGE, СОМА 


Waveforms 





Large Signal Mitel Анайына far SIC & дан 


Source: Copyright © 2009-2011 Cree Inc. 


СВЕЕФ 


Absolute Maximum Ratings (not simultaneous) at 25 C Case Temperature 


айа Е ne | 





Paramelm iamb 

Drain- geura Vel заза | Ва Wola 
BGala-in-Seurca Мавара Мы ло, +2 Vel 
Storage Teenperalure Tom -B5, +150 © 

Cparabrg Junction Temperatura d 225 c 

Manmum Forward Cata Current (КЖЕ ва тА 
Sadeng Temparatura' т, 245 © 

Ec rds Torque T Ва in-az 
Thermal Незізізгісе, Junction to Case" A... ағ nw 
Case Üperitng Temperahrs ^ T. 40, 4 150 © 

Note: 


1 Retler to ће Application Note on soldering at wie.creecomproductise wireless appnohes asp 
2 CGH40180FP at Р... = 224 W. 
з бав also, the Power Dessipation De-rating Curve on Page 6, 


Electrical Characteristics (Т. = 25°C) 


EE OO 





Characteristics " Comilionn 


Dr Characierisksca 





Galo Threshold шуй “ 








ae AB 3.3 23 М. Won = 30V, |, = ETS ml 
Gale енеси lags V аа = EL = Мы Vu Ж АЙМ. | = OA 
Saturae Ceain Current [= 46.4 56.0 = А Woy m ВОМ, VR ZDM 
Drain-Source Besakdown Voltage ж 120 - - Чы Маа-аУ,!,аб7бтаА 
Small Signal Gain быз 17.5 1? - dB Vus 28V. LL =< 2048 | 
Peswar Quipul at Saturation! Pur 180 220 = vi М, TAV, py «20А | 
Drain Efficiency п БО 65 % Wo, = 280,1. 20A, Pun" P un | 
No damage at all phase angles, 
Output Mismatch Stress ЕТЫ = = 10: 1 Y Ya Se IL "EDA, 
Р. = 1805 W CW 
Dynamic Characteisticn 
Input Capacitance б - 35.7 - pF Vu, = 28У, V, = BV. T= 1 MHz | 
Cutput Capacitance ба - &B £ aF Va = 28 V, V. =-ВМ,1= 1 MHE | 
Feedoack Laxpacinnos Du - 1.6 = pF Vus = 28 V, V, e BV, 1= 1 MHz | 
Notes: 


1 Measured on wafer prior to packaging. 

z Scaled trom РЕМ data. 

3 Measured in CGH4O180PP-TB, including ай coupler losses. 
41. of 2.0 Ais by biasing each device at 1.0 А. 

5р. гін defined as: Q1 or Q2 = I, - 2.8 тА, 

5 Drain Efficiency = Р Py. 

7 Capacilance values аге for each side of the device. 


Coppighi S 22011 Cres, ге. А ighis reed. The Ein: in this document is subject to change without notice. Crea and 


the Gree ІБеп ne герезнгені adenantha of Gree, inc 
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CREEQ 


ғи а 


Typical Performance 





Gain and Return Loss vs Frequency of the CGH40180PP measured іп 
Broadband Amplifier Circuit CGH40180PP-TB 
Vin = 28 V, L,, = 2.0 A, Freq = 0.8 - 1.7 GHz 


-10 
21 | | | | | ls 
18 
15 


12 7 


621 (dB) 
511 (dB) 





I i I P E „ДЇЇ 
600 900 1000 1100 1200 1300 1400 1500 1600 1700 


Frequency (MHz) 
Output Power and Drain Efficiency vs Frequency of the 


CGH40180PP measured in Broadband Amplifier Circuit CGH40180PP-TB 
Мол 28V, I,, = 2.0A 





fub т Drain ЕНінге | = 
m 180. | | к: "60% mc 
т 
5 175 50% = 
= ш 
3 160. 140% „Е 
B | = 
2 145 БЕТТ | | ‚30% O 
130- | а= Есин f | "20% 
115-- 110% 
100 - | | "095 
1100 1150 1200 1250 1300 
Frequency (MHz) 
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Typical Performance 


—— = 


Gain and Drain Efficiency vs Output Power of the CGH40180PP 
in Broadband Amplifier Circuit CGH40180PP-TB 
Veo 28 V, lpg = 2:0 A 
22 | | | | | | | 80% 


| | | | | 
| gain 1102 =k gain 1150 == 12200 gain 1250 ——gain 1300 | 
20 | Solio =н 1150 а-ай 1200 H 1250 =ef 1300 | 
| А Т | 











m 
2 
Drain Efficiency 


Gain (dB) 


| | кы |Пезігі | 
12 Г Т T Т T 1 1 | ТЕСТУ | 3e 





104 | | І | | ; ail | | : 20% 


| 


1 
| 
| 





gi | | | | | | | | | 0% 
30 32 34 36 38 40 42 44 46 48 50 52 54 
Output Power (dBm) 


aor ЧӘ A Cre, Imc. A gis peered. Түні in fus document m subject i change vwilout nace. Cree anal 


He rer loe ane remgester d trademarks of Cree, lnc 


4 CGH4018O0PP Rev 1.3 Preliminary 
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Typical Performance 





Simulated Maximum Available Gain and К Factor of the CGH40150PP 
М = 28V, I, = 1.0A 


30 14 
a | 1.233 
am Ki 142087 
o i 
E 18 os 8 
т 
10 0.7233 
5 | 0.5587 
p 04 





4.5 2.5 45 8 
Frequency (GHz 


Typical Noise Performance 





Simulated Minimum Noise Figure and Noise Resistance vs Frequency of the CGH40180PP 
Моо = 28V, I, = 1A 
she DES НЕМЕН) (1) BRM Ж. 1] JR 


Hao ager CHa ae F 
Br Li 125 


Minimum Noise Figure [dB] 


Noise Resistance (Ohms) 





2 
1 
0 
0.5 2.8 4.5 б 
Frequency (GHz) 


tic Disc 






















Electrosta harge (ESD) Classifications 





БЕТ Н Test ГЕТЕ Гр 













































































Human Body Мос нам 1A > 250 ү ЗЕПЕС JESD27 А114-П 
Charge Device Modal | срм I 1 « 200 V | JEDECJESD22Ci0i-C | 
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CGH40180PP Power Dissipation De-rating Curve 


mme E NN c = 








Power Dissipation (W) 





n 25 5й 7 100 125 150 15 200 25 250 
Maximum Case Temperature (°C) 
Note 1. Area exceeds Maximum Case Operating Temperature (See Page 2] 


CGH40180PP Transient Power Dissipation De-rating Curve 





Power Dissipation (W) 


Ü 25 50 75 100 18 қа 175 200 225 250 
Maximum Case Temperature (^C) 
Note 1. Área exceeds Maximum Саве Operating Temperature (See Page 2]. 
Note 2. This transient de-rating curve assures а 1msec pulse with a 20% 
duty cycle with no power dissipated during the “otf-cycle.” 





Source: Copyright © 2009-2011 Cree Inc. 


СКЕЕ-Ф 


Thermal Resistance ав a Function of Pulse Width 


= = — —. OA D— Tee, 
ll = — RÀ —— lo, — = =_= — тн —— - 
Ec ee — — === на шананы m — ——- ] 

















= 
th 


Rh (C^W) 
ә 
кырыг. 


= »? 
[S 
eom mba тән mc mm a ca————À re m—À шшс ш=- Й =Й =чй кән ж 





= 
ы 


LJ 
=й 


| | 
oO CT T ЖЕН БЕН ШЕН БЕН ШЕН БЕН БЕН 
TED 1,D0E-07 1006-05 1,00E-D5 1,00E-D4 1.0064 1.006-07 1,00E-D4 1006+00 


Time (seconds) 
Note 1: This healing curve assumes zero power disapason duning the "af" porton of the duty cycle. 


Note 2: This data is for transient power dissipation at 224 W, Duty Сусе = 20 %. 


Simulated Source and Load Impedances 





Hm Utm u————MM——Á сең. үң : mCEEEC 7; C E m m——————"! ieee RN 
Cis O LR -o cá Ший. наш ны ыт a — á— ] 


I Source 1 


|» 


Z Source 2 2 Lond 2 








Frequency {Мгу Z Source 
5o 285 в |i. Gah Sar a 065 
ТІКІ UJ + qn d артар Б 
1200 TH - qp Бї! 4.65 - D 24 
жию pag. gus E - mm 
ЫП 1.08 . и.п mls PAT 
AI p.25 - БІ EB. 


Nate 1. Voga 2BV, poa 2.0 A in the 440189 package 

Note 2. Optimized for power gain, P... and PAE. 

Note 3. When using thes device at low frequency, sarios resistors should 
be used to maintain amplifier stability. 


CGHAD1B8DPP Rey 1.3 Preliminary 
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CGH40180PP-TB Demonstration Amplifier Circuit Schematic 
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CGH40180PP-TB Demonstration Amplifier Circuit Bill of Materials 


= — 0 —— LB c E = — ae 











[нана нп Павстірнәл 


Al RES, 100 Ohm, «15. 1 W. 2512 
Ro А20 RES, $11 Ст, + 5%, 1/168, СЗ 
R3 Нап AES, т! соса 7%, 5 1 ORS 
GUER CIGA CK CC PO CIT CAP, 27 pF нун Od) ATOM 
Стат Ста C14, 090. C21.023, 024 CAP, 3 SPF, +40.1 pF, 0603, АТОО 
Ciz CAP, SPF, кал pF, 0602, АТС 
C15 C18 C25. C28 CAP, LAFF, кал pF, QOO, АТОНХВ 
Ces C26 CAP, ТОРЕ, «0.1 pF, 0602, АТС 
блр? GAP, ӨРЕ, +40.1 pF, 0600, АТС 
еі САР, Тр, 5%, СОЯ АТСЯНКІ5 
Cx? Саг CAP, 470 pF, 5%, тү, 0600, ЖН 
UM 04a Fe cu САР, мині pF. OS. TEN, ЖУН. 
Ciakas САР, 10 ШЕ, 16W, TAMTAL LIM 
CECI G C61 CAP, $6 pF, «0.1 pF. 009, ATOSDOF 
Chr Cn? CAP, 27 pF, «0.1 pF. 0606, ATOSDOF 
C5 CAI GAP, 22 pF, «0.1 pF. 0805, АТОН 
Ce. na CAP, 1.1 pF, «0.065 pF, 0806, ATCBOUF 
CHCES CAP, Q3 pF, «0.065 pF, 0806, ATCODOF 
Ста сиз САР, 10 uF, «10%, 1210. HXTV, ХУН 
сысы CAP, X3 uF, 100%, ELECT, Ек, SMO 
110129 IND. 6. B гү (DERE. 1. аСТ 
FERRITE, 220 OHM, 05603, BL Mz 1PG2215HN1 
COMM, Туре, Facade, 0.500 SMA Flange 
CONN. Header, AT= PLZ 01 CEN, LK, 8 PES 


m» rn mE гс fe ora Іс гс гв ге в г> de ro [Pe rn Га в Га їп AG гс ге — 


РСВ, PO, Er а 3.48. h = 20 mi 


—_ — 
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Typical Package S-Parameters for CGH40180PP, Single Side 
(Small Signal, Ұр: = 28 V, lpg = 1000 mA, angle in degrees) 














ee TRUE 
Frequency | 
50 M Hz 0 857 “177 48 4,2 TB 28 20007 10.74 0,738 “178.16 
Gio MHz 0.8857 -1 76.74 5.61 T8.30 0.007 12.14 0.600 -175.41 
TOO MHz 0.957 -178.78 3.00 ray gogr 13.71 0.607 -178.83 
BOX MHZ 0.9857 17832 2g TÓ.74 0.007 16.36 ü Bü -1754 
S00 MHz 0.957 178.51 т. БЕ 4 20007 17.15 0.807 179.96 
1.0 GHz 867 177.78 2.09 65.49 0007 16.98 0.609 178.74 
1.1 GHz 0.957 177.08 1.80 B2 35 Q O07 00.87 0.612 179.82 
1.2 GHz 0.9857 178.38 1.73 50.48 ала? zo аб 0.614 179.28 
1.3 GHz 0.357 175.72 1.60 БЕ (2 gogg 24.73 0.617 179.03 
1.4GHz 0.866 175.08 1.45 ББЗ 0.006 28.86 0.220 178.76 
1.5 GHz 0.956 174.44 1.38 5329 0008 28.5; 0.623 178.485 
1.8 GHz 0.858 17381 1.98 50.58 0.008 20.44. 0.206 178.15 
1.7 GHz 0.958 173.18 1.22 46.72 0.008 52.25 0.626 177.82 
1.8 GHz 0.955 17255 1.15 6 50 Qo oos 23 B 0.831 177.47 
1.8 GHz 0.955 171.81 1.09 44 32 0.008 35.82 0.633 177.10 
2.0 GHz 0.955 17127 1.04 4217 gogg 35.17 0.635 176.71 
21 GHZ 0.854 170.82 0.99 4000 oo0tü 38.81 0.838 178.30 
2.2 (aHzZ 0,854 166.96 0.95 3; 98 0.070 23 3 0.640) 175.87 
2.3 GHz 0.9853 16529 0.91 55.93 aoii 41.14 0.642 176.42 
2.4 (Hz 0.952 16860 0.87 32281 o 011 d 2 D. Bad 174.95 
26 GHZ 0.952 187 80 0.64. 31.92 20012 43.716 0.646 174.47 
2.6 Hz 0.951 167.18 0.82 2B 35 0013 44.01 0.647 173.96 
27 GHZ 0.950 188.45 0.73 26.00 20015 44.73 0.648 173.44 
28 Hz o 949 155.59 OFF 26.07 0.014, 45.32 0.649 172.8В 
2.9 GHE 0.948 1864.31 0.75 24.16 0.015 45.78 0.650 17233 
3.0 GHz 0.9465 184.10 0.73 сора 0016 46.15 0.650 171.74 
32 GHz o gd 152.29 0.71 18.45 OTE 45.53 D, 851 170.54 
3.4 (Hz оа 160.55 0.59 14.54 0.020 46.47 0.650 168.19 
3.6 GHz o gam 158.53 0.67 10.40 обоз 45.97 D. BS 167.78 
3.8 GHz 0.329 156.31 0.67 5.86 üzr 45.03 0.645 164.21 
4.0 GHz Og 152.83 0.67 ar 2031 43.53 0.641 154.53 
4.2 Hz 0.913 151.03 0.68. -1 5i 0056 41.72 0.634 162.60 
4,4 GHz 2.901 14782 0.59 4512 o ü4z 39.23 0.625 150.05 
4.6 GHz 0.586 144.10 0.72 -11.18 o ар 25.07 0.613 158.38 
4.8 GHz 0.366 138.63 0.75 “16.81 0.059 05 КГ 135.56 
5.0 (Hz 0.838 134.38 0.64 -23.50 0078 28.92 0.775 153.00 
5.2 GHz 0799 127.78 0.88 -20.99 02091 20.30 0.747 149.75 
5.4 GHz 0742 119.49 0.97 „40,41 0117 11,55 0.708 144,16 
5.6 GHz 0.6558 108.97 1.08 -TA 0157 ШЕК 0.657 142.31 
5.8 GHz 0,534 92.85 1,41 г. т 2.219 "16.90 D, SS 128.02 
6.0 GHz 0.373 "292 1.24 AS 23:21 M 38 0.534 134,70 


Download this s-parameter file іп “,s2p" format at 








2.5 Parameter Extraction of Active 
Devices 


2.5.1 Introduction 


We have already seen that all linear models that are used on the market are really 
derived from large-signal models, and it is our point that the quality of the model 
depends mostly on the quality of the parameters used to describe the model. 

As far as modeling is concerned, there are two options. The first option is a 
physics-based model, which can be applied to items such as diodes and bipolar 
transistors, including its most advanced versions, such as HBTs, SiGe versions, 
and other future derivatives. The bipolar transistor is essentially a combination 
of two diodes whereby the base-emitter junction generates the electrons or holes 
(depending on how the reader is accustomed to viewing the process) and then 
transfers those to the collector. The emitter, as its name states, emits the charged 
particles and the collector collects them, minus some current losses, which are 
expressed in the current gain of the device. A current gain (f) of 100 means that 
the collector receives 1% less than the emitter emits. 

Earlier in this chapter, we went through a detailed physics-based derivation 
about the inner workings of these devices, explaining how, for a given dc bias 
point, one can simplify them to a small-signal equivalent circuit. This is possible 
since we assume that the RF current and voltages are less than 196 of the dc 
equivalent currents and voltages. Reducing a device's complex nonlinear 
equivalent circuit to a quasistatic linear equivalent circuit allows its 
manufacturer to generate and publish sets of S parameters for it. These 
parameters are bias-, voltage-, and temperature dependent. At higher 
frequencies, parasitics play an enormous role in determining a device's RF 
performance. 

A device operating at signal levels that are more than 196 of its dc equivalent 
currents and voltages must be evaluated in terms of large-signal performance. 
Most of the large-signal-equivalent circuits for nonbipolar devices, such as FETS 
(MOS, silicon JFETs, and members of the GaAsFET family) the large-signal 
equivalent, is an analytic approximation that essentially bears no physical insight 
into the inner working of the transistor. This fact is particularly painful because 
to look at high-order intermodulation distortion, one needs to have third and 
fourth derivatives of mathematically continuous equations. The SPICE approach 
cannot easily be translated into modern harmonic-balance simulators because 
such cop-outs as the use of IF THEN ELSE statements in programming provide 
everything else but a continuous model. In the case of our own work, we used 
complicated curve-fitting equations to obtain analytic equations and its 


derivatives to accurately provide a large-signal model that is valid over а wide 


range of dc and RF. 


2.5.2 Typical SPICE Parameters 


Since we are about to evaluate bipolar microwave transistors, junction FETs, 
MOSFETs (model level 3), and GaAsFETs. Tables 2.19—22 list typical 
parameters for the devices we have used. These parameters can be obtained by 
the Scout program with the appropriate measurements. The BSIM model for 
MOSFETs, applicable for submicrometer technology transistors, requires an 
enormous level of parameter extraction and has not fully been validated for the 
LDMOS-type transistors currently favored for RF and microwave applications. 


Table 2.19 BFR193W Bipolar Junction Transistor. 


IS 0.2738 fA 
VAF 24 V 
NE 1.935 

VAR 3.8742 V 
NC 0.9437] 

RBM | 7 
СЛЕ 1.1824 fF 
ТЕ 18,828 ps 
ITF 0.96893 mA 
VIC 1.1828 V 
ТЕ 1.0037 ns 
MIS () 

ХТІ 3 


Table 2.20 25К125 JFET. 


БЕ 
ІКЕ 
ВЕ 
IKR 
RB 
RE 
VJE 
A TF 
PTF 
MJC 
CJS 
NK 
FC 


| 25 


0.26949 


14.267 
0.037925 


1.8368 
0.76534 
0.70276 
0.694 77 
0 
0.30002 
0 

0 
0.72063 


Jd 


NF 
ISE 
NR 
ISC 
IRB 
RC 
MJE 
УТЕ 
CIC 
ACIC 
VJS 
EG 
TNOM 


0.9534] 


10.627 


| 4289 


0.037409 


0.91763 
0.11935 
0.48654 
0,8 


935.03 
0.053563 


0.75 
LA 


300 


IDSS 0.0525 VPO -3.111 САМА 
КЕ -0.3856 E-03 SL 0.28518 E-01. KG 

55 0.7448 Е-04 [GO 0.2 E-14 AFAG 
AFAB 38 VBC 30 R10 
C10 0.6600 Е-11 КІ 1.675 CIS 
КЕ 1.156 RG 0,5 Кр 

LG 0.6098 E-09 LD 0.5159 Е-08 LS 
CGE 0.1590 Е-11 CDE 0.3394 Е-26 CGSP 
ZGT 50 LGT 0.4712 Е-01 ZDT 
CGDP 0.3653 Е-12 ZST 50 LST 
CGSB  0.3120E-13 CDSB 0.5589 Е-12 VDMX 


-0.1567 E-01 E 


—0.2398 T 
38.46 IBO 
17.11 KR 
0.6818 E-33 CFO 
1.542 RS 
0.1482 E-08 CDS 
0.8282 E-13 CDSP 
50 LDT 
0.1495 Е-01 CGDE 
10 


15.20 

0 

0.1 E-04 

0 

0.7261 E-11 
1.333 
0.4813 Е-16 
0.4832 Е-12 
0.3998 E-0] 
0.383] E-12 


Note for junction FETs: The currently implemented model for junction FET is too primitive for serious RF 
applications. We have therefore taken the approach (liberty) to use the Materka parameter extraction approach for 
silicon junction FETs. This has resulted in unparalleled high-quality parameters: in particular, the knee voltage 
behavior has significantly improved, as well as the overall frequency response. 


Table 2.21 GaAs MESFET. 


IDSS 0.1077 УРО -1.8 САМА  —0.5741E-01 E 
KE -0.1155Е-01 SL 0.1652 KG —0.1782 T 
55 —0.1208Е-02 [60 0.213 E-11 AFAG 27.4 IBO 
AFAB 1.826 VBC 9 R10 8.382 KR 
C10 0.5964E-12 КІ 1.296 CIS 0 CFO 
KF 0.9775 RG 1.996 RD 1.296 RS 
CDS 0.7852 E-13 CDSD |. E-08 RDSD 158.1 CGE 
CDE 0.8674Е-І3 VDMX 8 

Table 2.22 1 um х 750 um Level 3 LDMOS FET. 

CBD 0.563 E-12 CGDO 166. E-12 CGSO 246. Е-12 САМА 
IS 6.53 Е-16 KAPA 0.809 MJ 0.536 NSUB 
PB 0,71 PBSW 0,71 РНІ 0,579 Кр 
RS 0.1 ГНЕТ 0,588 ТОХ 4. E-8 Uo 
VMAX 3.38 E5 VTO 2.18 ХОС 0.41 

Table 2.23 Diode Noise Model Key Words. 

Key Word Description Unit 

ID Required bias current for the data point Ampere 
КЕ Flicker noise coefficient 

AF Bias exponent of the flicker noise model 

FCP Frequency exponent of the flicker noise model 

FC Flicker noise corner frequency Hz 


1.29 

0 

0.5680 Е-09 
0.6359 
0.611 E-13 
1.234 
0.1609 E- 12 


0.211 
LEIS 
39 
835 


Default 


0.0 
1.0 
1.0 


The meaning and significance of the various parameters is best explored in a 
book on SPICE or semiconductor physics [37—39]. 


2.5.3 Noise Modeling 


2.5.3.1 Diode Noise Model 
The noise model for the diodes (Figure 2.127) consists of two contributions: the 
shot noise and the flicker noise. The shot noise is computed automatically and 
does not require any parameters. The flicker noise can be specified in two ways: 
1. using the enhanced SPICE noise model by specifying KF, AF, and FCP in 
the model/parameter list (this option is usually sufficient for most 
applications); 
2. using bias-dependent flicker noise coefficients (specifying KF and AF at 
multiple bias points). 


Figure 2.127 Equivalent noise circuit for a diode chip. 
C) 





The noise generators in the diode noise model are the series parasitic 
resistance, Ас, and the intrinsic junction. The figure below illustrates the intrinsic 
junction noise generator. Let Af be the bandwidth (usually normalized to 1 Hz). 
The intrinsic noise generator has a mean-square value of 


AF 
{ Í E 
pFCP 


(2 253) P») i 2gIpAf ЕКЕ 


Notes on the diode noise model. 

1. Shot noise is always present unless the SN parameter is set to zero. 
Turning noise off is useful for comparing the total circuit noise that is 
generated by the nonlinear devices and that generated by the linear circuit 
components. 

2. If the value of KF is specified as zero, then the flicker noise will not be 
contributed by the device and only shot noise is considered in the intrinsic 
model. 


АЈ 





3. The corner frequency noise model uses the system noise floor to 
internally compute the flicker noise coefficient, KF. The system noise floor 
is computed by the program using the diode parameters and kT. 

4. This noise model of course considers the actual operating temperature, 
which must be supplied to the model. 


2.5.3.2 BJT Noise Model 


The noise model for the Gummel—Poon BJT model consists of two 
contributions: shot noise and the flicker noise. The shot noise is computed 
automatically and does not require any parameters. The flicker noise can be 
specified in two ways: 
1. using the enhanced SPICE noise model by specifying KF, AF, and FCP in 
the model parameter list (this option is usually sufficient for most 
applications); 
2. using bias-dependent flicker noise coefficients (specifying KF and AF at 
multiple bias points). 
Option 1: Specifying the Bias-Independent Flicker Noise Coefficient 
This option involves the straightforward specification of KF, AF, and FCP that 
are constant with bias, as in the SPICE noise model. Notes on Option 1. 
1. Shot noise is always present unless it is turned off. Turning noise off is 
useful for comparing the total circuit noise that is generated by the nonlinear 
devices and that generated by the linear circuit components. 
2. If the value of KF is specified as zero, flicker noise will not be contributed 
by the device and only shot noise is considered in the intrinsic model. 
Option 2: Specifying the Bias-Dependent Flicker Noise Coefficient or Flicker 
Corner Frequency 
Option 2 allows a bias-dependent flicker noise coefficient (1.е., KF and AF 
vary with the bias point). 
Notes on the BJT noise model. 
1. KF, AF, and FC can be specified as bias dependent. If only one set of 
noise data is specified, the corresponding bias point is not meaningful 
because all parameters are considered constant over all bias values. 
However, the bias point is needed for the program to identify the data as 
bipolar noise data. 
2. The corner frequency noise model option uses the system noise floor to 
compute the flicker noise coefficient, KF. The system noise floor is 


computed by the program using the transistor parameters апа Кт. 


3. This noise model of course considers the actual operating temperature, 
which must be supplied to the model. 
Figure 2.128 shows the BJT noise model. Let Af be the bandwidth (usually 
normalized to a 1-Hz bandwidth). The noise generators introduced in the 
intrinsic device are shown below, and have mean-square values of 


Table 2.24 BJT Noise Model Key Words. 





Key Word Description Unit 
IB Required base bias current for the data point ampere 
VCE Required collector-emitter voltage for the data point volt 
VBS Base-substrate voltage required for LPNP type when volt 
four nodes are used. 
VCS Collector-substrate voltage required for NPN or PNP volt 
type when four nodes are used. 
KF Flicker noise coefficient 
AF Bias exponent of the flicker noise model 
FCP Frequency exponent of the flicker noise model 
FC Flicker noise corner frequency Hz 
Table 2.25 FET Noise Model Key Words. 
Key Word Description Unit 
FN Noise data measurement frequency Hz 
VGS Required gate-source voltage for the data point volt 
VDS Required drain-source voltage for the data point volt 
FMIN Required minimum noise figure in dB at FN 
MGO Required magnitude of optimum noise reflectioncoefficient at FN 
PGO Required phase of optimum noise reflection coefficient at FN 
RN Required normalized noise resistance at FN 
KF Flicker noise coefficient 
AF Bias exponent of the flicker noise model 
FCP Frequency exponent of the flicker noise model 
FC Flicker noise corner frequency Hz 
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Figure 2.128 BJT noise model (not showing extrinsic parasitics). Current 
sources with n are noise sources. 
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2.5.3.3 JEET and MESFET Noise Model 


The noise model for the FETs consists of two contributions: the shot noise and 
the flicker noise. There are two options to specify noise in the FET model. 
1. Using the enhanced SPICE noise model by specifying KF, AF, and FCP in 
the model parameter list to determine the flicker noise (this option is usually 
sufficient for most applications). The shot noise will be automatically 
computed using the SPICE equation. 
2. Using bias-dependent flicker noise coefficients through a reference in the 
DATA block (specifying KF and AF at multiple bias points) and specifying 
the four noise parameters (ЕЁ, МС, РСор, and R,) at multiple bias 


points. 
Option 1: Specifying the Enhanced SPICE Noise Model 


Option 1 is the straightforward specification of КЕ, АЕ, and FCP that are 
constant with bias, as in the SPICE noise model. 

The drain noise model has the form 
29m ‚|4 р|^Ё 

3 Af + A F—, Af 


fFCP 
where the shot noise is derived from g,, and the flicker noise is proportional to 
KF and the drain channel current, ID, and inversly proportional to frequency. 
The AF and FCP parameters tailor the flicker noise dependence on bias and 
frequency, respectively. 
Notes on Option 1. 
1. Shot noise is always present unless it is turned off. Turning noise off is 
useful for comparing the total circuit noise that is generated by the nonlinear 
devices and that generated by the linear circuit components. 
2. If the value of KF is specified as zero, then flicker noise will not be 
contributed by the device and only shot noise is considered in the intrinsic 
model. 
Option 2: Specifying the Bias-Dependent Flicker Noise Coefficient or Flicker 
Corner Frequency 
Option 2 allows the specification of the complex bias-dependent nature of the 
shot noise and flicker noise. At high frequencies, the equivalent noise sources 
are correlated (the SPICE noise model does not account for this correlation). The 
complete evaluation of the shot noise sources can be determined from the four 
noise parameters. Since these are functions of bias, they can be specified over 
the (Ves, Vps) bias plane. 





(Таъ |5) = 4КвТ 


Additionally, a bias-dependent flicker noise coefficient (1.е., KF and AF vary 
with current) can be specified. 

The MESFET noise model uses the four measured noise data (ЕЁ, Гор» and 
R,) at one frequency and multiple arbitrary bias points. The program uses this 
data and the FET model parameters to de-embed the noise data to an intrinsic 
noise model. The intrinsic model is accurate at all frequencies, and therefore can 
predict the noise performance at all frequencies given data at just one frequency 
point. Built-in bias-dependent characteristics are used if multibias noise data is 
not provided. 

Notes on the FET noise model. 

1. The corner frequency noise model option uses the system noise floor to 


compute the flicker noise coefficient, KF. The system noise floor is 
computed by the program using the transistor parameters апа Кт. 


2. This noise model of course considers the actual operating temperature, 
which must be supplied to the model. 

Noise in a MESFET is produced by sources intrinsic to the device. The same 
approach, but with different flicker corner frequencies, is highly applicable to 
JFETs and MOSFETs. For more detail as to simulation, see the Element library 
book for the active device portion of Ansoft's Designer. The equivalent noisy 
circuit of an intrinsic FET is represented in Figure 2.129. 


Figure 2.129 Equivalent noise circuit of an intrinsic FET device. 
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The intrinsic FET is internally represented as a noiseless nonlinear two-port 
with one equivalent noise current connected across the gate-source terminal and 
one across the drain-source terminal. The correlations of the gate and drain noise 


current sources are 
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The correlation matrix of the noise current sources is 
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The gate and drain noise parameters R and P and the correlation coefficient C 
are related to the physical noise sources acting in the channel and are functions 
of the device structure and bias noise parameters. By defining measured noise 
parameters, Finin Rn and Topp and using a noise-de-embedding procedure, the 


parameters R, P, and C and the intrinsic noise correlation matrix of a FET device 


as functions of device bias are determined by the program. 

In addition to the noise sources shown above, the flicker (1/f) noise can also be 
modeled by means of a noise current source connected in parallel with the 
intrinsic drain port. The flicker noise component in a narrow band, Af, is 
expressed in the form 

АҒ 

(2.266) ^ й QA For 

where Ij is the instantaneous value of the channel current, and Q, AF, and FCP 


are empirical parameters. In most practical cases, AF and FCP are directly 
obtained from measurements (typically, AF = 2 and FCP = 1), while Q is not. In 
Ansoft's Serenade Design Environment, Q is either provided directly using KF 
or is computed by providing the flicker corner frequency (FC). FC is the 
frequency at which the flicker noise equals the shot/diffusion noise. The corner 


frequency is defined by the equation 
Ip AF | 
I ел 558 
(2.267) 80” 
Given the corner frequency FC апа the measurement bias point V,, and Vas, 
the program automatically computes Ip, g,,, and P, and finally Q. 


More information on FET noise modeling can be found in [40—46]. 


2.5.3.4 MOSFET Noise Model 


The MOSFET noise model (Figure 2.130) consists of two contributions: the shot 
noise and the flicker noise. The shot noise is computed automatically and does 
not require any parameters. It can be ішпес off by specifying SN = 0. The flicker 
noise can be specified in two ways: 


Figure 2.130 Equivalent noise circuit of an intrinsic MOSFET device. 





"8 





1. using the enhanced SPICE noise model by specifying KF, AF, and FCP in 
the model parameter list (this option is usually sufficient for most 
applications); 
2. using bias-dependent flicker noise coefficients through a reference 
(specifying KF and AF at multiple bias points). 
Option 1: Specifying the Enhanced SPICE Noise Model 
This option is the straightforward specification of KF, AF, and FCP that are 
constant with bias, as in the SPICE noise model (the flicker noise is considered 
bias dependent). 
Notes on the MOSFET noise model. 
1. Shot noise is always present unless the SN parameter is set to zero. 
Turning noise off is useful for comparing the total circuit noise that is 
generated by the nonlinear devices and that generated by the linear circuit 
components. 


2. If the value of КЕ is specified as zero, then the flicker noise will not be 
contributed by the device and only shot noise is considered in the intrinsic 
model. 
Option 2: Specifying the Bias-Dependent Flicker Noise Coefficient or Flicker 
Corner Frequency 
This option allows a bias-dependent flicker noise coefficient (i.e., KF and AF 
varies with drain current). The MOSFET noise model data is given and 
referenced by a model parameter. 
Notes on the MOSFET noise model. 
1. KF, AF, and FC can be specified as bias dependent. If only one set of 
noise data is specified, the corresponding bias point is not meaningful 
because all parameters are considered constant over all bias values. 
However, the bias point is needed for the program to identify the data as 
MOSFET noise data. 
2. The corner frequency noise model option uses the system noise floor to 
compute the flicker noise coefficient, KF. The system noise floor is 
computed by the program using the transistor parameters апа Кт. 


3. This noise model of course considers the actual operating temperature, 
which must be supplied to the model. 
Let Af be the bandwidth (normalized to 1 Hz). The noise generators introduced 
in the intrinsic device are shown below, and have mean-square values of 
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We include this MOSFET noise model (used for quite awhile) for 
completeness. At the moment, we do not know which MOSFET noise model the 
industry will settle on in the future. 

Modern CAD tools, such as Ansoft's Serenade product, use these models 
allowing to generate quite accurate noise data based on a good linear equivalent 
model. Internally, it uses the noise-correlation-matrix method (first introduced by 
Russer). The same noise-correlation techniques apply to BJTs, all FETs except 


MOS, and HBTs (such as SiGe devices). 


Table 2.26 Noise Model Key Words. 


Key Word 
VGS 
VDS 
VES 


Description 


Required gate-source bias for the data point 
Required drain-source for the data point 
Required drain-bulk for the data point 


Flicker noise coefficient 


Bias exponent of the flicker noise model 
Frequency exponent of the flicker noise model 


Flicker noise corner frequency 


2.5.4 Scalable Device Models 


Unit 


volt 
volt 
volt 


Default 


Since diodes and transistors are scalable, here are guidelines for how to use and 


scale them: 
Microwave Diode 


ID = area х ID 
С; = area х С; 

RD = RD/area 
PIN Diode 

ID = area х ID 
С; = area х С; 

RS = RS/area 


Кх = Rmax/area 


Bipolar 

Typ = area х Tye  Tpr = area х Ih, 
Ďe = area x Д. Де = area х fh. 
lg = area х ғұ 1. = area х Ior 
Със = area х Съ. Cy, = area х Cpe 
Cy, = area X Съ, Rpp = Къь/агеа 
КВ, = КВ,/агеа КС, = КС,/агеа 
RE, = КЕу/агеа 1-1 х area 


Ciss = Су X area 


Materka FET 

IGSS = IGSS х area 

CGSO = С(550 х area 

CGS1 = СС51 х area 

СОУС = CDVC х area 

CDVS = CDVS x area 

RG = RG х area / (number of fingers х 2) 
RD = Кр/агеа 

RS = RS/area 


2.5.9 Generating a Databank for Parameter 
Extraction 


Given the fact that one can measure with an automated system (e.g., by Rohde & 
Schwarz, Agilent) the bias-dependent S parameters of any active device, bipolar 
and FET, we can generate a huge databank that allows us to have corresponding 
values for both RF and dc operating points. To validate this, one needs to run a 
large-signal simulator, such as Ansoft's Serenade Design Environment, or its 
equivalent from other manufacturers, enter the large-signal parameters and 
generate а set of S parameters that correspond to the dc values for which we 
have measurements. The agreement between measured and predicted points for 
both RF and dc values is a good measure to evaluate the accuracy of the 
parameter extraction and the simulator's performance. Model accuracy, however, 
is a relative measure with respect to the actual circuit to be designed. For 
example, a model that describes noise and weakly nonlinear behavior of an LNA 
with high accuracy might easily fail to predict the power-added efficiency of a 
switch-mode amplifier. In any case, a model must always be validated against 
relevant nonlinear measurement. A very helpful tool in this respect are modern 
nonlinear vector network analyzers or large-signal S-parameter measurement 
systems that allow for measurement of dynamic I-V trajectories as a function of 
frequency, bias point, driving power, and load impedance. These measurements 
give a wealth of information for model validation. We cannot stress often 
enough, however, the fact that while most simulator models are quite good, the 
weakest point of the link is the parameter extraction program. 

Currently, the best parameter extraction for bipolar transistors and FETs, 


excluding the BSIM model, is implemented in the Scout program by Ansoft, 
based on modified techniques found in the literature. These techniques are based 
on the fact that present-day nonlinear modeling of microwave devices, especially 
FETs, is not exactly adequate to describe all effects found within these devices. 
In the case of FETS, the most troublesome parameter is Rps, which is really more 


bias dependent than practically all existing models take into consideration. 
Techniques used in published extraction methods extract nonlinear models 
independently for each section of a device model, and then assume that the 
proper response will be generated when all parts are put together. For instance, 
many extraction techniques independently fit the І-У data of the section 
describing the І-У curves and then fit the С-У data to the equivalent small-signal 
models. This results in an approximation to the bias-dependent response of the 
complete model. 

In the technique used in the Scout program, model parameters are extracted 
simultaneously so the effects between model sections are accounted for and the 
device is treated as a whole. The most critical area happens to be in the linear 
region, typically around the pinchoff area, and for very small supply voltages. 
The Scout techniques use measured data taken at a wide variety of bias ranges 
and frequencies to define the model response. The possible solution region for 
the complete model becomes well identified and uniqueness of solution is vastly 
improved. The Scout program is interactive in nature and displays simultaneous 
measured versus predicted data. This allows for fine-tuning of the parameters. 

Over the years, the industry has adapted a large number of models. Those 
Supported by the Scout parameter—extraction program include: 


e npn Gummel-Poon BJT 

pnp Gummel-Poon BJT 

npn heterojunction BJT 

pnp heterojunction BJT 

general-purpose N-channel JFET 
general-purpose P-channel JFET 

Chalmers (Angelov) MESFET/HEMT 
Curtice-Ettenberg cubic MESFET/HEMT 
Curtice quadratic MESFET/HEMT 

IAF (Berroth) MESFET/HEMT 

modified Materka-Kacprzak MESFET/HEMT 
Raytheon (Statz) MESFET/HEMT 

TriQuint (TOM-1 and TOM-2) MESFET/HEMT 


e Ansoft physics-based MESFET 


The Ansoft physics-based MESFET model is unique and politically sensitive 
because its users are essentially required to enter all device fabrication 
parameters to get the appropriate answer, and most, if not all, companies will 
stay away from handing out such company proprietary recipes. The validation of 
this model was done using manufacturing data for transistors that were 
developed under government contract and therefore accessible for the team 
members. Compact Software/Ansoft over the last 10 years has been involved in 
a large number of government-funded research and development programs, and 
practically all modern modeling implementations and their validation were done 
in conjunction with the largest semiconductor manufacturers. 

As far as further validation is concerned, besides our looking at the matching 
of dc I-V curves and S parameters, important parameters such as 1-dB 
compression point, power-added efficiency, and harmonic content are important 
criteria to evaluate the quality of such an undertaking. As far as hardware is 
concerned, one needs to have a network analyzer, such as the ZVA (Rohde & 
Schwarz) or PNA (Agilent). Its selection is determined by the highest cutoff 
frequency where measurements are necessary. A dc feed capability, up to several 
amperes, through the measuring ports and appropriate power supplies, are 
essential, as is a dc I-V curve tracer. The built-in various optimizers of the 
program establish the best possible match between the selected parameters and 
the measured results. 

The area of proper modeling has always been fascinating because the active 
device model can make or break first-pass success. Figure 2.131 shows the 
doubler gain comparison of a model supplied by NEC (the device manufacturer, 
parameter extraction done with Scout, and parameter extraction supplied from 
the Microwave Engineering Europe magazine in its CAD review of May 1994. It 
is somewhat unclear where the MEE model came from. The actual task given by 
MEE was to simulate a frequency doubler against measured data. This type of 
simulation required two areas of high precision, one being the model and other 
being the electromagnetic modeling of the discontinuities of the circuit—in this 
case, a stub element. The circuit itself was very simple. The manufacturer- 
supplied data gave the poorest results (we believe the parameter extraction came 
from a third party not quite up to speed in this area). The results that came from 
the Scout parameter extraction and the third one that MEE supplied were fairly 
close, yet the Scout solution, including the electromagnetic simulation part, gave 
the best answer. More simulators have since appeared in the market, and it 


would be interesting to revisit this topic. Figure 2.132 shows physical layout of 
the doubler circuit. 


Figure 2.131 Gain comparison of a MESFET doubler based on the three device 
models used: NEC (+), Ansoft (O), and Microwave Engineering Europe (*). 
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Figure 2.132 Layout of the MESFET doubler. 
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Test Setup 


The measuring equipment required for the actual extraction includes the 
following. 


e Semiconductor parameter analyzer (HP4145) 

e Vector network analyzer (ZVR, HP8510, W360) 

e Bias supplies and meters 

e Power RF source, power meters, spectrum analyzer, and so on 


The required software tools include: 


e GPIB controller: Compact NETCOM (network analyzer control program) 

e Parameter extraction performed by Scout 

e Small-signal and harmonic-balance validation: Serenade nonlinear analysis 
(Microwave Harmonica) or its equivalent. 


After we have assembled all these tools, the device extraction process can 
begin. It will follow the flow as shown in Figure 2.133. Depending on the 
numbers for the dc/ac measurement, this process can take up to 2 h. The Scout 
program, with its built-in optimizer, can take another 2 h. It is therefore 
reasonable to assume a thorough parameter extraction of a device will take about 
] day. 


Figure 2.133 Flow chart of the parameter extraction process. 
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Parameter Extraction 


As we have outlined, the parameter extraction program Scout, which is 
optimized for high-frequency and millimeter-wave application, is a Windows- 
based parameter extraction and optimization utility. It requires a network- 
communication program to acquire dc and S-parameter measurement data. It 
supports interactive device fitting and optimization, and supports the various 
models listed earlier. For ease of use, it has an attractive graphical user interface 


with multiple windows, as can be seen from Figure 2.134. Agilent offers more 
general RF parameter extraction programs, but we did not have access to those. 
One of the unfortunate deficiencies of most BJT parameter extraction programs 
known to us is the fact that (as one example) the sensitivity to determine the 
actual base-spreading resistor for bipolar transistors is poor. The only useful 
workaround is considering the noise figure of the device, given the fact that the 
midrange noise factor of any bipolar transistor can be calculated from 


0.5 20 mw 
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By solving the equation for R, since we know that R, the generator 
impedance, is 50 Q, and the emitter diffusion resistance (26 mV/I.) can be 
determined from the bias point, we can already eliminate the need to extract ЕЁ}, 
from the test equipment. By using a generic algorithm based on S-parameters 
alone, errors of a factor up to 10 are not uncommon because of the low 
sensitivity for this parameter. Another headache in the case of the BJT is the 
determination of the excess phase (PTF) and forward and reverse transit time 
(ТЕ and TR, respectively). The lack of quality modeling can be best found by 
examining the measured versus predicted values of S55. Again, practically all the 
parameter extraction programs we have seen so far suffer from this deficiency. 


Figure 2.134 The Scout user interface. 
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2.5.5.1 MESFETS 


In the case of a member of the MESFET family, a model as shown in Figure 
2.135 is used. It consists of an intrinsic model and a complete chip/package 
parasitic model. In the case of the MESFET, to obtain first-class results, the 
following measurements are necessary: 


dc I-V measurements 

dc diode measurements 

cold-FET and forward-biased-gate S-parameters 
S-parameter measurements over bias 

harmonic power measurements 


Figure 2.135 Intrinsic model and complete chip/package model. 
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Z-parameter equations for Figure 2.136: 

(2.269) 211 = Rs + Ry + Rgs + Og hon + jw (Lg + Ls) 
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Figure 2.136 Forward-biased gate FET model for cold-FET (Vps = 0, Ves > 0) 


measurements. This approach allows direct extraction of parasitic resistances 
and inductances. 





In order to simplify the modeling, it is useful to do cold-FET (Figure 2.135 and 


equations (2.269)—(2.271) and pinched-FET (Figure 2.136 and equations 
(2.272)—(2.274) measurements to derive some of the intrinsic or extrinsic values. 


For the highest accuracy, the following extraction strategies are recommended. 
e Preextraction using basic dc and S-parameters—for example, Ссс from S,, 
e Six extraction steps to determine parameters: 

— basic dc model 
— advanced dc model 
— basic ac model 
— advanced ac model 
— package determination 
— diode characterization 
e Large-signal validation 
— power compression and bias shift 
— harmonic power comparison 
— intermodulation characterization 


As an example, we are going to use the popular and well-characterized 
NE71000, which is not a particularly modern device, but has been used for 
various research projects. Figure 2.138 shows measured versus simulated dc І-У 
curves for the NE71000. The agreement between measured and predicted dc IV 
curves is quite good. In a similar fashion, we obtain obtain the S parameter fits 
over bias. They are shown in Figures 2.116 and 2.117. 


Figure 2.137 Pinched-FET (Vps = 0, Ves < VP) model. This approach allows 
direct extraction of parasitic gate and drain capacitances. 
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Figure 2.138 Measured NE71000 dc І-У curves versus those simulated using 
the Ansoft Materka model. 
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Figure 2.139 Measured versus calculated NE71000 S parameters for Vgs =-~ 1 
V and Vps = 2 V. 
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Figure 2.140 Measured versus calculated NE71000 S parameters for Vgs =-~ 1 
V and Vps = 4 V. 
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Figure 2.141 Measured versus calculated NE71000 S parameters for Vgs = 0 V 
and Vps = 2 V. 
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Figure 2.142 Measured versus calculated NE71000 S parameters for Vgs = — 0.5 
V and Vps = 2 V. 
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As mentioned above, 1-dB compression, power saturation, and drain current as 
a function of drive. This particular model point is not particularly impressive. 
We believe this has to do with the original Materka model. 

Having brought up the subject of models, Figure 2.143 compares measured 
data with that obtained with the Angelov, cubic, quadratic, TriQuint, Raytheon, 
and Materka models. The figure shows that there is no perfect model yet. To put 
this in perspective, in Figure 2.144 we show the dc I-V error bars for these six 
models. This graph shows that the least errors for the dc measurement versus 
modeling are obtained with the Curtice cubic model, followed by the modified 
Materka model (implemented in Serenade) and TriQuint models. The difference 
in S parameter matching for RF application is significantly more relevant for the 
designer. 


Figure 2.143 Comparison of dc models: Chalmers (Angelov), Curtice cubic, 
Curtice quadratic, Materka, Raytheon, and TOM. 


Comparison of NE-71000 measured data with 
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Figure 2.144 DC І-У error bars: Chalmers (Angelov), Curtice cubic, Curtice 
quadratic, Materka, Raytheon, and TOM. 
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Things become much more interesting if we compare the S parameter errors 


between the Materka shown in Figure 2.145, the Curtice cubic model (Figure 
2.146), and the TOM model (Figure 2.147). 





Figure 2.145 NE71000, Materka model, % error contours for (a) dc I-V and (b) 
5 parameters. 
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Figure 2.146 NE71000, Curtice cubic model, 96 error contours for (a) ас I-V 
and (b) S parameters. 
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Figure 2.147 NE71000, TOM model, 96 error contours for (a) dc I-V and (b) 5 
parameters. 
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Since the trend is to go to low-voltage power КЕ operation, several issues must 
be battled. 
e Models are most inaccurate at low Vps and near pinchoff 


e Modeling of low-voltage operation is adversely impacted 
e Thermal effects must be considered, but older models do not account for 
this 


2.5.9.2 A Case Study 


As a case study, we will consider the Oki KGF1608 power MESFET (0.5 um x 
28 mm). Figures 2.148 and 2.149 show the dc І-У curves and 5 parameters, 
respectively. The resolution of the S parameters, based on the scale used, is not 


particularly impressive. 


Figure 2.148 Calculated versus measured dc І-У curves for the Oki KGF1608 
package MESFET. 
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Figure 2.149 Calculated versus measured 5 parameters for the Oki KGF1608 
package MESFET. 
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Figure 2.150 shows dc IV curve, with load line, for the KGF1608; the self- 
heating effect of the transistor can be seen in the droop of the top two curves. 
Figures 2.151 and 2.152 show drain current and output power versus drive, 


respectively. The test conditions for these three figures were f = 850 MHz, Vps = 
3.4 V, and Vps = 2.025V. 


Figure 2.150 Load line and dc I-V curves for the KGF1608 MESFET. 
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Figure 2.151 Measured versus calculated drain current for the KGF1608 
MESFET. 
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Figure 2.152 Measured versus calculated output power for the KGF1608 
MESFET. 
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2.5.6 Conclusions 


From all plots of dc апа ac error contours, dc І-У curves, апа ас error bar chart, 
we Can draw the following conclusions. 


DC Errors 


e [п the Saturation Region: All the models considered work very well, with a 
relative error of less than 15%. This means that all models are suitable for 
typical applications where the device operates in the saturation region. 

e [п the Linear Region: Although the errors in the saturation region are similar 
for different models, the errors in the linear region are quite different. The 
Materka, Curtice cubic, and TriQuint models behave better than other 
models in the linear region. The relative errors of these three models are less 
than 1096, while other models have more than 6096 relative errors at some 
points. 


AC Errors 


From the ac error contour plots, we can see that the Chalmers (Angelov) model 
emerges as the most accurate for ac small-signal operation. The comparison also 
shows that all mores considered are good for ac operations biased in the 
saturation region with a typical relative error of less than 1596. However, the ac 
relative errors are much higher in the linear region, particularly for the Curtice 
quadratic model, which exhibits more 8096 error at some points. 


Notes 


The above conclusions are based on the matching between the simulated 
responses of different models and the measured data from a typical NE71000 
device; the models may behave differently for a different device. It is not 
possible to draw any broad-based conclusions as to what model is the best. In 
order to select the most suitable model for your application, you must consider 
all the factors, such as bias range, frequency range, small-signal, or large-signal 
Operation, according to your experiences in device modeling. 


2.5.7 Device Libraries 


All these measurements lead to a nonlinear device library. Figures 2.153 and 
2.154 show a typical datasheet for a device in the library with measured and 
modeled data. The previous high-power example does not always lead to 
acceptable results as the models are far from being fully developed. We also 
show the simulation results using the physics-based model for FETs. 





Figure 2.153 Page 1 of a nonlinear device library for the NE67300. 
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Figure 2.154 Page 2 of a nonlinear device library for the NE67300. 
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2.5.8 Physics-Based MESFET Modeling 


We mentioned a physics-based model earlier. Figure 2.155 shows the measured 
versus predicted dc IV, I/O power, and S parameters for an Alpha Industries 
MBE MESFET developed under one of the government contracts. The 
simulation does not handle the trapped energy, which explains the negative slope 
on the third trace of the output dc І-У curve. 


Figure 2.155 Comparison of measured data with PHYSFET and TOM models 
for an Alpha Industries MBE MESFET (0.25 um x 400 рт) at Vgs = 71, Vps = 
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The process for bipolar transistors is quite similar and less tricky than the ones 


just described. Good examples can be found in the User Manual for Compact 
scout. 


2.5.9 Example: Improving the BFR193W Model 


We have already mentioned the difficulty encountering the proper base spreading 
resistor values and others by using standard parameter—extraction programs. 
Table 2.19 lists the SPICE Parameters for the Gummel-Poon Model, Berkley- 
SPICE 2G.6 syntax, from the Infineon datasheet. 

A certain issue arises when measuring noise performance of the same device at 
an operating point of 10 mA. Using above-mentioned simplified equation 


| 0.5 (26v mw 

Hey c ) 

== Қай же)! approxim: aLeequat ionat tmediumfreg пете лез) 
R, R, 


Hs 
we obtain the following results. 
A. Inserting 1.8 © (value for Rp provided by the data sheet) and Rp = 15 © 


(measured by the authors), here are the interesting results: 
18 2.6 
F = 1  oe— -|- L—— — 1.062 

(2.276) 50 | 100 i 


as noise factor or, as noise figure, NF = 0.26dB. 


B. Or using the measured 15 Q, one obtains 
күк кү 
(2.277)/1% 7100 A 


as noise factor or, as noise figure, NF = 1.22dB. 

The Infineon datasheet claims a noise figure of 1 dB and 1.3 dB at 900 MHz 
and 1.8 GHz, respectively. Therefore, the measured versus calculated data differs 
by 0.2 dB or less, compared to 0.74 dB or more. This simple example shows 
how easy it is to provide measurement data that are inconsistent with the laws of 
physics. It is therefore highly recommended to add the noise figure as an 
additional parameter in the parameter extraction to reduce the number of 
variables—specifically, those for which the standard extraction has little 
sensitivity. Тһе collector-emitter junction capacitance is another important 
parameter that frequently gets measured incorrectly. The way around this is to 


remember the definition 


| | 
һ 


DM 


(2.278). \ 8С: 

fr сап be measured from the 3-dB point of the emitter current gain (В) апа В 
was just computed above, so the equation can be solved for C,, as there is a 
relationship between measured gmax and fax. There are several correlations 
between the parameters of the equivalent circuit as published in different places, 
and therefore one can restrict the degree of freedom within the optimization 
process and obtain much better results. This approach is applicable to all types of 
transistors, bipolar and FET, but can not only be used to improve the accuracy of 
parameters that affect a transistors RF performance but also its noise 
performance. 


Notes 


1. Portions of this chapter's diode coverage are based on material in Alpha 
IndustriesSemiconductor Application Reports 80800, 80200, and 80500. Used 
with permission. 

2. Portions of this section, Sections 2.2.3 —;2.2.7, and Sections 2.4.2 —2.4.5, are 
based on Paul R. Gray and Robert G.Meyer, Analysis and Design of Analog 
Integrated Circuits, 3rd ed., c 1977, 1984,1993 by John Wiley & Sons, Inc. 
Reprinted by permission of John Wiley & Sons, Inc. 

3. Reproduced with permission. 

4. Reproduced with permission. 

5. Copyright c 2009 by Avago Technologies. All rights reserved, and copyright 


с 2009—2011 by Cree Inc., respectively. Reprinted with permission. 
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Chapter 3 
Amplifier Design with BJTs and FETs 


3.1 Properties of Amplifiers 


3.1.1 Introduction 


The goal of this chapter is to move from the details on the semiconductor 
devices themselves to our first practical application. One of the more interesting 
features of amplifiers is that they can easily become what will be covered in 
Chapter 5: oscillators. This is due to the high gain of the devices, unaccounted 
for parasitic elements, and other design flaws. The amplifiers we need will fall 
into three categories: 

e low-noise amplifiers, 

e high-gain amplifiers, and 

e medium-to high-power amplifiers. 

See Figure 3.1. The low-noise amplifier always operates in Class A, typically 
at 15%-20% of its maximum useful current. The high-gain amplifier can operate 
in Class A, as well as B (mostly push—pull). The higher dc current for the same 
device in a higher noise figure and more gain, and ultimately more output power. 
Class C operating mode is really reserve to either FM transmissions or constant- 
carrier modes like CW. Some of the modern digital modulation types are 
sensitive to phase distortion rather than amplitude changes, and because of the 
resulting output spectrum, designers have stayed away from Class C operation. 


Figure 3.1 Definition of Classes А-С operation and resulting bias, including 
conduction angle (@) to be discussed in Section 3.2.2. The transfer characteristic 
can be either quadratic or exponential. This results in different distortion, but 
does not change the basic operating mode. 


Class А Class В Class С 


іс 


NMo-signal 
current 








A = Operating point 





(a) 
Some of these amplifiers, such as bipolar versions, can be dc coupled with 
very few difficulties; others, like those in the FET families, will cause more 
headaches. An interesting example, although much too high in frequency for the 
purpose of this book, is shown in Figures 3.2-3.5. It shows а three-stage 
amplifier that has noise feedback for the first two stages and resistive feedback 
for the output stage. These are the three types of amplifiers, regardless of 
technology, we will be evaluating. The achievement of accurate noise analysis of 
this circuit, reported in Ref. [1], marked the first time a complete linear noise 
model with essentially no frequency limitation had been developed. Its accuracy 
depends solely on the accuracy of the element values of the linear equivalent 
circuit, which can be obtained from measured S parameters by an optimization 
process. Needless to say, this technique is also applicable at lower frequencies, 
such as 1.5-3 GHz, and its deviation from measured values has never been 
worse than 0.2 dB or, relative to the noise figure, 1096 expressed in dB. 


Figure 3.2 Schematic of the X-band GaAs monolithic low-noise amplifier 
(Texas Instruments EG8021). For reasons of linearity, all three stages operate in 
Class A. 





All transmission line lengths are in mils 
Z, = 83 Q on 6 mil-thick Gas substrate 


Figure 3.3 Photograph of the EG8021 monolithic amplifier chip. The area 
pictured is 0.09 in by 0.12 in in size. 





Figure 3.4 Simulated F pin, noise figure, 541, 521, and S5; responses for the three- 
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stage GaAsFET amplifier using the ТІ linear FET model. The values at 10 GHz 


аге: F 2.20 dB; МЕ, 2.21 dB; 5,,, -36.8 dB; 5,1, 27.2 dB; and S55, -23.7 dB. 
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Figure 3.5 Simulated ЕЁ, 
stage GaAsFET amplifier using the nonlinear FET model. The values at 10 GHz 
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The results of Figure 3.4 were obtained by using the linear FET model as 
supplied by Texas Instruments. It becomes somewhat obvious that a match for 
511 of —60 dB is not likely. We then replaced the linear transistor with the 


SPICE-type nonlinear model, resulting in the responses shown in Figure 3.5. S41 
now looks much more realistic in the center of the range, but at the same time 


exhibits a tendency toward instability at frequencies around 8 GHz. The actual 
circuit, when measured, did not exhibit this potential instability; on the other 
hand, the noise figure and gain agreed quite well. The discrepancies between the 
results with the linear and nonlinear models emphasize the importance of 
accurate device modeling. 

Figure 3.6 shows a wideband amplifier, specifically a distributed amplifier, 
that covers 1-20 GHz. Figure 3.7 shows its simulated frequency-dependent gain, 
matching, and noise performance. This example is given here as an outlook to 
circuit concepts applyed at frequencies well beyond the wireless range. The 
other reason is to show that the modern CAD tools can handle such high 
frequencies accurately, which means one can trust them at the significantly lower 
wireless frequencies of 500 MHz to 3 GHz. Above 1500 MHz, one really should 
model using distributed elements. We will come to this later in this chapter. 


Figure 3.6 Photo of the 1—20-GHz distributed amplifier. 





Figure 3.7 Simulated F,,;,, NF, 541, 521, and S55 responses. At the center of the 
range, the following numbers were found: Frin, 4.80 dB; NF, 4.80 dB; S,,, -32.8 
dB; 551, 21.8 dB; and 0117—2094 dB. 
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Input/output and interstage matching will become another challenging task, 
specifically if one requires sufficient bandwidth. As circuits become more 
complex and as the operating frequency increases, passive components play an 
increasingly important role; the use of distributed elements is practically a 
necessity above 1500 MHz. For this reason, we begin this chapter by covering 
the application of transistors as amplifiers, following this with a discussion of 
the surrounding external circuitry, such as transmission lines, inductors, 
capacitors, and resistors. 

The goal of the applications presented here is to address, where possible, high- 
performance wireless stages that are less subject to constraints of space, power 
consumption, and cost, than portable/mobile applications. This is consistent with 
our preface, in which we have clearly stated our goal. The designers of handsets 
typically cannot consider the full variety of circuits we will present here. These 
types of stages (low noise, high gain, and power) frequently will be used with 
filtering, and we will give some examples of input filters, including a tracking 
high-performance design. 

A key topic besides the frequently mentioned gain is the whole noise issue. 
The following subchapter gives the reader a complete introduction into this 
important area, followed by a similar introduction into the gain and matching of 
transistors. A caution, the majority of applications published go through the 
exercise of using S parameters manually to design low-noise and small-signal 


amplifiers. While we have been tempted to repeat the information spread around 
in several textbooks, we feel that the engineers today will have access to CAD 
tools one way or another. It is highly unlikely that readers will undertake the 
inefficient process of going through all the design steps manually (a procedure 
that can take days); hopefully, engineers today will resort to a linear/nonlinear 
CAD tool to do so. Only for the purpose of summarizing the necessary steps, we 
will provide the relevant information regarding gain, stability, and related topics, 
demonstrating their usefulness or possible misuse with a modern CAD tool—in 
our case, the Serenade Design Environment product from Ansoft. Although our 
examples are primarily simulated with Serenade, designers can basically choose 
from three comprehensive microwave-CAD tools: Ansoft's Designer (the 
successor of Ansoft's Serenade), AWR's Microwave Office, and Agilent's 
Advanced Design System (ADS). These tools are comprehensive in a sense that 
the full range of simulation and layout software is integrated, for example, 
circuit simulation in time and frequency domain, electromagnetic simulation of 
the transmission lines, and layout generation. Besides of these commercial 
packages, a number of special-purpose tools are available. 


3.1.2 Gain 


In practical terms, when we talk about gain, we mean the output power relative 
to the input power. The industry standard now uses 50 Q; however, at the point 
where we have to match high-impedance devices such as monolithic crystal 
filters where the impedance jumps, things are not so obvious. The transformation 
equation that allows us to transform from one impedance to another is 


This correction factor, m, is required to do the transformation from R, (50 Q) 
to R» (e.g., 1.2 КО). It needs to be understood that while the power gain remains 
the same, the voltage gain requires this correction factor. Since the power gain is 
expressed as 10 log A, A being the loop gain, 20 log A is the voltage gain, both 
expressed in dB. The reason for 10 versus 20 is that the power gain is always the 
voltage squared, which accounts for the 2. As reminder of these relationships 

Distinction: Power ratios —voltage ratios 





пав = 10) log, af Р, / Pj ) 1—9 H = 10 10214 = aB 
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Zi 
Z: = 21 -> ndB = 10 log (V7/ Vi) = 10 logyg(Vo/ Vi 


===> HdE = 20 log),(V2/ Vi)dB 

The gain is typically defined under the condition of real resistive source and 
load terminations, which means that all the available power is being supplied to 
the amplifier, and likewise through proper matching at the output, all the 
available power is fed to the termination. This gain figure is typically measured 
at a single spot frequency, but since most amplifiers are not totally flat, one 
needs to specify the gain tolerances or gain flatness. A good number is x dB +0.5 
dB gain variation. In the case of a narrowband amplifier, the gain typically is 
shaped like a tuned circuit or like a critically coupled bandpass filter frequency 
response while in the case of a real wideband application, the desired gain has 
some kind of ripple that is due to the various compensation components in the 
circuit. An extreme case of a wideband amplifier is a 6-18-СН? single-stage 
amplifier that uses some very clever matching. This is shown in the following 
example. Figure 3.8 shows the circuit diagram, and Figure 3.9 shows its 
frequency-dependent performance. 


Figure 3.8 A 6—18-GHz FET amplifier. 
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Figure 3.9 Frequency-dependent gain, matching, and noise performance of the 
Figure 3.8 amplifier. 
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Although this is a cute approach of generating a single-stage amplifier over 
such a wide bandwidth, in real life, it is not acceptable. The reason for this is that 
neither 51) nor S5; meet any useful specifications over the entire range. 


Typically, S,,/S55 values are only a few dB, while in reality more than 10 dB is 


required. We have chosen this example to show that gain and matching, 
depending upon the circuit topology, are connected. We get similar results for 
the noise figure whereby the best achievable noise figure (F nin) and the actually 
50-Q noise figure are only a few dB apart; however, its frequency dependence in 
a wideband stage is certainly not acceptable. 

Another parameter associated with gain is the stability factor K of the circuit. 
A value of К > 1 is mandatory to guarantee stability together with magnitude of 


511 and S», being less than 1. 


Figure 3.10 plots both the K stability factor, which for absolute stability must 
be >1, and maximum stable gain (MSG) as well as Gmax. It turns out that MSG 


is a highly artificial definition of stability implies that input and output are 
terminated with pure resistances and then conjugately matched. There are four 
ways of achieving this resistive loading, either in the emitter (as a shunt resistor 
between gate/drain or base/collector, and finally in parallel to the input and 
output to ground). Needless to say, this is not a real operating mode because it 


deteriorates both noise and gain. In our case, the entity G,,,, is a function of 5,» 


of the circuit, not just the transistor, and depends highly on S,5. If we bring the 


system close to oscillation, then Gmax will increase at the expense of bandwidth. 


Unfortunately, some of these microwave definitions of gain (see Table 3.1) have 
become widely used in industry without always being useful. To evaluate these 
equations for 54; is not legitimate because other quantities like К become 
infinite, and the entire system of equations falls apart. The power gain with input 
and output conjugately matched, or the transducer power gain for arbitrary 
source and load matching, still give more insight in the system. 


Table 3.1 Nine Power Gains. 


Transducer power gain for arbitrary Гс and Гу 
Unilateral transducer power gain 
(Sa a = Ph) 181 


Power gain with input conjugate matched n 11 — Sar; — [5!,|2) — 1— Sup 
(for Гу — 0) 
_ 811201 —|Ге[?) _ |57 


Available power gain with output conjugate matched) ^ M — S; F'5[(1— |S5]|2) 1-18-42 


(for Ге = 0) 





Unilateral power gain 


Figure 3.10 G ax, maximum stable gain (MSG), and К performance of the 
Figure 3.8 amplifier. 
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Definition for Са: If k > 1, it is called Gna and if k < 1, it is called Gps. 


In the above example, we specifically stated that the input and output VSWR 
was totally unacceptable, and this was due to a one-stage design. Figure 3.11 
shows an amplifier chip built around two transistors with standard feedback 
techniques applied; Figures 3.12 and 3.13 show its frequency-dependent gain, 
matching, stability, and noise performance. This amplifier was one of the early 
examples of GaAsFET wideband amplifiers, but it is interesting because while it 
has wild (and wide) gain swings, it exhibits a fairly constant input and output 
impedance or reflection coefficient. A further evaluation of the circuit shows that 
not only is the circuit unconditionally stable but also the maximum stable gain 
has an extremely high value based on essentially minimal 54», the К factor is 


ma? 


always significantly higher than 1, and Сл follows, to some degree, the actual 


gain response of the amplifier. (Ultimately, designers gave up on simple RCL 
feedback amplifiers for such a wide bandwidth, replacing them with distributed 
amplifiers previously called traveling wave amplifiers.) The problem of gain and 
stability starts at audiofrequency amplifiers, where the  motorboating 
phenomenon has been known for years, and the problem moves up in frequency 
with more modern technology, and is largely dependent not only on the device 
and the circuit but also on the layout. The motorboating effect has to do with 
ground loops and the fact that if the printed circuit traces from the power supply 
connection to the output power stage present too high a resistance, then at high 


currents the voltage will drop to a point below useful operation, and as the 
volume is lowered, become stable again. In this case, the amplitude of the signal 
through the amplifier controls the stability of the output stage. Needless to say, 
this most unpleasant effect applies to high-power stages for all output transistors, 
where we use Class B or C operation, meaning that the dc operating current as a 
function of output does not remain constant. 


Figure 3.11 A two-stage, wideband feedback amplifier. 





Figure 3.12 Frequency-dependent gain, matching, and noise performance for the 
Figure 3.11 amplifier. 
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Figure 3.13 Frequency-dependent Сл» 
performance for the Figure 3.11 amplifier. 
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In terms of gain, there is also an important gain characteristic called 
differential gain and differential phase. These expressions were first used in 
television circuits, where linearity in both areas is an absolute must. The 
amplitude of the signal determines the black and white contrast, and the phase 
determines the color. As an example, transmitting an image of one of our 
presidents playing golf in California to the New York area is done by many 
microwave hops. Any multipath reception, such as that caused by reflection 
from airplanes, may have little effect on the signal amplitude, but the resulting 
phase shift can transform a green lawn to a red lawn if a total shift of 180? 
occurs. Given a particular operating point, if the 1-dB compression point of 
multiple amplifiers in the chain is approached or exceeded, their differential 
gain, which is defined by the IEEE as *the difference between (a) the ratio of the 
output of a small high-frequency sinewave signal at two different levels of a 
low-frequency signal on which it is superimposed, and (b) unity," may increase. 
This mode of saturation charges all the capacitances of the amplifier transistors, 
causing huge phase shifts that result in the known problem of changing colors. 
The same applies, of course, in test equipment amplifiers, in which such changes 
cannot be tolerated. A somewhat similar, but not quite the same, problem is 
spectral regrowth (evaluated in terms of adjacent channel power ratio [ACPR]), 
which is also due to nonlinearities. The question of linearity has already been 


covered in detail in Chapter 1. Needless to say, any overdrive condition also 
changes ап amplifier's input and output SWR. 


3.1.3 Noise Figure (NF) 


Introduction 


In this section, we look at the best way to describe noise in active devices (black 
boxes). Even when a twoport is linear, the output waveform will differ from the 
input, because of the failure to transmit all spectral components with equal gain 
(or attenuation) and delay. By careful design of the twoport, or by limitation of 
the bandwidth of the input waveform, such distortions can largely be avoided. 
However, noise generated within the twoport can still change the waveform of 
the output signal. In a linear passive twoport, noise arises only from the losses in 
the twoport; thermodynamic considerations indicate that such losses result in the 
random changes that we call noise. when the twoport contains active devices, 
such as transistors, there are other noise mechanisms that are present. A very 
important consideration in a system is the amount of noise that it adds to the 
transmitted signal. This is often judged by the ratio of the output signal power to 
the output noise power (S/N). The ratio of signal plus noise power to noise 
power [(S + N)/N] is generally easier to measure, and approaches S/N when the 
signal is large. 

In the evaluation of a twoport, it is important to know the amount of noise 
added to a signal passing through it. An important parameter for expressing this 
characteristic is the noise factor. The signal energy coming from a generator or 
antenna is amplified or attenuated in passing from the input to the output of a 
twoport, as is the noise that accompanies the input signal energy. А system 
generally includes a cascade of twoport networks that constitute one overall 
twoport that amplifies the signal to a high-enough power level for its intended 
use. The noise factor of a system is defined as the ratio of signal-to-noise ratios 
available at input and output: 

(3.2) (S/N )output 

The noise figure (or factor) of a receiver is an easily measured quantity that 
describes the signal-to-noise ratio reduction of that receiver. 

When this ratio of powers is converted to decibels, it is generally referred to as 
the noise figure rather than noise factor. Various conventions are used to 


distinguish the symbols used for noise factor and noise figure. Here, we use F to 
represent the noise factor and NF to represent the noise figure, although the 
terms are usually used interchangeably. 
For an amplifier with the power gain G, the noise factor can be rearranged as 
5/М; 
(3.3) Ё = GSJGUN, + М.) 


when N, is the additional noise power added by the amplifier referred to the 
input. This can be computed to be 


The noise factor is often replaced by the noise figure (NF), which is defined in 
decibels as 

(3.5) NF = 10 logig F 

In applications like satellite receivers, the noise factor becomes such a small 
number that it is inconvenient to work with. Many people have adopted the use 
of an equivalent noise temperature for a circuit to remedy this situation. Since 
the thermal noise power N available from a resistor at temperature T, is 


(3.6) N = kT-B 
where k is Boltzmann's constant (1.38 x 107° ҮК), T, is the effective 


temperature in kelvins, and B is the bandwidth in Hertz. The equation above may 
be used to associate an effective noise temperature with circuits containing more 
than just thermal noise sources. This allows (3.4) to be written as 

kI.B (Oda 


Е = шамы ИНЕ 
(3.7) kIob To 
where T, is the effective noise temperature of the circuit and Tọ is the 





temperature of the generator resistor in Kelvins. The noise temperature T, now 


characterizes our circuit noise contribution and can be directly related to the 
noise factor. Assuming a reference noise temperature of 290 K (-273 + 290 = 
17°C), let us determine the noise temperature of the system with a noise factor of 
2.6 (4.15 dB): 

Т. = (2.6 — 1)(290) = 464K 

This temperature Т„ should not be confused with the environmental operating 
temperature Tọ. It is quite common to operate low-noise amplifiers with Т, 


below 100 K, an ambient temperature of 290 K. 


Signal-to-Noise Ratio 


Let us consider the signal-to-noise ratio of power delivered from a generator to a 
load as shown in Figure 3.14. The signal power delivered to the input is given by 


Figure 3.14 Combination of signal and noise voltages supplied to a complex 
termination. 
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Е = 4/2 Eg cos wt 
E Re( Zin) 
\ Ж + Zin|* 
where E, is the rms voltage of the input signal supplied to the system, and the 
noise power supplied to the input is expressed by 


(3.9) |» [Za + Zin|? 
where the noise power at the input is provided by the noise energy of the real 


part of Z,. The input impedance Z of the system in the form Z = Rin + jXi, is 
assumed to be complex.The Johnson noise of a resistor [here Re(Z,)], given by 
the mean-square voltage 


where k (Boltzmann's constant) = 1.38 x 10 7? J/K, T is the absolute temperature 
of the resistor, and B is the bandwidth, is sufficiently small that the resistive 
component of impedance does not change. The available signal power from the 
generator has a lower limit, even if the signal is attenuated by the highest 
possible attenuation. The generator resistor acts as a Johnson noise generator, its 
power being 


Р. LI ЕЕЕ: RR k 
(3.11) ^ AR 
where k is Boltzmann's constant, T is the absolute temperature, and B is the 
bandwidth. This power is the maximum available output power. 


For an ambient temperature of 290 К, kT = 4 x 107% W/Hz. This expression is 
also given as КТ = - 204 dBW/Hz = - 174 dBm/Hz = - 114 dBm/MHz. We сап 
combine (3.8) to (3.10) to obtain 


| 5 ) Е E: 
(3.42) \N Jin — 4kTRe(Z;)B 

This is the value of S/N contributed by the generator, which does not include 
the noise generated by the load, in this case Re(Z;,), which would need to be 
included in the measurement of the total S/N across the input impedance. 

A critical parameter is the noise bandwidth, B,, which is defined as the 
equivalent bandwidth, as shown in Figure 3.15. For reasons of group delay 
correction, most practical filters have round rather than sharp corners. The noise 


figure measurements shown later can be used to determine the "integrated" 
bandwidth, which is В,. 


Figure 3.15 Graphical and mathematical explanation of the noise bandwidth 
from a comparison of the Gaussian-shaped bandwidth to the rectangular filter 
response. 
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An active system such as a combination of amplifiers and mixers will add 
noise to the input signals, and the noise factor that describes this is defined as the 
S/N ratio at the input to the S/N ratio at the output, which is always greater than 
unity [2]. In practice, a certain minimum signal-to-noise ratio is required for 
operation. For example, in a communication system, such a minimum is required 
for intelligible transmission, either voice or data. For high-performance TV 
reception, to provide a picture noise free to the eye, a typical requirement is for a 
60-dB S/N. In the case of a ТУ system, a large dynamic range is required, as well 
as a very large bandwidth to reproduce all colors truthfully and all shades from 
high-intensity white to black. Good systems will have a bandwidth of 8 MHz or 
more. 


Noise Figure Measurements 
Some of the noise equations are based on mathematical models and physics. To 


understand some of these expressions, it is useful to look at a practical case of a 
system with amplifiers that has to be evaluated. 

Let us look at Figure 3.16, which consists of a signal generator, the system or 
device under test (DUT), and a selective receiver with a built-in root-mean- 
Square (rms) voltmeter to determine the signal and the noise voltage. It is 
necessary that the system have enough gain so that the noise voltage supplied by 
the generator will be indicated [3] 


Figure 3.16 Test setup to measure signal-to-noise ratio. 
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If we assume that our selective receiver is a video noise meter calibrated in 
rms voltage levels, we can perform two measurements. With an input 
termination connected to the TV system (typically, 75 Q for cable TV, 50 Q for 
satellite TV), the noise receiver/meter will read a value for proper termination 
that can easily be calculated. Since one-half of the mean-square noise voltage 
appears across the input, 

| Un V4kT RB 

(3.13) LE NEC 

With B = 10 MHz, T = 290 К (T is always expressed in absolute temperature; 
T? = — 273°C), and К = 1.38 x 10 ^? J/K, then for R = 75Q 


(3.14) “7 
where the rms noise voltage has been referred to the input port. We can verify 
this with our first measurement. 

Now we increase the input voltage of the signal generator to a value that 
indicates a 60-dB S/N ratio at the output port. This should be about 


where F is the noise factor of the receiver. For a receiver noise factor of 10, we 
would obtain E, = 5.48 mV (rms value). If the noise energy equivalent to a noise 


factor of F is assumed, we need ,/F times more voltage. For a 60-dB ratio, this 
should be about E, = 1000 х {vn /2) x vF. 

As they are done here, over a power range of 60 dB, the measurements can be 
performed over such a wide range only if special equipment is available. In cases 
where the internal detector of a piece of communications equipment is used, the 
signal-to-noise ratio measurements are performed over much smaller power 
ranges. 

Let us assume that for the above-mentioned case (F = 10), we find a S/N ratio 
of 10 dB at the output for an input signal of 5.47 uV. By rewriting (3.7) as 


(3.15) ° 3 
with F being the noise factor, we can solve for F with 


р, E2/R 





(3.16) P. ТВ 

While the input power from the thermal energy of the input termination 
resistor was КТВ = 4 x 1074 W, the input power required for the 10-dB S/N ratio 
was 

(3.17) Р, = (9.47 “з i _ 208 x 11% 

The noise factor is defined as the ratio P/P,,: 

j — 3.98 x 10 " 

(3.18) 4 x 10-14 
which is the proof. 

This method is used more frequently at the 3-dB point, or double the input 
power if the dynamic range of the detector is small or only a linear indicator is 
available. Because of hum and other pickup, this is not an easy measurement. 
Using a signal generator is very expensive because in a laboratory or production 
environment, a wide frequency range requires several generators. 

Another method is the use of a wideband noise generator Modern gas 
discharge diodes or avalanche diodes are available that essentially provide white 
noise energy over a large frequency range. These microwave diodes typically 
have an output of 30 dB above kT when switched on and kT when switched off. 
To provide good matching at microwave frequencies, a 15-dB attenuator is 
cascaded. This means that the noise power of the source in the ON condition is 


about 15 dB above КТ. 

In the early 1960s, low-cost noise figure test equipment was built around 
vacuum diodes whose operating range was limited to 1200 MHz due to the 
resonance effects of the structure. Today the automatic noise gain analyzer 
offered current by Agilent and Eaton/AIL uses calibrated solid-state noise 
sources up to 26.5 GHz. It appears that the upper frequency limit has to do with 
matching, and the lower-frequency limit with 1/f noise. 


Noisy TwoPort Description 


Based on the convention by Rothe and Dahlke [4], any linear twoport can be in 
the form shown in Figure 3.17. This general case of a noisy twoport can be 
redrawn showing noise sources at the input and at the output. Figure 3.17b 
shows this in admittance form and Figure 3.17c in impedance form. The internal 
noise sources are assumed to produce very small currents and voltages, and we 
assume that linear twoport equations are valid. The internal noise contributions 
have been expressed by using external noise sources: 


Figure 3.17 Noise linear twoports: (a) general form; (b) admittance form; (c) 
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h = 11 + yiaVe + д 

(3.19) /2 = ya + yaa + Fez 

Vi = 21144 + zade + Уд 

(3.20) Уз = zudi + 22212 + Vra 
where the external noise sources are Гу, Ino, Уту, and Vz». 


Since we want to describe our noisy circuit in terms of the noise figure, the 
ABCD-matrix description will be more convenient since it refers both noise 
sources to the input of the twoport [5]. This representation is given below (note 
the change in direction of I): 


V; = AV; + Bh + Va 


where V, and J, are the external noise sources. 


It is important to remember that all these matrix representations are 
interrelated. For example, the noise sources for the ABCD-matrix description can 
be obtained from the z-matrix representation shown in (3.20). This 
transformation is 


M Із у. 2211 
V4 = -= eee = 
(3.22) 1/21 23] 
I, V 
IA — Ij — Ё Уз l = -- 212 
(3.23) 21 221 


The ABCD representation is particularly useful based on the fact that it allows us 
to define a noise temperature for the twoport referenced to input. The twoport 
itself (Shown in Figure 3.18) is assumed to be noise free. 


Figure 3.18 Chain-matrix form of linear noisy twoports. 
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In the past, z and y parameters have been used, but in microwave applications, 
it has become common to use S-parameter definitions. This is shown in Figure 
3.19. The previous equations can be rewritten in their new form using S 
parameters: 


Figure 3.19 S-parameter form of linear noisy twoports. 
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There are different physical origins for the various sources of noise. Typically, 
thermal noise is generated by resistances and loss in the circuit or transistor, 
whereas shot noise is generated by current flowing through semiconductor 
junctions and vacuum tubes. Since these many sources of noise are represented 
by only two noise sources at the device input, the two equivalent noise sources 
are often a complicated combination of the circuit internal noise sources. Often, 
some fraction of V, and I, is related to the same noise source. This means that 


У, апа Г, are not independent in general. Before we can use V, and I, to 
calculate the noise figure of the twoport, we must calculate the correlation 
between the V4 and I, shown in Figure 3.18. 

The noise source V, represents all the device noise referred to the input when 


the generator impedance is zero, that is, when the input is short circuited. The 
noise source Гл represents all the device noise referred to the input when the 
generator admittance is zero, that is, the input in open circuited. 

The correlation of these two noise sources considerably complicates analysis. 
By defining a correlation admittance, we can simplify the mathematics and get 
some physical intuition for the relationship between noise figure and generator 
admittance. Since some fraction of I4 will be correlated with V4, we split I4 into 


correlated and uncorrelated parts as follows: 


(3.25) lA = In | I, 


І, is the part of I, uncorrelated with V4. Since Г, is correlated with V4, we can 


say that Г, is proportional to V4, and the constant of proportionality is the 
correlation admittance. 

(3.26) fn = Foor Va 

This leads us to 

(3.27) fa = YoorVa + А, 
The following derivation of noise figure will use the correlation admittance. Y, 
is not a physical component located somewhere in the circuit. Y,,, is a complex 
number derived by correlating the random variables I, and Ул. To calculate Y_,,, 
we multiply each side of (3.27) by V4 and average the result. This gives 





where the I, term averaged to zero since it was uncorrelated with V4. The 
correlation admittance is thus given by 





(329) Va 
Often, people use the term "correlation coefficient." This normalized quantity 
is defined as 


(3.30) yvan ; 
Note that the dual of this admittance description is the impedance description. 
Thus, the impedance representation has the same equations as above with Y 
replaced by Z, I replaced by V, and V replaced by I. 

V, and I, represent internal noise sources in the form of a voltage source 


acting in series with the input voltage and a source of current flowing in parallel 
with the input current. This representation conveniently leads to the four noise 
parameters needed to the describe the noise performance of the twoport. Again 
using the Nyquist formula, the open-circuit voltage of a resistor at the 
temperature T is 


(3.31) VÀ = 4k RB 
This voltage is a mean-square fluctuation (or spectral density). It is the method 
g q p y 


used to calculate the noise identity. We could also define a noise equivalent 
resistance for a noise voltage as 





The resistor R, is not a physical resistor but can be used to simulate different 
portions of the noise equivalent circuit. 


In a similar manner, a mean-square current fluctuation can be represented in 
terms of an equivalent noise conductance G,, which is defined by 


(3.33) °°" ^ ITB 
and 
I? 


for the case of the uncorrelated noise component. The input generator to the 
twoport has a similar contribution 
IÈ. 
Go = = 
(3.35) AKT B 
with Үс being the generator admittance and Gg being the real part. With the 
definition of F above, we can write 
Plu Ta H Ye Va | 
(3.36) | de | 
The use of the voltage V, and the current I, has allowed us to combine all the 
effects of the internal noise sources. 
We can use the previously defined (3.29) correlation admittance, УХ. = Goo, + 
jB.o, to simplify (3.36). First, we determine the total noise current 


where R, and G,, are defined in (3.32) and (3.34). The noise factor can now be 
determined by 
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(3.38) о, | | 
F Gau l 0 

F= l4 — | (Rg | Rec j^ | (Xc | A con “| 

(3.39) R, Е, | Е 


The noise factor is a function of various elements, and the optimum impedance 
for the best noise figure can be determined by minimizing F with respect to 
generator reactance and resistance. This gives 


! Fiu 


Ном = ү 





С, + В, 





(3.40) 
(3.41) Хоп == Х cor 


апа 

(3.42) Fmin = 1 + 2G, Reor + 24/ RuGn + (Gn Foor)? 

(To distinguish between optimum noise and optimum power, we have 
introduced the convention On instead of the more familiar abbreviation opt.) At 
this point, we see that the optimum condition for minimum noise figure is not a 
conjugate power match at the input port. We can explain this by recognizing that 


the noise source V, and J, represent all the twoport noise, not just the thermal 
noise of the input port. We should observe that the optimum generator 
susceptance, —X,,,, will minimize the noise contribution of the two noise 


generators. 
In rearranging for conversion to S parameters, we write 





a 4 Ят н =~ if 
F = Proin Dx дс боп| 
(3.43) Ra | 
Н. т 
Е = F min | —— Yc Yoru!" 
(3.44) Gc 
From the definition of the reflection coefficient, 
т 
(3.45) ^ Yor Ya 
and with 
Gg 
gg = ETH 
(3.46) °°" Yo 
Ra 





(3.47) " % 
the normalized equivalent noise resistance 
pa py ms De 
(3.48) © 8c(1 — |P]2)]1 + Гоа? 
= (Foo Fin) Ei Eol 
г, — Zon = Žo 
(3.50) боп + Zo 
The noise performance of any linear twoport can now be determined if the 
values of the four noise parameters, F nin, г, = r,/50, and Pop are known. 


Figure 3.20 shows the noise factor of a high-frequency transistor as a function 
of B, for Gg = constant and as a function of G, for B, = Вор. 


Figure 3.20 Noise factor in high-frequency BJTs for f = 600 MHz: (a) asa 


function of B, for С, = constant; (b) as a function of G, for B, = Вор. 
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Noise Figure of Cascaded Networks 


In a system with many circuits connected in cascade (Figure 3.21), we must 
consider the contributions of the various circuits. In considering the equivalent 
noise resistor R, in series with the input circuit 


Figure 3.21 Cascaded noisy twoports with the noise figures F, and F, and the 
gain figures G, and С}. 





ІС -— 1 | „=. 

(3.52) Re 

The excess noise added by the circuit is R,/Rco. 

Considering two cascaded circuits a and b, by definition, the available noise at 
the output of b is 

(3.53) Nab = FayGask1 B 
with B the equivalent noise bandwidth in which the noise is measured. The total 
available gain G is the product of the individual available gains, so 


(3.54) Nas = FarGaGrk TB 

The available noise from network a at the output of network b is 

(3.55) Nasb = Уабь = Ғ.СабьЕТВ 

The available noise added by network b (its excess noise) is 

(3.56) “ъъ = (Fb — L)G,ETB 

The total available noise N,, is the sum of the available noise contributed by 


the two networks: 
Nab = Naro + Ny = FaGaGokT B + (Fh — 1)СЬЕТВ 


F.—1 
= (ғ. po ) в„бьетв 





^! 


(3.57) 


(3.58) ' ^ 
For any number of circuits, this can be extended to be 
P= Е 4 Ез- 1 | Ез — 1 | Ға -- 1 - 
(3.59) С, GG OOG 
When considering a long chain of cascaded amplifiers, there will be a minimum 
noise figure achievable for this chain. This is a figure of merit and was proposed 
by Haus and Adler [6]. It is calculated by rearranging (3.59). 


ЕЙ = (F ү Finin — 1 | Pau E | T 
т tot Jmin жы | ! min T Ga = “аз” --Е...-Е1 








(3.60). 
where Fip is the minimum noise figure for each stage and Сд is the available 


power gain of the identical stages. Using 
— жала. 
(36))1-x | ^'^^ 


we find a quantity (Р, = 1), which is defined as the noise measure M. The 


minimum noise measure 
(Flin — 1 = Smin — Mi 
(3.62) = Tot ТЕПП [= L/GA mir 
refers to the noise of an infinite chain of optimally tuned, low-noise stages, so it 
represents a lower limit on the noise of an amplifier. 
The minimum noise measure M nin is an invariant parameter and is not affected 


by feedback. It is somewhat similar to a gain-bandwidth product, in its use as a 
system invariant. The minimum noise measure is achieved when the amplifier is 
tuned for the available power gain and Ге- Г, given by (3.50). 


Influence of External Parasitic Elements 


Mounting an active twoport such as a transistor usually adds stray capacitance 
and lead inductance to the device, as shown in Figure 3.22. These external 
components consisting of transmission lines and parasitic reactances modify the 
noise parameters and the gain. Some researchers have published the results of 
these parasitic effects and have made manual computations or used some limited 
computer programs. 


Figure 3.22 Equivalent circuit of the transistor package. 
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In a paper by Fukui [7], an attempt was made to determine the necessary 
equations, but the formulas are too involved even for pocket calculators. 

A more generic study by Iversen [8] is also very involved because of the 
various matrix manipulations, and is more suitable for a computer. Besser's 
paper in the IEEE MTT-S in 1975 [9] and Vendelin's paper [10] in the same issue 
have shown for the first time some practical results using computers and even 


optimization methods, using an early version of COMPACT. The intention of 
these investigations was to find feedback that modifies the device noise and 
scattering parameters such that a noise match could also provide a low-input 
VSWR. It can be seen from these discussions that some feedback, besides 
resulting in some gain reduction, may improve the noise matching at the input 
for a limited frequency range. A more recent paper by Suter [11] based on a 
report by Hartmann and Strutt [12] has given a simple transformation starting 
from the S parameters and the noise parameters from common-source (or 
common-emitter) measurements. The noise parameters for the “packaged” 
device are calculated. This means that the parameters for the “new” device, 
including the common-gate (or common-base) case, are calculated. The 
equations are device dependent. They are valid for any active twoport. 

A transformation matrix, n, may be used to combine the noise sources of the 
various circuit configurations. The transformation matrix parameters are given in 
Table 3.2 for series feedback, shunt feedback, and the common-gate (base) case, 
which will be important for oscillator analysis. The transformation matrix gives 
the new four noise parameters as follows: 


Table 3.2 Transformation of Matrix Parameters. 


Series Feedback 


£s = R; + jX; = 2; 


Sa AM — 55 N 
п =l пр = 202—210 


21-1 
Ha —0 пә----- 
534 C, + áa Ci 








where 
—| 
ey = дуу = 
“ 1424, 
| , 27, 
Sig = Su = = 
1 +27, 
M = (1 + 5 wl — 553) F Siati 
N = (1 4+ Su X1 — S23) + 51252 
C, = (1 — Sy — 533) — 5989 
Cy = (1+ SL — 55) — 5555 
5 S12 
[5]pevice = Е al 
Shunt Feedback 
Ёр = Кр | jXp = Zp 
5,1; — (027 
[п] = _ 1 $4P—-ShQ к” 
"eio Zo Sj, C5 + Sy Cy Pe 
where 


52 = 5 = ir 
2 р 


P = (1 — 81,014 55,) + 51,5%, 
Q = (1 — 51101 + 523) + Sita 
C5 = (1+ Su + S99) — 5128; 
C5 = (1+ Sq + 5) — 51585, 


| ӛн Sy 
[S Device Exc E E 


- ш- 





Common Gate 


249 

nu = ————— ni —0t0 
—28 + C4 

1 C3C4 — 454253 

EI i ee Weg 
Zo V(—2553 + C4) 


where 

V = (1+ Su + 822) — S152 

C3 — (1 — Sy X1 + 523) + 81255 

Са — (1 F 5uX1 — 522) + 51255 

[S Device = È 4 = Common-source 5 parameters 
(3.63) En = А.т  maYes|^ + Gs nisl 

жі 2. Gantin 
(3.64) " R; 
Е R. 





|11922 — 1271211 2 


к. 


Hs, m. Ж eure ү, “Іп в 
Voor = my (ar + M22 Yeor (ту 2872 о) оту "22012 
(3.65) m, Ry, 


A final transformation to the more common noise-parameter format given by 
(3.44) is still needed [10]: 


(3.66) Finin = 1 + 22,067, + Go) 


(3.69) Bon С =й 
Figure 3.23 shows the noise figure as a function of external feedback for a 


low-noise microwave bipolar transistor, the АТ-41435. 


Figure 3.23 Noise parameters versus feedback for the AT-41435 silicon bipolar 
transistor: (а) F nin versus frequency and feedback; (b) ғ, versus frequency and 


feedback; (с) Го, for AI-41435 versus frequency and feedback. 
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Bias-Dependent Noise Parameters 


Since we have elaborated on the effect of parasitics, it is now useful to point out 
that noise is also a strong function of bias point and frequency. Figure 3.24 
shows the noise figure expressed in dB as a function of different dc currents and 
frequencies for a BFP420 BJT by Infineon. A change in the collector voltage 
will also affect the noise parameters, not quite as strongly as shown here, but still 
significantly. The reason for the turning point of the noise figure has to do with 
the fact that for lower currents, the f, cutoff frequency has not reached its peak 


yet, and therefore the noise increases. The increase of the noise at higher 
currents is due to the Schottky noise calculated from the equation 


Figure 3.24 Noise figure minimum noise figure, noise figure, and source 
impedance for minimum noise figure for the Infineon BFP420 transistor. 
Courtesy Infineon Technologies. 
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Figure 3.25 Typical noise figure circles and gain circles. 
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(3.70) Pn = 279 
where Р, is the noise power, I is the saturation, collector, or drain current, and 4 
= charge of an electron (1.60 x 10-19 coulomb). 

Table 3.3 shows the common-emitter noise parameters for the BFP420. 


Table 3.3 BFP420 Common-Emitter Noise Parameters. 


f Fin Gy Гор Ку n Faq 157% 
GHz dB dB MAG АМО Г - dB dB 
Vcr — M. Ic — 5 А 

0.9 0.90 20.5 0,2% 41.0 8.7 0.17 1.02 20.3 
1.8 1.05 15.2 0.20 82.0 6.7 0.13 1.11 15.8 
24 1.25 13.0 0.20 124.0 5.5 0.11 1.32 13.5 
3.0 1.38 12.1 0.22 — 175.0 5.0 0.10 1.48 11.6 
4.0 1.55 10.3 0.33 —]57.0 5.5 0.11 1.83 9,1 
5.0 1.75 8.0 0.45 —]42.0 5.0 0.10 2.20 7.0 
6.0 2.20 6.4 0.53 —123.0 15.0 0.30 3.30 5.3 


"Input matched for minimum noise figure, output for maximum gain 
= г 
т. = Zr = 500 


Noise Circles 


From the “Influence of External Parasitic Elements” section, we see that the 
noise factor is a strong function of the generator admittance (or admittance) 
presented to the input terminals of the noisy twoport. Noise tuning is the method 
to change the values of the input admittance to obtain the best noise 
performance. There is a range of values of input reflection coefficient over 
which the noise figure is constant. In plotting these points of constant noise 
figure, we obtain the so-called noise circles, which can be drawn on the Smith 
chart I'; plane [13]. Starting with the noise equation [see (3.44)] for a 50-0 


generator impedance, we find that 
Lon 5 


io = Frain F dr, == 
і +1 On |“ 


Fr 
(3.71) 
We want to find the position of the reflection coefficient on the Smith chart, as 
in the case of the gain circles, for which F is constant. First, we rearrange (3.67) 
to read 


t pa {2 
-- (Fso Fain) | L'or] 


Pr E. 158 
(3.72) ail On|“ 
By introducing 

М; u F t Finin | ; Гь, | РА 
(3.73) Fra | 


we can find an expression for a circle of constant noise figure as introduced by 
Rothe and Dahlke [4], [13]. The center for the noise circle is 


| [ ‘On | 


С, 
(3.74) ^ 1«N, 





(3.75) ` +N, 

with the definition of N used previously. However, if we consider only the 
minimum noise figure for a given device, we will not obtain the minimum noise 
figure for the multistage amplifier system. This was explained when the noise 
measure was introduced [see (3.25)]. Therefore, a better way to design the 
amplifier would be to use circles at constant noise measure instead of circles of 
constant noise figure. This was recently done by Poole and Paul [14]. They 
derived the expressions for the noise measure circles as a function of S 
parameters, noise parameters, and Ге, using 


б, = | |82141 "i Jel) 
(3.76) (1 — |822) + [Pa]? (Su? — |A|?) -2Е(ГеСі) 
where 
С, = 84 — SA 
A = 511533 — 512511 
In terms of the generator reflection coefficient, the noise measure can be 
expressed as 


M — Fun m ца- Га 45 2 Sil i T lonl“ + 4r H 5214 Ге Gc — Го |] 
wine | Го? | | S21 | ' Telf) ~ (3 Sn =) 
(3.77) “Пейіш - JAP) + 2RePeCy))} 


Equation (3.77) can be shown to represent circles in the source reflection 
coefficient plane described by the following: 
(3.78) Tel’ T Г] -ГеГь- Tolm - К 
The centers and radii of the constant-noise-measure circles are given by 
o Mit + Го 2С + 4т |8 Гон 
3.79) ~ M| + Ton] P + [Sal 2(4r, — W) 





(3.80) " RUPTA IR тар 


P= Sal + Sul? "—|А 
Q = [95 il + |5» „|^ — 1 
W = ЯН Гол! ‚ша x 
M, = |1 + To [*(PQ + |C1|*) 
M, = na + Toul? S х 
[-(4rs| Г Ота 2 + d oif m (И ui Ar, )Q, 
M, — |82114 1 +r On HF min ~ -1 } 
WW - - Ary, [o (Гоњ | W) 
The value of the minimum noise measure can be found by considering the 
noise measure circle of zero radius, that is, set r,, equal to zero in (3.80). This 


results in 





- AM4M, 


(3.81) " fmin = эм 
Equation (3.81) yields the same value of М. as would have been obtained by 


using the immittance parameter equation given by Fukui [13] and can, therefore, 
be considered as the reflection coefficient plane analog of Fukui's expression. 
The elimination of the need for the parameter Reg however, results in a 
considerable simplification as compared with the earlier approach [13]. The 


value of the minimum noise measure is taken as the smallest nonnegative value 
of М. given by (3.81). The source reflection coefficient that results in the 
minimum noise measure can now be obtained by employing (3.79): 

Mmin|l + l'on|*C1 + 4ra|S21|?lon 
Маш |1 + Гоһ]2Р + [851 |? (4r, — W) 


Гоњ 
(3.82) 
The output reflection coefficients of the device, when Г, is presented to the 
input port, is given by 

Е = S22 — Al om — Al от 
(3.83) ^ 1-51Го, 


Noise Correlation in Linear TwoPorts Using Correlation Matrices 


In the introduction to twoport noise theory, it was indicated that noise correlation 
matrices form a general technique for calculating noise in n-port networks. Haus 
and Adler have described the theory behind this technique [6]. In 1976, 
Hillbrand and Russer published equations and transformations that aid in 
supplying this method to twoport CAD [15]. 

This method is useful because it forms a base from which we can rigorously 
calculate the noise of linear twoports combined in arbitrary ways. For many 
representations, the method of combining the noise parameters is as simple as 
that for combining the circuit element matrices. In addition, noise correlation 
matrices can be used to calculate the noise in linear frequency conversion 
circuits. The following is an introduction to this subject. 

Linear, noisy twoports can be modeled as a noise-free twoport with two 
additional noise sources. These noise sources must be chosen so that they add 
directly to the resulting vector of the representation, as shown in (3.84) and 


(3.85), and Figure 3.17. 
| l | кені |n | 112 | | Vi | Jr. Í L | 
(3.84) із 1/21 yoo | | Va || | de 


Vi Al) tw 

Gays. НЫ 
where the i апа v vectors indicate noise sources for the у апа 2 representations, 
respectively. This twoport example can be extended to n-ports in a 
straightforward, obvious way. 

Since the noise vector for any representation is a random variable, it is much 
more convenient to work with the noise correlation matrix. The correlation 
matrix gives us deterministic numbers to calculate with. The correlation matrix 


#11 512 
23] cag 








is formed by taking the mean value of the outer product of the noise vector. This 
is equivalent to multiplying the noise vector by its adjoint (complex conjugate 
transpose) and averaging the result: 


m+ __ H ж ee bx "i x 
ү == ІІ m — [nega jc жу | — Mey] 
(3. 86) із 12112) (i215) 


where the angular brackets denote the average value. 

Note that the diagonal terms are the “power” spectrum of each noise source 
and the off-diagonal terms are complex conjugates of each other and represent 
the cross “power” spectrums of the noise sources. “Power” is used because these 
magnitude-squared quantities are proportional to power. 

To use these correlation matrices in circuit analysis, we must know how to 
combine them and how to convert them between various representations. An 
example using y matrices will illustrate the method for combining twoports and 
their correlation matrices. Given two matrices y and y', when we parallel them 
we have the same port voltages, and the terminal currents add (Figure 3.26): 


Figure 3.26 Parallel combination of twoports using y parameters. 
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Here, we can see that the noise current vectors add just as the y parameters 
add. — the new noise vector to a correlation matrix yields 


Р Г. 
X Uni pu tne чу Р, — + z gp ") t] EE 11 1215 ) 
(3. 89)" i ( К t7 / 


The noise sources from different twoports must be uncorrelated, so there аге 
no cross products of different twoports. By inspection, (3.90) is just the addition 
of the correlation matrices for the individual twoports, so 

(3.91) Ces] = (Cy) + (C7 

The same holds true for g, h, and z parameters, but ABCD parameters have the 
more complicated form shown below. If 

(3.92) [Anew] = (АЈА | 
ћеп 

(3.93) [Canew] = [СА] + ГАСА [А] 

The transformation of one representation to another is best illustrated by an 


example. Let us transform the correlation matrix for a Y representation to a Z 
representation. Starting with 


(3.94) H = м | у Н 


we can move the noise vector to the left side and invert у: 


| Уі | — [у | h Е 1 | — y -H b | Ly | 
(3.95) V2 | || fg — ty ЕР | | 
Since (Ү) = (2), we have 


| 4 _ үй | J 1 FA | == a 
(3.96)[%] ^ 1h] 1 


SO 
zi Е - т ~ | 
(3.97) "4 has із ШЕ —1 


where the signs of i, and Г, are superfluous since they will cancel when the 








correlation matrix is formed. Here, the transformation of the Y noise current 
vector to the Z noise voltage vector is done simply by multiplying by (Z). Other 
transformations are shown in Table 3.4. 





Table 3.4 Noise Matrix Т „з Transformation. 


Original Form (œ Form) 


} ғ 4 
i l Ч Уи Е —»n | 
Ч | Уз! ya — 00) 9 
Resulting form (6 form) ғ 711 212 | ( l 411 
221 i22 Ü | 1 —Z2 
А 0 А |» | — À || | 0 
| Аз» 0 - A>] 0 | 


To form the noise correlation matrix, we gain from the mean of the outer 
product: 


TT uU) (қта) Title Nun 
(3.98) (Uv) — pes ni 1 = [4| ( Ы it al) 2 
ОГ 
where 


This is called a congruence transformation. The key to all of these derivations 
is the construction of a correlation matrix from the noise vector, as shown in 
(3.90). 

These correlation matrices may easily be derived from the circuit matrices of 
passive circuits with only thermal noise sources. For example, 


(3.101) [Cz] = 2KT'A fRe([Z]) and 
(3.102) (Cy) = 2KT A fRe(|Y ]) 


The 2kT factor comes from the double-sided spectrum of thermal noise. The 
correlation matrix from the ABCD matrix may be related to the noise figure, as 
shown by Hillbrand and Russer [15]. We have 

p14 САЎ! 
(3.103) | 2kTRe(Yc) 


> _|¥e 
r= |] 


Expressing the noise factor in terms of the correlation matrix, here is a 
complete formula: 
pa САЛ + 2 ВеҮ, (РСТ 2 ОЛ + Yaf) CRL) 
(3.104) 2kTohei YS GF) 


Once we transform this in the Y parameter form, we obtain the following 
equation: 
p^ і int f , ор f | m Үҙ Cf ] | 

(3.105) Rei Yal /)} 

It should be noted that all these values are frequency dependent as expressed in 
this equation. 

The ABCD correlation matrix can be written in terms of the noise-figure 
parameters as (double-sided spectrum) 


C] = RT Ry D — R Yg, 
a} = ш Fo— ғ э у |2 
(3. 106) — Fin Yon Б 11 (нъ | 


The noise correlation matrix method forms ар easy and rigorous technique for 
handling noise in networks. This technique allows us to calculate the total noise 
for complicated networks by combining the noise matrices of subcircuits. It 
should be remembered that although noise correlation matrices apply to n-port 
networks, noise-figure calculations apply only to pairs of ports. The parameters 
of the C, matrix can be used to give the noise parameters: 
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Noise Figure Test Equipment 


Figure 3.27 shows the block diagram of a noise test setup. It includes the noise 
source and the other components. The metering unit has a special detector that is 
linear and over a certain dynamic range measures linear power. The tunable 
receiver covers a wide frequency range (e.g., 10-1800 MHz) and controls the 
noise source. The receiver is a double-conversion superheterodyne configuration 
with sufficient image rejection to avoid double-sideband noise measurements 
that would give the wrong results. 


Figure 3.27 Noise figure measurement. 
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These receivers are microprocessor controlled and the measurement is a two- 
step procedure. The first is a calibration step that measures the noise figure of 
the receiver system and a reference power level. Then the device under test 
(DUT) is inserted and the system noise figure and total output power are 
measured. The noise factor is calculated by 

P = Кумеш — 2 

(3.110) г] 
апа the gain is given by the change іп output power from the reference level 
[16]. The noise of the system is calculated by measuring the total noise power 


with the noise source on and off. With the ENR (excess noise ratio) known [16], 


(3.111) ^ ^ үст 

The noise bandwidth is usually set by the bandwidth of the receiver, which is 
assumed to be constant over the linear range. The ENR of the noise source is 
given by 

(3.112) сыа 
where Тыа is usually room temperature (290 К). This ENR number is about 15 


dB for noise sources with a 15-dB pad and 5 dB for noise sources with a 25-dB 
pad. Since both gain and noise were stored in the initial calibration, a noise/gain 
sweep сап be performed. 

For frequencies above 1800 MHz, we can extend the range with the help of the 
external signal generators, as shown in Figure 3.28. As shown, a filter ahead of 
the external mixer reduces the noise energy in the image band. If the DUT has a 


very broad frequency range and has flat gain and noise over that range, a double- 
sideband (DSB) measurement is possible, with the image-rejection filter 
removed. However, a single-sideband (SSB) measurement is always more 
accurate [17]. 


Figure 3.28 Single-sideband (SSB) noise figure measurements using an external 


mixer. 
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How to Determine the Noise Parameters 
The noise figure of a linear twoport network as a function of source admittance 
may be represented by 

F = Рыа d ^^ (Go, Са)? + (Bos ~ Ва)? 

(3.113) Сс | 
where Сс + ]В = generator admittance presented to the input of the twoport, 
Go, + jBo, = generator admittance at which optimum noise figure occurs, and В, 
= empirical constant relating to the sensitivity of the noise figure to generator 
admittance, with dimensions of resistance. 

It may be noted that for an arbitrary noise-figure measurement with a known 
generator admittance, equation (3.113) has four unknowns: F,,;,, R,, Сор and 
Вол. By choosing four known values of generator admittance, a set of four linear 
equations are formed and the solution of the four unknowns can be found [18], 
[19]. Equation (3.113) may be transformed to 





F = Puig 4 32 Ml — A fis Gon 4 e 1 L 26. Don - 
R. | 
= P min 16 Yon | : 


F ! G 
(3.115) Gc 


AY mm Еріп ӘН, Соп 
X3 25 R, Yo, а 
X; = Ry 


Then the generalized equation may be written as 


ка | | Y ei | Хз of 5i X4 
Gai G si B 


F, = X44 
(3.116) 


or, in matrix form 





and the solution becomes 

(3.118) [X] = [A] ЧЕ 

These parameters completely characterize the noise behavior of the linear 
twoport network. Direct measurement of these noise parameters by this method 
would be possible only if the receiver on the output of the twoport were 
noiseless and insensitive to its input admittance. In actual practice, the receiver 
itself behaves as a noisy twoport network and can be characterized in the same 
manner. What is actually being measured is the system noise figure of the 
twoport and the receiver. Thus, it becomes apparent that to do a complete 
twoport noise characterization, the gain of the twoport must be measured [20]. In 
addition, any losses in the input-matching networks must be carefully accounted 
for, because they add directly to the measured noise figure reading [21 ]. 


3.1.4 Linearity 


Consistent with the elaborate discussion of linearity questions above, here is a 
quick refresher on what must be considered in amplifiers. 


Dynamic Range, Compression, and IMD 


An amplifier's dynamic range is related to the minimum discernible signal and 
the 1-dB compression point according to the equation 
(n — 1)[IP4 4) — MDS] 
(3.119) © п 
where DR is the dynamic range in decibels, n is the order, ІР.) is the input 


intercept power in dBm, and MDS is the minimum detectable signal power in 
dBm. Once the 1-dB compression point is known, it is a fair assumption that the 
third-order intercept point, expressed in dBm, is 10 dB above this. 


The intermodulation distortion gives the quality of an amplifier to withstand 
multiple signals without generating large intermodulation products or when 
using amplitude-modulated signals, cross-modulation. Figure 3.29 provides a 
quick reminder of IMD issues. 


Figure 3.29 Amplifier linearity evaluation, including compression and two-tone 
IMD dynamic range. Р _ зв for a single-tone cannot be read directly from this 


graph because the values shown are the result of two equal-power tones. 
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In some amplifiers, we would like to have control over the gain. Although the 
better way to control gain while obtaining high linearity is a PIN-diode 
attenuator, special AGC circuits have become part of the amplifiers. The 
following shows a circuit of the SL610 made by Plessey that has an AGC input 
provision. The PIN-diode attenuator has essential the same noise figure as its 
attenuation. The AGC in multistage amplifiers is distributed over several stages, 
and there is a lesser correlation between noise and AGC than in pure passive 
attenuators. 


Special Case of Linearity Requirements for Digital Modulation 


For cellular telephone systems, we use digital modulation formats, such as 
QPSK and 7/4 DQPSK, that combine phase and amplitude modulation. 
Amplifiers handling such signals must be carefully characterized and designed if 
adequate amplitude and phase linearity are to be maintained. 


Examples of Power Amplifiers: Looking into the Effects of Distortion 


This example presents modulation analysis using QPSK in a 2-GHz power 
amplifier (Figure 3.30). The simple amplifier was designed using the electronic 
Smith Tool of Serenade to determine the matching network for a narrowband 
design. The example demonstrates setup of modulation analysis and available 
results. 


Figure 3.30 The power amplifier schematic. 
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Siemens among others provides integrated amplifiers based on the concept 
above, the most popular ones being the CGY96 and CGY94. For the purpose of 
measurements, these amplifiers were actually put on a breadboard. Figure 3.31 
shows the big brother, the CGY96. It is a GaAs MMIC intended as a power 
amplifier for GSM class 4 phones with 3.2 W (35 dBm) at 3.5 V at an overall 
power added efficiency of 50%. Table 3.5 shows its electrical characteristics. 


Figure 3.31 CGY96 GaAs MMIC power amplifier. 





Table 3.5 CGY96 Electrical Characteristics. 


Characteristics Symbol Minimum 

Frequency range f 580 

Supply current Гр = 
Py = 0 dBm 

Supply current neg. voltage gener faus = 
Vaux = 3.5 V 

Gain (small signal) G — 

Power gain Gp = 
Pa = О ЯВ т 

Output power Pout с 
Pa = О dBm, Иманы = 2-0 V...2.5 V) 

Overall power added efficiency n — 


Pa = 0 dBm 
2 output power = 


c 
/ —n? 297 
Жш — 2. и в du dd x 


Harmonics H(2 fo) - 
P, —0dBm H (3 fo) x 
H (4 fo) = 
Noise power in RX (935-960 МН?) Nex - 
Pa = О dBm, Pay, = 35 dBm, 100 kHz 
RBW 


Stability all spurious outputs = —60 dBc, 
VSWR load, all phase angles 
Input VSWR 


Ta = 25°C, V,, = —5 V, Vau = 2.2 V; duty cycle 12.5%, t, = S TT ps 


Typical 


Maximum 


015 


mA 
dB 
dB 


dBm 


dBc 
dBc 
dBc 
dBm 


For the purpose of our experiments, we considered the CGY94 because it 
requires less external peripheral circuits. Table 3.6 shows its electrical 
characteristics. For those of us interested in seeing part of the internal circuit, 
Figure 3.32 shows the chip. This two-stage amplifier uses an interesting internal 
feedback scheme. Its schematic is shown in Figure 3.33. 


Table 3.6 CGY94 Electrical Characteristics. 


Characteristics Symbol Minimum Typical Maximum — Unit 

Supply current lpp — 1.18 - А 
Vp = 3.0 V; Pin = 10 dBm 

Negative supply current Іс - 2 - mA 
(normal operation) 

Shut-off current In — 400 - ША 
Vrp П.С. 

Negative supply current Ге - 10 — ША 
(shut off mode, Үтр ріп п.с.) 

Gain Cr 27.0 29.0 — dB 
Р = —5 dBm 

Power gain Cr 22.8 22.6 - dB 
Vo = 3.6 V; Pi = lOdBm 

Output power Po 31.5 32.3 - dBm 
Vp = 3.0 V; P, = 10 Вт 

Output power Po 32.8 33.6 — dBm 
Vp = 3.6 V; P, = 10 dBm 

Output power Po 34.5 35.5 - dBm 
Vp = 5 V; P, = 10 dBm 

Overall power added efficiency "n 45 48 — To 
Vp = 3.0 V; Pn = 10 Вт 

Overall power added efficiency "n 42 47 - To 
Vp = 3.6 V; P, = 10 dBm 

Overall power added efficiency П 41 46 - To 
Vp = 5 V; Pn = 10 dBm 

Harmonics (Pg = 10 dBm, CW 2 fn - - -49 - dBe 
Vp = 3.6 V; (Р = 33.1 dBm) 3) — — -45 - dBc 

Input VSWR Vp = 3.6 V; — — 1.5: 1 2.0 : 1 — 

Ta = 25°С, = Q9 GHz, Zr = Zr = 50, Vp = %Ъб V, V; = —4 V. Vrp pin connected to ground, unless otherwise 


«ресіпей; pulsed with a duty cycle of 10%, ton = 0.53 ms 


Figure 3.32 The CGY94 amplifier chip. 











Figure 3.33 Schematic of the CGY94 GaAs MMIC power amplifier. 









. DOPSK 
^ Modulation 


For the purpose of looking at the waveforms, we will continue with the single- 
stage amplifier (Figure 3.30) and then compare the measured versus predicted 
performance of this CGY94-based amplifier. 

A modulation source is connected to the RF source at the input port of the 
amplifier. The RF source specifies the carrier power (or voltage or current) and 
the modulation source specifies the modulation format and properties of the 
modulated signal. 

A brief review of the modulation source used in this example indicates the 
following properties. 


Property | Value Description 


128 Number of bits. 
Number of samples per bit. 


4 Order of the signal space. M = 4 is QPSK 


Fractional bit delay. 


1.0 I channel amplitude scale. Multiplier for the J waveform to model amplitude 
imbalance. 

1.0 Q channel amplitude scale. Multiplier for the Q waveform to model amplitude 
imbalance. 


The modulation source is a QPSK stream with a bit rate of 1.2288 Mbits/s. A 
total of 128 bits will be analyzed, and each bit is sampled eight times to 
construct an accurate analog waveform. The BW and FS parameters are defined 
here to specify the main (in-band) channel and adjacent channel for ACPR 
calculations. Imbalance of the J & Q amplitudes and phases can be described by 
the IASC, QASC, and DLY parameters, if desired. The modulation signal is 
often filtered, and several types of filters are available. Here, a root-raised cosine 
filter is used with a cutoff frequency of 665 kHz and a rolloff factor of 0.35. 
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Analysis 
Figure 3.34 shows the compression characteristics of the amplifier as the 
available RF source power (a sinusoid) is swept. Note that P 4,5 is 11.5 dBm 


referred to the input and 28.5 dBm referred to the output. We will look at 
modulation characteristics in the linear region of operation at a source power of 
0 dBm, and the nonlinear region at a source power of 20 dBm. 


Figure 3.34 Single-tone RF power sweep analysis of the FET amplifier. 
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Next, we will view the voltage across the transistor to examine its behavior 
under compression. Figure 3.35 shows the drain-source voltage of the FET as the 
source power is swept. It is clear from this graph that clipping due to pinchoff 
and forward-gate conduction is limiting the performance of the device. A phase 
shift of the voltage waveform as power is increased is also apparent. The 
combination of the power compression and phase shift, or AM to PM 
conversion, will be used in the modulation analysis to determine the overall 
distortion of the modulated signal. 


Figure 3.35 Vps of the FET versus RF source power. 
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The output available from modulation analysis includes 


e I & Q channel waveforms, 

e eye and constellation diagrams, 

e spectral plots, and 

ө ACPR, in-band and adjacent power. 


Figure 3.36 shows the eye diagrams for the 128-bit QPSK signal at two RF 
source powers, 0 dBm and 20 dBm. Operating linearly at 0 dBm input, the 
amplifier does not distort the eye and it remains wide open. Note that, in this 
example, the filter bandwidth does not produce any intersymbol interference, as 
witnessed by the open eye. At an input power of 20 dBm, the amplifier 
compresses the signal and distortion in the eye is evident. 


Figure 3.36 Eye diagrams of the J channel for source powers of (a) 0 dBm and 
(b) 20 dBm. 
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We can also view the modulation spectrum at these two power levels to 
investigate the intermodulation distortion and spectral regrowth that takes place. 
Figure 3.37 shows the spectral plots. The lower trace corresponds to 0 dBm 
source power and shows almost no regrowth, while the upper trace at 20 dBm 
source power shows considerable regrowth. 


Figure 3.37 Spectrum of the modulation signal at the amplifier output. Source 
power is 0 dBm and 20 dBm. 
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The uncorrupted modulation source can also be shown. This corresponds to 
the source as a pure voltage without any circuit influence. 

Now we evaluate the CGY94 board in a similar fashion. Figure 3.38 shows the 
waveform used for CAD purposes. Needless to say, such a signal cannot be 
produced by any signal generator. The one generated by an actual signal 
generator is shown in Figure 3.39. The wideband noise is around —80 dBm and 
the input level is about -25 dBm, consistent with the simulation signal. Looking 
at the output, Figure 3.40 shows the simulated signal with the expected increase 
in bandwidth. This is due to the nonlinearity of the amplifier and is consistent 
with Figure 3.37 for the single-stage amplifier. The actual measured output for 
the CGY94 shown in Figure 3.41 is quite close to its simulated output, indicating 
that the mathematical approach used for simulating is correct. This is only one 
example; in reality, many more waveforms can be analyzed and predicted using 
this method. Figure 3.41 shows essentially three distinct steps, which is 
sufficiently close to the response shown in the simulation. Needless to say, a 
dynamic range of 70 dB, while displayed in Figures 3.40 and 3.41, is not really 
necessary for good-quality transmission, and the discrepancy between the two 
pictures is in part due to the limited modeling quality of the active device as 
provided by the company that did the parameter extraction for this transistor. 


Figure 3.38 Simulated signal used for CAD analysis of the CGY94 amplifier. 
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Figure 3.39 Real signal used for testing the actual amplifier. 
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Figure 3.40 Spectral regrowth predicted by the simulation. 
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Figure 3.41 Measured spectral regrowth of the CGY94 amplilier. 
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Another useful view to aid in the understanding of the compression and 
distortion within the amplifier is to look at the magnitude of the complex 
waveform. Since the signal is composed of the in-phase and quadrature-phase 
components, it is represented as 


(3.120) = (2) =?) - 3: a(t) 
The time-domain € is written as 


Figure 3.42 shows the И at 0 dBm and 20 dBm source powers. The Х 
axis has been rescaled to 40 us for improved viewing. Note the significant 
compression of the 20 dBm waveform at the higher signal levels. It is clear from 
this view that the signal is severely distorted. 


Figure 3.42 Time-domain magnitude of the complex modulation signal at 0 
dBm and 20 dBm source powers. 
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We can also compute the adjacent channel power ratio, ACPR, against the RF 
power sweep. ACPR is the ratio of the adjacent channel power to the in-band 
channel power. The bandwidth (BW) and adjacent channel start frequency (FS) 
are used for this calculation. For accurate ACPR calculation, a large number of 
bits are needed. This example uses 128 bits so the computation time is short, but 
you should use 512 or more bits for a more accurate computation. 

Figure 3.43 shows the ACPR as a function of RF source power. ACPR is 
nearly constant (and nonzero due to the gradual skirt of the baseband filter and 
inherent spillover to the adjacent channel) up to the P. ув compression point. As 


the intermodulation products spill into the adjacent channel and spectral 
regrowth occurs, the ACPR degrades. 


Figure 3.43 Adjacent channel power ratio as function of RF source power. 
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т/4 DQPSK Circuit Analysis 


Next, we will examine the same amplifier using a л/4 DQPSK modulation 
source. The task is identical to the previous one except for the source and the 
number of bits. The number of bits for this project has been increased from 128 
to 256. Figure 3.44 shows the eye diagrams from this modulation format, at 0 
and 20 dBm source powers. The distortion and related intersymbol interference 
are clearly evident. 


Figure 3.44 Eye diagrams for л/4 DQPSK at source powers of (a) 0 dBm and (b) 
20 dBm. The distortion and related intersymbol interference are clearly visible. 
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The constellation plot at 0 dBm is shown in 


Ti 


Figure 3.45. 


Figure 3.45 Constellation diagram for л/4 DQPSK at Port 2 and 0 dBm source 
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It may be interesting to take a look at the different waveforms currently in use. 
Figure 3.46 shows a spectrum analyzer picture of the most popular ones. 


Figure 3.46 Spectrogram showing the characteristics of MSK, GMSK, and 
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For reasons of time-division management, there is a gating used in the GSM 
standard to reduce the actual bandwidth of the spectrum. Figure 3.47 compares 
the GSM-signal with and without gating. 


Figure 3.47 (a) Pulsed GSM signal without gating; (b) GSM signal with gating. 
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3.1.5 AGC 


Many wireless systems consist of an up-or downconversion using an 
intermediate frequency, typically 1096 or less of the receiving frequency (FM 
broadcast IF has been selected at 10.7 MHz for the same reason). 

We therefore will show two amplifiers with AGC and available data. The first 
one is a wideband amplifier-type SL610 that has been manufactured by Plessey; 
its current fate is unknown. However, since we put the circuit into the simulator 
it provides significantly insight in the operation of such AGC stages. Figure 3.48 
shows the actual schematic of the SL610 entered in Ansoft's Serenade Design 


Environment for simulation. 


Figure 3.48 Schematic of the Plessey SL610 wideband amplifier with AGC. The 
75-Q resistor in the emitter of Q9 had to be added to obtain the appropriate dc 


current. 
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The AGC action is derived from Q8 through Q5, which, together with Q4, 
forms a differential amplifier. Each consecutive stage (О1, Q4, 06) have 
increasing current, totaling about 20 mA, whereby the last transistor takes about 
13 mA. Based on the feedback surrounding the transistors, the actual transistor 
characteristic is less important. We have shown this by putting much higher fr 


devices in the circuit than the original design could have been made from at the 
time (30 years ago). The circuit is still interesting today because of its good 
large-signal-handling capability. 

Figure 3.49 shows the frequency response of this amplifier, which is extremely 
close to the measured data. The good simulation also can be seen from 
comparing the published AGC curve with the one we found in the simulation. 
The bias of the first transistor remains essentially constant, resulting in a noise 
figure more independent of the AGC than the PIN-diode attenuator, and also 
stabilizes the input impedance as a function of AGC. Figure 3.50 shows the 
SL610's predicted AGC response. 


Figure 3.49 Simulated frequency response of the Plessey SL610 wideband 
amplifier IC with АСС = 0 V. 
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Figure 3.50 Simulated gain reduction versus AGC of the Plessey SL610 
wideband amplifier IC. 
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The same requirement is applicable for the wireless frequency range. Tables 
3.7 and 3.8, and Figures 3.51-3.54 present specifications for the CGY121A 
GaAs MMIC by Infineon Technologies AG, formerly, the Semiconductor Group 
part of Siemens AG. 


Table 3.7 CGY121A Features. 


* Operating voltage range: 2.7-6 V 
* Frequency range 800 MHz to 2.5 GHz 





Table 3.8 CGY121A Electrical Characteristics at 900 MHz? and 1.8 GHz”. 


Characteristics Symbol Minimum typical Maximum Unit 

Power gain G 17 19 - ав 
Va = ЗУ; I = 45 mA; V, = ЗМ 

Input return loss R Lin — 11 - ав 
Уа = ЗУ; I = 45 mA; Voo = ЗМ 

Output return loss К — 10 — ав 
Va = 3V; I = 45 mA; Voo = ЗМ 

Gain Control Range ас 48 53 — ав 
Von = 3 V ...0V; V4 = 3V; I = 45 mA 

I dB gain compression Pag — 14 — dBm 
Va = 3V; I = 45 mA; Voo = ЗМ 

Power Gain G 15.5 17.5 — dB 
Va = 3V; I — 45 mA; Voom = 3V 

Input return loss KL, — 10 - ав 
Va = 3V; I = 45 mA; Voo = ЗМ 

Output return loss R Lout — 8.5 - ав 
Va = 3V; I = АЗА; Va = 32V 

Gain Control Range ас 48 53 — ав 
Иов = 3 V ...0V; Va = ЗМ; I — 45 mA 

I dB gain compression Р\ав — 14 — dBm 


Va —3V; I] — 45 mA; Va = 3V 
Ta = 25°С, f = 900 MHz, V, = —4V, RS = КІ. = 5082 unless otherwise specified 
T4 = 25°С, f = 1800 MHz, V, = —4V. RS = RL = 50 © unless otherwise specified 


Figure 3.51 Functional block diagram of the gain-controllable CGY121A GaAs 
MMIC. Gain control is achieved by applying 0-3 V dc to the У. pin. 
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Figure 3.52 CGY121A 900-MHz application circuit. The values of the elements 
are: C1 = C2 = 22 pF, СЗ = C4 = 100 nF, C5 = 47 nF, L1 = 15 nH, L2 = 27 nH, 
R1 = 270 Q, R2 = 12 Q, R3 = 6.8 Q. 
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Figure 3.53 CGY121A 1.9-GHz application circuit. The values of the elements 
are: C1 = C2 = 12 pF, СЗ = C4 = 100 nF, C5 = 47 nF, Co = 1.2 pF, L1 = 15 nH, 
R1 = 270 Q, R2 = 12 Q, R3 = 2.7 Q. 
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Figure 3.54 CGY 121A gain versus Уе at 1.9 GHz. 
Va=3V, V, 2-4 V, f= 1.9 GHz, P, = -10 dBm 
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3.1.6 Bias and Power Voltage and Current (Power 
Consumption) 


Biasing of transistors operating in Class A or B follows some standard rules. The 
only deviation from this tends to be when the operating voltage is very low, 
below 3 V, because then the luxury of voltage drops for good dc stability as a 
function of temperature disappears. (We will discuss low-voltage design in detail 
in Section 3.2.4.) In our simple example (Figure 3.55), we are operating from a 


12-V power supply, and the first rule of thumb is to make sure that the voltage 
between the emitter and ground is at least 0.7 V. This is necessary to compensate 
the base-emitter junction threshold voltage, which decreases by about 2 mV/°C 
as the temperature increases. A larger voltage drop in the emitter-ground 
connection greatly reduces the influence. In this amplifier, which consists of an 
emitter, unbypassed resistor of 10 Q in series with а 501-Q resistor results in an 
overall voltage drop of 2.6 V. We could reduce the supply voltage by about 1.9 V 
at the collector side and still maintain a safety margin of 0.7 V at the emitter— 
ground connection. The voltage 2.6 V, so to speak, is overkill. 


Figure 3.55 BJT amplifier example. 
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On the collector side, for an RC type of amplifier, it is not a bad idea to set the 
collector voltage at about half the supply, which allows the RF swing to be half 
the supply voltage. In this case, we have violated the rule because of our 2.6-V 
drop. Assuming we had chosen a 0.7-V drop, then the collector—emitter voltage 
would be 6.3 V available for the swing. The choice of 5 mA for the transistor has 
come from a combination of good linearity and low noise figure. While the 10-0 
unbypassed resistor will deteriorate the noise figure somewhat, it reduces the 


emitter-current-dependent distortion. The base-emitter diffusion resistance 
equals 26 mV/5 mA, or roughly 5 0. Тһе 10-Q resistor is twofold larger, and 
therefore adds to the linearity and to the noise. 

To determine the base bias resistor, it is a good assumption that the current 
going through the two resistors (in our case, 8.2 КО and 3.3 КО) is about 10% 
(or a slightly higher fraction) of the collector current. Since the dc current gain 
of the transistor is typically between 50 and 100, it is sufficient if the current 
through the resistive network is between 5 and 10 times higher than the dc bias 
current taken off the network. This type of bias scheme is only valid for Class A 
to AB,. Later, we will see that for monolithic circuits, additional transistors will 


be used to generate the required voltage drops. Lately, combinations of NPN and 
PNP transistors have become popular to avoid any resistor in the emitter for ас 
biasing purposes. Figure 3.56 shows such a circuit. This of course invites 
thermal runaway. To minimize the circuitry, there are bias ICs, such as the 
Infineon BCR400W, that are now available. Figures 3.57 and 3.58 show its 
application in biasing BJTs and FETs, respectively; it can also be used to control 
PIN-diode bias current for TR antenna switching as shown in Figure 3.59. 


Figure 3.56 Wideband amplifier with active biasing. The 4.7-Q resistors in the 
BFR193W emitter compensate the circuit's gain at low frequencies. 
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Figure 3.57 The Infineon BCR400 bias controller applied to a GaAsFET. 
Courtesy Infineon Technologies. 
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Figure 3.58 The Infineon BCR400 bias controller applied to a BJT. Courtesy 
Infineon Technologies. 
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Figure 3.59 The Infineon BCR400 bias controller applied to TR switching. 
Courtesy Infineon Technologies. 








To validate this, we have used the Serenade 8.0 CAD tool, which has a built-in 
bias-and temperature-dependent noise model for both BJTs and FETs. The 
SPICE-type dc analysis determines the actual currents, which were mentioned 
above. By maintaining the same bias and just bypassing both emitter resistors at 
the same time, the set of curves shown in Figure 3.60 will be obtained. As an 
exercise, we recommend the user to determine the optimum generator 
impedance for F nin with а 10-Q resistor. Again, both the emitter current and the 


collector voltage affect the noise figure, the intermodulation, and |. If a 


transistor is used that is intended to be operated at significantly higher currents, 
then [т will suffer while the other two parameters are less affected. 


Figure 3.60 F „in and NF for the Figure 3.55 amplifier, with and without emitter 
feedback, at 300 and 370 K. 
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Figure 3.61 S parameters characterize a network (а twoport is shown) in terms 
of incident waves (a4, a>) and reflected waves (b,, b>). Figure 3.62 shows the 


flow graph for this network. 
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Figure 3.62 Flow graph for the network shown in Figure 3.61. 
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Since the dc input power translates into thermal dissipation, here is a plot of 
the noise figure as a function of temperature with and without emitter feedback. 
The heavy dc stabilization prevents a significant effect on the other parameters. 
The actual dc shift is from 5.0 to 5.2 mA for a temperature delta of 70 K. 

As far as FETs are concerned, the enhancement types, typically PMOS, can 
use a Similar type of bias, while the NMOS types complicate the designer's life 
as they require a negative gate voltage, specifically for low-noise operation, 
these devices are operated somewhat close to the pinchoff voltage. Putting a 
source resistor in place causes mostly headaches simply because the gain is so 
high that the transistors are always ready to find a frequency at which they love 
to oscillate. The transistor will look for every possible parasitic to turn the 
amplifier into an oscillator. 


3.2 Amplifier Gain, Stability, and 
Matching 


Most semiconductor manufacturers describe their devices these days by 
providing either their S parameters (small-signal) or SPICE-type parameters 
(large-signal). One of our headaches in writing this book has been that many of 


the published models do not translate from large signal to small signal without 
giving unexpected or false results. Despite the availability of tools to do it right, 
many companies still can only provide data that are practically inadequate, and 
unfortunately the CAD manufacturer then gets the blame for results they are not 


really responsible for. 


Tables 3.9 and 3.10 show typical data for a bipolar transistor (the ВЕР420 by 
Infineon). The next section presents a summary of the derivation and use of S 
parameters as published by Agilent and others. 


Table 3.9 BFP420 Common-Emitter S Parameters. 


ғ 
П 


(GHz) 


Vee = 2 V, Ic = 20mA 


0.0] 
0.1 
0,5 
1.0 
2.0 


D. 790 
D. 786 
0.702 
0.589 
0.507 
0.511 
0.549 
D.604 
0.635 


-1.0 
-11.6 
—55.7 
—99.] 

-156.0 
168.5 
142.0 
123.9 
110.0 


3,84 
2.87 
2.26 


1.86 


179.2 
171.8 
140.1 
112.6 
79.4 
57.1 
38.5 
22.1 
6.7 


For more and detailed S- and Moise-parameters please see Internet: 
http: /^www.siemens.de/semiconductor/ products! 35/35 htm 


Table 3.10 BFP420 Noise Parameters. 


513 


MAG 


0.001 1 
0.0065 
0.0262 
0.0395 
0.0664 
0.0949 
0.1206 
0.1646 
0.1800 
0.1820 
0.1800 


0.0012 
0.0097 
0.0398 
0.0605 
0,0798 
0,0957 
0.1121 
0,1255 
0.1442 


ANG 


94.4 
82.5 
61.7 
57.8 
54.0 
47.1 
38.5 
|8,9 
3.4 

-13.0 

-19.3 


83.4 
84.1 
62.8 
46.5 
34.6 
29.8 
25.1 
19.4 
13.1 


Source: Courtesy Infineon Technologies. 


523 

MAG АМО 

0,956 _О.6 
0,941 -12,4 
(0.632 —47.2 
0,395 63.9 
0.227 —87.3 
0,133 -111.3 
0.133 — -158.5 
0.196 142.0 
0,289 99.3 
0,379 84.1 
(0.365 76.6 
0.988 -0.7 
0.982 6.5 
0,857 —29.8 
0,547 —48.6 
0.401 -70.3 
0,267 —84.2 
0.207 — —-110.5 
0.150 -137. 
0.173 — —169.8 


Source: Courtesy Infineon Technologies. 


f Fain Ga | opt Ry Ра г. [Say [^7 
GHz dB dB MAG ANG 52 - dB dB 
Veg = 2 V, I = 5 тА 

0.9 0.90 20.5 0.28 41.0 8.7 0.17 1.02 20.3 
1.8 1.05 15.2 0.20 82. 6.7 0.13 L.11 15.8 
2.4 1.25 13.0 0.20 124.0 5.5 0.11 1.32 13.5 
3. |.38 12.1 0.22 — 175.0 5.0 0.10 1.46 11.6 
4.0 1.25 10.3 0.33 — 157.0 5.5 0.11 1.83 Ы. 1 
5.0) 1.75 8.6 0.45 — 142.0 5.0 0.10 2.20 1.0 
6.0) 2.20 6.4 0.53 — 123.0 15.0 0.30 3.30 5.3 


"Input matched for minimum noise figure, output for maximum gain 
bZ. = Z, = 5012 


3.2.1 Scattering Parameter Relationships 
(3.122) 51 = 51101 + 81242 
(3.123) ӛз = 83141 + $2249 


Note that 
ЖӨН Мы = 
(3.124) d3 155 7, Z+% 
and 
z LT 


Z1 5 i 
(3.125) (1 — s11) 
where Z, = V,/I, is the input impedance at Port 1. 


This relationship between reflection coefficient and impedance is the basis of 
the Smith Chart transmissionline calculator. Consequently, the reflection 
coefficients S4, and S5, can be plotted on Smith charts, converted directly to 


impedance, and easily manipulated to determine matching networks for 
optimizing a circuit design. 

The above equations show one of the important advantages of S parameters. 
They are simply gains and reflection coefficients, both familiar quantities to 
engineers. By comparison, some of the Y parameters described earlier in the 
article are not so familiar. For example, the Y parameter corresponding to 
insertion gain S5, is the “forward transadmittance," Y,,. Clearly, insertion gain 


gives by far the greater insight into the operation of the network. 


S parameters are simply related to power gain and mismatch loss, quantities 
that are often of more interest than the corresponding voltage functions: 


Power reflected from the network input 


5,2------------------- 
(3.126) e Power incident on the network input 
IS P. = Power delivered to a а load 
(3.127) “I 7 Power available from Zo source 


(3. 128) | Si» ^ = Reverse transducer power gain with Zo load and source 
Sea? Power reflected from the network output 

(3.129) ^5 7 — Power incident on the network output 

From this we obtain the following. 

Input reflection coefficient with arbitrary 4; 


5124521 Г 
(313021 9471 = Salt 
Output reflection coefficient with arbitrary 2; 
Ssl 
(3.131) 22 © 52 * 1^ sur; 
Voltage gain with arbitrary Z, and Zs 
oo Sall T ГА) 


(3.132) iim А (1—Solz)-354) 
Power delivered to load | 
Power input to network | 
m |S2:|*(. —|Гь[*) 
(3.433) U- [Su + [Pc PS? — DI?) — 2Re(P LN) 
Power available from network 
Power available from source 
Ga = 8211%(1- Гв |2) 
(3.134) (1 — 1522?) + [Гв|Җ(|5з1]5— |D]?) - 2Re(Ps М) 
Power delivered to load — — 
Power available from source | 
дуа IS: "(1 — [Ps (1 — [rz | 
(3.135) 01 — [S11 Ps)(1 — Seale) — S12551U rU |? 


Power gain = 


Available power gain — 


Transducer power gain — 


Unilateral transducer power gain (5,5 = 0) 
-Sa - |С5|2)(1— [rz p?) 
(3.136) ^ (2 — SuFs[?ll — Sz 
= боб Оо 


(3.137) Go = 15211" 


(3.438) ^ |L- Subs 
5 | — [Г 

G 7 = с=з 
(3.139) 1 = Sool L| 
Maximum unilateral transducer power gain when |S,,| < 1 and |S55| < 1 

“4. өші 
(3.140) = Соб maxG2 max 

1 | 
Gi max = і--1,9 


(3.141) £7 ^ 17 Ts? 
Constant-gain circles (unilateral case: 51; = 0): 


e center of constant-gain circle is on line between center of Smith Chart and 
point representing 5; 
e distance of center of circle from center of Smith Chart: 


gi Sa 


(3.143) Pi 1 — |S4?(1 — gi) 
where i = 1, 2, and 

G; 
(3.144) " Gimax 


Unilateral figure of merit: 
41592519591 | 


м = Т FCIRE CREDO Ur ERU 
(3.145) [= [SuL — |52) 
Error limits of unilateral gain calculation: 
1 бт, 1 


Conditions for absolute stability: 
No passive source or load will cause a network to oscillate if a, b, and c are all 
satisfied: 


(3.147) a. |5111 < 1, 18| <1 
b. 19125211 — ІМ Ы 





(3.148) [Sul — IDE 





: M — |М" _ 
(3.149) [S55]? — [рү 
where 


(3.150) D = 511523 — 51252 

(3.151) M = Su — DS5; 

(3.152) № = S22 - DS}, 

Condition that a twoport network can be simultaneously matched with a 
positive real source and load 


(3.153) K » 1 


К | і і 
(3.154) 2 512521 





(3.157) Bi = 1 + Sul" – |S2a\* — |D|* 

(3.158) B2 = 1 + 182)? - |$? - |D}? 

Maximum available power gain. ЁК > 1 

5 түттү. 

(3.159) G A max = г (K —4/K? —1)| 

In conclusion, a twoport network (active or passive) is unconditionally stable 
when 

К>] 
апа 


ЛЕ | #3 [er | 
112591) < 1 — [S22 


3.2.2 Low-Noise Amplifiers 


A low-noise amplifier combines a low noise figure, reasonable gain, and stability 
without oscillation over its entire useful frequency range. These amplifiers are 
typically operated in Class A, which is characterized by a bias point more or less 


at the center of maximum current and voltage capability of the device used, and 
by RF current and voltages that are sufficiently small relative to the bias point 
that does not shift. This means that an amplifier operating at, say, 3 V and 1 mA 
for low-noise, high-gain operation will not be Class A if the RF current is larger 
than 0.1% of the current or the voltage swing is more than 0.1% of the current 
swing. These amplifiers can be designed using standard linear S parameters, 
which are (hopefully) available from the device manufacturer for the bias point 
of interest. If suitable S parameters are not available, we must resort to a CAD 
tool that allows us to determine a device's bias point as a function of its bias 
network and to generate small-signal S parameters for the device. With suitable S 
parameters in hand, and assuming the amplifier will be frequency selective, we 
then connect tuned circuits to the input and output to provide matching. 

In designing amplifiers, the “power gain" of a circuit is frequently mentioned. 
This is actually deceptive because power gain is somewhat associated with dc 
power dissipation, and in considering it we are on the verge of discussing large- 
signal performance. Therefore, it would be better to define the power gain as a 
function of operating mode, such as “Class A power gain." We have also 
outlined that there is a difference between noise matching and gain matching. If 
we can be allowed to step back into the vacuum-tube era for a moment, the 
reader should be reminded that the difference between power gain and noise 
matching had to do with the grid-plate feedback capacitance which, via the 
Miller effect, showed up in parallel with the input. This actually detunes the 
input slightly off-center relative to the best gain. The reason for this is that as the 
feedback increases, Y} or 51- starts playing a role, and the frequently assumed 


unilateral case no longer exists. The difference between noise matching and gain 
matching increases as a function of frequency. It can be brought closer together 
if appropriate reactive feedback is used. The two choices are: (1) increase the 
emitter or source inductance or (2) slightly increase the base-to-collector/gate-to- 
drain capacitance. Needless to say, the penalty for this is potential instability, and 
a sweep must be done from a few megahertz to several gigahertz to make sure 
the stage does not “take off." 

The most efficiency this circuit provides is 5096; even this is a theoretical limit 
if one tries to keep distortion under control. 


Design Guidelines 
The design of a one-stage amplifier consists of finding 


1. an input lossless matching network M4, and 
2. an output lossless matching network М, 


so that the maximum or desired transistor gain is achieved over the operating 
bandwidth of the amplifier. Usually, the common-emitter or common-source 
configuration is chosen for highest gain per stage. If the stability factor K is 
greater than unity, these two networks can be found to give the maximum 
available gain Созу. If the stability factor is less than or equal to unity, the 
amplifier could be terminated in a matching structure that causes oscillation, that 
15, Gmax is infinite. This should be avoided by locating the regions of instability 
in the Гс and Г; planes. The input and output terminations (Ге and Гу) must be 
designed to avoid the instability regions. Usually, these unstable regions are near 
the conjugate match for 5; and S55. Thus, a stable amplifier will require some 
input and/or output mismatch if K is less than or equal to unity. 
There are at least two alternative approaches for potentially unstable 

amplifiers: 

1. add resistive matching elements to make К > 1 and Gmax  G 

2. add feedback to make К > 1 and G nax * Gms- 


For narrowband amplifiers, it is usually recommended to accept a transistor with 
К < 1, design the amplifier for a gain approaching Gms, and to ensure that the Ге 


ms and 


ms? 
and Г; terminations provide stability at all frequencies, both inside and outside 
the amplifier passband. 
The design of an amplifier would usually have the following specifications: 
gain and gain flatness, 
bandwidth and center frequency (f — fi; fo), 


noise figure, 
linear output power, 
input reflection coefficient (VSWR,,), 


output reflection coefficient (VSWR,,,), 


bias voltage and current. 
For small-signal amplifiers, the small-signal S parameters are sufficient to 
complete the design. After selecting an appropriate transistor based on these 
specifications, a one-stage amplifier design should be considered if sufficient 
gain can be achieved; otherwise, a two-stage amplifier should be designed. 


The circuit topology should be chosen to allow dc bias for the transistor. 
Usually, RF short-circuited stubs are placed near the transistor to allow dc 
biasing. If the topology does not allow dc bias, a broadband bias choke or high- 
resistance bias circuit that does not affect the amplifier performance must be 
used. 

The following steps can be tabulated for the design of a one-stage amplifier 


see Figure 3.63. 
Figure 3.63 Simplified amplifier design procedure. 


Transistor selection: 
S parameters 


Noise parameters 
Power output 
Price 
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Plot unstable regions 
in r and Г, planes 


Design M, and M; at f. Design M, and M. at f. 


for stable region (assume that 8, = 0) 
and gain = Gma 


Plot r, and Г; 
versus frequency 
to verify stability 









Design dc bias circuit 


and again verify stability 


Layout complete amplifier | 
Verify realizability 


' Yes 


1. Select a transistor based on a datasheet description of the S parameters, 


noise figure, and linear output power. 
2. Calculate К and G,,,, or Gms versus frequency. 


3. For К > 1, select the topologies that match the input and output (and allow 
dc biasing) at the upper band edge fə. Ideally, this will give Gmax and 


Sí, = $5, = 0. Usually, S, = 0 is assumed for the initial design. Next, the 

topology may be varied to flatten gain versus frequency at the expense of 51, 

and 55, 

4. For К < 1, plot the regions of instability on the Ге and Г; planes and 

select topologies that partially match the input and output at the upper band 

edge and avoid the unstable regions. The gain will approach Gs as an upper 

limit. Next, the topology may be varied to flatten gain versus frequency. 

5. After finding initial M, and M», plot the amplifier S parameters versus 

frequency; make adjustments in topology until the specifications for gain, 

input reflection coefficient, and output reflection are satisfied. Also plot Ге 

and Гу versus frequency to verify amplifier stability. 

6. Design the dc bias circuit. Layout the elements of the complete amplifier 

and check realizability. 

As a beginning point in an amplifier design, the circuit topologies may be 

designed with the assumption that S4» is zero. Later, an exact design procedure 


will be described that includes the topologies with terminations in the stable 
region. 


CMOS Low-Noise Amplifiers 


An optimal low-noise amplifier needs to be matched for lowest noise figure 
while providing low input return loss. In transistors, however, optimum power 
match differs from optimum noise match, and MOS transistors are no exception 
in this respect. Just adding matching networks to a MOS transistor therefore 
means to find a compromise between noise figure and return loss. This strategy 
will not yield the optimum performance the device can provide. 

With the aim to provide excellent noise match and power match, one first 
needs to use a circuit topology that transforms the two to get closer together in 
the Smith Chart, or in the ideal case, to become identical. 

This goal can be achieved since the physical origin of noise matching differs 
from that of power matching. In the latter case, reactive elements are added in 
order to transform the circuits input impedance to be equal to the complex 


conjugate of the source impedance. The incoming power wave is no longer 
reflected, since resonant circuits compensate any mismatch in phase and 
amplitude. 

Noise match, on the other hand, means to exploit the fact that the short-circuit 
noise current and the open-circuit noise voltage at the input of the device are 
partly correlated. Minimum noise figure is achieved by choosing a source 
impedance that forces the correlated part of the noise to cancel out. 

In order to have a closer look on how noise-free feedback and matching 
impacts the noise performance, a generic twoport is considered as shown in 
Figure 3.64. The noise of the twoport is represented in terms of two uncorrelated 
sources, (|?) = 4ЕТЬВВ„ and (112) = АКТЫВС,, and a correlation impedance 
Z 


function of the source admittance Z, = R, + jX, is given by 


as proposed by Rothe and Dahlke [4]. The noise factor of the twoport as a 


COIT? 


Figure 3.64 Representation of the noise of a twoport through two noise sources 
and a correlation impedance. 





F=14 

(3.160) 
This formulation is equivalent to the commonly used formula relying on the 
much more intuitive parameters minimum noise factor F optimum noise 


match Z 


min? 
and equivalent noise admittance G,. 
С, , 
F = Finin | ul Ж ол |^ 
(3.161) Ra * OP 


The parameter G,, in fact is identical in both descriptions, the other parameters 


opt 


can be calculated by 


A opt — i X cor r 
Ru o 
А ) d cti ‚ = 
Ropt == / D qur ur 
a 


та _ _ | 
F min — 1 + 2Un (Жор T і Lor] 


The common approach to alter the noise matching is to introduce inductive 
series feedback at the source. Now, adding a lossless inductor at the source will 
not add any noise to the circuit. But a feedback will impact noise and signal 
differently, and in general alter Fip. However, due to the simplified equivalent 


circuit regarded here, Р is not changed. For matching purposes, a series 


n 
inductance is also connected to the gate, which should also be considered at this 
point. This configuration is shown in Figure 3.65. The generic twoport is now 
replaced by a basic MOS transistor equivalent circuit. For matching purposes, a 
series inductance is also connected to the gate, which should also be considered 
at this point. This configuration is shown in Figure 3.65. The generic twoport is 
now replaced by a basic MOS transistor equivalent circuit. The MOS transistor's 
noise is described by the Rothe-Dahlke description, not by its internal noise 
model. One might expect to see the internal FET noise current sources 
describing channel noise and induced gate noise. But this description is preferred 
since we are interested to see how the external inductances alter the noise four 
parameters, while the physics governing the noise is not in the focus. 


Figure 3.65 MOS transistor with source and gate inductances. (a) The noise of 
the transistor is described by the Rothe-Dahlke equivalent circuit. (b) The noise 
sources are transformed in order to describe the noise properties of the whole 
circuit. 
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The inductive feedback obviously has an impact on С, апа Z,,,,. These 
parameters read [22] 
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where the superscript o denotes the original parameter. 
Assuming the MOS transistor can be approximated by the simple equivalent 


circuit shown in Figure 3.65, the formulae can be simplified as follows: 
|4 


Сы=С°. | Вт 2 | f Ge 
| | r ^i ғ x. wd "f т М 
? тоот [4 ООЗЕ о _ Ке 1СовСа, atl уз Уо 
К M Ln үрме T Ja Б, ( m а) -T Ge ce (1 Em Sur uo! a Тал La тг Г.) -T Zn 
Ihn In. | 
The optimum noise match in terms of optimum source impedance Z,,, сап 
therefore be approximated by 


The real part of 2, therefore remains unchanged, but its imaginary part is 


reduced. That is an important finding since it means that Re(Z,,,) is unchanged 


by the matching and feedback inductances. Optimizing this value to the needs of 
the circuit design therefore means to choose a suitable device and bias point. 
Regarding the imaginary part of Z% it is now required to know at least its 
sign, and its frequency dependence in order to see whether it can be 
compensated by the inductances or not. This calculation requires to consider the 
physics-based noise model of the MOS transistor, and quite a bit of calculations 
which, in all details, is found in the literature [23]. In the end, equation (3.162) 


can be rewritten approximating Im(2°%,,,) by the following: 
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(3.163) 


with the parameter m in the range of 0.6 for long channel devices, while it is 
expected to approach 1 as gate width is scaled down. The imaginary part of the 
optimum noise match impedance is capacitive, which can very well be 
compensated by properly choosing the values of the inductances. 

But noise match alone is not sufficient for a good LNA, it also гедігеѕ good 
input matching. The input impedance for the device with gate and source 
inductances, as shown in Figure 3.65, reads 

= | | Omnis . ] 
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with the transit frequency от = 27tfr = Gm/Cgs- 





The source inductance L, introduces a real part in the input impedance, which 
is the main benefit of the inductive feedback. The formulae describing Z;, and 
Фр. become similar in structure. With the designer's freedom to choose suitable 


values for inductance and device size, it becomes possible to bring these two 
impedances as close together as possible, allowing for simultaneous noise and 
power match. While Re(Z,,,) is affected by от, that depends on the transistor and 


how it is biased, the sum of the inductances L, + L, can be used to compensate 
the capacitive component of Z,,, and Zi. 
In conclusion, the design of a CMOS LNA follows the following steps. 
1. Choose a device of appropriate size that satisfies Re(Z,,,) = Re(Z,). 
2. Select source inductance L, and bias point to satisfy w7L, = Re(Z,). 


3. Determine the value of the gate inductance L, so that Im(Z,,,.) = Im(Z,) 
holds. 


In certain cases, especially if a very low-power design is required, it is not 
possible to choose the device size freely. In this case, usual matching techniques 
have to be applied instead of just compensating C,, and forcing Re(Z,y) = 


Re(Z.). In this case the inductive degeneration still has its benefit, since it allows 


in principle simultaneous power and noise matching, when оті; = Ке(р 


) is 
enforced. However, this is not always possible in practice. Z;,, increases with 
decreasing device size, requiring large inductance values. But if L, excites a 


certain limit, noise figure is compromized. On one hand, large inducances come 


with higher parasitic resistances and therefore add thermal noise. On the other 
hand, as the inductive feedback increases, the transistor's internal feedback will 
also gain importance and degrade the minimum noise factor. 

If it is practically not possible to select a source inductance, often an extrinsic 
gate-source capacitance C,, is added. Regarding Ziņ it simply adds to C, with 
the negative impact on the external transit frequency that now becomes 


to lower Re(Z,,) [23]. In this case, Re(Z,,;) reads 
А.В 
Riel Жор.) = [um ee eee 
ӘС, 42. pe | — | А. lel?) | 
(3.165) ба | 
with A=a,/d/(5y), B = y1-]|c?. The parameters a, ү, 6 refer to the noise 
sources of the FET [24]. The channel noise current (|1,42) and the induced gate 





noise current (|i; jj^) are given by 

w*C;, 

(|) = 4kKT'Bó——7P 
(3.166) 5040 
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where 440 is the drain-source conductance at zero drain-source voltage Vgs. The 





typical values for the noise parameters are the following. For long-channel 
devices, y starts at unity for zero Vps, and approaches 2/3 in saturation. 
However, it increases at high Vgs апа Vps. For short-channel devices, it can 
exceed 2. The parameter ó is constant in long channel devices, its value is around 
3/4. It is higher for short channel devices. The value a is defined as the ratio of 
дт tO Gago, Which is unity for long-channel devices and lower in the case of a 
short-channel device. The correlation coefficient c can be given for long channel 
devices, and its value is purely imaginary, c = j0.395. 

Equation (3.165) shows that Re(Z,,;) is reduced by adding Cex. This, therefore, 


is an adequate measure for the case in question. Lowering Re(Z,,,,) reduces the 


Opt 
requirement of a high value of w7L,. It thereby allows to reduce feedback, and it 
enables usage of very small, low-power, transistors that inherently have high 
impedance levels. 

Thus, for a given device size, where Re(Z,,) is too high for the original 
approach, the design procedure is as follows. 


1. Select a source inductance L, and capacitance C,, to obtain matching of 


Re(Z,) and Re(Z,,,) without compromising effective transit frequency (and, 
thus, gain) and noise. 

2. Determine the value of the gate inductance L, so that Im(Z,,,.) = Im(Z,) 
holds. 

The whole approach up to now, however, has a drawback. Introducing source 
and gate inductances is also a viable starting point in osciallator design, see 
Chapter 5. Another point is the low reverse isolation of a the single-transistor 
LNA that should be reduced also because of the Miller effect. Therefore, two 
CMOS transistors are commonly employed in cascode configuration, which will 
be described further in detail in Section 3.4. 

Another issue in CMOS design is power dissipation. Being energy efficient is 
imperative for battery-powered mobile systems, which first impacts the choice 
of the transistor size as just discussed. But it also means that the supply voltage 
is constrained to a lower value [25]. 

The standard cascode is disadvantageous in this respect, as it requires the 
supply voltage to be twice the voltage V4. required for a single transistor. The 


drain voltage of each of the transistors should be twice the overdrive voltage Vg 
= (Vg, - Vj in order to provide high gain. The supply voltage can therefore only 


be lowered if it is not applied to the full cascode stack, but instead each transistor 
is biased individually. This requires to decouple the RF path from the dc path, 
resulting in a topology known as folded cascode [26-28]. 

The folded cascode stage is shown in Figure 3.66. The supply voltage is fed in 
between the two transistors that are in fact dc-wise connected in parallel. CMOS 
offers the advantage that it provides NMOS and PMOS devices that require 
supply voltages of opposite sign. Thereby, the folded cascode transistors can be 
dc coupled. In the original approach based on bipolar technology, it was 
necessary to decouple the two transistors by means of capacitors and to bias 
them individually [26]. But in CMOS, the dc is supplied through an RF choke 
that provides an open to the RF signal. The RF therefore directly passes the two 
transistors in cascode configuration, without the need for any dc blocking 
capacitance in between. 


Figure 3.66 Cascode (a) and folded cascode (b) CMOS LNA circuit. 
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The folded cascode is operated at lower supply voltages compared to the 
original cascode, but it still dissipates the same power. An approach to lower 
voltage and current at the same time is the complementary current-reuse 
architecture as shown in Figure 3.67 [29]. As in case of the folded cascode, dc 
and RF path is decoupled in this architecture. The two transistors are in series 
concerning dc, thus the second transistor “reuses” the current of the first. But for 
the RF signal, the structure acts as a two-stage amplifier. The inductance are 
employed like inductors to ground for interstage matching, together with the 
coupling capacitance. Althogh it looks like a cascode at the first glance, the 
complementary current-reuse stage works differently. Thus, it is not providing 
the benefits inherent to the cascode structure, like reduction of the miller 
Capacitance, or improved stability. Its main advantage is that it provides the 
highest gain at lowest supply voltage. Due to the complementary MOS 
architecture, the required supply voltage is reduced by one overdrive voltage V. 


as compared to the standard cascode architecture, without operating the 
transistors in weak inversion. Thereby, highest gain for for minimum dissipated 
power is achieved. The drawback of this architecture, however, is the need for 
quite a number of inductors that are not easily realized with high Q on wafer, and 


which also consume a lot of space. 


Figure 3.67 Complementary current-reuse CMOS LNA circuit. 
Von 





Passive Elements Available in CMOS Technologies 


Monolithic-integrated CMOS processes use a larger number of interconnect 
layers that can be used to design passive elements such as capacitors, inductors, 
and transformers. Traditional MMIC processes only provide one metal layer, and 
transmission lines are either of the microstrip or coplanar waveguide (CPW) 
type. In either case, the metallization is high-conductivity electroplated gold, and 
the substrate is semiinsulating. Chips are often thinned down to 100 um in order 
to suppress higher modes of the microstrip lines. Gold metallization, 
semiinsulating substrate, and the appropriate dimensions of the lines allow for 
optimum propagation of the electromagnetic waves along the transmission lines. 
CMOS is different and a rather hostile environment for RF. The standard silicon 
wafers are of low-resistivity type to safe on cost, and aluminum and copper are 
used instead of gold for the transmission lines. Therefore, it is to be expected 
that the losses due to the finite conductivity of the transmission line metal will be 
higher than on similar lines on GaAs, GaN, or InP processes. In addition, it is 
advisable to keep the electric field out of the substrate, as the substrate losses are 
significant and, if neglected, may render any RF design impossible. 

On the other hand, there are some advantages of CMOS technologies besides 
the aspect of low cost in high-volume production. The high number of metal 
layers enable the custom design of various capacitor and inductor structures, a 
feature that is not available in the traditional GaAs world. 

The metallization layer stack of a typical RFCMOS process is shown in Figure 


3.68 [30]. This process provides six metallization layers, the lower four are made 
of copper, the upper ones are aluminum layers. Basically, the higher layers 
provide thicker metal. The layers are embedded in a low-loss dielectric, on top 
of the substrate. The present process uses two types of dielectric, first silicon 
oxide, and on top polyimide. The electric fields should be confined within these 
dielectric layers, as they are good isolators. Often, even a lower metallization 
layer is employed to shield the passive structures from the lossy substrate. Good 
RF transmission lines can be realized within the oxide if the RF ground is also 
realized within this metallization layer stack, forming a microstrip or stripline. 


Figure 3.68 Metal-layer stack of a typical RFCMOS process (from Refs [30], 
[31], reprint with permission). © 2006 A. Vasylyev and W.A. Debski. 
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Capacitance elements are designed straightforward in the form of parallel-plate 
capacitors. Figure 3.69a shows an example of such an approach using multiple 
layers to enhance the capacitance per square. In the example, four layers are 
used. The interconnection between the plates belonging to the same electrode are 
realized through via holes. Figure 3.69b shows the three-dimensional layout of 
the capacitor. The via holes are closely spaced and form a type of via fence in 
order to provide a good connection between the layers. 


Figure 3.69 Parallel-plate capacitor realized in a typical RFCMOS process (from 
Refs [30], [31], reprint with permission). © 2006 A. Vasylyev and W.A. Debski. 
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These structures, however, do not just behave like pure capacitances. The 
following effects are expected to be observed. 


e The finite conductivity of the metal layers will lead to parasitic resistance. 

e A parasitic capacitance between the metals and the substrate below will 
establish a lossy connection to ground. 

e The structure has a certain dimension, giving rise to parasitic inductances at 
higher frequencies. 


These effects are accounted for in the first-order equivalent circuit shown in 
Figure 3.69c. The capacitance C is the desired element, ballasted with the 
parasitic resistance R,, and inductance L.. The impact of coupling to substrate 


and substrate losses is described through С,» Қар and Lg». The 


equivalent circuit reveals that this structure is a resonance circuit, not only the 
desired capacitance. Thus, it shows capacitive behavior only up to a certain 
frequency. Beyond this resonance frequency, it becomes inductive. Since the 
basic geometrical parameters for a certain technology are fixed, it is observed 
that the resonance frequency of the structure decreases with increasing size of 
the structure. Higher capacitance values will come with lower usable maximum 
frequencies. 

Regarding lumped equivalent models like the one Figure 3.69c, it must be kept 
in mind that not only the device but also the model has an upper usable 
frequency. Even though the model consists of a number of elements, it only 
applies first-order approximations to model each of the physical effects. If the 
wavelength and structure size come into the same order of magnitude, 
distributed effects need to be considered. As a rule of thumb, such models can be 
expected to be reasonably accurate up to the resonance frequency, and definitely 
fail beyond. This rule of thumb is applicable to all first-order models of passive 
components, and even transistors. 

The parallel-plate capacitances discussed so far provide a certain capacitance 
per square, depending mainly on the dielectric properties of the oxide isolation 
layers. These layers, however, are not desiged to provide high capacitance. 
Staggering multiple layers as shown in the figure yields higher capacitance, but 
also larger structures with the associated higher parasitic effects. 

A number of processes therefore provide an extra layer of thin high- 
permittivity, high-breakdown dielectric to allow for metal-insulator-metal (MIM) 
capacitances, and an extra metal for the top electrode. This type of capacitances 
is commonly available in III-V processes, an can be integrated into RFCMOS 
processes at the cost of a few additional mask sets. 

Figure 3.70 shows a schematic of a MIM capacitance within the layer stack, 
and also the associated equivalent circuit. The equivalent circuit looks a bit 
simpler than the one of the parallel plate capacitance before. Also the dimension 
will be much smaller due to the thin high-permittivity dielectric used. However, 
if the capacitance dimensions are increased, it will also show some parasitic 
inductive effect. 


Figure 3.70 Metal—insulator—metal capacitor realized in а RFCMOS process 
(from Ref. [30], reprint with permission). Courtesy W.A. Debski. 
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Theoretical limits of capacitance values and resonance frequencies were 
explored by Aparicio and Hajimiri [32]. In their work, a vast number of 
configurations to design capacitances is discussed. A main result is shown in 
Table 3.11. A third configuration, in addition to the types of capacitance 
discussed so far, regarded in this paper, is the vertical capacitance. The basic 
idea behind the vertical capacitance is simple. The achievable lateral dimensions 
are much smaller than the vertical dimensions, thus allowing for higher 
capacitance per size. While vertical dimensions are fixed by the dielectric layer 
thickness, the lateral dimensions depend on how narrow via holes and 
metallization can be placed. Also, tolerances are lower in the lateral dimension 
that is structured by lithography compared to the vertical layers formed by 
deposition. However, in order to get a vertical capacitor plate, fences of vias are 
used that connect many metal layer strips. It depends on the individual 


technology whether its design rules allow for such a structure. 


Table 3.11 Comparison of Perfomance Parameters for Different Types of CMOS Capacitances (from Ref. 


[32]). 
Source: © 2006 Andriy Vasylyev. 
Capacitance Average Standard resonance 

Density Capacitance Area Deviation frequency Фаг Breakdown 
Structure (ГЕ/һшт2) (рЕ) (шт) @ (ЇР) (GHz) | GHz Voltage (V) 
Vertical plate 1.51 1.01 669.9 5.06 3 83.2 128 
Horizontal 0.20 1.09 5378.2 26.11 21 63.8 500 

plate 

MIM 1.1 1.05 960.9 11 


The values shown in the table were obtained for a CMOS process featuring 
seven aluminum metal layers, four of which were used to fabricate the 
capacitances. The minimum lateral dimensions were a minimum 240 nm for 
distance between and for width of metal structures, and a metal and oxide 
thickness of 530 nm and 730 nm, respectively. Statistical data was obtained by 
measurements on different spots of two 8-in wafers. As expected, the vertical 
capacitor shows less tolerances, and higher capacitance, consuming less space 
and thus featuring higher resonance frequency. The values for the MIM 
Capacitance are the typical values shown for comparison. 

Inductances can be realized in monlithic processes through spiral lines. A fully 
symmetric structure is shown in Figure 3.71. Also this structure will show a 
number of parasitic effects. 


e The finite conductivity of the metal layers will lead to parasitic resistance. 

e A parasitic capacitance between the metals and the substrate below will 
establish a lossy connection to ground. 

e The capacitance between the windings will lead to a parasitic parallel 
Capacitance. 


Figure 3.71 Spiral inductor realized in a RFCMOS process (from Ref. [30], 
reprint with permission). Courtesy W.A. Debski. 





The equivalent-circuit model shown in Figure 3.71b provides a first-order model 
for the spiral inductance. It is quite similar to the model of the parallel-plate 
capacitor, at least regarding the impact of the lossy substrate that is modeled 
through Сохт ә Reybi.2, and Cs; ». The parasitic capacitance turns out to be in 


parallel to the lossy inductance, which yields a parallel resonance circuit. There 


is, therefore, a maximum achievable inductance, depending on frequency and 
technology, since adding winding will increase the parasitic capacitance and loss 
resistance together with the inductance. 

Variations and refinements of the equivalent circuit are possible, for example, 
the symmetrical structure shown in Figure 3.71с. It intends to enhance the 
validity of the equivalent circuit model somehow toward higher frequencies, by 
somehow distributing the coupling to the lossy substrate. However, even such a 
model fails close to or beyond the resonance frequency of the structure. 

Transformers are important building blocks in many CMOS-integrated 
circuits. These can be realized by designing concentric spiral inductors. An 
example is shown in Figure 3.72. This transformer consists of one turn on the 
primary side and two turns on the secondary side. 


Figure 3.72 Transformer realized in a RFCMOS process (from Ref. [31], reprint 
with permission). © 2006 Andriy Vasylyev. 
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Ап equivalent-circuit model of a transformer is slightly more complicated than 
that of a single inductor. For a structure providing a center connection, the basic 
model topology is shown in Figure 3.72b. It can be understood as four inductor 
models with additional coupling between the inductances. Although this model 
already consists of 30 elements, it still catches only first-order effects. Since this 
model is quite complicated, it can be reduced to the one shown in Figure 3.73. 
This model is, of course, very basic, as it only accounts for the self-and mutual 
inductance and line losses. 


Figure 3.73 Simplified transformer equivalent-circuit model (from Ref. [31], 
reprint with permission). © 2006 Andriy Vasylyev. 
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The accuracy of equivalent-circuit models is constrained to a certain frequency 
range, as already mentioned. An other issue is parameter extraction for such a 
model. It is quite tedious to determine a vast number of parameters basically 
from twoport measurements. In order to obtain physically significant model 
parameters, it is required to analytically develop a suitable algorithm. It 
commonly also requires to investigate dedicated test structures. On the positive 
side, it is in principle possible to develop parameterized models for a class of 
elements. It can be accouted for geometrical variations if it is known how the 
model parameters depend on geometry, and an appropriate formula is used to 
determine specific parameters. 

A faster and, at least, at first sight, more accurate approach is to use measured 
S parameters of the passive models, or to rely on electromagnetic simulation. 
Both approaches promise to provide highly accurate descriptions of the device 
performance, since no assumptions restrict the validity of the model. The 
designer also saves the time required to determine the equivalent-circuit model; 
simulation becomes both faster and more accurate. 

However, there must be a reason why equivalent-circuit models are still in use. 
The first is that not all circuit simulation tools calculate in frequency domain. S 
parameters are frequency-domain data. Using an S parameter model in a time- 
domain solver like SPICE requires to apply an inverse Fourier transform in order 
to determine the time-domain response of the model. First of all, this requires a 
certain simulator kernel that allows for this so-called convolution algorithm. 
Second, will the time-domain response be causal? This is definitely required for 
simulation, but ensuring it for just any set of S parameters requires elaborate 
mathematical treatment of the data. Thus, simulating the same circuit in time- 
domain and in frequency domain will show slightly different results. A model 
based on a lumped-element equivalent circuit, on the other hand, works with any 


circuit simulation tool. 

It is another issue that S parameters are only known for the measured or 
simulated frequency range. The fundamental and the first harmonics is usually 
covered. But what about baseband and dc? Also it might be desirable in 
nonlinear harmonic-balance simulations to use many harmonics. If one leaves it 
to the simulation tool to extrapolate the data easily lead to nonphysical 
parameters. An equivalent-circuit model will not be accurate beyond a certain 
frequency as discussed above, but it will never become nonphysical and predict, 
for example, active behavior for an inductor. DC and baseband performance are 
also well covered. 

Finally, there is basically no way to derive a scaled S parameter-based model. 
Only discrete measured or simulated structures are covered. Parameterized 
equivalent-circuit-based models have the capabilities to interpolate within 
certain geometrical limits. This allows to define the models behind the well- 
known pick-and-place symbols in circuit simulators that describe an element like 
a spiral inductors on the basis of a few electrical and geometrical parameters. 


Design Examples 


Throughout this book, we always address the issue that we have to separate the 
battery-operated hand-held applications and the more stationary designs like 
those for base stations. In the case of the hand-held or low-voltage applications, 
the dynamic range requirements are significantly less than the front-end of a 
base station requires. 


130-nm CMOS Low-Noise Amplifier 


As an example, we let us consider a LNA for 2.41 GHz applications that should 
be fabricated in a 130-nm CMOS technology. We choose devices with a gate 
width of 250 pm, and a bias of Vpp = 1V, Ipp = 20mA. A generic model for such 
a device can be found, for example, on the predictive technology model website 
[34]. The schematic of the circuit is given in Figure 3.74. 


Figure 3.74 Schematic of the CMOS LNA. Both transistors are 130-nm NMOS, 
gate width 250 иш, and 20 gate fingers. Model parameters are given in Table 
3.12. The values of the other circuit elements аге C,, = 1.4pF, L, = 0.45nH, and 
L, = 2.7nH. The quality factor of these inductances is set to Q = 6 at the target 
frequency of 2.41 GHz. The biasing network and output matching are omitted 
for simplicity, Vpp = 2V and Ipp = 23 mA. 
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How simultaneous noise and power matching is achieved is shown in Figure 
3.75. Starting point is the unmatched cascode, the respective values of 57, and 
[opt at 2.4 GHz are indicated by the larger symbol. Obviously, the real part of the 


noise match impedance is higher than 50 €2, which requires to either use a larger 
device or to start by adding an extrinsic gate-source capacitance C,,. It is also 


obvious that the optimum noise and power match are quite far apart. 


Figure 3.75 Impact of external gate-source capacitance C,, source degradation 
inductance L,, and gate inductance L, on (a) complex conjugate of 5,, and (b) 
optimum noise match Г... 








(b) 
The impact of adding C,, is shown by the bullet symbols. The capacitance 


values are increased by 100 fF from one symbol to the next, the highest value 
shown is C,, = 1.4pF, which is used in this example. Since noise and power 


match are still too far apart of each other, a source degeneration inductance L, is 
added. In the example, L, is increased in steps of 50 pH up to a maximum of 
0.45 nH. The diamond symbols in the Smith charts show that indeed, S,, 


changes much faster than Г. Finally, a gate inductance L, is added to obtain 


орі: 
input matching; it is increased in steps of 300 pH up to a total value of L, = 
2.7nH. In this simulation, it is accounted for inductor losses by setting the 
inductors' quality factor to Q = 6. 

This practical example shows some discrepancies to the theory presented 
earlier. For example, it does not seem to be possible to achieve perfect 
simulatneous power and noise matching. But despite the fact that the theory was 
based on many simplifications, it proves to be applicable for real-life circuit 
design. 

Figure 3.76 presents the S parameters of the circuit after input matching. Noise 
figure and stability factor p are shown in Figure 3.77. In these figures, the 
performance of the cascode LNA (solid lines) is compared with a single- 
transisor LNA (dashed lines). The input matching for the single-transistor LNA 


was achieved with similar component values, that 15, C,, = 1.4pF, L, = 0.64 nH, 


L, = 2.2 nH. The benefit of the cascode configuration is obviously its better 


isolation, as S4» is about 20 dB lower than in the single-transistor case. The price 
is, however, a slightly higher achievable noise figure. 
Other interesting design examples can be found online [33]. 


Figure 3.76 Simulated S parameters of the circuit shown in Figure 3.74 (solid 
lines), compared to the results obtained when the cascode is replaced by a single 
transistor (dashed lines). (а) S44. (b) 5-4. (C) 51». 
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Figure 3.77 Simulated results of the circuit shown in Figure 3.74 (solid lines), 
compared to the results obtained when the cascode is replaced by a single 


transistor (dashed lines). (a) Stability factor и. (b) Noise figures. The dotted lines 
denote the respective minimum noise figures. 
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130-nm CMOS Transformer-Coupled Low-Noise Amplifier 


An alternative approach to the inductively degenerated low-noise amplifier is the 
transformer-coupled LNA, a topology initially introduced as zwischenbasis- 
configuration by Cantz in 1953 [35]. The schematic is shown in Figure 3.78. The 
topology differs from the previously discussed LNA by the fact that the source 
and gate inductance now are mutually coupled. This feedback supports 
simultaneous noise and power matching. 


Figure 3.78 Schematic of the transformer-coupled CMOS LNA. Both transistors 
are 130-nm NMOS, gate width 250 pm, and 20 gate fingers. Model parameters 
are given in Table 3.12. The values of the other circuit elements are C,, — 1.5pF, 
the transformer parameters are І, = 0.8nH, L, = 0.2nH, апа k = 0.6, and inductor 
losses are modeled by adding resistances of 1.1 0/0.1 pH to each of the 
inductances. L, = 1.7nH with a quality factor of Q = 6 at the target frequency of 


2.41 GHz. The biasing network and output matching are omitted for simplicity, 
Vpp = 2V and Ipp = 23 mA. 
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In the present case, the transformer was modeled by assuming a fixed ratio of 
4:1 for the primary and secondary inductances L, and L,, respectively. Also the 


coupling factor was fixed to К = 0.6. In order to account for the transformer 
losses, it is assumed that each of the inductances has a parasitic resistance of 1.1 
(2/100 pH. The transformer together with the extrinsic gate-source capacitance 
Cx was empoyed to bring noise and power match to the same impedance, with а 


real part of 50 ©. The gate inductance L, was finally used to transform the 


resulting input impedance to the 50 © source. This inductance is assumed to 
have a quality factor limited to О = 6 at the target frequency of 2.41 GHz. The 
parameter values аге L, = 200pH and L, = 0.8nH, Cey = 1.5pF, and L, = 1.7nH. 


The transistor model parameters are given іп Table 3.12. Тһе original 
transformer-coupled LNA relies on a single transistor instead of a cascode. 
Therefore, simulation results obtained with the same topology except for that the 
cascode is replaced by a single MOS transistor are included in the results shown 
in Figures 3.79 and 3.80. In case of the single-transistor amplifier, matching 
slightly differs. The element values are L, = 350pH, L, = 1.4nH, C,, = 1.2pF, and 


Lg = 0.4nH. 


Figure 3.79 Simulated S parameters of the circuit shown in Figure 3.78 (solid 
lines), compared to the results obtained when the cascode is replaced by a single 
transistor (dashed lines). (а) S44. (b) S57. (с) 51». 
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Figure 3.80 Simulated results of the circuit shown in Figure 3.78 (solid lines), 
compared to the results obtained when the cascode is replaced by a single 
transistor (dashed lines). (a) Stability factor р. (b) Noise figures. The dotted lines 
denote the respective minimum noise figures. 
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Table 3.12 130-nm NMOS BSIMA Model Parameters Used to Simulate the LNA, as Published at the 


Predictive Technology Model Website (http://ptm.asu.edu/). 
Source: Courtesy Nanoscale Integration and Modeling (NIMO) Group, ASU. 


* Beta Version released on 2/22/06 


* РТМ 130mm NMOS 


model  nmos  nmos level = 54 

-versicn = 4.0 binunit - 1 paramchk- 1 mobmed = 0 
-capmod = 2 igcmod = 1 igbmod = 1 десш = 1 
4diomod = 1 rdsmod = 0 rhodymod= 1 rgatemod= 1 
+permod 1 acngemed= 0 trngemod= 0 

-tnom = 27 Есхе = 2.25е-9 toxp = 1.Бе-9 toxm = 2.25e-5 
+dtox = 0.ёбе-9 epsrox = 3.9 wirit = бе-П009 lint = 10,5е-009 
+11 = 0 wl = 0 lin = 1 wln = 1 

+lw = 0 ww = 0 lwn = 1 меті = 1 

+1w1 = Ü ww 1 = 0 храгЕ = Ü toxref = 2.25е-9 
кх1 = -60e-9 

Tvtho = 0.3782 kl = 0.4 kž = 0.01 k3 = б 

+kib = 0 wi = 2.5e-006 dyt 0 = 1 dvtl = 2 

Tdvtz = -0.032 dart Ow = 0 dwyt lw = Ü dqvtzw = Ü 

+dsub = Жл. mins = 0.05 voffl = Ü dytpd = 1.2е-010 
Tdvtpl = 1. lped = 0 lpeb = 0 x] 3.98ze-Ü008 
T-ngate = 2е+020 ndep = 1.54e-018 ned = З-екП20 Phin = 0 

+cdac = 0.0002 cdscb = 0 cdscd = б cit = 0 

Tvoif = -0.13 nfactor = 1.5 etal = 0.0092 етар = Ü 

+vib = -0.55 110 = 0.05928 ча = 62-016 ub = 1.2e-018 
Tuc = 0 уша = 100370 a EE ags = 1е-020 
+а1 = 0 аз - 1 bo = 0 Б1 = 0 

rketa - 0.04 dwg = 0 dwh = 0 рс = 0.06 
+pdiblel = 0.001 pdiblcz = 0.001 pdiblcb = -0.005 drout = 0.5 
TpVag = le-020 delta = 0.01 pscbel = €.1426+008 pscbe2 = 1г-007 
+fiprout = 0.2 pdits = 0.08 Bditad = 0.23 pditsl = 2.3e-«D006 
-rsh = rdsw = 200 raw 100 rdw 100 
-rdswmin = 0 rdwmin = 0 rswmin = 0 prwg = 0 

+prwkh = ё.бе-011 жЕ = 1 alphagQ = 0.074 alphal = 0.005 
rbetabD = 30 ачід1 = 0.0002 191 = 2.1е+009 ogidl = 0.0002 
+eqgidl = 0.8 

+taligbacc = 0.012 bigbace = 0.0028 Cigbace = 0.002 

4nigbacc = 1 aigbinv = 0.014 bigbiny = 0.004 cigbinv = 0.004 
4eigbinv = 1.1 nigbinv = 3 alge = 0.012 bige = 0.0026 
ксісшс = 0.002 aigsd = 0.012 bigsd = 0.0028 cigsd = 0.002 
4nigc zm poxedge = 1 рїчєа EE ntox = 1 
-rXECIgl = 12 xrorga = 5 

TCgso = 2.4е-010 cgdo = 2.4е-010 саро = 2.596е-011 cadi = Z.553e-l10 
+cgal = 2.653e-10 сКаррав = (0.03 ckappad = 0.03 acde = J 

-moin = 15 поЁЁ = 0.9 voffcv = 0.02 

rktl = -0.11 ktll = 0 kt2 = 0.022 ute = -1.5 
tual = 4.31е-009 ubl = 7.6le-018 uci = -5.5e-Dl11 prt = б 

ғас = 33000 

-fnoimod = 1 tnoimod = 0 

+128 = 0.0001 Jaws = 1е-011 ]swgs = 1е-010 njs = 1 
+ijthsfiwd= 0.01 ijthsrev= 0.001 bye = 10 x]bvs = 1 

+1зва = 0.0001 Jawad = 1е-011 jewgd = 1е-010 пла = 1 
+ijthdfwd= 0.01 ijthdrev- 0.001 bvd = 10 x]bvd = 1 

-phs = 1 cjs = 0.0005 mja = 0.5 pbsws = 1 

+c] Swe = 5е-010 1а - 0.33 pbswgs = cjewgs = 36-010 
4m]swgs = 0.33 pkd = 1 ста = 0.0005 md = d.h 
+phawa = tl cjswd = бе-П10 11 wel = 0.33 pbswgd = 1 
+cjewgd = 5е-010 mjswgd = 0.33 tpb = 0.005 Ес1 - 0.001 
кЕрБем = 0.005 Ec sw = 0.001 tpbswg = 0.005 tejswg = 0.001 
-xtis c xtid 2 

+2 = Пе-006 атс 1. = 02-006 тї = Оа-П0в dmcgt = Оа-007 
tw] = 0.0e-008 хом = 0e-007 xl = Ог-ПОВ 

-rshg = n.4 gemin = le-O10 rbpb = Б rbpd = 15 

кгБрв eub rkdb 15 rbsb = 15 терс = 1 


The benefit of the transformer-coupled configuration over the traditional 
source degeneration topology is obviously the lower total inductance values that 
are required in order to achieve a good matching. In the present simulation, the 
main noise sources are not the transistors but the losses of the inductors. 


NE68133 Matched Amplifier 


We will first consider the design of a low-voltage, low-current, low-noise 
amplifier based on the NEC BJT NE68133. This device was chosen because it is 
unconditionally stable, has a minimum noise figure of about 1.2 dB at 7 mA, 
15.5 dB gain, and a fr of 8 GHz. While it is possible to start the design based оп 


the published S and noise parameters, we will choose to involve also the 
nonlinear model as this allows us more freedom in selecting the bias point 
including the collector voltage. The actual topology of the amplifier is shown in 


Figure 3.81. 
Figure 3.81 The NE68133 low-noise amplifier. 
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Determining appropriate values for the input and output matching networks is 
essential to finalize the design. The next several figures illustrate matching- 
network syntheses undertaken with the interactive Smith Tool in Ansoft's 
Serenade Design Environment. We evaluate the point of tangency as well as 
Stability circles in the source and load planes, indicating that our impedance 
match will result in a stable amplifier. 

In Figure 3.82, the center circle (with 1.1 marker) refers to the noise circle for 
which the noise figure of 1.1 dB can be obtained. The left circle (with the 14.3 
marker) corresponds to source-plane terminations that correspond to 14.3 dB of 
available gain. In order to get the required noise figure and gain, the input 


termination must be at the point of tangency of both circles. The arc touching the 
X axis close to 0.50 is the amplifier's S,, response from 800 to 875 MHz. The 


shallow arc that nearly bisects the 14.3 dB gain circle is actually a portion of the 
source-plane stability circuit; the arc at the top right is a portion of the load-plane 
stability circle. Because we will be terminating the amplifier input with a value 
inside the source-plane stability circle, and terminating the amplifier output with 
a value outside the load-plane stability circle, the amplifier will be 
unconditionally stable at the frequency at which the match is obtained. 


Figure 3.82 Display from the interactive Smith Tool, showing circles for gain, 
noise figure, and source and load-plane stability, as well as a sweep of 5; versus 


frequency. In synthesizing an input matching circuit, we choose a single working 
frequency and work from the chart's origin to the point of tangency between the 
gain and noise figure circles. See Figure 3.83 
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The next task is to obtain the values for the matching circuit that matches the 
input for the 1.1 dB noise figure. Since we do a noise matching will not get the 


best possible 54) matching (Figure 3.83). This translates into an inductor of 9.2 


nH to ground and a series inductor of 0.85 nH based on the large-signal model of 
the NE68133 at the chosen bias point. 


Figure 3.83 Input matching network extraction, assuming lossless matching 
components and no parasitic effects. 





After we have determined our input matching network, it is time to find the 
output matching. First find termination point on the output plane that 
corresponds to 14.3 dB gain and 1.1 dB NF at the input plane. The output gain 
circle goes through the 1.1-dB NF circle at two points, and for reasons of easy 
matching, we selected the lower point. The next step is to find the conjugate 
reflection coefficient Гу, = 55. This is the lower square marker іп the Smith 
diagram, see Figure 3.84. The remaining task is to find the matching network 
that brings this value to 50 Q. By doing so, we first obtain a shunt inductance 
L = 8.2 nH and a series capacitor C = 2.4 pF. Again, these are the values 


applicable to the large-signal equivalent circuit. 


shunt series 


Figure 3.84 Output matching network extraction. 





The careful reader will have noticed that we have been avoiding the issue of 
small-signal exact matching using the manufacturer-supplied parameters. If this 
is done, the narrowband response shown in Figure 3.85 will be obtained. 
Therefore, we must optimize the circuit for a better frequency response to obtain 
the one shown in Figure 3.86. 


Figure 3.85 Frequency-dependent gain, matching, and noise performance of the 
Figure 3.81 circuit. 
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Figure 3.86 Optimized performance of input/output reflection, gain, and noise 
figure. 
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After this optimization, we were well able to meet the specification being 
center band gain of 14 dB and a corresponding NF of 1.1 dB. To show the 
flatness of the gain, Figure 3.87 shows a gain variation in the range of 0.25 dB. 


Figure 3.87 High-resolution display of gain as a function of frequency. 
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The next step is to look into the large-signal performance. The first order of 
business is to determine the third-order intercept point, which is based on a two- 
tone analysis. Given the fact that we run the device at low voltage and at a just- 
reasonable current, the actual intercept point of +13.5 dBm is quite a good 
number. Figure 3.88 shows the fundamental and third-order outputs. The 
crossover point between the two, as shown in Chapter 1, is defined as the third- 
order intercept point. If one would have chosen the third harmonic output rather 
than the fundamental, we would have shown the fifth-order intercept point. The 


second-order IMD product (f, + fə) typically can be minimized by input 
selectivity. 


Figure 3.88 Simulated fundamental and third-order-IMD outputs of the 
NE68133 amplifier. 
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How amplifier linearity affects its ability to preserve the characteristics of 
digital signals is a major concern in wireless design. Figures 3.89 and 3.90 show 
constellation diagrams with the amplifier handling a PSK signal at drive levels 
of -40 dBm and +10 dBm, respectively. As expected, we see significant 
distortion at the higher drive levels due to circuit nonlinearities. 


Figure 3.89 Output constellation at -40 dBm input. 
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BFP420 Matched Amplifier 


The NE68133 has an attractive fy of 8 GHz, but if more gain is needed, one тау 


play with the concept of using a much “hotter” device, such as the BFP420. We 
recall that the NEC device was unconditionally stable, and our first worry is how 
the Infineon BFP420 will behave. 

A study of Figure 3.91 shows that indeed the NEC device had to be stable all 
over and therefore was a good basis for a risk-free design. Things change 
dramatically which the BFP420, for which the К factor is essentially less than 1 
up to a corner frequency of 2.75 GHz, where the transistor becomes 
unconditionally stable. Around 1.75 GHz, the K factor for the NEC transistor 
barely touches 1. We explained earlier the fact that G,,,, deviating from the 


maximum stable gain is a more realistic number since the conditions for 
maximum stable gain involve feedback and conjugate matching. 


Figure 3.91 Comparison of K, G 
NE68133 and BPF420 BJTs. 
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To improve the stability of the BFP420, we will now set out to use the same 
topology as the previous amplifier but with a resistive feedback between base 
and collector (Figure 3.92). A good value for this is always somewhere around 
200—500 Q. It must be remembered that this voltage feedback also stabilizes the 
input and output impedance and reduces the Miller effect because of the 
feedback being resistive and more dominant. 


Figure 3.92 BFP420 amplifier with resistive voltage feedback from collector to 


base. 
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While the first example covered а fairly narrow frequency band, we аге now 
attempting to cover a much wider frequency range, specifically, from 1.5 to 3 
GHz reasonable gain and noise. This, by definition, requires a much higher gain- 
bandwidth product, and the simple matching network at the input and output 
provides a nonoptimal input and output matching (Figure 3.93). The feedback 
introduces some additional noise. This application shows the limits of single- 
stage UHF/SHF amplifiers with feedback. 


Figure 3.93 Frequency-dependent gain, matching, and noise performance of the 


BFP420 feedback amplifier. 
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Narrowband BFP420 Amplifier 


Our next attempt will be to design a narrowband input stage that combines very 
high selectivity with good noise figure. This can only be achieved by using two 
tuned single-stage resonators with capacitive/magnetic coupling. The following 
amplifier is tailored to have a center frequency of 900 MHz. The transistor will 
operate at 12 V/10 mA to have a sufficient dynamic range. The input selectivity 
is achieved by the use of two top-coupled tuned circuits, followed by a BFP420 
(Figure 3.94). The first order of business is to determine the input tuned circuit. 
The tuning capacitance for the two tuned circuits is arbitrarily set to a 
manageable 2 pF (small values have too much tolerances and larger values will 
require smaller inductances, resulting in lower Q). The reactance of the first 
tuned circuit is 


Figure 3.94 BFP420 amplifier with narrowband input filtering. Ideal 
transformers are used to match the filter's input and output to the input port and 
the BFP420 base, respectively. 
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The necessary inductance for resonance will be 


ОГ 
L = 88.49/ш = 88.42/ (дт x 9- 10°) = 15.64nH 

We will make both tuned circuits identical, but with different loaded Q. By 
multiplying 88.42 times the loaded Q (20 for the input resonator and 50 for 
Output resonator), the resulting parallel-resonant resistance is 88.42 x 20 = 
1768Q at 900 MHz (for the input resonator) and 88.42 х 50 = 44210 (for the 
output resonator). These values are achieved by loading the input with the 50-Q 
source and by loading the output with the input of the transistor. Therefore, the 


input transformation ratio m, = 1768.4/50 = 35.37. At the output, the equivalent 
number m, = 4421/50 = 88.42. For the purpose of simulation, and because it is 


extremely difficult to find the physical location of the appropriate tap on an air- 
wound coil for the necessary impedance, we do this “on paper” by incorporating 
an ideal transformer. We are also going to show later the actual transmissionline- 
based filter and its modeling. This filter will have a higher insertion loss based 
on the PC-board material used. 

Using our nonlinear simulator, in small-signal ac mode, we obtain the 
frequency response and noise figure shown in Figure 3.95. In actually building 
this circuit, there is another problem besides these transformers—the top- 
coupling capacitor We have used а grounded-T configuration to obtain a 
practically realizable value of 36 pF, whose lead inductance will not influence 


the circuit. (The actual coupling capacitance value for top coupling without the Т 
configuration would have 0.1 pF. We would like to see this value repeatably 
realized.) 


Figure 3.95 Frequency-dependent gain, matching, and noise performance of the 
narrowband BFP420 amplifier. 
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If the actual noise would be calculated relative to the output tuned circuit, the 
equivalent noise resistor В, of 5 Q would now be multiplied by m», being 442 Q. 


Fortunately enough, the Serenade simulator has a highly accurate BJT noise 
model that is both bias-and temperature-dependent so the simulator will give us 
the answer directly. 

We have not put any matching circuit at the output, and leave this task to the 
reader. In practice, the slight tilt in the MS», curve in Figure 3.95 would be tuned 


out. Also note that the minimum noise figure (РЕ) and the actual 50-Q noise 


figure (NF) agree somewhat off center. This has to do with the Miller effect, 
which results in the well-known difference between noise matching and input- 
gain matching. By varying the coupling capacitor to move from the overcoupled 
response that gives a low noise figure to a critically coupled response (К = 1), 
we get significantly better selectivity, narrow bandwidth (at the obvious expense 
of the noise figure) as shown in Figure 3.96. 


Figure 3.96 Comparison of filter responses with critical coupling (0.08 pF 


response) and overcoupling (0.12 pF response). 
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Since we somewhat compromised by not providing the reader with an actual 
input and output coupling that can be built, and further, because the inductance 
in question (15.26 nH) is hard to realize with a high Q, we now show the 
printed-circuit approach for the input filter. By using a Teflon-based material for 
the PC board, the losses would be less; however, the radiation would be more 
because the ғ would go down to 2.1 from the value we used (4). It is also 
convenient to introduce this filter to show that at higher frequencies, where 
lumped elements are really no longer available, one has to switch to distributed 
elements. A list of the commonly used distributed elements will be shown later; 
the transmission line and T junction are probably the most frequently such 
elements, followed by spiral and rectangular inductors, and bends. 

The actual implementation of the input filter on a printed circuit board requires 
distributed elements (Figure 3.97). In practice, one has two parallel coupled lines 
with a tap somewhere toward the ground connection and, for modeling accuracy, 
we have to introduce a T junction with the appropriate impedance of 50 Q for the 
input and a different impedance (if necessary) for the output. The coupling 
mechanism now is magnetic coupling, since no one can physically change the 
distance between the transmission lines by tuning some mechanical elements, 
one has to get it right the first time. This can only be achieved with a high- 
precision simulator. The reason why these simulators are so expensive is the 
investment of the number of man-years to produce valid models over a huge 


frequency and impedance range. Since we are now curious about the frequency 
response, we have plotted in Figure 3.98, the frequency response that shows a 
higher (expected) insertion loss. The PC-board material is partially responsible 
for this. 


Figure 3.97 Input filter using distributed-element resonators and matching. 
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Figure 3.98 Gain versus frequency response for the distributed-element filter. 
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At the end of this chapter, we will have a chance to talk about passive elements 
as needed for microwave frequencies, and one should consider frequencies 
above 1500 MHz as microwave frequencies. 


GaAsFET Feedback Amplifier 


The implementations we have shown so far have been based on bipolar 
transistors. Figure 3.99 shows a single-stage feedback amplifier using а 
GaAsFET. The feedback is based around an LRC network and some attempts at 
matching at the input and output are made. Figure 3.100 shows its frequency- 
dependent gain, matching, and noise performance. 


Figure 3.99 GaAsFET feedback amplifier. 


ind 








nH ,| 108pF 
+— @.05pF 261QuH | Й. üSpF 
Anp : -5 dBm H 
Spr 
Wid 
0.01 
Й, 5nH 


Freq:Estp 5Й@МН= oo 308 


nHar mile 


Figure 3.100 Frequency-dependent gain, matching, and noise responses for the 
GaAsFET amplifier. 
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3.2.3 High-Gain Amplifiers 


In most cases, high-gain amplifiers receive an already amplified signal, which 
means that we are less concerned about the signal-to-noise ratio but remain 
concerned about distortion. To reduce distortion, we have two options: (1) 
increase the dc current in the active device, which always improves the current- 


related distortion, and (2) maybe add some voltage feedback, which reduces the 
voltage distortion. In simple terms again, only current feedback can reduce the 
current-related distortion of a square-law or exponential transfer characteristic 
and only voltage feedback can reduce the effect of overdrive as a function of the 
load, but only to some degree. Its main purpose remains to reduce the input 
impedance to useful values, specifically for FETs, since current feedback 
increases the input and output impedances. Some ultrasensitive circuits still 
require Class A operation, but now at higher current levels; these are typically 
CATV applications and there are several transistors available that can be 
operated at 5-15 V but at 60 mA or higher. Because of the higher power 
consumption, this excludes hand-held cordless or cellular telephones. The same 
circuit as used before (Figure 3.99) for Class A operation now can be operated at 
a higher current, which automatically increases the gain and the noise figure and 
reduces distortion. This is based on the fact that the transconductance (g,,) 


increases at higher currents. The second transistor in the TI circuit achieves this 
by being in reality a larger device, which could be modeled by several 
transistors, like the first stage, in parallel. This automatically increases the dc 
current by the scaling factor. The same is even more true for the output stage. 
Likewise, bipolar transistors can also be scaled. A visual inspection of some 
transistors in their packages will reveal that they are really not just one transistor, 
but several operating in parallel, each with its own ballast resistors (for bipolar 
transistors) or other means (for FETs). 

Using tuned circuits rather than wideband matching, it is possible to go to 
Class AB or B operation. AB is really a hybrid between A and B, and Class B is 
probably better known. Figure 3.217 shows the Class B operating point. Most 
Class B stages are operated in push-pull because together with the tuned circuit, 
the one half of the cycle is supplied by the other transistor. The definition of 
Class B operation is a conducting angle of 90? (Figure 3.217). At this point, it 
should be noted that some older texts define the conducting angle as being twice 
the value we have defined in this chapter. 

Without going into further details, the highest efficiency in Class B operation 
is 78.596. Based on the fact that modern wireless applications generally use a 
hybrid of amplitude and angle modulation, pure Class C operation finds little 
application nowadays because of the severe nonlinear distortion it introduces. A 
Class B stage has less “power gain" as a Class A stage, but provides much more 
output power. We have already mentioned the problem associated with 
characterizing a Class A stage in terms of power gain, that is, the only time 


Kirchoff's equations are valid, meaning that the sum of all currents and voltages 
have to be zero. Because Kirchoff's equations do not consider nonlinearities and 
harmonic contributions, the very moment we move into considering medium and 
higher-power amplifiers, the nonlinearities will dominate and the performance of 
the stage is best analyzed with a high-quality circuit simulator with the 
appropriate dynamic range and good modeling capability. Without question, this 
also applies to Class C operation. As pointed out previously, the high-gain 
amplifier is optimized for gain rather than noise figure, and typically requires 
more collector or drain current. This can be easily seen by rebiasing the FET 
amplifier as shown above to a significantly higher value of 33 mA. This is 
accomplished by changing the source resistor down to 3 ©. As a result of this, 
we obtain the gain, matching, and noise figure responses shown in Figure 3.101. 


Figure 3.101 Frequency-dependent gain, matching, and noise performance for 
the GaAsFET amplifier of Figure 3.99 rebiased for a drain current of 33 mA. 
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It may be a surprise to the reader that the actual noise figure now is less than 
that shown in Figure 3.100. This device is now operating at 33 mA; the reason 
for this has to do with the fact that if the transconductance is too low, the noise 
figure also increases, and the NF curve for the FET has a similar-looking 
current-dependent minimum—a curve that is frequently not supplied by the 
manufacturer. This amplifier, now operating at 33 mA, should have quite good 
large-signal capabilities; we will examine this shortly. 

Another interesting piece of information is the display of the dc І-У curves 


with the “load line.” Since we have reactances in the circuit, we are not going to 
get a line, but rather an ellipse indicating the storage of energy. (The actual load 
line would be a line through the two foci of the ellipse.) This curve allows us to 
immediately see that at this operating point, the transistor is neither going into 
current saturation nor voltage limiting. The input power can be increased further 
until such a condition exists. Figure 3.102 shows the dc I-V curve for the 
amplifier shown in Figure 3.99. 


Figure 3.102 Dc I-V curves for the GaAsFET operating at Ip = 33 mA, 


including the ac load line. The load line is an ellipse rather than a straight line 


for the reason described in the text. 
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Besides looking for the adjacent-channel power ratio (ACPR), the other 
traditionally important points are third-order intercept point and the equivalent of 
a multitone simulation as used for CATV application but relevant to the 
multisignal environment of wireless applications. Figure 3.103 shows the 
determination of the amplifier's third-order intercept point. It is most important 
for the reader to understand that very low values for input and output level have 
to be used to determine the crossover point. If this advice is not followed, totally 
erroneous numbers can occur. 


Figure 3.103 Determination of the third-order intercept point based on a two- 
tone measurement tones spaced at 596 of the operating frequency (1.8 GHz). 
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Since an antenna supplies a large number of signals (this is true of hand-held 
radios as well as base-station sites) a three-tone standard has been adopted as a 
good approximation of multisignal operation. This standard is in accordance 
with the German DIN 45004E,3.3 three-tone measurement. The requirement is 
that the intermodulation distortion products at the output are better than 60 dB 
suppressed relative to the largest of the three tones. One tone is used as the 
reference, and the other two tones are 6 dB less. This measurement has been 
derived from television, whereby the video transmitter, based on the vestigial 
sideband power, is 6 dB above the two sidebands produced by the FM sound 
transmitter using an modulation index of 5. The result of a three-tone test can be 
seen in Figure 3.104. This amplifier clearly meets the DIN specification for 
linearity at input levels up to -9/-15 dBm at the input. 


Figure 3.104 Simulated three-tone analysis of the GaAsFET amplifier with Ip = 
33 ПА. 
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Bipolar transistors are also quite popular for this purpose. Figure 3.105 shows 
a single-stage amplifier with an intrinsic transistor and all the other “hidden” 
intrinsics, but normally not visible, added. The three diodes belong to those 
intrinsic elements, which are needed for accurate microwave modeling that the 
standard nonlinear models do not provide. The reader will see that we went 
through great detail to model all the necessary parts. This feedback amplifier, 
whose frequency response is shown in Figure 3.106, has been quite difficult to 
design, but there are monolithic circuits available where the higher gain- 
bandwidth product is being used to advantage. 


Figure 3.105 A high-linearity single-transistor amplifier modeled in great detail. 
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Figure 3.106 Simulated frequency-dependent gain, matching, and noise figure 
performance of the circuit shown in Figure 3.105. 
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Figure 3.106 shows the predicted frequency-dependent gain, matching, and 
noise figure at a bias point of 108 mA at 10 V. Using the same DIN three-tone 
test procedure, Figure 3.107 shows the expected good result. 


Figure 3.107 Simulated three-tone output spectrum of the Figure 3.105 


amplifier. 
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Since this test requires two equal signals and one larger signal, we need to 
expect one IMD product larger than the rest. We have set our window for a 
dynamic range of 70 dB, and yes, in the left corner, we can see the product 
between the first two signals, while the other products are below the -50 dB 
level. 

As a little task, Figure 3.108 shows a simple amplifier, based on a Infineon 
transistor, which is a feedback amplifier with fewer modeling details 
surrounding the transistor. Its associated frequency-dependent performance is 
shown in Figure 3.109. Interested readers are invited to improve its performance 
by using their skills and intuition. 


Figure 3.108 A high-linearity amplifier using the Infineon BFG235. 
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Figure 3.109 Frequency-dependent gain, matching, and noise performance of 
the Figure 3.108 amplifier. 
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Permitting higher currents and actually combining two transistors leads to our 
first MMIC. The following simulation is based on the MGA-64135.4 Needless to 
say, there are some compensation networks inside the MMIC and distributed 
elements that affect the frequency response. However, with this arrangement, it 
is possible to obtain an appreciable gain at our wireless frequencies. The noise 


figure, based on the feedback, however, is not too impressive. This is a problem 
that occurs with most feedback amplifiers, which try to minimize the distortion 
and yet would like to keep the noise figure down. Figure 3.110 shows the 
schematic of the GaAs MMIC, Figure 3.111 shows its frequency-dependent gain, 
matching, and noise performance, Figure 3.112 shows its two-tone response, 
which is used to obtain the intercept point (IP3 in = 8.5 dBm, ІР out = 22 dBm), 


and finally, Figure 3.113 shows the three-tone test results at an input RF level of 
-21/-27 dBm. While the gain-bandwidth product is considerably larger than the 
single-stage amplifier we examined before, the intercept point and three-tone 
performance does not reach the same values. As a general rule, the dynamic 
range is directly proportional to the power dissipated in the devices, specifically, 
the current. As explained earlier several times, the first-order nonlinearity comes 
from the voltage-to-current transfer characteristic, such as the transconductance 
itself and can only be improved by a combination of resistive feedback in the 
emitter/source and by high currents. At these dc levels, the base-emitter (gate- 
source) junction gets linearized because the differential values are getting 
smaller compared to the parasitic loss resistances, including external dc/RF 
feedback. Once again, the voltage feedback reduces the voltage clipping but is 
initially more responsible for the input and output matching. 


Figure 3.110 Simulation schematic for the MGA-64135 MMIC amplifier. О, 
runs at 17.4 mA; Q; at 32.2 MA. 
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Figure 3.111 Frequency-dependent gain, matching, and noise-figure 
performance of the MGA-64135 MMIC amplifier. 
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Figure 3.112 Simulated two-tone testing of the MGA-64135 MMIC amplifier. 
IP; in = 8.5 dBm, IP; out = 22 dBm. 
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Figure 3.113 Simulated three-tone test of the MGA-64135 MMIC. The test 
tones were 1.80 GHz (—21 dBm), 1.85 GHz (—27 dBm), and 1.90 GHz (—27 


dBm). The 1.75-GHz IMD product is down 60.5 dB relative to the 1.80-GHz 
signal. 
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3.2.4 Low-Voltage Open-Collector Design [36-39] 


Why Кс Acts Like a Source Resistor 
An open-collector output allows a designer the flexibility to choose the value of 
the Rc resistor. Choosing this resistor value not only sets the dc bias point of the 


device but also defines the source impedance value. Figure 3.114 shows the ac 
model of the transistor. Converting the output structure by applying a Norton and 
Thevenin transformation, one can conclude that Rc becomes the source 


resistance. Thus, by choosing Rc to be equal to the load, maximum power 
transfer will then occur. 


Figure 3.114 Rç as source resistor. 
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Figure 3.115 shows an active transistor with a collector and base resistor. From 
basic transistor theory, Equation A in Figure 3.115 is generated and has the same 


form as the general equation for a straight line (у = mx + Б). 


Figure 3.115 Basic transistor analysis. 
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The slope of the dc load line is generated by the value of the collector resistor 
(m = — І/Ке) and is shown in Figure 3.116. For a given small-signal base 


current, the collector current is shown by the dotted curve. 


Figure 3.116 Load line and Q-point graph. 
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The intersection of the dotted curve and the dc load line is called the quiescent 
point (Q-point) and dc bias determinant. The location of the Q-point is important 
because it determines whether the transistor is operated in the cutoff, active, or 
Saturation region(s). In most cases, the Q-point should be in the active region 
because this is where the transistor acts like an amplifier. 

Figure 3.117 shows the ac collector-emitter voltage (Уср) output swing with 
respect to an ac collector current (Ic). Collector current is determined by the ac 


voltage presented to the input transistor's base (v:) because it affects the base 
current (i5), which then affects і. This is how the vi is amplified and seen at the 


output. Recall that this is with no external load (Ri oaa) present at the collector. 


since no load is present, the ac load line has an identical slope as the dc load line 
as seen in Equations A and B of Figure 3.115 (m = — 1/Ке). 


Figure 3.117 Graphical analysis for the circuitry in Figure 3.115. 
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Open Collector with Ri oaa 


A filter with some known input impedance is a typical load for the output of the 
transistor. For simplicity, we will assume a resistive load (R; 444) and neglect any 


reactance. Since this resistive load is used (see Figure 3.118), the ac output 
swing is measured at Vo, or Vcr. 


Figure 3.118 Basic transistor analysis with Roag- 
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Eq. А Eq. В 


А ас blocking capacitor is used between the R; oag and the Уср output to assure 
that the Q-point is not influenced by R; oaq. It is also necessary to avoid passing 
dc to the load in applications where the load is a SAW filter. However, Ri oag will 
affect the ac load line, which is seen in Equation B in Figure 3.118. Note that the 


Vor voltage swing is reduced; thus, Үс; signal is reduced (see Figure 3.119). 
Figure 3.119 Graphical analysis for the circuitry in Figure 3.118. 
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Since the value of Rc and Rj oag affect the ac load line slope, the value chosen 


is important. The higher the impedance of R; oag and Ro, the greater the ac output 


Swing will be at the output, which means more conversion gain in a mixer. This 
is due to the slope getting flatter, thus allowing for more output swing. 


Open-Collector with Inductor (Г.с) 


Adding an inductor in parallel with Rc can increase the ac output signal Үсү. 


Figure 3.120 shows the dc and ac analysis of this circuit configuration. In 
Equation A of Figure 3.120, there is no Rç influence because the inductor acts 


like a short in the dc condition. This means the slope of the dc load is infinite 
and causes the Q-point to be centered around Усс, thus moving it to the right of 


the curve. The ac load line slope is set only by Rc because no load is present. 
Note that it has the same ac load line slope as the first condition in Equation B of 
Figure 3.115. 


Figure 3.120 Basic transistor analysis with inductor added to collector. 
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Eq. A Eq. B 
Referring to Figure 3.121, one might note that the base current (ac and dc) 
curves spread open as Vc, increases. This is caused by а noninfinite Early 


voltage (see Figure 3.122), which causes the collector current to be dependent on 
Vcg. Taking advantage of this nonideal condition, the peak-to-peak ac output 


swing Vcg can thereby be increased by moving the dc Q-point to the right due to 


the wider spreading between the curves corresponding to different base currents. 
Figure 3.123 combines Figures 3.117 and 3.121 to show the different ac output 
signals with different Q-points. 


Figure 3.121 Graphical analysis for the circuitry in Figure 3.120. 
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Figure 3.122 Graphical representation of Early voltage effect. 
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Figure 3.123 Comparison of open-collector circuit with inductor versus without 
inductor. 
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Looking at the ac output level, one might ask how the Уср peak voltage can 
exceed the supply voltage Усс. Recall that the inductor is an energy-storing 


device (v = 1. di/dt). Therefore, total instantaneous voltage is Vcc plus the 
voltage contribution of the inductor. 


Open-Collector with Inductor (Lc) and Ri oad 

Figure 3.124 shows the dc and ac analysis with the inductor and load resistor. 
Again, from the dc analysis, the inductor causes Rc to be nonexistence so the dc 
load line is vertical. In the ac analysis, the ac load-line slope is influenced by 
both Rc and R; oag (see Equation B in Figure 3.124). The ac load-line slope is the 


same as the example of the open collector without the inductor. Figure 3.125 
shows the response for the open collector with Lc апа А „а. Figure 3.126 


combines Figures 3.119 and 3.125 showing the increase in ac output swing. 
Figure 3.124 Basic transistor analysis with inductor and R, oad- 
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Figure 3.125 Graphical analysis for the circuitry in Figure 3.124. 
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Figure 3.126 Comparison of open-collector Rj oag circuit with inductor versus 
without inductor. 
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In conclusion, for the load line, Rc plays a role in setting up the bias- 
determined Q-point as well as the ac source impedance. However, when an 
inductor is placed in parallel with Rc, a different Q-point is set and the ac source 
impedance is altered. Moving the Q-point takes advantage of the transistor's 
nonideal і. dependence on Уср to get more signal output without having to 
change the base current. Since Rç is in parallel with Ёү 444 in the ac condition, it 
influences the ac load line slope. 


Flexible Matching Circuit [39] 


A useful variation of the open collector matching concepts previously outlined 
provided the capability of delivering equal power to two unequal resistive loads. 
This allows the power delivered to the load to be measured indirectly at another 
test point in the circuit where the impedance can be arbitrarily defined. If this 
impedance is defined to be 50 О, a spectrum analyzer can be easily placed 
directly into the circuit. This is an excellent troubleshooting technique and a 
valuable option to have available in high production environments. 

Figure 3.127 shows the schematic for this flexible matching circuit. In this 
circuit, Св functions only as a dc blocking capacitor and presents a negligible 


impedance at the frequency of interest. Recall from the previous open-collector 
matching discussions that, when Rç is placed in parallel with an inductor, it has 


no effect on the Q-point, but does influence the slope of the ac load line as 


Figure 3.127 Flexible matching circuit. 
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The capacitor Сс functions not only as а dc blocking capacitor but also 15 


Slope = — 4 


chosen such that the impedance presented by the combination of L, Rc, and C; is 
equal to Ri 444 for optimum power transfer. The analysis is done in the following 
manner. First, note that inductor L is connected to Усс, which is an affective ас 
ground. So, Г сап be redrawn to ground. Next, Rc and С; are converted to their 
parallel equivalent values as shown in Figure 3.128. 


Figure 3.128 Converting from series to parallel configuration. 
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The resulting parallel LCR circuit is shown in Figure 3.129. At resonance, the 
parallel L, Cp combination will be an effective open circuit leaving only Rp. Rp 


is then simply chosen to be equal to Rj oad- 


Figure 3.129 Converting from series to parallel configuration. 
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Starting with the most simple transistor configuration and using Кс types of 


dc-coupled amplifier circuits, here is an overview of possible configurations for 
this application. 


3.3 Single-Stage Feedback Amplifiers 


This amplifier (Figure 3.130) is a standard minimal configuration amplifier with 
reduction of current distortion because of the emitter feedback. The voltage gain 
15 

" Ry, 

C = ошу 


where А; is the total load seen at the collector. 





Figure 3.130 Single-stage amplifier with current feedback (provided by R,). 





The feedback amplifier in Figure 3.131 uses voltage feedback to “correct” the 
input and output impedance to be close to 50 Q, but does not improve the current 
distortion. The voltage gain of this circuit is 








ТАҚЫ Ёр 
(3.170) . Œy 
Еш = Aout 
| 26 m V 
(3.171) ' ЕГ 


Figure 3.131 Single-stage amplifier with voltage feedback (provided by Ер). 
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Example for Ic = 10 mA > Rp = 2.6 Q. Assuming Rp = 200 Q, the input 
resistance №; = 22.63 Q. The gain is calculated by getting the inverse of Rp = gm 


= 0.39 A/V. Once this is multiplied with the output impedance of 22.63 Q, the 
resulting gain becomes 10 log (8.6) or 9.3 dB. The gain can be increased by 
either using a larger collector current or a larger feedback resistor. It should be 
reminded that this circuit does not improve the distortion caused by the base— 
emitter junction. 

To reduce the current distortion as well, we use the circuit shown in Figure 
3.132, which contains both types of feedback. In reality, the collector-base 
resistor is frequently split into ап unbypassed section responsible for the 
feedback and a larger resistor responsible for the appropriate biasing. The 
example circuit, in Figure 3.133 is shown. 


Figure 3.132 Single-stage amplifier with voltage and current feedback. 
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Figure 3.133 Practical amplifier circuit showing voltage and current feedback, 
and illustrating how reactances (in this case, 500-pF bypass capacitors) and 
multiple resistors can be used to provide different ac and dc resistances for the 
paths from collector to base and emitter to ground. 
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By using two of the BFP420 transistors in parallel, and balancing the 
transistors by using the appropriate emitter resistors (which, in total, will result 
in 10 Q) plus the bypassed value, we obtain the frequency-dependent gain, 
matching, and noise responses shown in Figure 3.134. To determine the 
appropriate feedback resistor Rp, we recommend the formula 


Rr = (Өш орь) 
(3.172) Бк 
Figure 3.134 Frequency-dependent gain, matching, and noise performance of 


the circuit shown in Figure 3.133. 
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This equation requires some additional comments. The combined shunt and 
series feedback only work as long as a sufficient transconductance is provided. 
In other words, there must be enough open-loop gain that will be reduced to 
obtain more bandwidth. A necessary condition for this approach, which really 
comes from the frequency range of less than 30 MHz, is 

26mV _ 


(3.173) cem 

This requires a minimum transconductance of 
—14+Sn 

(3.174) "^ Zin 


where S», must be a negative number that reflects the 180? phase shift. Of 
course, life becomes interesting when S5, goes through 1, but it (hopefully) 
never becomes negative and larger than 1 at the same time. 


Example: 
The BFP420 has been used here frequently. A 10-dB gain would require an 5, 


of 3.16 (10); therefore, we need to inspect the datasheet that shows that the 
magnitude of S5, is 3.16 around 4.5 GHz, yet the phase shift has changed from 


180? to around 20?. In order to design an amplifier, we now set 
(3.175) Ёғ = Zm (1 + |511) 


which is valid until S5; becomes too small. For a given 10 dB or 3.16 for 5-1, the 


resulting RF is 4.16 х 50, or 208 Q. The transconductance under these 
conditions becomes 
_ l + [S 
(3.176) °" 
where 7 = 50 Q (the desired input impedance). g,, now becomes 83.2 mS. We 
now test the input and find 
Dt. Zin = es = 6000 

(3.177) Ят az 

Therefore, the emitter feedback resistor is not necessary to meet the previously 
mentioned condition whereby the input impedance needs to be higher than Rp. 


Assuming the transconductance now is 0.00832, or 1096 of the previous value, 
the input impedance would be 60 Q, no longer meeting the prescribed 
requirement. Therefore, we need an unbypassed emitter resistor that fulfills the 
equation 








Re — Zi 
(3.78) ^ Hr gma 
where 
- 1- 521 
(3.179) ^" 70 


Again the reader should be cautioned that іп the common-emitter circuit, there 
is 180° phase shift, and therefore S5; max is a negative quantity, resulting in 
reality in 
| + 521,max 
E ^u 
In our case, 
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In practice, the designer would use a 10-Q resistor. 

Since the gain of the transistor continues to fall as a function of frequency, one 
can compensate to a degree the cutoff frequency by putting an inductance in 
series that follows the equation 


ee талынан 


Assuming fagg = 2 GHz, the resulting series inductance Lp = 16.6 nH. 


Basically, the same applies to circuits where the second transistor is used as an 
emitter follower to feed the signal back from the collector to the base of the first 
transistor. 


In summary (see Figure 3.135): 

e Resistive negative feedback at lower frequencies reduces open-loop gain 
and simultaneously matches intput and output. 

e Reactive elements set gain and match at high frequencies. Feedback is 
reduced at high frequencies. 

e Emitter bypass capacitors are not used, as they would destroy the impedance 
match. 


This is equally valid for FETs. 
Figure 3.135 Elements of a feedback amplifier. 
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The next level of complexity can be reached by using two transistors with dc 
feedback. 


3.3.1 Lossless or Noiseless Feedback 


All the amplifiers shown above are based on a combination of resistive and 
reactive feedback. The very moment resistive feedback is used, the noise figure 
increases, as does the intercept point. As long as the intercept point increases 
overproportionally compared to the noise figure, this is an acceptable method. 
However, there are many cases in which an extremely low noise figure and a 


higher than normally achievable intercept point are required. To avoid this 
degradation of performance, Dr. Norton of Anzac developed a negative feedback 
structure based on the capabilities of the ferrite transformer. This patented 
technique (U.S. Patent Nos. 3,624,536 and 3,891,934, since expired), known as 
lossless feedback, provides lower noise figure and higher linear output than can 
be achieved using resistive feedback with the same transistor. Transformer 
feedback is used in which the transformer in the feedback network acts as a 
directional coupler. The coupling ratio between the input and output of the 
coupler determines the magnitude of the feedback, and hence the gain. Across 
the frequency band over which the transformer operates as intended, the 
feedback is negative due to the in-phase coupling and the inversion of the active 
device. 

This technique was used in amplifiers ranging from 5 to 500 MHz, 20 to 1000 
MHz, and 300 to 1800 MHz. The difficulty associated with this type of amplifier 
is the fact that it is based on transformers that use twisted pairs of wires as 
transmission lines. In some implementations used at higher frequencies, actual 
directional couplers were used at the expense of bandwidth; in these circuits, the 
coupling was determined by the spacing of the coupler lines rather than 
transformer turns ratio. These microstrip couplers have much narrower 
bandwidths than transformers and are fairly large. 

Another headache with the lossless feedback design is the fact that many of 
these transistor configurations are used either in grounded base or grounded 
emitter using transistors that nowadays have frs of 25 GHz and higher. Such 


devices are very hot, and to make sure one obtains freedom from oscillation over 
a wide frequency range is a continuing problem, even for the circuits we have 
shown so far. A similar clever technique has been implemented in the 
termination-insensitive mixer, which we will examine in the mixer chapter. 


3.3.2 Broadband Matching 


The circuitry above has enabled us to extend the frequency range of the 
amplifier and avoid the normal sharp cutoff. According to Fano [40], there is a 
limit to the bandwidth of matching. The concept is that impedance plus 
bandwidth determines the ability to match, since there is a Q of the circuit and 
there is a Q of the device. The following equations are valid: 


(3.182) lesoas| = е Far) 








CM = 
(3.183) a 

Q,, Im). X. 
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Figure 3.136 shows an example. This combination results in a VSWR of 3.43, 
which for practical purposes is already too high. The workaround is either 
special circuitry (such as exponentially staggered impedance jumps in the 
matching network like 50 Q > 20 Q > 7 Q > 3 Q). This means we first transform 
е 50-O source of load impedance down to З Q and then look for a matching 
network that matches the transistor output/input that is within a few ohms of 3 
Q. A detailed discussion of such matching can be found in the Numerical Design 
portion of Section 3.12.1 under the title “Broadband Matching Using Bandpass- 
Filter Networks—High-Q Case." 


Figure 3.136 Broadband matching example showing the Bode limit. 
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3.4 Two-Stage Amplifiers 


The following two popular configurations have been mostly used for low- 
frequency applications. The first one (Figure 3.137, implemented in the circuit 
shown in Figure 3.138) shows a nice high-frequency performance assuming that 
the emitter and collector currents are essentially the same. As to distortion 
products, this circuit behaves equivalently to the shunt impedance example from 
Figures 3.132 and 3.133, with the additional gain of the second transistor. Its 
frequency matching and noise performance are also shown in Figure 3.139. 





Figure 3.137 Two-stage amplifier with voltage feedback. 
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Figure 3.139 Frequency-dependent gain, matching, and noise performance of 
the circuit of Figure 3.138. 
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The next two-stage circuit (Figure 3.140, implemented in Figure 3.141) uses 
the collector current of the second stage as the feedback to the first. Proper 
biasing of this circuit is quite difficult and interactive. Figure 3.142 shows the 
frequency-dependent gain, matching, and noise figure. We believe that this 
circuit can be optimized further, but leave such investigations to the reader. 


Figure 3.140 Two-stage amplifier with voltage feedback from Stage 2 to Stage 
1, and current feedback in both stages. 





Figure 3.141 Simulated two-stage amplifier with feedback as shown in Figure 
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Figure 3.142 Gain, matching, and noise performance of the amplifier shown in 
Figure 3.141. 
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A cascode amplifier is a special form of two-stage circuit. Although a 


cascaded pair acts like a single transistor, its merits are in its reduced feedback 
and result in higher gain-bandwidth product. Figure 3.143 shows a simple 
cascode application that assumes the presence of an output transformer that 
absorbs the output capacitance. Figure 3.144 shows this circuit's frequency- 
dependent gain, matching, and noise performance. 


Figure 3.143 Schematic of the cascode amplifier. 
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Figure 3.144 Frequency-dependent gain, matching, and noise performance of 
the cascode amplifier. 
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It has been obvious to us that most published wireless application circuits are 
evaluated on a no-input-selectivity basis; that is, their reported performance does 
not take into account the filtering that is usually present in practical 
implementations. Evaluated in this way, a low-noise design may achieve a noise 
figure of less than 2 dB—1.2 dB or so is typical—but this is misleading because 
filters and connectors introduce insertion loss, resulting in a higher noise figure. 

The cascode is a nice preamplifier combination. It combines (depending on the 
transistor) a low-noise figure with essentially no feedback. Since the output of a 
grounded-base transistor provides a high-impedance source, this configuration is 
ideal to work into the SAW filters frequently used in wireless applications at the 
operating frequency. Special transistor pairs are available for use in cascode; as 
can be seen from this example, not every transistor combination is ideal. This 
one gives a higher noise figure than wanted and at frequencies above 2 GHz 
tends to show possible instabilities. Both Infineon and Freescale are offering 
transistors appropriate for these cascodes. Mostly one would resort to transistors 
of less-exotic cutoff frequencies to guarantee stability. Typically, grounded- 
base/gate transistors tend to become oscillators, specifically because this 
configuration, like the emitter follower, allows a higher operating frequency 
while maintaining the same gain-bandwidth product, the actual gain for the last 
two circuit configurations is less. A grounded-base/gate stage has a high voltage 
gain and the emitter/source follower has power gain at low impedance levels. We 


invite our readers to experiment with the capacitor from the base of О, to ground 


in Figure 3.143 to get an interesting education about these transistors and their 
willingness to oscillate. 

The following is an example of a commercially available VHF to 2 GHz low- 
noise amplifier. As can be seen from Table 3.13, its use is ideal for the 900-MHz 
range providing good linearity and low noise. 

Table 3.13 Freescale MBC13916 Features. 
Source: Copyright of Freescale, Inc. 2012, used with permission. 
* Usable frequency range 100-2500 MHz 
• Small-signal gain 19 dB at 900 MHz and Усс = 2.7V 
e NF min = 0.9 dB at 900 MHz; 1.9 dB at 1.9 GHz 
* Рав 2.5 dBm at 900 MHz and Vec = 2.7V 
* OIP} 16.5 dBm at 900 MHz 
e Bias current 4.7 mA at Vcc = 2.7 V 
e Supply voltage 2.7—5.0 V 
* Device weight typically 0.00642 g, industry standard SOT-343R package 


This design is based on the cascode mentioned above, and because of high 
integration, uses many transistors for bias and level shifting. 

The 900-MHz application circuit in Figure 3.145 shows the required external 
components for a successful design. The matching circuit results in a slight 
degradation of the noise figure by 0.3 dB. A band-selection filter would be 
placed at the output of the amplifier, since it would deter the noise figure too 
much. The antenna is rarely in the vicinity of such strong transmitters so that 
such a strong input filter is required. 


Figure 3.145 A Freescale MBC13916 application circuit for 900 MHz, with 
typical performance and bill of materials. Copyright of Freescale, Inc. 2012, 
Used by Permission. 
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There are two more interesting applications for two-stage amplifiers. The one 
implemented in the Hewlett-Packard MSA-0735 MMIC has become a quite 
common one, and its usefulness up to higher frequencies depends mostly on the 
cutoff frequency of the transistors, their parasitics, and phase shift of the gain. 
The typical configuration is shown in Figure 3.146, and its frequency-dependent 
gain, match, and noise figure is shown in Figure 3.147. As we see an increase of 
$5 at higher frequencies, this indicates unwanted phase shift in the circuit. Some 


manufacturers hide the compensation circuits to overcome such peaking; most of 
the schematics shown by the manufacturers are really intended only to show 


operating principles, with proprietary details omitted. 


Figure 3.146 Schematic of the MSA-0735 MMIC amplifier. Copyright of 
Freescale, Inc. 2012, used with permission. 
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Figure 3.147 Frequency-dependent gain, matching, and noise performance of 


the MSA-0735 MMIC amplifier. 
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Thanks to the properties of GaAs transistors, we can extend the frequency 


range significantly. The amplifier we are about to look at goes back several years 
ago and is described in great detail in Ref. [41]. Essentially, what we have as can 
be seen in Figure 3.148 is an FET version of Figure 3.141. The main goal of this 
circuit was to have an all-monolithic circuit, avoiding all ac coupling and 
accomplishing all matching and interaction with dc coupling. The transistor Q, 
is the main gain stage, which has the transistor Q, as an active load. The output 
impedance of Q, is 1/g,,—typically, in the area of 50-200 Q, depending on the 
biasing, which affects the transconductance. Transistor Q4 has the same function 
as an emitter/source follower; again, its dc bias determines its transconductance 
and, therefore, its output impedance. (Given this, a device that has a 
transconductance of 20 mS, or close to it, would establish a very good output 
match to 50 Q.) The drains of О, and О» are at approximately 3.5 V. The diodes 
at the source of О» are level shifters that must shift the dc voltage at the gate of 
О- and at the drain of Q, to approximately -1.5 V relative to ground—the 
necessary bias condition for О, and Qc. The standard shunt feedback circuit 
would show resistive feedback between the drain of О, (gate of Q») and the gate 
of Q,; in the previous examples, we calculated the magic value of this part to be 
about 200 ©. Adding in parallel to О, the transistor Q, allows the designer to use 
a feedback scheme that isolates the feedback loop from the input. DC-wise, the 
two transistors are tied together via a 10-kQ resistor, which can be included in 
the actual packaged device. Insufficient information was published to allow us to 
duplicate the design, considering all the intricacies involved (we somewhat 
object to the fact that even in the IEEE Trans. Microwave Theory Tech., so little 
information is given about the actual implementation of this design—using space 
constraints as an excuse—that its educational value is usually minimal); it shows 
a new principle without revealing the design steps necessary to obtain a practical 
circuit. Several variations of this type of circuit are available; the literature is full 
of discussions about them. The magnitude of the feedback is set by the ratio of 
the width of (5 to that of Q4. Typical values for the Q,/Q, ratio range from 
0.15—0.30. In simulation, sizing the devices can best be accomplished by using 
the scaling factor for the FET model. 


Figure 3.148 Schematic of the dc-coupled GaAsFET amplifier. 





One of our questions was, “What would the perfect input termination for О, 


be?” By using an ideal transformer and playing with its turns ratio (needless to 
say, we did this with CAD), we determined experimentally that relative to the 
gate, 200 © and a series inductor of 5-8 nH—the sort of details that designers 
often avoid telling their audiences—gave the ideal frequency response. Overall, 
we believe that the inventor of this circuit can be quite proud of the overall 
performance. The FETs we chose were taken from the Texas Instruments 
nonlinear foundry library; however, any similar device from another company 
would have worked equally well. The feedback loop used in this IC is an 
example of an approach frequently referred to as active feedback. The 
performance of this amplifier can be evaluated from Figure 3.149, which shows 
the frequency-dependent gain, matching, and noise figures (even including 
F 


iin): 


Figure 3.149 Frequency-dependent gain, matching, and noise performance of 
the dc-coupled GaAsFET amplifier. 
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3.5 Amplifiers with Three or More 
Stages 


Most three-stage amplifiers are obtained by adding another buffer or power-gain 
stage to the above-shown principle designs. As an example, we decided to 
evaluate the recent Renesas Electronics рРС2749ТВ (uPC2749TB) IC, a silicon 
MMIC intended for application as a low-noise 1900-MHz amplifier operating at 
3 V. Table 3.14 brief summarizes its electrical specifications. 


Table 3.14 Renesas uPC2710TB Electrical Characteristics. 


Source: Copyright by Renesas Electronics. 


Га = H2YC, Vor — З.О М, Zs = Жі = 5042 


Symbol Parameter Test Conditions Unit Typical 
lee Circuit current No signal mA 6.0 
Gp Small-signal gain f =1.9GHz dB 16.0 
Pau Saturated output power f =1.9GHz, Pn = —6 dBm dBm —6.0 
МЕ Noise figure f =1.9GHz dB 4.0 

f =0.9GHz 3.2 
feomer Cutoff frequency 3 dB down below flat gain GHz 2.9 
ISOL Isolation f =1.9GHz dB 30 
RLin Input return loss f = 1.9 GHz dB 10 
Rh om Output return loss f =1.9GHz dB 12.5 
ОТР, Output third-order intercept fi = 1.900 GHz, f; = 1.902 GHz dBc —33 


In modeling the Renesas р PC2749TB's three transistors, we chose to use our 
favorite, the BFP420, which, as we already pointed out, is not without headaches 
at the higher frequencies. Figure 3.150 shows the circuit diagram, which closely 
resembles the one published by Renesas; again, the only hard facts we had were 
the IC's basic circuit topology, gain, and dc current. Given those numbers, we 
staggered the current in the three devices by setting them at 0.64 mA for the first 
stage, 1.85 mA for the second stage, and 3 mA for the third stage. It should be 
noted that the two output transistors are not unlike the approach used for the 
Hewlett-Packard MSA-0735 (Figure 3.146). Taking (hopefully) all the right 
assumptions, we end up with a design that closely resembles the manufacturer's 
specifications for both power consumption, gain, and noise. This can be verified 
by looking at the results plotted in Figure 3.151. 


Figure 3.150 Circuit of the uPC2749 MMIC. The component values were not 
supplied by the manufacturer. 
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Figure 3.151 Simulated gain, matching, and noise performance of the Renesas 
yu PC2749 MMIC. 
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The final example is a more complex derivative of the Philips NE/SA5204A 
amplifier, which was intended for standard 6-V operation and has a fairly 


“normal” circuit arrangement. This сап be seen from Figure 3.152. A much more 
elaborate cousin of this is the low-voltage Renesas рРС2710 amplifier. 
According to its specifications, it operates at 5 V but has significantly more gain 
than the NE/SA5204. Table 3.15 shows its electrical specifications and Figure 
3.153 shows its measured gain as published by the manufacturer. 


Figure 3.152 Schematic of the Philips NE/SA5204A amplifier IC entered for 
simulation. 
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Figure 3.153 Manufacturer-supplied gain versus frequency for the Renesas 
uPC2710TB MMIC. Copyright Renesas Electronics. 
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Table 3.15 Renesas uPC2710TB Electrical Characteristics. 
Source: Copyright by Renesas Electronics. 


ТА = 429°C, Vee = Vou 5.0 V, Zs = Жі = 300 


Symbol Parameter Test Conditions Unit Typical 
loc Circuit current No signal тА 22 
Gp Small-signal gain f =0.5 GHz dB 33 
Ры Saturated output power f =0.5 GHz, Fa = —5 dBm dBm 13.5 
NF Noise figure f =0.5 GHz dB 3.5 
г ENS Cutoff frequency 3dB down below flat gain GHz 1.0 
ISOL Isolation f =0.5 GHz dB 39 
R Lin Input return loss f =0.5 GHz dB 6 
Rion Output return loss f =0.5 GHz dB 12 
AG p Gain flatness А =0.1-0.6 GHz dB +0.8 


The actual interior of the circuit is shown in Figure 3.154. It consists of the 
standard preamplifier and then a Darlington configuration with the collectors 
tied together. The middle section of the circuit acts as a power supply 
responsible for the bias relative to the emitter of the first transistor influencing 
the rest of the circuit as well. Since NEC (now Renesas) mentioned that they use 
their NESAT III process (fr of 20 GHz at Vcg = З) in producing the pPC2710T, 


and obtaining some information regarding it, we decided to use our standard 
BFP420 (fr of 25 GHz; see the datasheet in Chapter 2) for the purpose of 


simulation. 


Figure 3.154 Schematic of the pPC2710T silicon MMIC entered for simulation. 
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In our effort to simulate this circuit, we chose a combination of values that 
pretty much complies with the manufacturer's published specifications, but S55 is 


not close, as shown in Figure 3.155. We stopped at this point and invite our 
readers with CAD capabilities to provide the final touch in meeting all the 
published specifications for the circuit. We are particularly recommending such 
an effort because it very nicely shows the interaction of all the circuit elements 
in a fairly drastic way. Because of this, we admire the IC design even more, 
since the manufacturer has to sell a pretty consistent amplifier as a function of 
different production runs. 


Figure 3.155 Simulated gain, match, and noise performance of the uPC2710T. 
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3.5.1 Stability of Multistage Amplifiers 


Stability, needless to say, is a big issue, and the delay of the various stages adds 
to the phase shift, resulting in possible instabilities. The fact that S4, and/or S5; 


can become larger than OdBm means there is the potential of oscillating, 
depending on the reactances available. If a cable of inappropriate length is 
added, hell will break loose. Figure 3.156 shows the dangerous peaking of our 
simulation of the Philips NE/SA5204A, in which the internal compensation was 
intentionally not assumed correctly. We will all agree that the high end 
performance of this amplifier can generate high anxiety. As the production 
process of the aging device becomes more modern— meaning that transistors 
with much higher [т will be the basis for the production—it will become quite 


difficult to maintain a previously achieved stability. This, by the way, applies 
also to discrete transistors, which for reasons of economics and multiple 
manufacturers will be improved over time. Such evolution results in generally 
smaller base-spreading resistances and capacitances, and other parameter 
changes that, overall, cause headaches in manufacturing. We will leave the topic 
of three-stage amplifiers on this note. 


Figure 3.156 Simulated gain, match, and noise performance of the NE5204A IC. 
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3.6 A Novel Approach to Voltage- 
Controlled Tuned Filters Including CAD 
Validation [42] 


Modern receivers control input stages as well as the oscillator band and 
frequency by electrical rather than mechanical means. Tuning is accomplished 
by voltage-sensitive capacitors (varactor diodes) and band switching by diodes 
with low forward conductance. Since the wireless band (essentially 400 MHz to 
2.4 GHz) is so full of strong signals, the use of a tracking filter is desired as a 
solution to improve the performance and prevent second-order IMD products or 
other undesired overload effects. The dc control voltage needed for the filter can 
easily be derived from the VCO control voltage. There may be a small dc offset, 
depending on the IF used. 


3.6.1 Diode Performance 


The capacitance versus voltage curves of a varactor diode depend on the 
variation of the impurity density with the distance from the junction. When the 
distribution is constant, there is an “abrupt junction” and capacitance follows the 


law 


-ү 
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where V, is the contact potential of the diode апа У is the applied voltage. 


Such a junction is well approximated by an alloyed junction diode. Other 
impurity distribution profiles give rise to other variations, and the above 
equation is usually modified to 

p em K 

(3.186) (М-Уу 
where n depends on the diffusion profile and Co = K/ VF. 

A so-called graded junction, having a linear decrease in impurity density with 
the distance from the junction, has a value of n. This is approximated in a 
diffused junction. 

In all cases, these are theoretical equations, and limitations on the control of 
the impurity pattern can result in a curve that does not have such a simple 
expression. In such a case, the coefficient n is thought of as varying with voltage. 
If the impurity density increases away from the junction, a value of n higher than 
0.5 can be obtained. Such junctions are called hyperabrupt. A typical value for n 
for a hyperabrupt junction is about 0.75. Such capacitors are used primarily to 
achieve a large tuning range for a given voltage change. Figure 3.157 shows the 
capacitance-voltage variation for the abrupt and graded junctions as well as for a 
particular hyperabrupt junction diode. Varactor diodes are available from a 
number of manufacturers, such as Freescale, Infineon, and NXP. Maximum 
values range from a few to several hundred picofarads, and useful capacitance 
ratios range from about 5 to 15. 


Figure 3.157 Voltage-dependent change of capacitance of different types of 
diodes. The BB141 is a hyperabrupt diode with n = 0.75. 
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Figure 3.158 shows three typical circuits that are used with varactor tuning 
diodes. In all cases, the voltage is applied through a large resistor R, or, better, an 


RF choke in series with a small resistor. The resistance is shunted across the 
lower diode and may be converted to a shunt load resistor across the inductance 
to estimate Q. The diode also has losses that may result in lowering the circuit Q 
at high capacitance. When the frequency is sufficiently high. This must be 
considered in the circuit design. 


Figure 3.158 Various configurations to apply tuning diodes in a tuned circuit. 
Version (c) shows the lowest distortion. 
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The frequent-dependent performance is not only determined by applying the 
dc tuning voltage to (3.186). If the RF voltage is sufficient to drive the diode into 
conduction on peaks, an average current will flow in the circuits of Figure 3.158, 
which will increase the bias voltage. The current is impulsive, giving rise to 
various harmonics of the circuit. Even in the absence of conduction, (3.186) 
deals only with the small-signal capacitance. When the RF voltage varies over a 
relatively large range, the capacitance changes. In this case, (3.186) must be 


changed to 
dQ K 


(3.187) dV (V+ Va)" 

Here Q is the charge on the capacitor. When this relation is substituted in the 
circuit differential equation, it produces a nonlinear differential equation, 
dependent on the parameter n. Thus, the varactor may generate direct current and 
harmonics of the fundamental frequency. Unless the diodes are driven into 
conduction at some point in the cycle, the direct current must remain zero. 

The current of Figure 3.158c can be shown to eliminate the even harmonics, 
and permits a substantially larger RF voltage without conduction than either 
circuit in Figure 3.158a or b. When n = 0.5, only second harmonic is generated 
by the capacitor, and this can be eliminated by the back-to-back connection of 
the diode pair. It has, integrating (3.187) 

К roy үгу 


(3.188) I-n 
Cy is the value of (3.186) for applied voltage V, and Q4 is a constant of 
integration. By letting V = Vi +v and Q = О, + q, where the lowercase letters 


represent the varying RF and the uppercase letters indicate the values of bias 
when RF is absent, thus follows 


қ E | Р ут — т 
(3.189) q +6 + Qa = T [v + (V4 4 Va 


D 1/(1—m-) 
1 4 = шш (1 l- ) 
(3.190) V Q 
where У = V, + V4 and Q' = О, + Ол. For the back-to-back connection of 
identical diodes, Ki = Ki = Ky, Vj -V—v,Q,—-Q,—-Q,q-7q,- - Ф, and 
v =v, ~ vg, Here, the new subscripts 1 and 2 refer to the top and bottom diodes, 


respectively, and v and q are the RF voltage across and the charge transferred 
through the pair in series. This notation obtains 


—— Ce 


E m ni: (1 _ 2) _ (1 _ 2.) 
(3.19) V Y Q o gQ 
For all n, this eliminates the even powers of q, hence even harmonics. This can 
be shown by expanding (3.191) in a series and performing term-by-term 
combination of the equal powers of q. In the particular case, n = 1/2, v/V' = 44/0)! 
‚ and the circuit becomes linear. 


The equations hold as long as the absolute value of v; /V' is less than unity, so 
that there is no conduction. At the point of conduction, the total value of v/V" 
may be calculated by noticing that when w/V' —1,9/Q' = —1, so q;/Q' = 1, 
v;/V —3, and v/V — —4. The single-diode circuits conduct at v/V' — —1, so the 
peak RF voltage should not exceed this. The back-to-back configuration can 
provide a fourfold increase in RF voltage handling over the single diode. For all 
values of n, the back-to-back configuration allows an increase in the peak-to- 
peak voltage without conduction. For some hyperabrupt values of n, such that 
1/(1-n) is an integer, many of the higher-order odd harmonics are eliminated, 
although only n = 1/2 provides elimination of the third harmonic. For example, n 
= 2/3 results in 1/(1 — n) = 3. The fifth harmonic and higher odd harmonics are 
eliminated, and the peak-to-peak RF without conduction is increased eightfold; 
for n — 3/4, the harmonics 7 and above are eliminated, and the RF peak is 
increased 16 times. It must be noted in these cases that the RF peak at the 
fundamental may not increase so much, since the RF voltage includes the 
harmonic voltages. 

Since the equations are only approximate, not all harmonics are eliminated, 
and the RF voltage at conduction, for the back-to-back circuit, may be different 
than predicted. For example, abrupt junction diodes tend to have n of about 
0.46—0.48 rather than exactly 0.5. Hyperabrupt junctions tend to have substantial 
changes in n with voltage. The diode illustrated in Figure 3.157 shows a 
variation from about 0.6 at low bias to about 0.9 at higher voltages, with wiggles 
from 0.67 to 1.1 in the midrange. The value of V, for varactor diodes tends to be 


in the vicinity of 0.7 V. 


3.6.2 A VHF Example 


The application of tuning diodes in double-tuned circuits has been found in TV 
tuners for many years. Figure 3.159 shows the circuit diagram. 


Figure 3.159 Double-tuned filter at 161 MHz using hyperabrupt tuning diodes. 
By using several parallel diodes, the IMD performance improves. 
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The input impedance of 50 Q gets transformed up to 10 КО. The tuned circuits 
consist of the 0.3-иН inductor and two sets of antiparallel diodes. By dividing 
the RF current in the tuned circuit and using several diodes instead of just one 
pair, intermodulation distortion is reduced. 

The coupling between the two tuned circuits is tuned via the 6-nH inductor 
that is common to both circuits. This type of inductance is usually printed on the 
circuit board. The diode parameters used for this application were equivalent to 
the Infineon BB515 diode. The frequency response of this circuit is shown in 


Figure 3.160. 


Figure 3.160 Frequency response of the tuned filter shown in Figure 3.159. The 
circuit is undercoupled (less than transitional coupling); Q x k « 1. 
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The coupling is less than critical. This results in an insertion loss of about 2 dB 
and a relatively steep passband sides. Once the circuit's large-signal performance 
(Figure 3.161) is seen, a third-order intercept point of about -2 dBm is not so 
unexpected. The reason for this poor performance is the high impedance (high 
L/C ratio), which provides a large RF voltage swing across the diodes. A better 
approach appears to be using even more diodes and at the same time changing 
the impedance ratio (L/C ratio). 


Figure 3.161 Prediction of intercept point of the double-tuned circuit shown in 
Figure 3.159. Note the compression of both the input signal and the IMD 
product. 
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3.6.3 An HF/VHF Voltage-Controlled Filter 


The above example used a step-up procedure typically done by a tap at the input 
and output inductance. This method allows an impedance transformation; 
however, if one desires to change it into a series-tuned arrangement, it has to be 
done with a transformer. The large-signal conditions in the frequency range from 
10 to 30 MHz on a medium-to large-sized antenna is equivalent to, if not worse 
than, the conditions for VHF operation. The only exception would be line of 
sight into the transmitter, such as a tower in the middle of the city. Examples of 
such hostile conditions would be any large city such as Munich, New York, 
Miami, Chicago, and San Francisco, where the authors had significant 
experience with intermodulation distortion problems. 

By translating the circuit into a low-impedance-drive arrangement, building it 
symmetrically, and reducing the tuning range somewhat by capacitors and many 
series diode pairs, the filters large-signal performance was significantly 
improved. The tuning diodes had about 125 pF at 1 V dc per unit. Initial tests 
trying to use a high capacitance diode, such as the BB112, resulted in much 
higher IMD products. The B112 has a 1 V capacitance of 470 pF down to about 
20 pF at 8 V. Standard diodes show about 30 pF at 1 V, while the diodes used in 
the experiment had a 125 pF at 1 V. These experimental diodes were made 
available from a well-known manufacturer for this evaluation. Figure 3.162 
shows the circuit diagram. 


Figure 3.162 High dynamic range 10—20-MHz filter. 
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A step-down transformer drives the tuned circuit with a source impedance of 
12.5 Q. The circuit is symmetrical. There are two 0.8-ИН inductors and 2 х 5 
diodes in the loop. The output of the circuit is transformed back up to 50 Q. The 
tuning voltage is supplied via a heavily filtered arrangement. This circuit has 
actually been implemented in Rohde & Schwarz field strength meter equipment. 
They guarantee an intercept point of about +20 dBm. The selectivity of these 
circuits is quite reasonable and mostly intended to reduce second-order 
intermodulation distortion products by about 10 dB, at the same time having a 
high third-order intercept point. Figure 3.163 shows the selectivity curves at two 
different tuning voltages. 


Figure 3.163 Frequency response of the filter shown in Figure 3.162. Filters of 


this type are intended to reduce second-order IMD by providing about 20 dB 
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The most interesting number, however, is the third-order intercept point 
(already determined as about 20 dBm), which still had to be simulated. This 
sometimes sounds like a contradiction between once the measured values are 
available and are acceptable why one would want—or, rather, need—to do a 
simulation besides the necessity to develop a high-input intercept filter? It was 
desirable to validate the nonlinear models and prove that the above-mentioned 
equations will hold true. This type of simulation is now more difficult because 
the number of nonlinear elements went from four to ten, and some numerical 
problems, such as convergence difficulties, can be expected, and the effect of 
harmonic frequency cancellation (compensation) can also be seen. By using 
diode combinations that result in 1/(1 — n), n being an integer number, these 
IMD products can be drastically reduced. This implies that each of the five diode 
pairs has a selected value for n to meet this condition. Later, a final attempt will 
be made to improve the first VHF filter with the proper diode combinations. 

Figure 3.164 shows the calculation of third-order intercept point for the 
arrangement shown in Figure 3.163. This number has now increased to +18 
dBm. The differences between selection and measurement is approximately 2 
dB. The reason for this more pessimistic value compared to the measured value 
probably has to do with slight variations of the exponent of the diodes' voltage- 
dependent capacitance. Therefore, the authors consider both the circuit 


performance as well as the simulation accuracy to be extremely good. This type 
of circuit, as mentioned earlier, has wide application in oscillator circuits. Mr. 
Danzeisen of Rohde & Schwarz was probably the first to have used this type of 
circuit by paralleling many diodes for improved performance. 


Figure 3.164 Prediction of third-order intercept point of the filter shown in 
Figure 3.162. The reason for the curves on the IMD plot lies in the interaction 


between the 10 nonlinear devices. 
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3.6.4 Improving the VHF Filter 


By selecting the appropriate diode combinations and circuit modifications as 
shown in Figure 3.165, a significant IMD improvement of the Figure 3.159 
circuit is obtained. A special shunt arrangement of several diodes with different 
exponents has been developed, which allows its value to be “adjusted.” This 
circuit, for which a patent has been applied, showed an improvement from —2 
dBm to 32 dBm. The same high operating Q was maintained. Figure 3.166 
shows the frequency response after the modification. Note that a coupling 
slightly greater than critical (О x k = 1.1) has been selected. 


Figure 3.165 The frequency response of the improved circuit derived from 
Figure 3.159. 
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Figure 3.166 Predicted IMD performance of the improved version of Figure 
3.159. This type of improvement is significant for all applications. A patent is in 


the process of being obtained for this; therefore, the circuit cannot be disclosed 


at present. 
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3.6.5 Conclusion 


After explaining some of the nonlinearities in mathematical terms, we have 
given some examples of voltage-tuned circuits and discussed their large-signal 
performance. This section has also shown that modern CAD tools can accurately 
predict the performance of such circuits. The authors would like to thank Gregg 
Albrecht of Ansoft, Compact Division, for performing the actual simulations. 


3.7 Differential Amplifiers 


The differential amplifier (Figure 3.167) goes back many years and also was the 
first step from TTL to ECL. The differential amplifier is an emitter follower 
sinking its current into a grounded-base stage with a constant-current generator 
between the two emitters and the ground. The stage to ground needs to be 
properly biased so that the collector voltage does not increase unnecessarily 
above Урр, but, on the other hand, has a differential output impedance at least 


two decades or higher than the input at the transistors above being driven into 
the emitter from this stage. Most of the modern integrated circuits in one way or 
another use this differential amplifier. 


Figure 3.167 The differential amplifier schematic. The transistors are Infineon 
BFP420s. Figure 3.168, shows the circuit's frequency-dependent gain, matching, 
and noise performance. 





Figure 3.168 Frequency-dependent gain, matching, and noise performance of 


the differential amplifier. 
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If the circuit is operated about its point of symmetry, the dc component in 
either current remains half of the emitter constant current for all symmetrical 
driving signals. In addition, for input signals that are aperiodic, even harmonics 
are not generated. This assumes that the stage is driven symmetrically at both 
inputs. As, in our case, the differential amplifier is also frequently used to have 
its second stage grounded, meaning that there is a base-to-ground capacitor, and 
the stage is asymmetrically fed. As the input voltage is increased, the differential 
Stage becomes a limiter, which limits the current between plus and minus Іс, 


with Іс being the source current. The resulting output will become a square 
wave. This stage can also be used as a line receiver, translating a sine wave to an 
output logic suitable for driving ECL stages. 

One can assume that the differential amplifier has a transconductance of 

O Hin 

(3.192) ^" 79 
where a is the ratio of collector to emitter current. Within the limits of the output 
being a sine wave, this stage has very low distortion. The output current now is 
determined by 


zu In, | hi a Ті 
T == 5 Lan | п 7 


— 


where ot is the input frequency and I, is the current forced by О». The reason 


why the transconductance has to be divided by 2 comes from the fact that the 
current is split into two equal components for О, and О-. Multiplying the new 


transconductance with the output load gives the voltage gain of this amplifier; its 
power gain сап Бе obtained by multiplying this with 
,/ output resistance — load resistance. 

Having done the linear analysis and having learned that because of the 
hyperbolic tangent functions this amplifier can also be used as a line receiver, 
converting sinusoidal waves to square waves may be useful to take a closer look 
at these issues. If we take a CAD oscilloscope, we see the resulting output 
waveform being a nonequal duty cycle output voltage that results in high 
harmonic content. The amount of harmonic content can be controlled by the 
drive power and by the actual bias. Figure 3.169 shows the resulting output 
waveform. 


Figure 3.169 V... versus time for output transistor Q, with drive = 10 dBm. 
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If we now switch to a CAD spectrum analyzer, we can evaluate the harmonic 
contents (Figure 3.170). Figure 3.171 shows the output transistor's dc I-V curves 
and ac load line under these conditions. Based on the previously defined 
conducting angle of the differential amplifier, one can optimize for harmonic 


content. Therefore, it is logical at this point to look at frequency multipliers, as 


they are sometimes needed. Finally, we are curious to see the so-called load line 
of the output transistor, which is, based on the interaction of all the stages, not 
looking the same way as the expected one, which we know from previous 
amplifier examples. Part of the reason for this is that for a certain voltage range, 
the collector voltage is in the negative region, and all kinds of saturation effects 
result in this surprising waveform. By reducing the input power, one would 
obtain a more “expected” load line. We invite readers with CAD capabilities to 
play with this example, as it gives a lot of insight into the operation of emitter- 
coupled logic (ECL) stages. 


Figure 3.170 Output spectrum of the differential amplifier with drive = 10 dBm. 
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3.8 Frequency Doublers 


Having seen that the harmonic content invites us to bias a stage from Class A 
into Class B or C if our goal is a harmonically rich current, we will now evaluate 
a single stage that will be biased close to cutoff and driven by a relatively low 
frequency (500 MHz). To obtain the best results, we will use a parallel notch 
filter in the output, followed by a high-pass matching circuit to “catch” the 
desired harmonic. The input frequency is heavily suppressed by the notch filter. 
Based on its finite Q, there is a limited range over which this frequency can be 
varied with constant subharmonic attenuation. Figure 3.172 will be our test 
circuit. 


Figure 3.172 BJT frequency doubler schematic. A parallel-tuned trap in Q,'s 
collector attenuates fundamental feedthrough. 
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This circuit consists of a bias transistor, Q». This method has been discussed 


before and solves the temperature-dependent bias emitter thermal runaway 
problems through “temperature compensation.” The purists among our readers 
may point out that the currents drawn by О, and О- аге not quite identical 


(which would give 100% cancellation), but this approach shown is sufficient to 
do its job. Also, we have chosen a Class AB operation point, which is defined by 
Q,'s 1-mA dc standing current. The conducting angle has not been optimized for 


the second harmonic—a task that the interested reader can do by using the 
conducting angle relationship shown in the beginning of the amplifier chapter. 
To give readers with access to nonlinear CAD some homework, we have not set 
this at the optimum point. 

The second transistor, here called Q, (because of its importance at RF) has a 


matching network at the input. This is recommended for optimum energy 
transfer. The matching condition can be validated by examining Figure 3.173. 
Looking at the higher frequency response, the input shows a possible trend of 
oscillation (negative loss); this could actually be eliminated by using a lowpass 
filter at the input instead of the high-pass filter used now. Findings of this type 
always make us nervous, and we hope that the nonlinear models are sufficiently 
accurate at higher frequencies to predict such behavior correctly. In the case of 
the FET doubler mentioned in Chapter 2, we experienced that the device 
modeling done by Compact (now Ansoft) gave the best results, the university 
answers were fairly close, and the device manufacturer data were worst. We 
have since become highly skeptical about device modeling unless we can 


validate it ourselves. Synergy Microwave has a complete set of test equipment in 
the laboratory, including network and spectrum analyzers with special software 
created by Rohde & Schwarz that can be used in addition to the Scout program 
to do in-house validation. This was achieved by the use of nonlinear 
optimization at a drive level of 0 dBm. One could say that this is similar to using 
a load—pull approach at the input, and then resorting to the large-signal S 
parameters obtained. Another note of caution: capacitors at these low values tend 
to have a very large percentage error; for instance, a 1-pF capacitor, if not 
selected carefully, can vary between 0.7 and 1.3 pF—a 50% error. Needless to 
say, this is not acceptable for useful production. 


Figure 3.173 Large-signal S,, for the BJT doubler. Note the positive region 
above 800 MHz. 
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The output consists of a high-pass filter and a notch filter with the purpose of 
reducing the subharmonic significantly. We have again done this on purpose by 
leaving room for the reader to come up with a more inventive output circuit like 
a Cauer-type (same as elliptical) lowpass filter with discrete notches at higher 
harmonics of the input frequency, such as 1.5 GHz, 2 GHz, and so on. In 
addition, while in the previous biasing example looking at distributed elements, 
we have shown here three ways how to implement the inductance for the notch 
filter. This is equally applicable for other inductors in this value range. As 
frequency increases, this becomes more interesting, but one needs to remember 


that many materials especially silicon are extremely lossy. The same inductor 
approach has been used in Figure 5.61 of the oscillator chapter. On silicon, even 
the manufacturer becomes an issue. Figure 3.174 shows a top view of a 
"rectangular" inductor that actually approaches the spiral inductor; its 
implementation can be seen in Figure 3.175. Modeling this was a nightmare, and 
during our Compact days, we had to actually modify the electromagnetic 
simulator to accommodate this and get results where measures and simulation 
agreed. Figure 3.176 shows the measured and simulated Q as a function of 
frequency of a silicon-based inductor. In the case of other materials, such as PC 
board or GaAs, the models in the CAD tools are sufficient to predict the losses 
of the inductors. Following this initial exercise, Motorola (now Freescale) then 
developed an improved silicon spiral inductor; its frequency-dependent Q is 
shown in Figure 3.177. Note that this Q was measured and not simulated. 


Figure 3.174 A 6.5-turn spiral inductor in silicon. _ 
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Figure 3.175 Cross section of the silicon inductor. 
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Figure 3.176 Measured and simulated Q versus frequency for the simulated 
inductor. 
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Figure 3.177 Q versus frequency for the Motorola improved inductor. 
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One of the reasons why we use a transistor multiplier is that we expect gain 
(because of the square-law characteristic, an FET would have been better 
tailored for a doubler); therefore, we have “measured” the gain of this circuit 
while driving it with 0 dBm. Another important factor is that because of the way 
the CAD tool displays it, the gain is reference to the 500-MHz input. Mentioning 
this is important; otherwise, the reader may look for the 1 GHz gain, which does 
not exist. Figure 3.178 shows the doubler gain. 


Figure 3.178 Frequency-dependent gain of the BJT doubler. 
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By now we are curious to see the doubler in action, and by reviewing Figure 
3.179, we can see the output spectrum. The output spectrum validates the 
Statement that the output circuit, while doing a marvelous job of removing the 
500-MHz input frequency, does not cure the problem of unwanted multiples of 
the input frequency. Again, a Cauer lowpass filter, while introducing some 
possible additional loss, should be considered for this circuit to have a bandpass 
response. On the other hand, many oscillators have very little harmonic 
suppression, and the same type of post-filtering needs to be considered. There 
are two-transistor solutions also available, such as push—push for frequency 
doubling (push—pull would eliminate the desired second harmonic quite well). 
Actually, two diodes could have also been used for doubling, but since it 
requires transformers and a post-amplifier, we have shown the preferred 
application. The only advantage of the diode application is that it is wideband, 
while this BJT circuit, as we have just learned, must be made narrowband for 
reasons of spectral purity. 


Figure 3.179 Output spectrum of the BJT doubler. 
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Finally, we are curious to see the actual operating state of this amplifier, and 
this can be done by analyzing the load line (Figure 3.180). Needless to say, it is 
complicated in a manner similar to that of the differential amplifier. Because of 
the stored energy in the various tuned circuits, it looks quite impressive, and 
would probably be difficult to predict without a nonlinear CAD tool. 


Figure 3.180 /—V curves and ac load line for RF transistor Q1 in the BJT 
frequency doubler. 
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3.9 Multistage Amplifiers with 
Automatic Gain Control (AGC) 


Having discussed the basic differential amplifier, we will now evaluate the 
performance of the MC1350/1490 video amplifier chip from Motorola.? Most of 
the circuitry in the chip is self-explanatory, which has been used for our 
simulation. Figure 3.181 shows the inner circuit of this chip, and Figure 3.182 
shows a recommended application. By grounding one side of the input, we 
effectively get the same performance as the differential amplifier we just 
discussed, with one difference being that the input is now fed to the constant- 
current generator. To minimize the distortion at the two lower transistors, they 
are decoupled by a 66-Q resistor. Figure 3.183 shows the frequency-dependent 
gain, matching, and noise figure. Since this particular device has been 
specifically designed for AGC purposes, we also show in Figure 3.184 its gain 
reduction versus applied AGC voltage. 


Figure 3.181 Schematic of the Motorola MC1350/1490 entered for simulation. 
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Figure 3.182 MC1350/1490 30-MHz application circuit. 
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Figure 3.183 Frequency-dependent gain, matching, and noise performance of 
the MC1350/1490 in the circuit of Figure 3.182. 
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Figure 3.184 Gain reduction versus applied AGC voltage for the MC1350/1490 
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3.10 Biasing 


A lot has been written about biasing, and since the purpose of this book is not to 
focus too much on dc, the following examples including RF consequences have 


been selected and considered sufficient. Early application reports by Motorola 
and others have provided a wealth of data. As a side effect of the introduction of 
the wireless era, we find that the engineers are so pressed for time that the 
number of complete application reports has gone toward zero. This is one of the 
reasons why we have tried to keep this book on a minimum mathematical basis 
(some is still needed), but provide the most practical assistance so the book does 
not become a turnoff. Figure 3.185 shows a textbook type of approach for RF. 


Figure 3.185 Simple BJT RF amplifier with lumped elements used for 
bypassing and dc blocking, and for feeds base bias and collector supply feeds. 
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In order to decouple the transistor from the biasing, we use RF chokes and dc 
decoupling (bypass) capacitors. This is the technique we have already used in 
the previous examples, so one might ask the question, “What's new?" As 
frequency increases, these inductors are either not manufacturable or have such a 
low Q that their use becomes questionable. This is the point where one may 
introduce the so-called distributed elements. 

Figure 3.186 shows the very same circuit but resorting to distributed rather 
than lumped elements. The elements we are introducing now (part of any good, 
up-to-date CAD tool; see element library for how to use their physical element 
descriptions) are as follows. 


e Transmission Line. Any printed connection between two points on a circuit 
board is a transmission line (Figure 3.187). Its characteristic electrical 
impedance is a function of the square root of the dielectric constant (ғ,), the 


width, metallization, thickness, and height above substrate of the line, and 
the loss tangent of the substrate. Since lines frequently have to be laid out in 
the form of curved connections or have a bend in their direction, we have to 
add elements capable of describing the high-frequency consequences of 
such connections. Figures 3.188 and 3.189 show mitered and radial bend 
elements that perform this function. 

e T, Cross, and Y junction. By the time a point like a collector or a base, or its 
FET equivalent, spreads out into connecting with other elements, we need 
additional modeling capability to describe T connections, crossings, and Y 
junctions. Figures 3.190—3.192 show the way in which these connections 
need to be modeled. 


Figure 3.186 Simple BJT RF amplifier with distributed elements used for 
bypassing and dc blocking, and for base bias and collector supply feeds. 
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Figure 3.187 Transmission line in microstrip. 
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Figure 3.188 Mitered bend. 





Figure 3.189 Radial bend. 





Figure 3.190 T junction. 








Figure 3.192 Y junction. 
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If the need exists, the standard inductances must be replaced with a 
transmission line whose length is A/8 at the operating frequency. At higher 
frequencies, these transmission lines, however, then go into A/4 resonant mode 
and later become capacitive. This type of design makes it fairly narrowband. A 


way around this is the use of printed inductors, as shown in Figures 3.193 and 
3.194. 


Figure 3.193 Rectangular inductor. 
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Figure 3.194 Spiral inductor. 
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These inductors have a self-resonant frequency similar to the transmission line 
mentioned above, but the safety margin is significantly higher. 

Talking about printed inductors, a logical extension of this is the printed 
transmissionline-based transformer as shown in Figure 3.195. One can consider 
this as two interlaced rectangular inductors, and based on the substrate material, 
they are useful over a wide frequency range. Besides being used as a 
transformer, they can also be used to transit from unbalanced to balanced 
transmission provided that the difference in length from a connection point of 
view does not cause any problems (this is a layout issue). 


Figure 3.195 Transformer in microstrip. 





A popular form of combining stages is the so-called Lange coupler (Figure 
3.196) invented by the German Julius Lange. It is one of the major contributions 
in wideband applications. 


Figure 3.196 Four-strip Lange coupler. 
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The useful application of the Lange coupler probably starts at 4 GHz. It 
consists of parallel transmission lines with the appropriate connections as shown. 
Lange couplers are typically built with four, six, and eight fingers. The Ansoft 
Serenade product has a Lange coupler synthesis program that can be used to gain 
more insight into this coupler's application. We assume that other modern 
software has similar capabilities. 

Where meander-type of inductors are necessary, a neat way to implement and 
simulate them is to use the multiple coupled line element (Figure 3.197) of the 
Serenade product, which both fast and accurately calculates the behavior of the 


meander, including self-resonances and losses. We made use of this arrangement 
in Our previous examples. 


e Interdigital Capacitors. The issue of tolerances of small capacitors already 
has been brought up. The interdigital capacitor can be made on printed 
circuit board material as well as gallium arsenide, and if its dimensions are 
continuous with the transmissionline width it does not cause any abrupt 
changes in the impedance. This type of capacitor permits to obtain very 
small values. By the way, an alternative to this is the use of transmission 
lines being 3/8 A. We have learned above that a transmission line below 
resonate frequency is inductive, goes into resonance, and then becomes 
capacitive. Again, bandwidth is also an issue. An interdigital capacitor 
consists of a number of parallel fingers as shown in Figure 3.198, and its 
Capacitance can be varied by adjusting the number of fingers and their 
spacing. The advantage of the interdigital capacitor compared to discrete 
components is its low variation in value. 

e Radial Stubs. The radial stub (Figure 3.199) is not much different from а A/4 
resonator, but its bandwidth is much greater than a simple transmission line. 
This is another way to ground the “cold” side of a transmission line or part 
of a circuit that needs to be grounded for RF. Of course, the interdigital 
Capacitor comes in a version that is a combination of a capacitor and a via 
hole. 

e Via Holes. The “cold” end of the transmission line, being either considered 
an inductor or capacitor, needs to be connected to a sufficiently large copper 
backplane. One very efficient way to do this, especially if there is not 
enough copper left on the top of the board, is the use of via holes (Figure 
3.200). One could theoretically generate a via hole with a rivet, but most 
manufacturing processes do not allow this; the normal solution is to use 
plated-through holes left open. In the PC boards, via holes are typically 
cylindrical; on substrates like GaAs, they may be conical. 

e Correction Elements. Although the behavior of actual circuits proceeds 
regardless of our ability to measure and describe it, we do not enjoy this 
luxury in simulating circuit behavior in software. In a simulator, effects that 
are insufficiently described will be inaccurately simulated. For instance, 
segments of high-impedance transmission line (e.g., 120 €2) are frequently 
used for dc feeds and RF chokes. In predicting the effect of a transition from 
120-Q line to 50-Q line, a simulator must be alerted to the discontinuity so 
that it can do the necessary mathematical corrections to account for the 





impedance jump. То do this, a specific circuit element, the STEP (Figure 
3.201), must be inserted between the 120-0 and 50-Q line elements in the 
simulation circuit file. In addition to the substrate data, we characterize a 
STEP by providing the widths of its input and output lines. The element 
itself has no physical length. 


Figure 3.197 Multiple-coupled lines element in microstrip. 
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Figure 3.199 Radial stub. 





Figure 3.200 Via hole. 
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Figure 3.201 The STEP element tells the simulator to calculate the effects of 


joining transmission lines of differing characteristics. 
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A similar correction is necessary if a transmission line is used as a resonator or 
just “left open” at one end. Such a transmission line tends to radiate, and because 
of its high-impedance properties reacts differently as far as its electrical length is 
concerned. A zero-length one-port element, the OPEN (Figure 3.202), must be 
added to such a line for mathematically correct calculation. 


Figure 3.202 The OPEN element tells the simulator to calculate the effects of 
leaving the end of a transmission line unconnected. 
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We end this excursion into distributed elements here. It is most important to 
keep in mind that as frequency increases, we rapidly move into the area where 
we must consider all these distributed elements to achieve accurate simulations 
—even if doing so makes simulation a painful and time-consuming effort. 

Finally, anyone who adventures in this area must obtain a foundry manual 
from the company that will build the integrated circuit or hybrid under design. 
Luckily, there are a rather high number of independent foundries in the market. 
This is partly a result of last decade's development where most of the major 
electronics companies spun off their semiconductor branch. Just naming the 
companies that provided the circuits used as examples in the first edition of this 
book: the semiconductor branches of Motorola, Siemens, NEC, Hewlett 
Packard, and Philips are now Freescale, Infineon, Renesas, Avago, and NXP, 
respectively. The global trend to outsource the semiconductor processes results 
in a number of companies that offer high-end foundry processes either in the ПІ- 
V area, providing HEMTs and HBTs on GaAs ог InP, or specialized to make 
silicon-based chips, in SiGe HBT, RF CMOS, or BiCMOS technology. 

We mention the issue of foundries here again because each foundry has its 
Own proprietary approach to modeling transmission line discontinuities. The 
availability of a foundry service somewhat eases the requirement that a designer 
be fully up to speed on the nuances of discontinuities, because a foundry's 
designer service will help customers account for all relevant parasitics or 
discontinuities in their designs. In addition, there are tables of S parameters for 
standard cells of either capacitors, resistors, or inductors. The designer may then 
be forced to adjust the circuit so that it will work with a particular inductance 
value or value of another component within the resolution of the table that 


describes these elements. Information оп the active part such as diodes and 
transistors were already given in Chapter 2. 


3.10.1 RF Biasing 


Applying the knowledge we have just acquired about distributed elements, 
Figure 3.203 shows a somewhat exaggerated case of using the various elements. 
While it is consistent with the simple RF case we started with, modeling of this 
type is certainly necessary at higher frequencies. 


Figure 3.203 Simple BJT RF amplifier with distributed elements used for 


bypassing and dc blocking, and for base bias and collector supply feeds. 
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Many but not all the elements we have just described are used, but we have not 
solved the question of the actual dc biasing. 


3.10.2 DC Biasing 


The following is a rehearsal of the hopefully known recommended way how to 
bias a transistor. We will start with the collector current (in our example, Figure 
3.204, 10 mA). To separate RF and dc, we have a combination of a load resistor 
(Rr) and an inductance (Lc). Information about this operation was already given 


in Section 3.2.4. The emitter resistor should have a voltage drop about 0.7 V, and 


therefore, the emitter resistor is 0.7/1. The next assumption is that the transistor 


has a dc current gain of 100, and therefore, we decide to have the bias resistor 
chain (А; and R5) draw 10% of Ic, or 1 mA. Assuming a collector voltage of 5 V, 


the value of А; + R, has to be 5 КО to result in the required 1 mA. Because the 


base current now is 1096 of the divider current, the base will draw 0.1 mA. The 
voltage across R, has to be the voltage drop across Кр (0.7 V) + Ур, which is 


also 0.7 V, or 1.4 V. Given the 1 mA, R, = 1.4/10? = 1.4 КО. R,, therefore, is 5 
kQ — 1.4 КО = 3.6 КО. This concludes the calculation. 


Figure 3.204 DC biasing example. 
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In the case of a dc beta of only 30, we need to raise Гвүд< from 1 to З mA since 
the base current now will be 0.3 mA. This changes the resistor values. К, + R, = 


5 V/3 mA = # 1.6 КО. Following the same approach, we need 1.4/(3 · 10?) = ғ 
470 ©. This makes for В, = 1600 € — 470 Q = + 1100 ©. These roundings were 
necessary because resistors can only be bought in certain resistance steps. 
However, for low battery voltages, the 0.7 V between the emitter and the 
ground cannot be wasted. Therefore, а dc stabilization circuit, to which we have 
already referred, will be looked at next. Figure 3.205 shows a combination of an 
RF transistor, Q1, and a dc-stabilization transistor, Q2. The most important thing 
about this circuit is the fact that the difference between the supply voltage and 
the collector of Q1 is 0.3 V, which is approximately half of the voltage we had to 
"waste" across Rp іп the above-mentioned circuit. Plus, the voltage drop is now 


in the collector, and given the fact that we feed Q1's collector through the 


inductor of a quasi-tuned circuit rather than through only a resistor, we get a 
much higher voltage swing. The base—collector diode temperature dependency 
of Q2 is compensated for with the silicon diode feeding the base. It is also 
fascinating to see that because of the low currents, both the voltage drop of the 
diode and Урр of Q2 are about the same, and yet Q1, operating at a reasonable 


current, shows the expected 0.7—0.8 У Vpp. We have supplied all the necessary 


dc voltages to give the reader an incentive to calculate the mechanism of this 
stabilization. The key equation to this is to determine the current in the voltage 
divider feeding Q2, and going from there. On the other hand, having a nice CAD 
tool that, like SPICE, provides insight into the dc voltages, and allows the 
addition of dc voltage probes, makes life much easier. To prove that this circuit 
actually works, Figure 3.206 shows its frequency-dependent gain, matching, and 
noise-figure performance. It is based on a Motorola application that had 
excessive voltage drop for Q1, and which we have improved to be suitable for 
low-voltage operation [43]. 


Figure 3.205 An RF amplifier with active biasing. (After the low-noise amplifier 
circuit in [43]). 
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Figure 3.206 Frequency-dependent gain, matching, and noise responses for the 
amplifier in Figure 3.205. 
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Integrated active bias solutions are also available. Figure 3.207 shows the 
Infineon BCR400 active bias controlled applied to a BJT; it can also be applied 
to FETs and TR switching diodes, as we saw in Figures 3.57 and 3.59, 
respectively. 


Figure 3.207 The Infineon BCR400 active bias controller can be applied to 
FETs as well as BJTs. Courtesy Infineon Technologies. 





3.10.3 DC Biasing of IC-Type Amplifiers 


In integrated circuits, we do not have the unlimited flexibility as shown above. 
This results frequently in the use of constant-current sources or transistors being 
used as diodes for biasing purposes. Since our first suspicion is that this is going 
to cause a lot of noise in the IC, Figure 3.208 shows a test example. 


Figure 3.208 Amplifier stage (Те = З mA) showing active and passive bias 


alternatives. 
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As suspected, by choosing the same bias point of 3 mA, the noise figure using 
active bias is quite a bit higher than the passive one, a shown in Figure 3.209. 


Figure 3.209 Frequency-dependent noise figure of the amplifier circuit shown in 
Figure 3.208. The active biasing curve is considerably noisier. 
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3.11 Push-Pull/Parallel Amplifiers 


Since it is practically impossible to obtain < = S55 = 0, using a combiner at the 
input and output reduces the problem. Figure 3.210 shows the 3-dB hybrid 
approach. It has a practical bandwidth limit of about 4:1; its advantage is that it 
is compact and ideal for cascading. If one stage opens, Poyr and gain drop only 
6 dB; however, it does not protect against load mismatch. A recommended 
distributed form is the Lange coupler (Figure 3.211). 


Figure 3.210 Combining power with 3-dB hybrid couplers. 
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Figure 3.211 Four-strip version of the Lange coupler, a broadband 90? hybrid. 
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To analyze this approach, Figure 3.212 shows the resulting impedances and 
necessary phase shifts. If a Wilkinson coupler [44] is used instead of the 3-dB 
hybrid, the bandwidth is reduced. The Wilkinson coupler is larger in size than 
the 3-dB hybrid but more easily realized, leading to lower cost. Figure 3.213 
shows the actual impedances necessary for matching, with A1 and A2 being the 


actual amplifiers combined. 


Figure 3.212 3-dB hybrids. This analysis method may be applied to any coupler. 
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Figure 3.213 Wilkinson divider/combiners. 
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The solution for pushpull amplifiers resorts to a balun with the following 
results obtained. 

Bandwidths of greater than one decade are achievable; the balun structure 
gives 4:1 impedance advantage; no isolation; S4, # 0, 55 7 0. Provides 
cancellation of even-order products. 

Since most amplifiers һауе 50-C rather than 25-02 impedances, here is a circuit 
(Figure 3.214) that matches 25—50 © on both sides. Since the standard amplifier 
operates at 50 Q rather than 25 ©, an additional network may be necessary to 
transform the impedance up to 50 © again. A similar problem occurs at the 
amplifier output. 


Figure 3.214 Pushpull amplitiers. 
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3.12 Power Amplifiers 


Power amplifiers are devices that are tasked to transform as much dc power into 
RF/microwave power as possible. Depending upon the technology, devices are 
available that can produce several 100 W up at 2 GHz. The first concern 
regarding power amplification is the efficiency. As an example, the 100 W 
power amplifier running at an efficiency of 33% would draw 300 W from the 
grid and produce 200 W of heat. It is even worse than just that 2/3 of the energy 
is lost: lifetime of semiconductor devices decreases exponentially with 
temperature. Appropriate cooling is therefore imperative for successful power 
amplifier design. 

The definitions for the efficiency can be given as the ratio of the desired RF 


output power Pou to the power that is delivered to the amplifier. The first is the 


drain (or collector) efficiency n that is just the ratio of P., to the dc power 


out 
consumed by the amplifier 
Pout 
(3.194) ^ Pac 
This definition for the efficiency neglects the input power P;, required to drive 
the amplifier. In the wireless and microwave range, power amplifiers might not 
have too much gain, and neglecting P;, yields too optimistic values. The power- 


added efficiency (PAE) accounts also for P,,: 
PAE = І ош ~ Fin 
(3.195) Pac 
This definition will yield negative values for PAE if Pow < Pip. But this is 


rarely an issue for an amplifier, and this definition is widely accepted. 
Sometimes, however, the following definition is preferred that is limited to 096 
(no output power) to 10096: 

apo Тош 

(3.196) ^ Pe Р; 

The efficiency issue can be highlighted regarding Figure 3.215. A generic 
power amplifier consists basically of a transistor that converts the dc power 
provided by the power supply into the output RF power. A filter is required to 
make sure that only power at the desired frequency is finally delivered to the 
load. 





Figure 3.215 Sketch of collector current (solid lines) and collector voltage 
(dashed lines) of a power-amplifier transistor. (a) Class A operation. (b) Class C 
operation. (c) Class F operation. 
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Figure 3.215a shows current and voltage at the collector of a bipolar transistor 
in class A operation. The RF power is delivered toward the load, as current and 
voltage are in antiphase. The dc power, however, is delivered toward the 
transistor where it is dissipated and converted to heat. In other words, the 
dissipated power is generated when collector current 1. and collector-emitter 


voltage V., exist at the same time: 
(3.197) F ва 15) = 121%) се) 
An effective means to reduce the dissipated power is therefore to bias the 


transistor in a way that it only provides current pulses instead of a full sine wave, 
as shown in Figure 3.215b. How the current waveforms are obtained through 


proper biasing is shown in Figure 3.217. In order to distinguish the different 
modes of operation, the current conduction angle © is defined in Figures 3.217 
and 3.218. 

Power amplifier Classes А-С are defined in terms of the device conduction 
angle and/or the type of device operation: 


“Linear” operation; 180° conduction angle 
Class AB | “Linear” operation; conduction angle between 90? and 180° 


“Linear” operation; 90? conduction angle 
Fixed drive; less than 90? conduction angle 





Since the transconductance of FETs at conducting angles of less than 180° 
becomes very small, the actual power gain sharply decreases compared to Class 
A operation while the power-added efficiency is optimized to values of 5596 
(Class B) or so. The dissipation of these devices is, of course, quite high, while 
in Class B operation this is even more of an issue. Power devices in Class C are 
dying to have big heatsinks to survive. One of the nice things about FETS is a 
much reduced thermal runaway effect compared to their bipolar brothers. 

Figure 3.216 shows Class C operation. The output of the amplifier is a current 
pulse train that frequently leads to misunderstanding as to the calculation of its 
load. Given the fact that the amplifier is a current generator, it is silly to assume 
one has to do a conjugate matching looking backward into the amplifier. This is 
the condition for Class A operation. Unfortunately, this is still not understood by 
some engineers, but we hope we can clear this up today. The theoretical 
efficiency is 89.796 at a conducting angle of less than 180°; in practice, 
efficiencies more than 8596 are not obtainable. (All these efficiencies are those 
of the device itself; losses in matching networks are not taken into account in 
these efficiency values.) Considering optimal gain and optimal output power, the 
conducting angle actually settles somewhere between 100? and 140°. Again, the 
power gain in Class C operation is less than in Class A and Class B operation. 


Figure 3.216 Output current as a function of drive voltage, taking into 
consideration the knee voltage of the base-emitter р-п junction. The output is a 
series of current pulses with a duty cycle determined by the conduction angle. 
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While the equation Payr = (Vhat — М) /(2R;) is valid, it really applies only to 
power amplifiers in the sense that for Class A, high-gain operation А; can be 
made significantly higher as the absolute power output is not the important item. 


While the supply voltage У,. is always known, the saturation voltage V. has to 
be obtained by the load line dc analysis. Note that the RF saturation voltage is 
always higher than the dc. When looking at Figure 3.217, it becomes obvious 
that the conducting angle is 180?, which implies that the entire sine wave at the 
input is reproduced as an essentially undistorted sine wave at the output. 


Figure 3.217 Definition of Class A, B, and C operation as mentioned above, 
including conduction angle (©). Figure 3.236 shows the determination of ©. 
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We сап now calculate the components of the distorted current in separating 
them into the dc component, the fundamental frequency, and its harmonics: 


20 тер | | 
cn = tpeak * |р су. 18i [(n — 1)9] + Si [n + 1)8]} 
"s ыы 27|1 — cos(@)| (Si [(r je An ej 
NE LS SU PT (nO | 
(3.198) [1 — сов(л/2)] ^"^ 


With п being the index of the harmonic, starting with п = 0 at ас, and 


fundamental n = 1, the instantaneous current maximum і еар the function Si(x) = 


sin (xx, and the conduction angle Ө. The equation is easily obtained from 
deriving the Fourier series for a clipped sine wave with dc offset, as shown in 
Figure 3.218. These harmonic components are a first-order approximation of the 
current waveform, but it is close enough to reality to explain the general concept. 
Figure 3.219 shows the relative amplitudes of the current harmonics as a 
function of conduction angle Ө. As expected, the harmonic content increases as 
the conduction angle decreases. Also the output power approaches zero with Ө, 
but peaks somewhere in Class AB. Figure 3.220 finally shows the emitter 
efficiency r] calculated from equation (3.198), together with dc and fundamental 
power. It is obvious that increasing the efficiency by reducing the conduction 
angle comes at the expense of reduced output power. It finally leads to the trivial 
solution of 10096 efficiency at no power. 


Figure 3.218 Definition of conduction angle Ө. 


le 


(овак 





Figure 3.219 Function values for the fundamental, to fourth harmonic (fo, 210 


Зо, апа 4], respectively) versus device conduction angle. 
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Figure 3.220 Values for the dc and fundamental frequency power, and resulting 
drain efficiency п versus device conduction angle. 
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It should be noted, however, that these amplifier classes are defined only under 
ideal conditions, for pure sinewaves of constant amplitude, and that the 
theoretical efficiencies are just drain/collector efficiencies not taking into 
account any kind of required drive power or parasitic or matching losses. 
Therefore, realistic PAE values are significantly lower, and the question of which 
class an amplifier is becomes questionable without a constant drive signal. 

Enhancing efficiency only by reducing conduction angle therefore seems not 
to be the best solution. There must be a way to obtain higher efficiency without 
degrading output power. The point is that up to now, it was not mentioned that 
the Classes A-C assume that the load is formed by a filter that shortens all 
higher harmonics of the current except for the fundamental. The purely 
sinusoidal shape of the voltage waveform is a result of this termination. 

It has already been proposed quite early that appropriate harmonic termination 
can boost efficiency without the need to sacrifice fundamental power [45, 46]. A 
closer look at (3.198) reveals that for Class B, with Ө = 7/2, only the 
fundamental and even harmonics of the current exist at all. If only odd 
harmonics of the voltage would exist, losses could be minimized. Fortunately, 
the square-wave shape of the voltage waveform shown in Figure 3.215c has 
exactly this property. Its spectrum is proportional to 51(пл/2). Looking at the 
time domain waveforms, it is pretty obvious that power dissipation is zero since 
current and voltage do not overlap at any time. In the frequency domain, this 
means that the power drawn from the voltage supply equals the RF power at the 
fundamental delivered to the load. It is not easy to force current and voltage 
exactly into these shapes just by tuning the load. But what can be achieved is to 
approximate it by forcing zero current at even harmonics and zero voltage at odd 
harmonics, by terminating higher harmonics by open and short circuits, 
respectively. This is the approach taken in Class F amplifiers [47, 48]. Of course, 


in reality, higher harmonics than the third are usually neglected. Also there might 
be different optimum load impedances than exactly short or open. If the 
sequence of short and open circuits is reversed, for example, one speaks of 
inverse Class Е or Class F`}. For arbitrarily optimized reflective terminations, 
commonly the term “harmonically tuned amplifier” is used. 


Class F 90° conduction angle, harmonics tuned in order to force the voltage waveform into square 
pulses at the times where the current is zero 

Class inverse | Basically Class F, but with voltage and current waveforms interchanged 

F 

Harmonically | Individually optimized current conduction angle and reflective terminations for higher 

tuned harmonics 


It is necessary to consider that the output capacitance of the transistor is 
already part of the harmonic tuning circuit. Designs of optimized tuning circuits 
for ideal Class F operation taking into account up to the third harmonic are 
shown in Figures 3.221 and 3.222 [49]. The Class-F concept allows to boost 
efficiency compared to amplifiers without proper harmonic termination. But the 
ideal waveforms that provide an efficiency of n = 100% are only the theoretical 
limit. It would require to control all harmonics, while in practice, it is not 
feasible to go beyond the third harmonic. The theoretical efficiency limit for the 
case where only the lower harmonics are controlled is shown in Table 3.16. 
Practical PAE values will be even lower as no parasitic losses or other nonideal 
transistor behavior is regarded so far. 





Figure 3.221 Class-F harmonic tuning circuits taking the transistor output 
capacitance into account, as proposed in Ref. [49]. The dimensions of the 
elements аге: (а) L4 = 1/(6@°C,,,,), Lə = 5/3: Lj, Cy = 12/5 · Cow and (b) L} = 
a Doc o Lə = 9/15. L4, C> = 15/16. Cout 
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Figure 3.222 Class-F harmonic tuning circuits taking the transistor output 
capacitance into account, as proposed in Ref. [49]. The length of the 
transmission lines аге: 04 = 7/2, Ө, = 1/3tan^! |1/(820а Со 04 = 71/6. 
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Table 3.16 Theoretical Maximum Efficiency of Class-F PAs [47]. 


n Harmonics of Voltage n=] n —3 H—- n — oo 
m harmonics of current 

m = | SOS 5896 Ж.Б 64% 

т —2 719% 8296 8506 904 

т —4 7361 8706 91% Об 

т = oo 79% ӘГ 9550 100% 


Тһе power amplifiers so far all relied оп the transistor as a controlled current 
source that generates a sine wave or parts of it. Another concept relies on the 
transistor as switch, just as in a high-efficiency dc—dc converter. A switch is 
either on or off, short or open circuit, respectively. Thus, it consumes ideally no 
power. The probably most famous concept relying on this principle is the Class- 
E amplifier. 

This concept was proposed and patented by the Sokals in 1975 [50, 51]. The 
Class-E amplifier was derived to match the following conditions: 


account for device output capacitance 
minimize switching times 

voltage delay at switch turnoff 

zero voltage at switch turnon 

zero voltage slope at switch turnon 

flat top of voltage and current waveforms 


These conditions are defined to make the concept useful in practical circuits. 
First, the condition zero voltage at switch turnon ensures that no capacitor is 
discharged when the transistor becomes a short circuit. Otherwise, all the stored 
energy would be lost. This of course requires to account for device output 
capacitance, too. During the event of switching, most of the power is lost. Thus, 
the output circuit is optimized to support minimized switching times. Finally, 
voltage delay at switch turnoff and zero voltage slope at switch turnon ensure 
low voltage while the transistor is switching, thereby reducing the dissipated 
power. Flat top of voltage and current waveforms has no impact on efficiency, 
but is required to protect the transistor from breakdown. 

Figure 3.223 shows the idealized equivalent circuit of a first-order Class-E 
amplifier. The transistor is acting as a switch. The transistor's output capacitance 
is not neglected but absorbed into the capacitance C,, which is a significant 


advantage of the Class-E concept. 


Figure 3.223 Circuit schematic of a first-order Class-E amplifier. The currents 
and voltages are shown in Figure 3.242. 
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In order to understand the principle of operation, we take a look at the currents 
and voltages shown in Figure 3.224. The currents in the collector (or drain) node 
are defined through the respective branches. The RF choke inductor L, forces Га, 


to be a pure dc current. The series resonance of C, апа L, guarantee that Ip; is a 


pure sinus signal at the fundamental frequency. The resulting current is a bias- 
shifted sinewave that is used to charge and discharge Су while the switch is 


open. Thus, Ic, has a positive and a negative portion, and as a result, the voltage 
Ут builds up and returns to zero again. After the voltage became zero, the switch 
is closed, and for the remaining time of the period, the current I; flows through 


the transistor while the voltage is ideally zero. Therefore, by appropriate 
selection of the element values, either current or voltage at the transistor will be 
zero, and no charged capacitance is shortened when switching. Thus, the Class-E 
amplifier reaches the theoretical limit of n = 100%. It is, however, usually not 
possible to actually see the switching of the current, even in circuit simulation. 
This is due to the fact that a major portion of C, might be the transistor's output 


capacitance. Hence, at the drain (or collector) node, the sum of Ir and part of Ic, 
is flowing and cannot be separated. 


Figure 3.224 Currents and voltages of the Class-E amplifier shown in Figure 
3.241. 
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It is of course necessary to choose the right circuit element values in order to 
achieve Class-E performance. Numerous works have been published that derive 
these values, for example, Refs. [50—54]. Also nonideal behavior and current 
conduction angles other than the standard 50% duty cycle were investigated. 
Values for the Class-E amplifier with a duty cycle of 50% are given in Table 
3.17 [51]. With these relations between the different element values, an amplifier 


сап be designed. It starts by choosing the dc voltage Усс: 


(3.199) ‘°° ^ ^35 
where ВУсру is the transistors breakdown voltage, and SF x 0.8 is a security 


factor. Since the maximum voltage, the transistor must withstand builds up when 
C, is charged, it is not limited to 2 · Усс as for Class-A amplifiers. Іп Class-E, 


the voltage peaks at values in excess of 3 · Усс. 


Table 3.17 Dependence of Class-E Circuit Elements on Loaded О and Output Power [51]. 


Р.К 


Qr (Vac - VY c R cR 
со 0.576801 0.18360 0 

20 0.56402 0.19111 0.05313 
10 0.54974 0. 19791) 0.11375 
5 0.51659 0.20907 0.26924 
3 (0.16453 0.21834 0.63467 
2.5 043550 0.22036 1.01219 
2 0.38888 0.21994 3.05212 
1.7879 0.35969 0.21770 со 


From a given Усс, C, Cy, апа R are determined from Table 3.17. This is an 


optimization procedure, as output power P should be maximized with realistic 
element values. Also, the transistor output capacitance constrains the minimum 
value for Су. Table 3.17 also accounts for the saturation offset voltage У, that 


reduces the effective voltage swing. Finally, the value of L, is determined from 
the loaded О of the series resonance circuit, Q; = @L,/R. 


It is the promise of the Class-E concept that an efficiency close to 100% can be 
achieved without any kind of transistor modeling. Provided that the transistor 
behaves like a decent switch, no load—pull measurement and individual power 
matching optimization is required. The transistor just becomes a switch, and the 
rest is determined through the other circuit elements that are known a priori. 

Regarding the different classes of amplifiers, it has to be noted that the 
definitions idealize the situation in a way that only a single frequency at a fixed 
amplitude is regarded. The issue of feedback or how to drive the amplifier is also 
not considered. But assuming a constant amplitude is much more severe. 
Modern communication standards use RF signals that do not fall into this 
category. It is rather common to have a bandwidth in excess of 10 MHz and an 
peak-to-average ratio of 10 dB. This means, that the average output power is 
only 10% of the peak power the amplifier must be able to provide. The high 


peak-to-average ratio means that, for example, optimizing an amplifier to 
optimum Class-C operation might not be feasible. For tuned concepts like the 
Class-E and Class-F approaches, also the relative bandwidth of modern signals is 
challenging. Class-E specifically is rather suited for narrowband PM/FM signals 
that inherently are of constant amplitude. Modern wireless power amplifiers, 
therefore, rely on linearization and efficiency boosting concepts like envelope 
tracking or the Doherty technique rather than on the pure single-transistor 
amplifier stage. 


3.12.1 Example 1: 7-W Class C BJT Amplifier for 1.6 
GHz 


The following demonstrates how to design a 1.6-GHz, 7-W amplifier operating 
in Class C. We need to point out again that all modulation forms that have the 
information in both amplitude and phase require more linearity than Class C 
affords. Needless to say, this affects the efficiency; therefore, at a later point, we 
will also show a Class AB power amplifier. This is a tutorial and we are going to 
take a UHF example, and we will walk the reader through all the necessary 
problems arising from the design. The selection of the transistor is done by first 
looking at the fy, which in our case should be at least 4-5 GHz. The first order of 
business is to define the point of operation for the output amplifier. To do this, 
we need to determine maximum voltage and current values supplied by the 
manufacturer. We have chosen a device that operates at 28 V and can sustain a 
peak collector current of 1.5 A. Figure 3.216 lets us determine the conducting 
angle © from the Ic/Vgg plane. 

This figure shows on the left side the Г-/ Урр plane and the necessary voltage to 
drive the amplifier. 

Initially, we assume that the base-emitter junction is operated without any bias 
(Var = 0). The dc I-V curve shows that the collector current starts at about 650 
mV. The amplifier itself therefore is already in Class-C operation. For full output 
power, the drive voltage VBgpeak has to be 1.14 V. Therefore, the conducting 
angle can be determined by 





И Mie 0,65 _ 
cos 6) = ш -- — 0.57 
бе l. [4 
cos 0.57 = 55° 


cos0.57 — 55° 


Vbe is the dc voltage at which the transistor starts conducting. From Figure 
3.219 and equation (3.198), the fundamental current i, can be determined as 

i = LBA х 0.36 = 0.54 A 

The average collector dc current yields 

йо = 1.5 х 0.21 = 0.315 A 


The collector saturation voltage У, unfortunately is around 2—3 V; for the 


e(sat) 
purpose of the calculation, we assume that the saturation voltage is 3 V, and 
therefore we can assume that the maximum collector ac voltage 
бсе = (Vg — 3 V) = 25 V. 

The appropriate collector load has to be 

Tos 20V | 
В, == - = LI a6. d С 
Bed 0.54 А 


The maximum output power is 


Veo — Уба) 625 

— ee TH ә. се - 6.75 W 

The only way to increase the power would be to have a smaller collector load 
at a higher current. In this family of Motorola transistors, there was no 10-W 
transistor; that is why we have chosen a 20-W experimental device, which for 
this purpose is overkill. The theoretical efficiency of the amplifier is defined as 

Pout 6.75 W 

If the saturation voltage would be less, our efficiency would automatically 
increase since for the given load, the actual output power would increase (6.75 
W > 7.5 W). Assuming that this stage would operate at 1900 MHz with a gain 
of roughly 22 dB, the required drive would be significantly less than the output 
power, or roughly 40 mW. For the purpose of the following calculations, we will 
assume that the drive power is 0.7 W. The total dissipation of the device now 
adds up to be 

Pr = Pintacy — Pour + Porive 

Pr = (28 x 0.315) — 6.75 + 0.7 = 2.77 

Power-added efficiency is derived from this. Knowing the power dissipation, 
one can calculate a thermal resistance R of the heatsink and the transistor: 
Ty — Tamb 
where Т; is the device junction temperature and Т... is the ambient temperature. 
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For a maximum ambient temperature of 60?C and a maximum junction 
temperature of 150°C, the thermal resistance 


R iherm 15 the sum of thermal resistance of the transistor and its package, and the 


thermal resistance between the transistor package and the heat sink, and the 
thermal resistance between the heat sink and the ambient air. Therefore 

The required thermal resistance of the heatsink, which helps us to determine its 
size or surface area, is calculated from 


Assuming an aluminum heat sink (a 2-mm-thick plate), the required heatsink 
surface area A (cm?) is 





| . mW 
Жс қ a ға 1.5-- 
Ну heatsink) “Cem” 
Therefore, the required area is 
1. r 
ПІП sveva IIIT A p Fi ст 
1.5 х 0.0156 


The next task is to match both the input and output to the (most likely) 50-0 
source and termination. The following section will guide us through how to do 
this. The input impedance Z,, (after some lengthy search) was found to be 1 + 


110 Q. This means that the input consists of the base spreading resistance 
(approximately 1 0) and an input capacitance, which because of phase shift now 
turns out to be inductive. Since the popular method for input matching these 
days is a pi configuration, we are going to use a simple pi filter both for input 
and output matching. There are several equations in the literature that give the 
values for the two capacitors and inductors; most of them result in an incorrect 
resonance frequency. Since we have access to software tools, we decided to take 
three approximate values and use the optimizer to give us the appropriate 
matching. The only remaining variable in such an approach is the bandwidth. If 
we specify S5, = 1 апа S,, = 0 (100% energy transfer and perfect return loss), we 


will realize that this is possible only at one frequency. We therefore need to 
identify a frequency band or bandwidth over which an acceptable match is 
needed. As the bandwidth increases, the match for such a simple circuit will get 
poorer; there are not enough elements of freedom available. In this case, we took 
the center frequency plus/minus 100 MHz. Figures 3.225 and 3.226 show the 
actual circuit with the element values and the resulting input match. Likewise, 
we did the same thing at the output, but the actual resulting dynamic output 
Capacitance is not known a priori. For low frequencies, the integral equation 





gives a value of 2Сср; however, practical tests in frequencies above 500 MHz 


Show that the actual increase is only 1.3 times the dc output capacitance. 
Therefore, we decided to design the filter with no output capacitance assumed, 
and the input capacitance of about 5 pF needs to be reduced for proper reactive 
matching. Mathematically, this could result in a negative number, specifically if 
the resulting output capacitance exceeds the 5 pF value. To compensate for this, 
опе needs to use an RF choke that tunes out the resulting dynamic output 
Capacitance and then one can revert to the original 5 pF as calculated. 

Figure 3.225 Input matching network for the amplifier used in this tutorial. 
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Figure 3.226 Frequency response of the input matching network. 
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The selection of the actual component is another issue, because these 
capacitors need to handle several amperes of RF current. It is not always easy to 
find capacitors with the appropriate value that can handle the current. The 
inductors can be printed. The paragraph following this section therefore will deal 


with the issue of how to translate the lumped values into distributed values, 
which will make the current handling much easier (we hope). 
For this, we did the same optimizing approach by using a 50-Q source and a 


46.3-€2 load. Figures 3.27 and 3.28 show the frequency-dependent responses and 
the circuit with the appropriate values. 


Figure 3.227 Output matching network for the amplifier. 
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Figure 3.228 Frequency response of the output matching network. 
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The next step is to connect the input and output matching network to an 
“actual” transistor. This is a point where difficulties become very high, since few 
companies provide SPICE-type parameters for transistors operating at currents 
more than 200 mA. Figures 3.229 and 3.230 show the overall schematic and 
frequency response of the actual amplifier with all filters connected. If more 
bandwidth is needed, the matching circuit must be increased in complexity, as 
will be shown in the following section. 


Figure 3.229 Actual schematic of our experimental 1.6-GHz amplifier. The КЕ 
chokes have enough КЕ losses not to be resonant and yet do not load the circuit. 
This is frequently accomplished either with ferrite beads or resistors in parallel 
with the chokes. 
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Figure 3.230 Overall frequency response of our experimental amplifier. Input 


and output matching, and gain, are shown as a function of frequency. 
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Now is a good time to look at the final results of our simulation, which is 
based on the various assumptions as outlined above. Figure 3.231 shows the dc 
І-У curve with a straight load line and no reactances. This was accomplished by 
using a wideband transformer instead of an output matching circuit. Figure 
3.232, however, shows the “load line” that results when the transformer is 
replaced with a real matching network. Based on the harmonic contents and its 


improper termination, one can see how the output load line opens and shows 
ringing in the low-current area. If we expect to see the saturation voltage, we 
will be disappointed because the saturation voltage is frequency dependent, 
increases with frequency, and this figure would give an erroneous impression. 
Hence, we show dc І-У curves. To display the conduction angle, which we 
showed previously, we are going to look at the output current as a function of 
time at a drive level of +16.5 dBm (Figure 3.233). During the negative half, the 
transistor is not conducting as predicted, so this validates our assumptions. Next, 
we are interested in determining the power gain. Therefore, we look at the output 
spectrum for a drive level of +16.5 dBm (Figure 3.234). It shows an output level 
of 38.6 dBm. If we subtract the drive level (16.5 dBm) from this, we see that the 
power gain is 22.1 dB at this drive level. Since we are used to thinking in watts, 
Figure 3.235 shows the absolute output power and the harmonics prior to 
filtering. Figure 3.236 shows the output spectrum after replacing the transformer 
with a simple pi output network. 


Figure 3.231 DC І-У curves assuming a perfect resistive load. No RF saturation 


voltage or other RF saturation effects are evident. 
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Figure 3.232 Load line with the output transformer replaced with a real 
matching circuit. 


3.00 





оо 2000 3000 40.00 “500 


V,.(BIP_NPN) (V) 


Figure 3.233 Output current as a function of time. The duty cycle is determined 
by the device conduction angle. 
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Figure 3.234 Power output at the collector prior to any filtering, assuming a real 
output termination. 
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Figure 3.235 Available output power in watts, prior to any filtering, assuming a 


real output termination. 
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Figure 3.236 The output spectrum after replacing the transformer with a simple 
л Output network. 
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During the conduction period, there will be a voltage across the transistor 180? 
out of phase, as shown in Figure 3.237. Finally, to show the lack of linearity of a 
Class C amplifier, Figure 3.238 shows the amplifier's output power versus drive, 
and Figure 3.239 shows the amplifier's gain versus drive. When the transistor 
turns on, it is clearly evident. 


Figure 3.237 Output voltage at the collector. The voltage is asymmetrical 
compared to 0; this is important in the selection of a device capable of handling 
these voltages. 




















0.00 























0.00 0.20 0.40 0.60 - 0.80 1.00 120 1.40 
Time (ns) 

Figure 3.238 Output power versus input power for the Class C amplifier. Until 

the transistor turns on (at a drive level of about 8.5 dBm), only fed-through 


power appears at the output. 
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Figure 3.239 Amplifier gain as a function of drive. It is evident that one needs to 
cross the 0.65 V point for the transistor to become conductive and show gain. 
The initial amplification as a function of drive shows a very steep curve that then 


levels off and droops as the amplifier moves into saturation. 
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A particular difficulty arises in the case of FETs, where the charge energy 
makes for a difference between dc and pulsed measurements. Figure 3.240 
shows this. Some of the more modern transistors, such as SiGe types, may need 
some pulsing also, and as can be seen in Figure 3.240, even depending on the 
pulsing опе may get different dc I-Vcurves. This area is still under investigation, 
and even the “experts” do not agree on all aspects of this. In real life, it turns out 
that a lot of experimentation is the answer. Anybody who thinks that a pure CAD 
approach will give the right design answers immediately will encounter many 
surprises! This is not a fault of the CAD tools—assuming that they are properly 
engineered—but rather the availability of appropriately “tweaked” models for 
high-power applications, and the willingness of device suppliers to standardize 
on certain models and to support them. 

Because of the difficulties involved in cooling transistors under test and 
simulating RF pulse and CW conditions, depending on the application, 
manufacturers have so far stayed away from investing money in this area. The 
designer must therefore resort to application notes published by device 
manufacturers. Because even slight layer changes can have a large impact on the 
frequency response of a given device, application-note-based designs can run 
into difficulty if a device's fabrication has significantly evolved since the 
publication of its application notes. 


Given the multitude of models outlined in Chapter 2, the CAD user is 
sometimes left hanging as to which is the best model to use. The latest 
indications are that the Most Exquisite Transistor Model (MEXTRAM) model, 
developed by the University of Delft, Holland, with Philips of Holland, shows 
the most promising result, specifically in the area of IMD products. While other 
late models have up to seven internal nodes, MEXTRAM fortunately uses only 
five. (The MEXTRAM model actually consists of three transistors, which makes 
modeling fun.) Power-added efficiency simulation is not available, since the 
MEXTRAM model was developed for small-signal applications, meaning 
circuits that operate at less than 100 mW of RF output power. 

As if the absence of trustworthy high-power device models is not challenge 
enough, in developing this 1.6-GHz Class C amplifier example, we ran into 
another complication: using a CAD optimizer to simultaneously match circuit's 
input and output circuits failed because of the device's input impedance variation 
with drive. Every matching adjustment that improved the drive to the device 
resulted in an input-impedance change that reduced the drive to the device! In 
the end, the optimizer could not keep up. In actually building such a circuit, one 
would make the matching-network values adjustable on the initial breadboard 
and then, with the necessary input drive level applied, iteratively adjust the input 
and output matching for the desired output level. It appears that the CAD 
program could not handle such a degree of nonlinearity. 

We then went to the approach of using large-signal S parameters at a drive 
level slightly less than 16 dBm, but this detuned the input filter, resulting in a 
poorer input match than the one initially predicted. Likewise, the output 
matching, which in a power stage must result in maximum output power rather 
than a conjugate match, was less impressive. The large-signal S parameters at the 
output for a power amplifier are somewhat dubious because Class C operation 
generates so many harmonics that the output termination will reflect a lot of 
energy and, depending on the output filter topology, different results can be 
expected. We firmly believe that there will be further mathematical improvement 
in the CAD tools, and we very much invite our readers to use such a nonlinear 
example to test their tools, provided that a high-power model becomes available 
in this power range. 

It has been rumored that the load-pull technique, rather than the application of 
large-signal S parameters, is a vehicle to solve such matching problems. 
However, the load-pull technique is really applied only to the fundamental 
frequency and does not deal with the issue of harmonics of the output current. 


Actual measurements of amplifiers of this type show that our simulated 
efficiency and drive level come quite close to reality, but at a frequency 
somewhat offset from that chosen for the design. As an example, the input and 
output filters tuned at 1.4 GHz instead of 1.6 GHz using the large-signal S 
parameters. Again, an iterative process, similar to manually trimming a 
prototype, will give a similar result. This is consistent with our earlier statement 
that most final designs are really hand-tweaked, and that CAD can only bring us 
close, but not all the way, to a good solution. For passive problems, the CAD 
does a significantly better job; the nonlinear cases are the ones that still cause 
headaches. 


3.12.2 Example: A Highly Efficient 3.5 GHz Inverse 
Class-F GaN HEMT Power Amplifier* 


In the following, the design of an inverse Class-F amplifier is presented. It is a 
3.5 GHz broadband high-efficiency design providing 12 W of output power. 
These specifications call for GaN HEMT technology since it provides higher 
cutoff frequencies compared to LDMOS while maintaining high power level. 


3.12.2.1 Inverse Class-F PAs 


All high-efficiency PAs are based on careful control of the harmonic content of 
the voltage and current waveforms at the transistor intrinsic terminals. The 
construction of an ideal inverse class-F PA consists in imposing a square and 
halfsinusoidal waveform for drain-current and drain-to-source voltage, 
respectively. Figure 3.241 presents the drain-current and drain-to-source voltage 
waveforms. 


Figure 3.240 Comparison of FET drain current characteristics obtained from (a) 
pulsed І-У and (b) rectified sinewave evaluation. The rectified sinewave curves 
can be considered equivalent to curves obtained at dc. 
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Figure 3.241 Current and voltage waveforms for an ideal inverse Class F PA. 
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These idealized waveforms are obtained by control of the transistor load 
impedance at different harmonics. The optimum resistive load impedance must 
be matched to the system impedance (Z.) at the fundamental frequency. 


Moreover, the output impedance seen by the device at even harmonics has to be 
open circuited because the half sine voltage wave only consists of even 


harmonics. On the other hand, all odd harmonic impedances must be short 
circuited in order to approximate a square drain current. According to [55], the 
second, 2 fy, and third, З fọ, harmonics are most important for high-efficiency 


operation. In Ref. [56], it is shown that controlling these two harmonics is 
usually enough in practical microwave PAs. 

Furthermore, controlling more harmonics increases circuit complexity without 
necessarily improving the performance [57]. On the contrary, manipulation of 
excessive harmonics may reduce the bandwidth of the PA. Thus, close to 
optimal, load impedances are given by 


(3.200) ZŁ fo) = шы 

(3.201) 2:(2 fo) = 1 

(3.202) 245 fo) = 0 
where fp is the fundamental frequency and орг 15 the optimal load impedance at 
the fundamental frequency. 


3.12.2.2 Design Methodology 


In order to reduce the parasitics of the package and facilitate harmonic 
impedance optimization at the transistor output reference plane, a bare-die Cree 
CGH60015DE GaN HEMT is used. 

In switched-mode PAs and in harmonically tuned amplifiers, the transistor 
operates in the on-and off-regions. A simplified transistor model optimized for 
this type of operation is developed and used in the PA design. The model is 
based on simplified expressions for the nonlinear currents and capacitances 
where focus is put on accurately predicting the high efficiency, on-and off- 
regions of the transistor characteristics. The model allows the intrinsic 
waveforms to be studied in the PA design and therefore allows a careful 
investigation of the transistor operation. Since the transistor is almost driven like 
a switch, diode models are added to the common HEMT model in order to 
accurately predict forward gate voltage and negative drain voltage conditions of 
a GaN transistor. The topology of this model is shown in Figure 3.242. 


Figure 3.242 Large signal GaN HEMT equivalent circuit model. 
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The first step to design the PA was to find the optimum input and output load 
conditions to maximize the output power and efficiency of the transistor. The 
procedure for optimization of the fundamental and harmonic impedances is 
summarized as follows: 

1. Perform a fundamental load-pull/source-pull simulation to find the 
optimum fundamental load and source impedances for efficiency and output 
power. 

2. Using the impedances found in the previous step, a harmonic load-pull 
simulation was performed to find the optimum second and third harmonic 
load and source impedances for high-efficiency operation. The obtained 
optimum source and load impedances at fundamental, second, and third 
harmonics that maximize the power-added efficiency (PAE) are shown in 


Figure 3.243. 


Figure 3.243 Simulated optimum harmonic loads at the transistor reference 
plane for maximum PAE. 
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Figure 3.244 shows the simulated intrinsic drain voltage and current 
waveforms of the transistor, corresponding to 8096 PAE. The drain voltage 
waveform is a halfsinusoid whereas the drain current waveform is close to a 
square wave, which corresponds to the inverse class-F waveforms shown in 
Figure 3.241. 


Figure 3.244 Simulated intrinsic current and voltage waveforms of the transistor 
resulting in 8096 PAE at 3.5 GHz. 
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The circuit diagram of the designed inverse class-F PA is depicted in Figure 
3.245. The space between the bonding pads on the chip and the PCB lines is 
reduced as much as possible in order to avoid narrowband and therefore 


sensitive harmonic matching. Ly, апа Ly,,4 are used in the circuit design to 


model the input and output bondwire inductances, respectively. Their values are 
estimated to 0.15 nH. 


Figure 3.245 Circuit topology of the PA. 
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The input matching network consists of transmission lines TL; i = 1 ... 5, 
which are optimized to provide, at the input of the device, the optimum 
impedances obtained from the source/load pull simulations, see Figure 3.243. 

The input matching network has been slightly modified in order to stabilize the 
PA. The Rollet stability factor (k) of the amplifier can be improved by increasing 
the real part of Z,,: 

2 2Re(Zii) Re(Z22) — Re( Z12Z21) 

(3.203) / 212221 

А 39-0 series resistance К, is therefore added at the input of the amplifier to 
improve the stability in the high-frequency band. Further improvement in the 
amplifier stability in the low-frequency band can be achieved by reducing the 
low-frequency gain. The parallel resistance R,3, set to 400 Q, increases low- 


frequency stability by reducing the input impedance. 

The output matching network consists of transmission lines TL; i = 6 ... 11, 
which provides the optimum fundamental, second, and third harmonics load 
impedances at the output of the device. 

The values of the inductors L, and Lg are equal to 28 and 8 nH, respectively. 
They are used to prevent the leakage of RF into the dc supply lines. The circuit 
was optimized for wideband operation to minimize the impact of mounting and 
manufacturing tolerances. It is important to note that the original design did not 


change significantly after the optimization. 

Finally, Monte-Carlo simulations have been used to study the impact of 
components variability and uncertainty on the PA performance. Uncertainties 
introduced by the manufacturing process and the lumped components have been 
considered. The Monte-Carlo simulations have shown that the design is robust 
and not very sensitive to these variations. 


3.12.2.3 Implementation and Measurement Results 

The inverse class-F PA was implemented on a Rogers 5870 substrate with e, = 
2.33 and thickness of 0.8 mm. Figure 3.246 shows a picture of the fabricated 
inverse class-F amplifier using the bare-die GaN HEMT device. 


Figure 3.246 Fabricated inverse class-F PA. Size: 11 x 8 ст“. 
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The implemented PA has been characterized by large signal and modulated 
measurements to study its performance. 


Large Signal Measurements 


АП measurements were made using a continuous wave input signal generated by 
an Agilent E4438C microwave synthesized source boosted by a microwave 
driver amplifier and the relevant power levels were measured by a power meter 
(Agilent E4419B). A lowpass filter with cut-off frequency of 6 GHz has been 
added at the output of the PA to filter out the power at the harmonics. Hence, 
only the power at the fundamental frequency have been measured and used in 
evaluating the PA performance. 


First the bias sensitivity was investigated by a gate bias, Vgs sweep. Figure 
and PAE versus Vgs. 


The measurements show that the performance of the PA is not very sensitive to 
the gate voltage. Results of the drain voltage, Vps, sweep using 29 dBm input 


3.247 shows simulated and measured output power, Pouv 


power are shown in Figure 3.248. It can be noticed that the output power can be 
further increased by increasing Vps. The measured results agree well with 


simulations when the input drive level is high enough. From Figures 3.247 and 
3.248, we conclude that the optimum bias for the PA is Vps = 28 V and Усс = – 


2.5 V. 





Figure 3.247 Simulated and measured output power and PAE versus gate bias. 
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Figure 3.248 Simulated and measured output power and PAE versus drain bias. 
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A power sweep measurement has been performed at 3.5 GHz. The simulated 
and measured output powers versus input power are shown in Figure 3.249. As 
expected, good agreement between simulation and measurement results is 
obtained at high power levels, where the transistor is operated in a high- 
efficiency mode that the model was optimized for. The peak power level at the 
output of this amplifier is about 41 dBm or 12 W. Figure 3.250 shows the 
simulated and measured gain and PAE versus input power. A peak PAE of 78% 
is measured for an input drive level of 29 dBm. There is a good agreement 
between the simulated and measured results close to the peak efficiency 
operation. 


Figure 3.249 Simulated and measured output power versus input power. 


Figure 3.250 


The poor agreement between simulations and measurements at low input 
powers in Figures 3.249 and 3.250 is due to the fact that as the input power is 
the device is less overdriven, the harmonic contents of its output 
waveforms are no longer strong enough to be able to form high-efficiency 
Switching conditions. Therefore, the device operation extends outside of the 
region where the model is optimized and the simulation results start to deviate 
from measurements. This is a fact that the PA designer should be aware of. The 
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model is mainly optimized for switched mode or harmonically tuned overdriven 
Operations where conventional models lack accuracy and fail to provide 
convergence in simulations. 

The PA has been characterized versus frequency from 3 to 4 GHz, with a 29 
dBm fixed input power drive level. The PAE and gain of the PA are plotted in 
Figure 3.251 and compared with simulations. A good agreement between 
simulation and measurements is observed at the PA operation frequency. A 
maximum gain and PAE of 12 dB and 78%, respectively, are located at 3.5 GHz 
corresponding to a drain efficiency of 82% at this frequency. The amplifier 
exhibits higher than 50% PAE between 3.32 and 3.72 GHz, which corresponds 
to greater than 10% fractional bandwidth. 


Figure 3.251 Simulated and measured PAE and gain versus frequency for 29 
dBm input power. 
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Input return loss have finally been measured under large signal conditions 
using 29 dBm input power, in the frequency band 3-4 GHz. Simulated and 
measured input return loss are shown in Figure 3.252, a return loss of 14 dB is 
obtained at 3.5 GHz and agrees well with simulations. 


Figure 3.252 Simulated and measured large-signal input return loss. 
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Modulated Measurements 


Modulated measurements are used to evaluate the performance of the PA and 
show that the РА is linearizable to meet modern wireless communication system 
standards. In the experiment, a 20 MHz long-term evolution (LTE) signal with 
11.2 dB peak-to-average ratio (PAR) and a 5 MHz WCDMA signal with 6.6 dB 
PAR are used. A relatively low average efficiency is expected when such signals 
with high PAR are used since the PA has to operate at large back-off most of the 
time. 

The digital-predistortion (DPD) used, for both LTE and WCDMA signals, is 
the memory polynomial model with nonlinear 11 and memory depth 5 [59]. The 
measured output spectrum at 3.5 GHz of the LTE signal, before and after DPD 
for an average input power of 18 dBm, is shown in Figure 3.253. 


Figure 3.253 PA output signal spectrum of a 20 MHz LTE signal at center 
frequency of 3.5 GHz before and after DPD. 
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The adjacent channel power ratio (ACLR) of the PA without DPD reaches —32 
dBc with an average PAE of 35% whereas the ACLR of the PA with the DPD 
applied reaches —42 dBc at an average PAE of 30%. 

Figure 3.254 shows the measured output spectrum at 3.5 GHz of the WCDMA 
signal before and after DPD. In this measurement, the average input power used 
is 19.4 dBm, so the PA was operating at 9.6 dB back-off. When the DPD is 
applied, the average PAE is decreased from 45% to 40% while 13 dB 
improvement in ACLR, from 234 to —47 dBc, is obtained. 


Figure 3.254 PA output signal spectrum of a 5 MHz WCDMA signal at center 
frequency of 3.5 GHz before and after DPD. 
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Average PAE апа ACLR without DPD for WCDMA and LTE signals are 
displayed versus average output power in Figure 3.255. 


Figure 3.255 PA average performance with a power-swept 20 MHz LTE апа 5 
MHz WCDMA signals at center frequency of 3.5 GHz. 
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3.12.2.4 Conclusions 


A high-efficiency inverse Class-F PA using a GaN HEMT has been presented. 
The design methodology is based on load-pull/source-pull and harmonic load- 
pull simulations. A bare-die device, instead of a packaged transistor, is used to 


minimize the influence of parasitics and therefore take full advantage of recent 
device technology improvements. The peak PAE of 78% with a power gain of 12 
dB was achieved at an output power of 41 dBm at 3.5 GHz. A very broadband 
performance, with a power gain over 10 dB and PAE over 60%, was maintained 
over 300 MHz bandwidth. When DPD is used, modulated measurements 
demonstrate an average PAE of 30% and ACLR of —42 dBc for LTE signal. For 
WCDMA signal ACLR of —47 dBc and average PAE of 40% were obtained. 
These results represent state of the art for GaN PAs in this frequency range and 
demonstrate the success of the selected bare-die mounting, modeling, and circuit 
design methodologies used. 


3.12.3 Linear Amplifier Systems? 


In the past, solid-state linear RF power amplifiers have mainly been used for 
applications such as HF SSB and combined amplification of video and audio 
signals in TV transmitters. The linearity and efficiency requirements of these 
systems could often be met using relatively simple techniques, usually with 
manual alignment. Modern wireless systems increasingly make use of complex 
modulation schemes with demanding restrictions on spectral regrowth. The need 
to faithfully reproduce input signals (often in baseband I-Q format) and to keep 
the amplifier output within a strict emissions mask, while retaining high 
efficiency, has led to a resurgence of interest in linearization and efficiency 
enhancement techniques. Another application for the technologies has been in 
flexible multicarrier transmitters, where single channel amplifiers and cavity 
combiners are replaced by a single, wideband, high-power, ultralinear amplifier. 
This section provides a brief review of the most popular linearization techniques 
and compares the trade-offs in terms of linearity, bandwidth, efficiency, and 
complexity. It must be stressed that the starting point for all the techniques 
described is always a carefully designed and repeatable power amplifier using 
well-characterized, reliable transistors. The techniques outlined below should not 
be used to compensate for poor frequency response, significant batch variations, 
poor ruggedness, and instability. 


3.12.3.1 Class A/AB Operation and Power Back-Off 


The most obvious, and certainly the simplest way to improve the linearity of an 
amplifier is to operate it in Class A and to reduce the operating power level 
(back-off) until the required linearity is obtained. In an ideal Class A amplifier, 


third-order IM products fall off with a 3rd power law, fifth order with a 5th 
power law, and so on; a few dB back-off can result in a significant reduction in 
IM products, especially the higher order products. This technique is often used in 
lower power circuits, and also for ultralinear applications such as UHF TV 
transmitters, where exceptional levels of back-off may be used (35 W of average 
RF output power from >600 W of dc input). The price to be paid for the 
simplicity of this technique is poor efficiency and the need for overrated RF 
transistors (and additional combining networks if high power levels are 
required). Figure 3.256 shows the performance of an ultralinear 900 MHz 
amplifier constructed from a quadrature-combined pair of push-pull bipolar 
transistors, operating with a collector voltage of 26.5 V and a total supply current 
of 6 A. 


Figure 3.256 Class A amplifier with back-off. 
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The third-order IM distortion is very low, and falls off by around 8 dB for 
every 3 dB reduction in output power, which is slightly less than the theoretical 
figure of 9 dB per 3 dB. The higher order IM products at average powers below 
2 W were almost immeasurable on a spectrum analyzer. The penalty for this 
linearity is exceptionally low efficiency of only 2.596 at 4 W output power. 
Wireless systems typically use 1—5 dB of back-off, with efficiencies in the range 
10-40%. A more efficient alternative to Class A is Class AB operation, with bias 
typically set to between 1096 and 5096 of the Class A level. Linearity is 
obviously compromised by this approach and the effect of back-off becomes 
heavily dependent on the specific characteristics of the RF device technology. 
some technologies such as LDMOS demonstrate excellent Class AB linearity, 
but the rate of reduction of third-order IM with back-off is typically less than 
that in Class A and may reach a plateau at around —50 dBc. 


3.12.3.2 ВЕ Feedback 


RF feedback is often used in low power amplifiers, but its application becomes 
limited as the operating frequency and output power increase. The finite time 
delay around the feedback loop reduces the bandwidth over which stable 
linearization can be achieved and makes feedback around multiple stages 
impractical. At high power levels, dissipation in the feedback network can 
become significant, forcing the use of high power resistors, which leads to cost 
increases and mechanical complexities. The other limitation is, of course, the 
fact that a single RF amplifier stage at UHF may only have a gain of around 10 
dB and that it is only practical to reduce the gain (and hence the IMD) by a few 
dB. 


3.12.3.3 Modulation Feedback 


Modulation feedback techniques use some form of detection or demodulation to 
recover representations of the baseband modulating signal and the power 
amplifier output signal. The difference between the two signals provides error 
signals, which are then used to apply correction to the amplifier drive or control 
signals. Simple systems typically apply only amplitude feedback, while more 
advanced systems apply both amplitude and phase correction (in either polar or 
Cartesian format). Since the feedback is applied to the modulation rather than 
the RF signal, it is possible to achieve stable operation with a relatively large 
amount of feedback. 


Envelope Feedback (Terman and Buss, 1940s) [60] 


This is a very simple technique, which corrects for AM—AM distortion. It is also 
often used in transmitter AGC loops to compensate for power amplifier gain 
variations and to control pulse shaping in TDMA transmitters. A detector is used 
to demodulate the AM component of the PA output. This signal is fed back to a 
differential amplifier and compared with a detected sample of the input signal. 
The difference between the two signals represents the AM distortion of the 
amplifier and this signal is amplified, filtered, and used to modulate the driver 
stage of the power amplifier, see Figure 3.257. 


Figure 3.257 Envelope feedback. 
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The detectors must have wide dynamic range and accurate tracking, otherwise 
the loop gain and error signal accuracy will be signal dependent. This will lead 
to reduced correction and may even lead to an increase in higher order distortion 
products. The technique does not compensate for phase distortion, and, if there is 
significant delay in the signal processing, a phase difference may be created 
between the AM and PM components of the signals, degrading or imbalancing 
the correction process. In simple terms, this implies that the bandwidth of the 
correction circuitry must be 10 or more times wider than the bandwidth of the 
modulating signal envelope. 


Envelope Elimination and Restoration (Kahn, 1950s) [61] 


This technique was initially developed for SSB and TV transmitters, although it 
is applicable to other modulation schemes. It should be noted that EE&R is not a 
linearization technique; it is an efficiency enhancement technique that can be 
used for linear amplification. Figure 3.258 shows a schematic of the system. The 
incoming RF signal is split into amplitude and phase components using a 
detector and a limiter, respectively. The phase component is amplified in a Class 
C amplifier. In the original (tube) design, the amplitude component was then 
reapplied in a final modulation stage. For solid-state designs it may be better, to 
apply the amplitude component directly at the Class C amplifier using a PWM 
supply modulator. 


Figure 3.258 Envelope elimination and restoration. 
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Since the RF power amplifier is operated in Class C, very high efficiencies can 
be achieved, typically better than 50% for third-order IM products of —30 dBc. 
EE&R is not a feedback technique and imperfect components such as nonideal 
limiting or AM-PM conversion in the modulator will affect the level of 
distortion products at the output and may generate additional higher order 
products. 
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Polar Loop (Petrovic, 1970s) [62] 


In some ways, polar loop is similar to EE&R, as the RF signal is resolved into 
amplitude and phase components. However, the implementation is considerably 
more complex and it includes the application of amplitude and phase modulation 
feedback around the power amplifier, see Figure 3.259. The power amplifier is 
operated in Class AB or, if combined with the modulation stage, in Class C. In 
one implementation (Type I), a VCO is operated at the transmit frequency and is 
used to apply both the phase modulation and the phase correction signals. An 
alternative implementation (Type II) separates the phase modulation and phase 
correction, reducing the required feedback bandwidth, and а third 
implementation uses a phase modulator rather than a VCO to apply the phase 
correction. 


Figure 3.259 Polar loop (Type I). 
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One of the limitations of the original design was the linearity and balance of 
the polar resolvers, although a custom design using modern IC techniques would 
help to reduce these effects. Another limitation is the wide bandwidth of the 
phase detector output, particularly during zero-crossings, leading to spurious 
outputs, particularly with 2-tone tests. Polar loop systems with efficiencies >40% 
have been reported (probably 5096 if modern devices were used), with third- 
order IM products at -55 dBc. Polar loop techniques have been applied to very 
high power commercial medium wave transmitters. If the level of spurious 
products is reduced and sufficient feedback can be applied over the required 
bandwidth, they may be attractive for high-efficiency multicarrier amplification 
at VHF and UHF. 


Cartesian Loop (Petrovic & Smith, 1980s) [63] 


The Cartesian loop, in which the RF output signal is resolved into quadrature (1 
and Q) components, has become increasingly popular in the 1990s and some 
designs are now in volume productions. Since the input signals to a Cartesian 
loop are at baseband, the Cartesian loop differs from Polar loop in that it is a 
linearized transmitter rather than a linearized amplifier, see Figure 3.260. The 
use of I/Q modulation makes it ideal for single-channel transmitters with 
complex digital or analogue modulation schemes, such as TETRA (400 MHz) or 
narrowband PMR/SMR (typically 220 or 800 MHz). As with polar loop, the use 
of modulation feedback permits the use of relatively large amounts of feedback, 
typically 40 dB for 5 kHz channel bandwidth systems and 30 dB for 25 kHz 
bandwidth systems. Cartesian loop may also be appropriate for wider bandwidth 


modulation such as GSM EDGE, where a reduced amount of feedback (around 
10 dB) could be applied over a bandwidth of several hundred kibhertz. 
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Figure 3.260 Cartesian loop. 
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The baseband 1/0 input signals are applied through a differential amplifier and 
loop filter to a quadrature modulator and through the power amplifier stages to 
the output. A sample of the RF output is attenuated and fed to a quadrature 
demodulator, where it is compared with the baseband input signals to generate 
the drive signals to the modulator. The synthesizer is shared between the forward 
and reverse paths and is programmed to the center of the operating channel. The 
Cartesian loop is therefore acting as two orthogonal control loops in I апа Q. 
There are several key factors that must be addressed in a Cartesian loop design: 
loop stability, dc offset, and “image generation.” 


e Asthe channel frequency is tuned across the operating band, the phase shift 
between the forward and reverse paths will change and instability sidebands 
or ears may appear. A programmable phase shifter is normally used to adjust 
the relative phase of the local oscillators to ensure that the feedback remains 
negative, with control either by dead-reckoning (look-up table) or by 
calibration procedures. 

e If high linearity is required, then the downconverter mixers must be 
operated at very low input levels and this can lead to dc offset (and noise) 


limitations. DC offset results in unwanted leakage of the local oscillator, 
increasing error vector magnitude (EVM). Typical solutions to the dc offset 
problem are the use of sample-and-hold circuits around the differential 
amplifiers or the deliberate introduction of suitable dc offsets at the J and Q 
inputs. 

e In the early designs, the baseband Гара Q signals were generated by phase 
shift networks, with poor phase quadrature and amplitude balance between 
the J and Q paths. This, combined with poor quadrature balance in the 
demodulator limited the orthogonality between the I and Q signals, leads to 
the generation of unwanted images of the wanted signal, and creates 
unwanted in-channel products and degrades the EVM. With the advent of 
low-cost DSP, generation of Гапа О signals with very accurate amplitude 
and phase matching has become much simpler and the DSP can even be 
used to predistort the J and Q signals to compensate for inadequacies in the 
RF circuitry. 


Innovative RF and software techniques enable >45 dB image and >50 dB 
carrier suppression to be reliably achieved in commercial products. It should be 
noted that even with this high level of image suppression, the Cartesian loop is 
not normally appropriate for multicarrier amplification. As with many of the 
other techniques described in this paper, designing a Cartesian loop system for 
low-cost, high-volume manufacture presents a non-trivial challenge. Although 
the loop itself is relatively simple, the local oscillator and downconverter must 
be extremely well shielded to prevent unwanted modulation by the PA output 
signal. The support circuitry such as phase shifters, power control attenuators, 
and monitor circuits for loop calibration can occupy as much PCB area as the 
actual loop itself, although Cartesian loop ASICs are now available. The most 
complex ASICs integrate the baseband input filtering and amplification, 
differential amplifiers, І-О modulator, RF driver amplifier, variable attenuator, 
І-О demodulator, baseband amplifiers, 90° phase shifters for modulators and 
demodulators, and a 360° variable phase shifter. The choice of power amplifier 
is critical for a successful Cartesian loop design. Class C amplifiers can be used 
but the open loop two-tone IMD3 is only around —15 dBc and large amounts of 
linearization feedback will be required. In addition, the variation of amplifier 
gain and phase shift with signal level will affect the loop gain and hence 
stability. Class AB PA designs are the normal choice and bipolar and MOSFET 
devices have been used successfully. Since the control loop also acts to maintain 
constant output power, operation at rated power into a range of load impedances 


and with different supply voltages should be taken into consideration. 


3.12.3.4 Feedforward [65] 


Feedforward linearization predates feedback [66] and is an inherently wideband 
and, superficially, a simple, elegant technique. It is a popular solution for the 
amplification of single IS-95 carriers or multiple AMPS, TDMA, or GSM 
carriers in cellular and PCS base stations. Іп a feedforward system, a sample of 
the distortion generated by the main amplifier is fed forward and is combined 
with the amplifier output in such a way that the amplifier distortion is (largely) 
cancelled, see Figure 3.263. Two loops are required: in the first loop, the 
undistorted reference signal (A) is subtracted from the distorted amplifier output 
(B), leaving a signal, which consists purely of distortion products (C). This 
signal is amplified by the error amplifier in the second loop and, using a 
directional coupler, is inserted in antiphase back into the main output path. The 
sampled distortion products will therefore cancel with the amplifier distortion, 
leaving the amplified wanted signal (D). 

Figure 3.261 800 MHz Cartesian loop (open loop). 
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Figure 3.262 800 MHz Cartesian loop (closed loop). 
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Figure 3.263 Feedforward amplifier. 
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Signals traveling through an amplifier have an associated group delay, due to 
the transit time though the semiconductors and the delay through matching and 
interconnection networks. It is therefore necessary to introduce compensating 
time delay elements (often semi-rigid coaxial cables) into both loops, as any 
delay mismatch will lead to less than total cancelation. The loss in these lines 
can be significant, especially in loop 2. It is possible to use large diameter low- 


loss cable, but space limitations often result in a loss of around 1 dB at 2 GHz. 
The quality of cancelation (null-depth) is also limited by the frequency- 
dependent amplitude and phase characteristics of the amplifiers, and, to a lesser 
extent, of the passive components. This frequency dependence implies that the 
system will need to be optimized for a specific operating frequency, and that the 
required null-depth will have a limited RF bandwidth. It is usual to include 
amplitude and phase trimming networks both in loop 1 and loop 2; these can be 
manually adjusted or more commonly driven by automatic control systems. A 
variety of systems is in use, often including some form of pilot signal and 
complex signal processing, and consequently, many patents have been issued. 
Imperfect cancelation of the wanted signals in Loop 1 will lead to increased 
Output power requirements in the Class A error amplifier, reducing system 
efficiency, and possibly adding additional distortion products generated in the 
error amplifier back into the main path. A typical Loop 1 cancelation target is 
20—25 dB, and, it is arguable that little benefit is gained from canceling the main 
tones to a level lower than the most significant (usually 3rd order) distortion 
products. The null depth in loop 2 has a dB for dB impact on the output 
distortion cancelation, and again a typical target is 20—25 dB. Enhanced 
performance can be obtained by the use of multiple feedforward loops, although 
cost and complexity rapidly conspire to reduce the benefits. 

The final directional coupler used for error signal reinsertion must have a 
relatively tight coupling factor; otherwise, the error amplifier power rating will 
need to be increased. A tight coupling factor leads to increased main path loss, 
which again degrades efficiency. Analysis of this dilemma for a typical system 
usually results in the use of an output coupler of around 8—10 dB coupling (0.5 
dB or higher main line loss), and an error amplifier rated at approximately 25% 
of the main amplifier power. The combination of output coupler and delay-line 
loss typically results in around 1.5 dB power loss, and combined with the error 
amplifier dc power requirements leads to a typical dc to RF efficiency for a 
feedforward cellular amplifier of around 5%-10%. In addition, the isolation 
between the different sections is vital, particularly between the main amplifier 
Output and the error path. 


3.12.3.5 Predistortion 


Predistortion techniques attempt to modify the incoming signal(s) to 
complement and therefore cancel the nonlinear effects in RF power amplifiers. 
Predistortion has been used with great success (mainly to correct third-order 


distortion) in TV transmitters (IF predistortion) and TWT amplifiers (RF 
predistortion). The technique is inherently stable, but the open-loop nature of 
simple predistorters means that external effects such as temperature changes will 
not be compensated unless some form of adaption is used. 


Gain and Phase Compensation 


The simplest predistorters use expansive networks to compensate for the gain 
compression experienced by a power amplifier as the operating point approaches 
the 1 dB compression point, see Figure 3.264 These networks, which are placed 
in series with the amplifier input, typically use diode-resistor networks and 
depending on the complexity can achieve 5—15 dB reduction in third-order IM 
distortion. An alternative approach is to place voltage-controlled attenuators (or 
amplifiers) and phase shifters in the input signal path, and to use the envelope of 
the RF signal to dynamically adjust the settings. Тһе aim with these networks 15 
to flatten-out the signal level-dependent compression of the amplitude (АМ- 
АМ) and phase (АМ-РМ) transfer characteristics. This system can work over a 
relatively wide bandwidth if the signal processing bandwidth is approximately 
10 times wider than the modulation bandwidth. Typical improvements in third- 
order products are up to 10 dB, but as with all open loop correction systems, it is 
sensitive to changes such as temperature and amplifier gain, and some form of 
adaption is often added. The performance is also dependent on the tracking of 
the detection and control characteristics and it is challenging to achieve 
significant reduction of higher order products without fine tuning the control 
laws. 


Figure 3.264 Predistortion (amplitude and phase compensation). 
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NonLinear Generators 


An alternative approach is to use nonlinear amplifiers to generate 
complementary IM distortion, which is used to cancel the power amplifier 
distortion. There are several ways of implementing this technique, with the 
simplest being a diode or transistor (often GaAs) network in series with the main 
signal path and this is mainly used to correct for third-order distortion. A more 
complex alternative is to implement the nonlinear generator using a low power 
transistor with similar distortion characteristics to the main amplifier and to 
apply feedforward predistortion. Practical implementations can be quite 
complex, as it is necessary to null-out the RF input signal from the NLG output 
(leaving just the distortion) and to match time delays, amplitudes, and phases in 
the main and secondary branches. It is possible, with care, to achieve 15 dB 
reduction in third-order IM products, although the optimum setting for third- 
order products may have little impact on higher order products (and may even 
increase them). Conversely, it is possible to achieve a reduction in higher order 
products at the expense of third and fifth-order products. The system is, of 
course, affected by temperature and gain changes unless some form of adaption 
is included. Figures 3.265 shows (from left to right) an uncorrected amplifier, the 
amplifier with nulling optimized for third-order products and nulling optimized 
for fifth-order products. 


Figure 3.265 Nonlinear generator spectra: uncorrected amplifier, the amplifier 
with nulling optimized for third-order products, and nulling optimized for fifth- 
order products. 
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3.12.3.6 Baseband Predistortion [67] 


Another approach for a complete transmitter is to use a DSP to apply the 
predistortion to the baseband (analog or digital) modulation signals prior to 
upconversion. The mapping-based predistorter uses a large look-up table to map 
the input І/О signals to new predistorted values. This can provide excellent 
performance but may require many Mbits of memory and can be slow to 


converge and to adapt to changes. An alternative is the gain-based predistorter, 
which uses the envelope level to modify the complex output signal, with 
interpolation between stored values. The reduced memory requirements are 
traded-off for the increased computational requirements. A third alternative is 
analogue baseband predistortion in which the predistortion is applied to the 
baseband signals with analogue circuits, which may in turn, be controlled by a 
DSP controller. It is likely that baseband (adaptive) predistortion will become 
more widespread as the performance of DSPs and analog-digital converters 
increases and the cost and power consumption decreases. 


RF Linearity Complexity! 

Technique Bandwidth Improvement Efficiency Risk 
Power back-off Wide Good Low Low 
RF feedback Narrow to moderate Poor Low Moderate 
Envelope feedback Moderate Low Moderate Low 
FE&R Narrow Moderate High Moderate 
Polar loop Narrow to moderate High High High 
Cartesian loop Narrow to moderate High High Moderate to high 
Feedforward nonadaptive Wide Moderate Low Moderate 
Feedforward adaptive Wide High Low High 

control 
Baseband predistortion Moderate to wide Moderate High Moderate to high 
Nonlinear generator Moderate to wide Low High Moderate to high 

predistortion 
Gain and phase Moderate to wide Low High Moderate 


predistortion 


3.12.4 Impedance Matching Networks Applied to RF 


Power Transistors 


Introduction 


Some graphical and numerical methods of impedance matching will be reviewed 
here. The examples given will refer to high-frequency power amplifiers. 

Although matching networks normally take the form of filters and therefore 
are also useful to provide frequency discrimination, this aspect will be 
considered only as a corollary of the matching circuit. 

Matching is necessary for the best possible energy transfer from stage to stage. 
In RF-power transistors, the input impedance is of low value, decreasing as the 
power increases, or as the chip size becomes larger. This impedance must be 


matched either to а generator—of generally 50 © internal impedance—or to a 
preceding stage. Impedance matching has to be made between two complex 
impedances, which makes the design still more difficult, especially if matching 
must be accomplished over a wide frequency band. 


Device Parameters 


Input Impedance 


The general shape of the input impedance of RF-power transistors is as shown in 
Figure 3.266. It is a large-signal parameter, expressed here by the parallel 
combination of a resistance Rp and a reactance X,, [68]. 


Figure 3.266 Input impedance of RF power transistors as a function of 
frequency. 





The equivalent circuit shown in Figure 3.267 accounts for the behavior 
illustrated in Figure 3.266. With the presently used stripline or flange packaging 
most of the power devices for VHF low band will have their Rp and X, values 


below the series resonant power f,. The input impedance will be essentially 
Capacitive. 


Figure 3.267 Equivalent circuit for the input impedance. Rp = emitter diffusion 
resistance; Ср,Стр = diffusion and transition capacitances, respectively, of the 
emitter junction; Egg: = base spreading resistance; Cc = package capacitance; Ls 
= base lead inductance. 





Most of the VHF high-band transistors will have the series-resonant frequency 
within their operating range; that is, they will be purely resistive at one single 
frequency fs, which the parallel-resonant frequency f, will be outside. 

Parameters for 1-ог 2-GHz transistors will be beyond f, and approach },. They 
show a high value of Rp and X, with inductive character. 

A parameter that is very often used to judge on the broadband capabilities of a 
device is the input Q ог Ору, defined simply as the ratio Rp/X,. Practically, Qin 
ranges around 1 or less for VHF devices and around 5 or more for microwave 
transistors. 

Оту is an important parameter to consider for broadband matching. Matching 
networks normally are lowpass or pseudo-lowpass filters. If Ору is high, it can 
be necessary to use bandpass filter types matching networks and to allow 


insertion losses. But broadband matching is still possible. This will be discussed 
later. 


Output Impedance 
The output impedance of RF power transistors, as given by all manufacturers’ 
datasheets, generally consists of only a capacitance Сот. The internal resistance 
of the transistor is supposed to be much higher than the load and is normally 
neglected. In the case of a relatively low internal resistance, the efficiency of the 
device would decrease by the factor 

(3.204) 1 + Ri /Rr 
where А; is the load resistance, seen at the collector-emitter terminals, and Ry 


the internal transistor resistance equal to 
1 


(3.205) r(Crc + Срс) 
defined as a single parameter, where от = transit angular frequency, and Стс апа 
Cpc = transition and diffusion capacitances, respectively, at the collector 
junction. 

The output capacitance, Сот, which is a large-signal parameter, is related to 


the small-signal parameter Сер, the collector—base transition capacitance. 

Since a junction capacitance varies with the applied voltage, Coyr differs from 
Ссв in that it has to be averaged over the total voltage swing. For an abrupt 
junction and assuming certain simplifications, Cour = 2Ссв. 

Figure 3.268 shows the variation of Сорт with frequency. Coyr decreases 


partly due to the presence of the collector lead inductance, but mainly because of 
the fact that the base-emitter diode does not shut off anymore when the 
operating frequency approaches the transit frequency, fr. 


Figure 3.268 Output capacitance Сот as a function of frequency. 
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Output Load 
In the absence of a more precise indication, the output load В, is taken equal to 
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with Ver (sary equal to 2 or 3 V, increasing with frequency. 


The above equation just express a well-known relation, but also shows that the 
load, in first approximation, is not related to the device, except for Vcg(san. The 


load value is primarily dictated by the required output power and the peak 
voltage; it is not matched to the output impedance of the device. 

At high frequencies, this approximation becomes less exact, and for 
microwave devices the load that must be presented to the device is indicated on 
the datasheet. 

Strictly speaking, impedance matching is accomplished only at the input. 
Interstage and load matching are more impedance transformations of the device 
input impedance and of the load into a value R; (sometimes with additional 


reactive component) that depends essentially on the power demanded and the 
supply voltage. 


Matching Networks 
In the following, matching networks will be described by the order of 
complexity. These are ladder-type reactance networks. 

The different reactance values will be calculated and determined graphically. 
Increasing the number of reactances broadens the bandwidth. However, 
matching networks consisting of more than four reactances are rare. Above four 
reactances, the improvement is small. 


Numerical Design 


Two-Resistance Networks 


Resistance terminations will first be considered. Figure 3.269 shows the reactive 
L section and the terminations to be matched. 


Figure 3.269 Two-reactance matching network. 
X; 





Matching or exact transformation from R, into R, occurs at a single frequency 
fo- At fo, X4 and Х- are equal to 
/ Нә 





(3.208) ^2 ^ Fv Fat — Ra) = № 


At fo, ХХ = R4R». X, and X, must be of opposite sign. The shunt reactance is 





in parallel with the larger resistance. 
The frequency response of the L section is shown in Figure 3.270, where the 
normalized current is plotted as a function of the normalized frequency. 


Figure 3.270 Normalized frequency response for the L section in lowpass or 
high-pass form. 
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If X, is capacitive and consequently X, is inductive, then 
fo ! Re fo 








(20) ув а ^. 
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The normalized current absolute value is equal to 
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Po o T 


(3.211) Jo- (£)! -3(£) «e» 


where h = X and is plotted in Figure 3.270 [69]. 








If X, is inductive and consequently X; is capacitive, the only change required 
is a replacement of f by fy and vice-versa. The L section has lowpass form in the 
first case and high-pass form in the second case. 

The Q of the circuit at fy is equal to 
Хә Вур 
Нә А 





(3.212) 9 = 


For a given transformation ratio п, there is only one possible value of О. Оп 
the other hand, there are two symmetrical solutions for the network that can be 
either a lowpass filter or a high-pass filter. 

The frequency fg does not need to be the center frequency, (f, + f>)/2, of the 
desired band limited by f, and fọ. In fact, as can be seen from the lowpass 
configuration of Figure 3.270, it may be interesting to shift fy toward the high- 
band edge frequency f, to obtain a larger bandwidth w, where 


(3.213) fa fi 

This will, however, be at the expense of poor harmonic rejection. 
EXAMPLE: For a transformation ratio n = 4, it can be determined from the 
above relations: 


Bandwidth w 0.1 0.3 
Max insertion losses 0.025 0.2 
Xi Ri 1.730 1.712 


If the terminations R, and R, have a reactive component X, the latter may be 


taken as part of the external resistance as shown in Figure 3.271. This 
compensation is applicable as long as 





Aext = Ж SF Хін 
Y Ат Ам 
чаш 

Xin Ху 








Omer = | ру 
(3.214) "^" ^g, т" 


Tables giving reactance values can be found in Refs [70] and [71]. 


Use of Transmission Lines and Inductors 


In the preceding section, the inductance was expected to be realized by a lumped 
element. A transmission line can be used instead (Figure 3.272). 


Figure 3.272 Use of a transmission line in the L section. 
A, L A, Z(O, L) 





As can be seen from the computed selectivity curves (Figure 3.273) for the 
two configurations, transmission lines result in a larger bandwidth. The gain is 
important for a transmission line having a length L = A/A(O = 90°) and а 
characteristic impedance Z = «RiR. It is not significant for lines short with 
respect to A/4. One will notice that there is an infinity of solutions, one for each 
value of C, when using transmission lines. 





Figure 3.273 Bandwidth of the L section for n = 10 (a) with lumped constants 
and (b) with transmission line (2/4). 





Transformation ratio n= 10 


Three-Reactance Matching Networks 


The networks that will be investigated are shown in Figure 3.274. They are made 
of three reactances alternately connected in series and shunt. 


Figure 3.274 Three-reactance matching networks. 
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A three-reactance configuration allows the designer to make the quality factor 
(Q) of the circuit and the transformation ratio n = R;/R, independent of each 
other and consequently to choose the selectivity between certain limits. 

For narrowband designs, one can use the following formulas (see Ref. [72], 
where tables are given. 

Network (a): 


m | НА Нә 
ee e R 
(3.216) ү (+105 
| QR, + (Ri Ba! Xc3) 
Ap = ————— К a = 
(3.217) Qt 
Network (b): 


(3.218) Xp H0 (Q must be first selected 
(3.219) Хі: = №: B 
(3.220) А = Rı(1 + Q?) 
А 
© + В 


Xe = 

(3.221) 
{ А 

B=,/—-1 
(3.222) ҮН, 
Network (с): 
(3.223) Ari ©: Ву Q must be first selected 
(3.224) Ace = A- № 


Ha + Q?) | 


(3.225) ^ Von 


(3226) ^ Q-A 

(3.227) B = В,. (1+ Q7) 

The network that yields the most-practical component values should be 
selected for a given application. 

The three-reactance networks can be thought of as being formed of an L 
section (two reactances) and of a compensation reactance. The L section 
essentially performs the impedance transformation, while the additional 
reactance compensates for the reactive part of the transformed impedance over a 
certain frequency band. 

Figure 3.275 shows a representation in the Z plane of the circuit of Figure 
3.274a split into two parts: К, — С, ~ L4 and C5 - R3. 


Figure 3.275 Z-plane representation of the circuit of Figure 3.292a. 
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Exact transformation from R, into №, occurs at the points of intersection М and 
М. Impedances are then conjugate, or Z = R' + jX'andZ =R +jX withR’=R 
and X'=-X. 

The only possible solution is obtained when X' and -X аге tangential to each 
other. For the dashed curve, representing another value of L, or С), a wider 
frequency band could be expected at the expense of some ripple inside the band. 
However, this can only be reached with four reactances as will be shown below. 

With a three-reactance configuration, there are not enough degrees of freedom 
to permit X' = - X and simultaneously obtain the same variation of frequency on 
both curves from point M' to point N'. Exact transformation can, therefore, be 
obtained at only one frequency. 

The values of the three reactances can be calculated by making 


ді Hu м " ах! ах" 
Х'=-Х", R'=R", and =. 
(3.228) | on ағ ар" 


The general solution of these equations leads to complicated calculations. 





Therefore, computed tables should be used. 

One will note from Figure 3.275 that the compensation reactance contributes 
somewhat to impedance transformation; that is, R' varies when going from 
complicated M to R». 


The circuit of Figure 3.274b is dual with respect to the first one and gives 
exactly the same results in a Y-plane representation. The circuit of Figure 3.274c 
is somewhat different since only one intersection M exists as shown in Figure 
3.276. Narrower frequency bands must be expected from this configuration. The 
widest band is obtained for С, = оо, 


Figure 3.276 Y-plane representation of the circuit of Figure 3.292c. 
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Again, if опе of the terminations has а reactive component, the latter can be 
taken as a part of the matching network, provided that it is not too large (see 


Figure 3.273). 


Four-Reactance Networks 


Four-reactance network are used essentially for broadband matching. The 
networks that will be considered in the following consist of two two-reactance 
sections in cascade. Some networks have pseudo-lowpass-filter character, others 
have bandpass-filter character. In principle, the former show narrower bandwidth 
since they extend the impedance transformation to very low frequencies 
unnecessarily, while the latter ensure good matching over a wide frequency band 
around the center frequency only (see Figure 3.279). 

The two-reactance sections used in the networks in Figure 3.277 have either 
transformation properties or compensation properties. Impedance transformation 
is obtained with one series reactance and one shunt reactance. Compensation is 
made with both reactances in series or in shunt. If two cascaded transformation 
networks are used, transformation is accomplished partly by each one. 


Figure 3.277 Four-reactance networks. 
(a) A5 M Аз 





With four-reactance networks there are two frequencies, f, апа f>, at which the 
transformation from R, into R, is exact. These frequencies may also coincide. 
For the network in Figure 3.277b, for instance, at point М, В) or R, is 
transformed into „RiR when both frequencies fall together. At all points (М), Z4 
and Z» are conjugate if the transformation is exact. 


In the case of Figure 3.277b, the reactances are easily calculated for equal 
frequencies: 





AY == | -m 
(3.229) ұуа-1 


Xz = R) | = 
(3.230) \ 
(3.231) z1 -X4 = Ry: Fa = Ag: Xa 
Мы — — A 
(3.232) үзүн 


т 
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For the network іп Figure 3.277а, normally, at point (М) Z, and 7» are 


complex. This pseudo-lowpass filter has been computed elsewhere [70]. Many 
tables can be found in the literature for networks of four and more reactances 
having Chebyshev character or maximally flat response [70, 71, 73]. 

Figure 3.278 shows the transformation path from А; to R, for networks (а) and 


(b) in Figure 3.277 on a Smith Chart. 
Figure 3.278 Transformation paths for networks (a) and (b). 
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Case (a) of Figure 3.278 has been calculated using tables in Ref. [71]. Case (b) 
has been obtained from the relationship given above for X, ... X4. Both apply for 


a transformation ratio equal to 10 and for R, = 1. There is no simple relationship 
for X1... X; of network (b) if f, is made different from f; for larger bandwidth. 


Figure 3.279 shows the respective bandwidths of network (a) and (b) for the 
circuits shown in Figure 3.278. 


Figure 3.279 Selectivity curves for networks (a) and (b) of Figure 3.296. 
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If the terminations include а reactive component, the computed values for X, 
or X, may be adjusted to compensate for this. 

For configuration (a), it can be seen from Figure 3.278 that, in the considered 
case, the Qs are equal to 1.6. For configuration (b), Q^, which is equal to 6, is 
fixed for each transformation ratio 

n | 2 |4 " 8 | 1 

(3.234) 21 = 05 aep n 

The maximum value of reactance that the terminations may have for use in this 
configuration can be determined from the above values of Q'. 

If R, is the load resistance of a transistor, the internal transistor resistance may 


———— 
i 
i 


] y— 
Q' = {уп 1 





not be equal to R,. In this case, the selectivity curve will be different from the 


curves given in Figure 3.279. Figure 3.280 shows the selectivity for networks (a) 
and (b) when the source resistance R, is infinite. From Figure 3.280, it can be 


seen that network (a) is more sensitive to changes in R, than network (b). 


Figure 3.280 Selectivity curves for networks (a) and (b) of Figure 3.296 with 
infinite R,. 
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As mentioned earlier, the four-reactance network can also be thought of as two 
cascaded two-reactance sections: one used for transformation and the other for 


compensation. Figure 3.281 shows commonly used compensation networks, 
together with the associated L section. 


Figure 3.281 Compensation networks used with an L section. 


(a) Compensation network 





The circuit of Figure 3.281a сап be compared to the three-reactance network 
shown in Figure 3.274c. The difference is that capacitor C, if that circuit has 


been replaced by an LC circuit. The resulting improvement can be seen by 
comparing Figure 3.282c with Figure 3.276. 


Figure 3.282 Y-plane representation of the circuit of Figure 3.299a. 
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By adding опе reactance, exact impedance transformation is achieved at two 
frequencies. It is now possible to choose component values such that the point of 
intersection М” occurs at the same frequency |, on both curves апа 
simultaneously that N' occurs at the same frequency f; on both curves. Among 
the infinite number of possible intersections, only one allows the achievement of 
this. 

When М” and N' coincide іп M, the new dX'/df = dX /df condition can be added 


to the condition X' = — X (for three-reactance networks) and similarly R' = R 
and dR'/df = dR /df. 

Again, a general solution of the above equations leads to still more 
complicated calculations than in the case of three-reactance networks. Therefore, 
tables are preferable [70, 71, 73]. 

The circuit of Figure 3.281b is the dual the circuit of Figure 3.279a and does 
not need to be treated separately. It gives exactly the same results in the Z plane. 
Figure 3.281c shows а higher-order compensation requiring six reactive 
elements. 

The above-discussed matching networks employing compensation circuits 
result in narrower bandwidths than the former solutions (see “Four-Reactance 
Networks,” above) using two transformation sections. A matching arrangement 
with higher-order compensation, such as in Figure 3.281c, is not recommended. 
Better use can be made of the large number of reactive elements by using them 
all for transformation. 

When the above configurations are realized using short portions of 
transmission lines, the equations or the usual tables no longer apply. The 
calculations must be carried out on a computer because of their complexity. 
However, a graphical method can be used (see the next section) that will consist 
essentially in tracing a transformation path on the Z-Y chart using the computed 
lumped element values and replacing it by the closest path obtained with 
distributed constants. The bandwidth change is not significant as long as short 
portions of lines are used. 


Matching Networks Using Quarter-Wave Transformers 


At sufficiently high frequencies, where A/4-long lines of practical size can be 
realized, broadband transformations can easily be accomplished by the use of 
one or more A/4 sections. Figure 3.283 summarizes the main relations for (а) 
one-section and (b) two-section transformation. А compensation network can be 
realized using a A/2-long transmission line. Figures 3.284 and 3.285 show the 
selectivity curves for different transformation ratios and section numbers. 


Figure 3.283 Transformation networks using A/A-long transmission lines. 





Figure 3.284 Selectivity curves for two A/A-section networks at different 
transformation ratios. 


1.0 
0.9 
0.8 


0.74 





ЖҮР; 
0.6 0.8 1.0 12 1.4 


Figure 3.285 Selectivity curves for one, two, and three A/4 sections. 





ea = 
/ п=4 
0.9 
0.8 
0.7- З 
| Agia 
0.6 1.4 


Exponential Lines 


Exponential lines have largely frequency-independent transformation properties. 
The characteristic impedance of such lines varies exponentially with their length 
[: 

(3.235) Z = Zo e" 
where К is a constant, but these properties are preserved only if К is small. 


Broadband Matching Using Bandpass-Filter Networks—High-C Case 


The above circuits are applicable to devices having low input or output Q, if 
broadband matching is required. Generally, if the impedances to be matched can 
be represented for instance by a resistor R in series with an inductor L 
(sometimes a capacitor C) within the band of interest and if L is sufficiently low, 
the latter can be incorporated into the first inductor in the matching network. 
This is also valid if the representation consists of a shunt combination of a 
resistor and a reactance. 

Practically, this is feasible for Qs around 1 or 2. For higher Qs or for input 
impedances consisting of a series or parallel resonant circuit (see Figure 3.267), 
as it appears to be for large bandwidths, a different treatment must be followed. 

Let us first recall that, as shown by Bode and Fano [74, 75], limitations exist 
on the impedance matching of a complex load. In the example of Figure 3.286, 
the load to be matched consists of a capacitor C and a resistor R in shunt. 


Figure 3.286 General matching conditions. 
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The reflection coefficient between the transformed load and generator is equal 


to 
= ‚лм — Hg 

(3.236) óm + Rg 

When Г = 0, there is perfect matching; when Г = 1, there is total reflection. 
The ratio of reflected to incident power is 


Hh — ima 
(3.237) Р, 
The fundamental limitation on the matching takes the form 
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and is represented in Figure 3.287. 


Figure 3.287 Representation of the Bode equation. 
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The meaning of the Bode equation is that the area S under the curve cannot be 
greater than ;/RC, and therefore, if matching is required over a certain 
bandwidth, this can only be done at the expense of less power transfer within the 
band. Thus, power transfer and bandwidth appear as interchangeable quantities. 

It is evident that the best utilization of the area S is obtained when |I| is kept 
constant over the desired band c, and made equal to 1 over the rest of the 


spectrum. Then 


(3.239) 1 = e =ске 

within the band and no power transfer happens outside. A network fulfilling 
this requirement cannot be obtained in practice as an infinite number of reactive 
elements would be necessary. 

If the attenuation is plotted versus frequency for practical cases, one may 
expect to have curves like the ones shown in Figure 3.288 for a lowpass filter 
having Chebyshev character. 


Figure 3.288 Attenuation versus angular frequency for different bandwidths 
with the same load. 

















For a given complex load, an extension of the bandwidth from c to œ, is 


possible only with a simultaneous increase of the attenuation a. This is 
especially noticeable for Qs exceeding 1 or 2. (see Figure 3.289). 


Figure 3.289 Insertion losses as a function of 1/Q. 
ав; 





1 Ше, 


Thus, devices having relatively high input Qs are usable for broadband 
operation, provided the consequent higher attenuation or reflection introduced is 
acceptable. 

The general shape of the average insertion losses or attenuation a (neglecting 
the ripple), the attenuation decreases if the number n of the network element 
increases. But above n = 4, the improvement is small. For a given attenuation a 
and bandwidth, the larger the n the smaller the ripple; for a given attenuation, the 
larger the n the larger the bandwidth. 

Computations show that for Q < 1 and n< 3, the attenuation is below 0.1 dB 
(approximately). The impedance transformation ratio is not free here. The 
network is a true lowpass filter. For a given load, the optimum generator 
impedance will result from the computation. 

Before impedance transformation is introduced, a conversion of the lowpass 


prototype into а bandpass-filter network must be made. Figure 3.290 summarizes 
the main relations for this conversion. r is the conversion factor. For the 
bandpass filter, Отчтах» or the maximum possible input Q of the device to be 





Impedance inverters will be used for impedance transformation. These 
networks are suitable for insertion into a bandpass filter without affecting the 
transmission characteristics. 

Figure 3.291 shows four impedance inverters. It will be noticed that one of the 
reactances is negative and must be combined in the bandpass network with a 
reactance of at least equal positive value. Insertion of the inverter can be made at 
any convenient place [69, 76]. 


Figure 3.291 Impedance inverters. 
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convenient series reactance. 


As stated above, the series combination of Rp, L; and C; normally constitutes 
the equivalent input network of a transistor when considered over a large 


bandwidth. This is a good approximation up to about 500 MHz. 


In practice, the normal procedure for using a bandpass-filter matching network 


will be the following. 


1. For a given 


as 
ал L; 


bandwidth center frequency and input impedance of a device 
to be matched—for example, 50 Q— first determine Qiy from the data sheet 


(3.240) Ro 


after having eventually added a series reactor for centering. 
2. Convert the equivalent circuit Ройл С into a lowpass prototype А; and 
calculate Ору using the formulas of Figure 3.290. 


3. Determine the other reactance values from tables [70] for the desired 
bandwidth. 


4. Convert the element values found by Step 3 into series-or parallel- 
resonant circuit parameters. 


5. Insert the impedance inverter in any convenient place. 


In the above discussions, the gain rolloff has not been taking into account. This 
is of normal use for moderate bandwidths (e.g., 3096). However, several methods 
can be employed to obtain a constant gain within the band despite the intrinsic 
gain decrease of a transistor with frequency. Tables have been computed 
elsewhere [77] for matching networks approximating 6 dB/octave attenuation 
versus frequency. 

Another method consists of using the above-mentioned network and then 
adding a compensation circuit as shown in Figure 3.292. 


Figure 3.292 Rolloff compensation network. 
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Resonance ор is placed at the high edge of the frequency band. Choosing О 


correctly, rolloff can be made 6 dB/octave. The response of the circuit of Figure 
3.292 is expressed by 
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where o < cy. This must be equal to c/o; for 6 dB/octave attenuation. 


At the other band edge a, exact compensation can be obtained if 
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(3.242) 

There are several methods available for synthesis of matching networks. They 
should not be confused with filters because they can be either high-pass, 
lowpass, or bandpass, and their main purpose is to match one complex 
impedance to another. In many cases, one of the terminations happens to be 50 © 
and real, but this is just a “lucky” case of the general approach. An excellent 
paper on this [78] refers to the *real frequency" technique. Another equally 
important publication is the one by Cuthbert [79], since followed by his book 
[80]. Two more good references are [81] and [82]. 


3.12.5 Example 2: Low-Noise Amplifier Using 
Distributed Elements 


In our previous examples, the amplifiers were built around lumped elements. 
Taking the fact that a transmission line length of less than A/4 is an inductor and 
3/4 А is a capacitor. The whole amplifier can be built around microstrip 
technology. 

If anybody wonders why we are going to show a low-noise amplifier in the 
middle of the power section, the reason is that we will select a low-power 
Infineon transistor which, being operated Class A, has an intercept point of +30 
dBm and can easily achieve a noise figure of less than 2 dB. Such an amplifier is 
attractive when feeding an input stage from an antenna that sees many signals 
and curtails the bandwidth with an input filter of good selectivity that needs a 
good output termination, which in many cases works against the achievement of 
a good noise figure because when designing for best noise figure the input 
impedance of the transistor stage is far from 50 Q. 

First, we will start with the textbook approach and use the Smith diagram to 
obtain the best noise figure the device is capable of, and see what happens. 
Figure 3.293 shows the actual approach to input and output matching. 


Figure 3.293 Input and output matches for 13.47 dB of gain and NF = 1.91 dB 
as displayed by the interactive Smith Tool. 





We start our design by querying the Smith Tool about the minimum noise 
figure and the gain that comes with it. We mark the point of the lowest noise 
figure (labeled Г). The small noise circle yields the location for Го, and tells 


us the minimum noise figure is going to be 1.91 dB. (By the way, this assumes 
no further losses, even in soldering the transistor to the PC board.) Then we 
construct the input gain circle (G1) that touches Го, and turns out to represent 
13.47 dB of available gain. 

The next step is to find a matching network between Г, and the 50-Q source 


opt 


impedance. Immediately, there is a conflict; if we look at S,,, which is the input 


reflection coefficient shown in the Smith diagram, it is on the other side of the 
complex plane and sufficiently far away, indicating that there is going to be quite 
a difference between noise matching and power-gain matching. We have two 
options for matching the input: either we start from the origin and move toward 
the position of Го,» or we start with Го, and go to 50 €. Depending on the 
direction in which we do this, this can result in different topologies, such as a 
high-pass or lowpass filter. The high-pass filter is obtained with starting with 


Гор; the lowpass topology is obtained when starting at the 50-Q point. The 
Smith Tool then provides us with the corresponding values of capacitors and 
inductors after the transformation has been accomplished. 

The final step is to do the same type of matching at the output. We start with 


S55, and either select 55; (the complex conjugate for highest gain) or S55,,,4. As a 


rule, the second one is always a lower impedance (in terms of the real part) than 
the conjugate match. This graphic procedure is somewhat of a trial and error. As 
to the topology, a high-pass match should be preferred at the input and a lowpass 
match at the output. The reason for this is that the high-pass filter will tend to 
protect the stage from the enormous number of signals present below 1 GHz; 
using a lowpass filter at the output suppresses unwanted harmonics that the 
amplifier may generate. Figure 3.294 shows one of the approaches we like 
simply best because it gives a good input termination and we were trying for a 
simultaneous match for best noise figure and power gain. 


Figure 3.294 A 2.4-GHz amplifier using a BFP450 transistor and lumped- 
element input and output matching. 









The way we were able to achieve this was to take advantage of the existing 
feedback in the transistor and select a less-than-optimal output termination but 
gaining at the input. The way this works is, taking advantage of the Miller effect, 
we rotate the phase angle of the feedback with the load to move the optimum 
noise and gain matching points closer. The danger of this is that this condition is 
now highly sensitive to both input and output termination. The output must see 
50 €2 to maintain this good input match, but since the second transistor stage can 
now be optimized for best input match, a two-stage combination can be 
configured to meet this requirement. Also let us not forget that the device is 
running 50 mA and as far as bipolar transistors is concerned, this is probably the 


best amplifier combination we have seen for getting the highest dynamic range 
and lowest noise figure, providing a high dynamic range. The resulting gain, 
matching, and noise figure characteristics are shown in Figure 3.295. 


Figure 3.295 Frequency-dependent gain, matching, and noise characteristics of 
the matched high-dynamic-range BFP450 2.4-GHz amplifier. 
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Now we turn to using distributed elements and at the same time use a shunt 
feedback at the output; to be specific, we will load it with 150 Q. The reason for 
this is to be able to get still a good compromise at the input that will depend less 
on the output and at the same time improve the 5-; matching at the output. The 


procedure to doing the matching now offers only certain degrees of freedom as a 
transmission line while doing the matching with lumped elements allows the 
choice of series or parallel inductors or capacitors. In the case of transmission 
line, we have open stubs, shorted stubs, and transmission lines. This may result 
in somewhat more complex matching schemes. On the positive side, they can be 
easily trimmed, are reproducible, and certainly cost less than exotic capacitors, 
which need to have small tolerances and be able to tolerate high RF currents. 

The resulting input and output matching is shown in Figure 3.296, and its 
frequency response in Figure 3.297. We were able to maintain a good input and 
output match with an insignificant deterioration of the noise figure. 


Figure 3.296 Distributed-element input and output matching for the 2.4-GHz 


BFP450 amplifier. 
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Figure 3.297 Predicted frequency-dependent gain, matching, and noise 


performance for the BFP450 amplifier with distributed-element matching. 
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Since this is a high-dynamic-range amplifier, we also show its predicted two- 
tone response in Figure 3.298. The manufacturer specifies ап ІР; in of 29 dB for 
а bias point of Vcg = З and Ic = 50 mA with Zs = сор, and Zr = “ор at 1.8 
GHz. Significantly, however, the manufacturer-supplied nonlinear BFP450 
library we used exhibits considerably different characteristics at Vcg = 4 and Ic 


= 50 than those reflected in the corresponding S parameters supplied by the same 
manufacturer. In our circuit, the S parameters resulted in about 13.5 dB of gain 


(based on a compromise between matching for optimum noise and maximum 
gain) versus about 9.5 dB of gain for the nonlinear library (match optimized for 
maximum gain). The difference between the 2.4 GHz F,,,, values returned for 


the two modeling approaches is similarly striking: 1.90 dB for the bare S 
parameter set and 7.76 dB for the bare nonlinear library biased to Vcg = 4 and Ic 


- 50 mA. Although the foundry supplied model for this transistor surely has 
been improved since the time of writing the first edition of this book, we keep 
this result as a warning not to trust any model without doing any validation. 


Figure 3.298 Predicted two-tone response of the BFP450 amplifier with the 
circuit adjusted for maximum gain (9.5 dB): ІР; in ~ 28.5 dBm and ІР; out * 38 


dBm. That this version's gain is significantly lower than that of the S-parameter- 


based equivalent illustrates the need for better accuracy in parameter extraction. 
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Having fully evaluated the amplifier at 2.4 GHz as a working example, we 
note that this frequency is used by radio amateurs for some applications. We will 
therefore supply examples for 432 and 1296 MHz, popular spot frequencies in 
the amateur 70-and 23-cm bands, respectively. Figures 3.299 and 3.300 show the 
432-МН? version's schematic and frequency-dependent responses. Figures 3.301 
and 3.302 show the schematic and frequency-dependent responses for the 1296- 
MHz version. 





Figure 3.299 Schematic of BPF450 amplifier for 432 MHz. Because the 
BFP450's fr = 25 GHz, at this lower frequency we must shunt the device output 


with a 50-Q resistor to maintain stability. 
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Figure 3.300 Frequency-dependent gain, matching, and noise for the BPFA50 
amplifier at 432 MHz. As with the circuit in Figure 3.317, the input and output 
network values have been chosen to achieve a low NF and good input matching 


at the expense of the output match. 
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Figure 3.301 Schematic of the BPF450 amplifier for 1296 MHz. A loading 
resistor is still necessary to ensure stability, but because the transistor exhibits 
less gain at this frequency than at 432 MHz, we can increase the loading resistor 
to 150 Q. 


Input Uutput 













Dev ice :BFP 454 
File: BFP454. 52P 
Label :01 


FES 


step 1.6GHz 1.4bhz 6.1GHz 


Figure 3.302 Frequency-dependent gain, matching, and noise responses of the 
BFP450 amplifier at 1296 MHz. As with the two previous versions, the input 
and output network values have been chosen to achieve a low NF and good input 


matching at the expense of the output match. 
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Using a bipolar transistor that operates at much less current, the noise figure 
can be improved at the expense of the dynamic range/intercept point. It is 
possible to reduce the noise figure by about 1 dB or so, but the reduction in 
intercept point will be much more dramatic. Another choice is the use of 
GaAsFETs for this application, but their matching in comparable circuits has 
been described as a nightmare simply because the devices have too much gain 
and very high input impedances (essentially 0.2 pF in series with 3 Q), combined 
with reasonable output impedances in the vicinity of 240 ©. Here is a wide field 


for engineers to experiment and look at price/performance and performance/real 
estate issues. GaAsFETS also tend to require more than 30-40 mA to be alive, 
and even the low operating voltage of 4-5 V makes the device take a lot of dc 
power. 


3.12.6 Example 3: 1-W Amplifier Using the CLY15 


The following is an application showing a fairly wideband amplifier with +30 
dBm (1 W) output. We need to point out that in accordance with the various 
digital modulation modes used with this amplifier, this is not continuous 
operation, but a much less than 1:1 duty cycle operation. The device would 
probably not survive operating at full output under CW conditions. Since there is 
no useful large-signal model available at the time of this writing, we will design 
this Class A amplifier using large dc bias S parameters. In the actual design, 
there will be some cut-and-try, but we find that in this type of application this is 
still the best way of handling. 

The CLY15 (gate width 16 mm) is the largest of a series of Siemens 
GaAsFETs. Its device family also includes the CLY2 (gate width 2 mm), CLY5 
(4 mm), and CLY10 (8 mm). One of the most critical parameters will be the 
saturation voltage; from the datasheet of the CLY15, we can see that at 1.5 A the 
saturation voltage is approximately 1 V. This drop of 1 V includes losses that 
result from other parasitic elements; the dc І-У curve (Figure 3.303a) indicates a 
saturation voltage of 0.75. Since we aim for 1 W output power, the resistive 
portion of the load will be (5 — 1)2/(1 x 2) = 80. This assumes a supply voltage 
of 5 V. 


Figure 3.303 Output and power characteristics for the CLY15 medium-power 
GaAsFET. 
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The next step is to design the input and output matching network. Previewing 
the S parameters, it will be noticed that they are essentially inductive, which 
means that the input match, using lumped elements, will result in a combination 
of capacitors both at the input and the output. Figures 3.304 and 3.305 show the 
way the input and output match were done on the Smith diagram resulting in 
lumped matching elements. By inspecting the lumped input matching, here is 
what we find. We start with S,,, which is in the lower part of the Smith diagram, 


and determine its conjugate match, 51. We already pointed out that this device is 
inductive, which means in order to match it from the conjugate point we need 
two capacitors. The first one is a series capacitor, as identified in the Smith 
diagram, and then finally a shunt capacitor to transform the impedance to 50 Q. 
A close inspection of the Smith diagram shows that the resulting point is not 
quite on 511; it is an iterative process to exactly find the crossover point, yet the 


input matching of better than 20 dB is more than acceptable. 








As far as the output is concerned, we use the same technique by moving from 


522 tO 55. S5, has been determined from the required output power; as we 


showed above, the real portion is 8 Q. Using the lumped elements, the matching 
technique is identical; we first need to use a series capacitor and then a shunt 
capacitor for the transformation. The arc for the series capacitor this time is 
much longer, resulting in a series capacitance of 11.2 pF instead of the 2.1-pF 
Capacitance used at the input. The actual schematic is shown Figure 3.306. The 
drawback of the lumped elements is that it is not practical to buy components 
that can handle the heavy RF currents that flow in the input and output networks. 
Taking the values obtained from the lumped input and output matching 
approach, Figure 3.307 shows the resulting frequency response. 


Figure 3.306 The complete amplifier using the CLY15 medium-power 


GaASsFET, with lumped-element input and output matching. 
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Figure 3.307 Frequency-dependent gain and matching responses of the CLY 15 
amplifier using ideal lumped elements. 
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The next step is to provide the same matching condition using distributed 
elements, which of course have the advantage that they can be printed on the PC 
board. Instead of using ideal elements, we used a loss tangent of 2 · 107°, ora О 
of 500. The manufacturer of the R4000 material (Rogers) provided this 
specification. Now we start with the same approach by moving from S,, to 51). 


From there, we use an open stub with a transmissionline impedance of 50 Q, 
followed by a transmission line to the point in the left lower comer, and finally, a 
shorted transmissionline stub allows the 50-02 matching. For this amplifier, we 
are not looking for noise matching but for input and output power matching. 
Figure 3.308 shows this match on the Smith chart. 


Figure 3.308 Input match for 81, (1 W) using distribution elements. 





At the output, the procedure again is similar: We move from the S,, for 1 W to 
a conjugate value, then use an open stub that acts like a capacitor until we cross 
the real axis; finally, a A/4 transmission line is used to match from approximately 
75-50 ©. Figure 3.309 shows this match on the Smith chart. This concludes the 
distributed matching design for the CLY15 amplifier. 


Figure 3.309 Output match for 53, (1 W) using distributed elements. 
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Finally, the complete circuit using distributed elements is shown in Figure 
3.310. From a dc point of view, we took advantage of the incoming shorted stub 
by using a transmission line of the appropriate length and a bypass capacitor to 
ground. This allows us to feed the gate with the required negative voltage 
without interfering with the frequency response of the amplifier. When 
evaluating the total frequency response (Figure 3.311), we noticed that this 
circuit seems to have a higher Q than the lumped equivalent. Again, to obtain a 
wider bandwidth, more transformation stages will be needed. We leave this task 
to the interested reader. 


Figure 3.310 The complete amplifier using the CLY15 medium-power 
GaAsFET, with distributed-element input and output matching. 
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Figure 3.311 Frequency-dependent gain and matching using distributed, lossy 


elements. 












































Response (dB) 





2.00) 2.20) 2.40 e. 5l) 
Frequency (GHz) 


The 1-dB bandwidth of the amplifier using distributed, lossy elements is 120 
MHz. If a wider bandwidth is required, matching networks with more elements 
are required. Because of the gain-bandwidth product, the peak gain for such a 


wider-bandwidth arrangement will be less than this narrowband example. 


Having used a lumped to distributed transformation, we next present a power 
amplifier that uses coaxial lines, baluns, and other transformation steps capable 


of handling the increased power requirement. 


3.12.7 Example 4: 90-W Push-Pull BJT Amplifier at 
430 MHz 


The last complete application we want to take a look at is a 90-W-output push— 
pull amplifier using two TRW transistors (that are no longer made—an all-too- 
frequent occurrence after a design is complete, resulting in a scramble for 
replacements). Figure 3.312 shows the circuit diagram of this UHF transistor 
amplifier, and Figure 3.313 shows its mechanical design. The amplifier requires 
28 V dc and will draw approximately 6 A, requiring 15 W of drive at 438 MHz. 
This amplifier is a Class AB-type amplifier, which means its application is not 
limited to FM and other angle-modulated signals, but accommodates even SSB 
(single sideband) operation. 


Figure 3.312 Circuit diagram of the 90-W, push—pull, 438-MHz linear amplifier. 
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The drive power coming from the source connected to the input N connector 
(15 W) is fed through a short piece of coaxial cable to the PC board sitting on 
top of the heat sink. To change from single ended to push-pull, a 50-02 coaxial 
cable is coiled up with sufficient electrical length and then feeds two 
symmetrical paths through amplifier. The RC section of 10 Q in parallel with a 
220-pF capacitor stabilizes the amplifier at lower frequencies, while at higher 
frequencies the 10-02 resistor has no contribution. There are two independent 4:1 
transformers, one for each section; they are built using 25-Q coaxial cable with a 
set of two binocular ferrite cores to force the transformation. At this point, the dc 
voltage is also fed to the transistors. The stabilization circuit consists of a 
temperature monitor using the p-n junction of a transistor, side mounted on the 
heat sink, and a combination of operational amplifiers and adjustments. This 
guarantees proper, temperature-independent biasing. The 4:1 input baluns result 
in 12.5 Q impedance or 3.125 € per transistor. Since the input impedance at this 
drive level is somewhere in the vicinity of [(1...2) + j(3...5)] ©. The final 
matching is accomplished by an RC section whereby the inductance is actually 
printed and the shunt capacitor across is soldered from base to base as close to 
the transistor bodies as possible. A ceramic-dielectric variable capacitor in 
parallel with this allows fine tuning. 

The output consists of an inductor from collector to collector that tunes out the 
capacitive reactance and makes the transistor output impedance real. We then 
follow the same pattern by taking a 1:4 transformer, but this time built using 10- 
Q rigid line instead of 25-02 rigid line. Together with the output capacitance, 
prior to the output balun, this is a medium-bandwidth matching arrangement that 


transforms up to 50 ©. The collector impedance per collector had to be (28 — 
2)2/2/90 resulting in roughly 3.8 Q—not that different from the input match at the 
balun point. This way, the matching networks at the input and output can be 
identical. At the output of the matching network, another coiled 50-Q coaxial 
cable serves as balun; because it must operate at the 90 W level, larger-diameter 
line was used than in the input balun. Finally, another section of rigid line is used 
to connect the output balun on the PC board to the output N connector. The 
output capacitor again helps in the transformation. 

Both the base and collector voltage supplies are heavily filtered using either 
ferrite-bead-based RF chokes and heavy wire inductors wound on low- 
impedance resistors. A fairly large number of these amplifiers were actually built 
and are still in use. 


3.12.8 Quasiparallel Transistors for Improved 
Linearity 


Some applications require really low intermodulation distortion. One of the 
authors (Rohde), during his tenure at RCA Government Systems Division, and 
his team developed a parallel-device topology that is somewhat similar to the 
conventional parallel approach but shows vastly increased linearity. In creating 
higher-power devices, manufacturers parallel several transistors in one package, 
connecting them in a clever way so the overall drive, dissipation, and output 
power are equally divided between all the devices. Special nickel-chromium 
ballasting resistors in the many fingers of the emitter connections of the multiple 
internal devices equalize any differences among the transistors while increasing 
the saturation voltage only by a small amount. In our high-linearity design, we 
used two transistors in parallel, one being biased somewhere between Class A 
and B, and the second one somewhere between B and C (Figure 3.314). The 
exact bias voltages and operating points had to be found through experiment. In 
practice, Q1, the "initially on" transistor, is driven to a point close to that at 
which its IMD products would increase. Q2 is biased such that at this same drive 
level it adds to the output power. 


Figure 3.314 The quasiparallel amplifier topology looks like a standard parallel 
amplifier. Biasing the devices to different operating points nets an improvement 
in IMD performance. 
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We frequently referred to this configuration as "turbocharged." The IMD 
products at full output power were down 40—45 dB, compared to 26—30 dB for a 
single transistor. While such an arrangement shows superior IMD performance, 
because of the somewhat abrupt kick-in of the second transistor, the 
transconductance response is semismooth, a characteristic that might make alert 
readers think that IMD will occur at this point. On the other hand, the 
transconductance for Q1 in effect saturates or stays constant, so when the 
transconductance responses of both transistors are overlaid, the result is a 
smooth response overall. 

This technique has been validated up to 100 W and up to at least 50 MHz. Its 
drawbacks include the need for two transistors with their associated cost, 
additional real estate, and higher input and output capacitances. Nonetheless, 
considering that MOS transistors capable of operation to 1 GHz were 
unavailable when this technique was developed, we believe that it should be 
revisited. 

The Class D and higher operating modes require a large number of additional 
components and will make the efficiency higher (selective in frequency), but not 
necessarily reduce the IMD products. A further point of consideration is that it is 
incorrect to assume that reducing the input level to a given Class A will 
necessarily reduce its IMD products. As with tubes, the closer one gets to the 
knee, even in Class A operation, the worse the IMD. (This phenomenon was 
particularly troublesome in systems using 1-kW amplifiers up to 150 MHz; 
underdrive with the intent of getting better IMD performance produced just the 


opposite result.) If а wide power range is considered, we recommend using а 
bias scheme that includes sufficient intelligence to find the best operating point. 

Another hot amplifier issue is that of IMD as a function of load impedance. If 
an amplifier is used at output power considerably below its design value, its load 
impedance will be too low and, depending on the circuit configuration, the result 
may be additional IMD. 


3.12.9 Distribution Amplifiers 


It is not uncommon that a signal from a particular source like an antenna has to 
be distributed at several places. A condominium is a typical place where from a 
main signal source the energy has to be split to provide a larger number of users 
—enough voltage or power to produce a noise-free picture. An amplifier capable 
of doing this is a distribution amplifier, not to be confused with a distributed (or 
traveling-wave) amplifier, such as that shown earlier in this chapter in Figure 
3.6. An interesting means of achieving this is to use multiple Wilkinson couplers 
following an amplifier. Figure 3.315 shows an arrangement that makes heavy 
use of multiple power dividers to provide multiple outputs. Theoretically, the 
reverse is also possible; if we want to collect energy from a number of sources 
and combine them, as on a cable, we can use Wilkinson couplers at the input of a 
gain block. Note, however, that depending the level and number of the combined 
signals, this may put enormous strain on the linearity of the amplifier. What we 
want to avoid is lot of distortion that, in the case of television, will show up as 
color confetti in the noise and signal. 


Figure 3.315 Distribution amplifier showing the use of multiple Wilkinson 
power dividers. 





3.12.10 Stability Analysis of a Power Amplifier 


One of the hidden pitfalls in narrowband circuit design is that a circuit may be 
unstable outside the frequency range of interest. Circuits containing structures 
built from distributed elements, which exhibit multiple resonances, can 
particularly susceptible to such instabilities. In this example, we analyze the 
stability of a simple FET power amplifier designed using small-signal concepts 
and the interactive Smith Tool utility in Ansoft's Serenade Design Environment. 
The evaluation shows how K factor analysis alone is not sufficient to check for 
stability of a design. 


Small-Signal ac Analysis 


We begin by taking the Figure 3.316 amplifier, which was designed for about 16 
dB of gain at 2.2 GHz. Due to the very low, capacitive input impedance of the 
FET and the proximity of the source-plane gain circles and stability circles to the 
edge of the Smith chart, the matching network attempts to transform 50 Q to an 
impedance of approximately (2.5 + j15)O. The impedance lies close to the 
Stability circles at 2 GHz, but remains in a stable region. The bias point selected 
(-3.5 V) is chosen for Class AB operation. Higher linear gain can be achieved 
by reducing the gate voltage to -2.0 V; at this bias point, the amplifier gain will 
increase to about 19 dB. 


Figure 3.316 2.2-GHz amplifier design for stability analysis. 








First, we will do a small-signal ac analysis and examine the S parameters, and 
K апа B, factors [see (3.154) and (3.157), respectively] from 1 to 6 GHz—well 


beyond the bandwidth of the design. Figure 3.317 shows the circuit's frequency- 
dependent gain and matching characteristics. 


Figure 3.317 Frequency-dependent gain and matching characteristics of the 
amplifier. Although the circuit is designed to 2.2-GHz operation, the periodic 
responses of its distributed-element-based input and output matching networks 
result in a second gain peak near 5.1 GHz. As we shall see, however, instabilities 
may result at frequencies that cannot be intuited from this graph. 
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If we examine B, and the stability factor K, we see that the amplifier is not 


unconditionally stable in the 2.2-GHz passband as shown in Figure 3.318. K dips 
Slightly below 1, although B, remains above zero. In practice, a slight change in 


design would be required to bring K above 1 and remove this potential 
instability. However, for this example, this is of no consequence, as we shall see 
below. 


Figure 3.318 К and B, for the 2.2-GHz amplifier. 
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Nyquist Stability Analysis 

Now we will utilize a Nyquist stability analysis to check the stability of the 
amplifier. To fully realize the advantages of a Nyquist stability analysis, we must 
Sweep frequency over a very wide range. We want to be able to pick up 
instabilities at anyfrequency, not just near the design frequency. In this example, 
we sweep from 1 kHz to 20 GHz. A start frequency of 1 kHz is chosen so we can 
determine the starting point of the Nyquist plot and we ensure we pick up any 
low-frequency resonances. The stop frequency is chosen past the fmax of the 
transistor (where we know it cannot oscillate). 

The analysis results are shown in polar plot form in Figure 3.319 and in 
magnitude-angle form in Figure 3.320. The polar graph shows the real and 
imaginary parts of the system determinant as frequency is swept. The 
magnitude-angle graph shows the magnitude and cumulative angle (no cut at 
+180°) of the system determinant as frequency is swept. The key to interpreting 


these graphs lie in the following statement drawn from the Nyquist criterion. 


Figure 3.319 Polar Nyquist plot for the 2.2-GHz amplifier covering 1 kHz to 20 
GHz. 








Figure 3.320 Magnitude and cumulative angle Nyquist plot for the 2.2-GHz 
amplifier covering 1 kHz to 20 GHz. 
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The circuit will be unstable if the Nyquist plot encircles the origin in a clockwise direction. 


The term “unstable” refers to existence of natural frequencies lying in the right 
half of the complex frequency plane (RHP). These natural frequencies on the 
RHP will cause oscillations. To encircle the origin in a clockwise direction 
means that the Nyquist plot will travel in a clockwise path, cross the negative 
real axis, and continue to completely surround the origin. If the path appears to 
encircle the origin but then “unravels” itself in a counter-clockwise direction, the 
origin is not actually encircled. Figure 3.319 shows that the origin is not 
encircled and therefore this circuit is stable. 

The magnitude-angle plot can assist you to determine if a clockwise 
encirclement has actually been made by recognizing the following. 


e To travel in a clockwise direction on a polar chart means to decrease phase 
angle. On a magnitude-angle plot, the phase will become more negative as 
frequency is increased (although it may not be monotonic). 

e [f the path crosses the negative real axis on the polar chart, it will cross 
—180° on the magnitude-angle plot. 

e Encirclement will occur if the phase angle continues to decrease to, say, 
—360°. If “unraveling” occurs, the phase angle will not stay below —360°. 
Figure 3.320 clearly shows that the phase angle decreases to about —180°, 
but does not decrease any more. Rather, the angle returns to a positive value 


and oscillates between about —40° апа +100°. Therefore, an encirclement 
did not occur, and the circuit is stable. 


An Unstable Case 


Let us now change the gate bias to -2 V—a value that increases the amplifier 
gain enough to cause instability. Figures 3.321 and 3.322 shows the results. 
From Figure 3.321, we can see that the origin is encircled in a clockwise 
direction. Figure 3.322 confirms this since the phase angle goes through —180° 
and continues without unraveling. 





Figure 3.321 Polar Nyquist plot of the unstable amplifier. 
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Figure 3.322 Magnitude-cumulative angle Nyquist plot of the unstable 
amplifier. 
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Approximate Frequency of Oscillation 


The frequency where the Nyquist plot crosses -180? is often the approximate 
frequency of the unstable right-half plane zeros and provides an estimate of the 
potential oscillation. For this example, there is a sharp crossing at 200 MHz that 
is characteristic of a circuit resonance. Note that the frequency is not related to a 
resonant frequency in a rigorous mathematical fashion, but it has been our 
experience that this frequency approximates the resonant frequency. To confirm 
the circuit's readiness for oscillation in the vicinity of this frequency, we evaluate 
it with Serenade's Oscillator Design Aid from 10 MHz to 1 GHz. The Design 
Aid finds an initial resonant frequency near 230.6 MHz—not too far from the 
-180° crossing frequency of 200 MHz of the Nyquist plot. Figure 3.323 shows 
this point. 


Figure 3.323 Graph from Serenade Oscillator Design Aid analysis of the 
amplifier. A resonant frequency is indicated where the imaginary part of the test 
current equals zero and the real part is negative. 
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Oscillator analysis finds a final oscillation frequency of 228.48 MHz. Figure 
3.324 shows the resulting output spectrum at Port 2. At this point, we decided to 
do a quick jump into Chapter 5 and take advantage of the CAD capability to 
predict the resulting phase noise, which is shown in Figure 3.325. As we 
compare this with other measured results, the approximately 228-MHz oscillator 
has a poor phase noise since the same phase noise is achievable at 1 GHz and 
higher. The reader needs to be reminded that this is an unwanted effect, but all of 
us who have built amplifiers will have experienced either low-frequency 
oscillations (motorboating) or very high-frequency oscillation, sometimes caused 
by the components in the immediate vicinity of the transistor itself and found 
somewhere above 3 GHz. This case is really a demonstration case; a closer look 
reveals that the transconductance required for this condition is unrealistically 
high, but regardless it is a good example to demonstrate the stability issue. 





Figure 3.324 Predicted output spectrum of the unintended oscillator. 
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Figure 3.325 Predicted phase noise of the oscillating — 
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Where Does Oscillation Begin? 


An interesting question to solve now is, “What gate bias voltage is needed for 
oscillation to begin?" Ansoft's Serenade Design Environment includes oscillator 
synchronous stability analysis, which uses a modification of the harmonic- 


balance technique to determine critical points, such as the voltage needed to 
“turn on” an oscillator. Mathematically, this is called a Hopf bifurcation because 
the behavior of the circuit changes dramatically from a dc steady state to an 
oscillatory response. Figure 3.326 shows this effect by plotting output power 
versus gate bias. The turning point at -3.2 V (22 mW) is clearly visible, as is the 
bifurcation at -3.1 V (0 mW output). 


Figure 3.326 Output power versus gate bias for the unstable amplifier. 
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Figure 3.326 can be interpreted as follows. 
1. If the bias voltage is increased from, say, -4.0 V, the circuit will begin to 
oscillate at the bifurcation voltage and the output power will jump to 26 
mW. 
2. If the circuit is oscillating and the voltage is decreased from -2.0 V, the 
circuit will cease oscillating at the turning voltage of -3.2 V. 
3. The branch between the turning point and the bifurcation point is unstable 
and cannot be realized in practice. This forms a hysteresis loop around 
points (-3.1 V, 0 mW), (-3.1 V, 26 mW), (-3.2 V, 22 mW), and (-3.2 V, 0 
mW). 
This amplifier stability analysis section is based on the stability analysis 
examples provided by Ansoft for the Serenade Design Environment. 
An interesting example that combines both CAD and the feedforward 
amplifier technique can be found in the Serenade Design Environment system 


simulator examples manual. This technique has been under evaluation for the 
last 2 years, but our feeling is that not enough measured data at frequencies 
above 500 MHz with reliable performance information has yet been made 
available in the literature. Along these lines, work done at Ansoft under a U.S. 
Air Force contract has provided very good insight into high-efficiency amplifiers 
at microwave frequencies [83]. 


Notes 


1. The Hewlett Packard MGA-64135 is now replaced by Avago's amplifiers 
MGA-81563 or MGA-82563, up to 6 GHz. Avago provides designers with an 
Agilent ADS design kit for these circuits that allow for detailed simulation. 
However, since the models are protected and do not allow us to even see the 
circuit topology, we keep the older, but detailed and not yet outdated circuit 
example. 

2. Based on portions of the Philips Semiconductors/Signetics RF 
Communications Products Application Note AN1777, “Low-voltage front end 
circuits: SA601, SA620,” August 20, 1997. Used with permission. 

3. Motorola is now Freescale, the video amplifiers are still available from 
Lansdale Semiconductors. Part numbers ML1350 and ML1490. 

4. Based on P. Saad, С. Fager, Н. M. Nemati, Н. Cao, Н. Zirath, апак. 
Andersson: “A highly efficient 3.5 GHz inverse class-F GaN HEMTpower 
amplifier” International Journal Microwave Wireless Technology, 
DOI:10.1017/81759078710000395. © Cambridge University Press апа 
EuropeanMicrowave Association 2010, reprinted with permission. 

5. Based on “An overview of linear amplifier systems,” Application note 
ofUltraRF, copyright by Cree, reprint with permission. 

6. Based on Motorola application note AN-721 (“Impedance matching 
networksapplied to RF power transistors”). Copyright of Motorola; used by 
permission 
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Chapter 4 


Mixer Design 


4.1 Introduction 


Radiocommunication requires that we shift a baseband information signal to a 
frequency or frequencies suitable for electromagnetic propagation to the desired 
destination. At the destination, we reverse this process, shifting the received 
radiofrequency signal back to baseband to allow the recovery of the information 
it contains. This frequency-shifting function is traditionally known as mixing; 
the stages that perform it, as mixers. Any device that exhibits amplitude- 
nonlinear behavior can serve as a mixer, for example, as we saw in Section 1.7.2, 
nonlinear distortion results in the production, from the signals present at the 
input of a device, of signals at new frequencies. Even a rusty screw or bolt on an 
antenna element can act aS a mixer, producing unwanted IMD products that 
appear at the receiver input. 

Although mixers are equally important in wireless transmission and reception, 
traditional mixer terminology favors the receiving case because mixing was first 
applied as such in receiving applications. Thus, the signal to be frequency- 
shifted is applied to the mixer's RF port, and the frequency-shifting power or 
voltage (from a local oscillator [LO]) is applied to the mixer's LO port, resulting 
in two outputs at the mixer's intermediate-frequency (IF) port. If the wanted IF is 
lower in frequency than the RF signal, the mixer is a downconverter; if the 
wanted IF is higher than the RF, the mixer is an upconverter. Converter may also 
be used as a term for a single stage that simultaneously acts as mixer and LO. 

For a given RF signal, an ideal mixer with a perfect LO (i.e., an LO with no 
harmonics and no noise sidebands) would produce only two IF outputs: one at 
the frequency sum of the RF and LO, and another at the frequency difference 
between the RF and LO. Filtering can be used to select the desired IF product 
and reject the unwanted one, which is sometimes referred to as the IF image. 

The simultaneous generation of LO+RF and LO-RF outputs results not from a 
departure of mixer performance from the ideal, but from the mathematics of 


mixing itself. Another unavoidable mixing artifact, the RF image response, also 
results from the mathematics of mixing rather than mixer nonideality. Just as a 
given RF/LO combination produces two IF outputs (LO+RF апа LO-RF, the IF 
and IF image), the mixer will produce output at the desired IF (LO+RF or LO 
-КЕ) in response to two possible RF inputs: one at LO+IF and another at LO-IF 
(Figure 4.1). The undesired response, the RF image (traditionally referred to 
merely as the image), is 2 fi; removed from the desired response. Even if no 


man-made signals exist at the RF image frequency, reducing a mixer's RF image 
response can be important because noise at that frequency, including that 
produced by circuitry between the mixer and antenna, will still be mixed to the 
desired IF, degrading the signal-to-noise ratio. Filtering and phasing techniques 
can be used to reduce the RF or IF image responses—filtering if the image is 
sufficiently removed from the desired response for filtering to provide the 
necessary rejection, phasing if the desired and image responses are insufficiently 
spaced for filtering to work, as in the case of a double-conversion receiver in 
which signals at a high first IF (e.g., 50-70 MHz) must be converted to a very 
low first IF, such as 25 kHz. 


Figure 4.1 Relationship between a mixer's image and desired-signal responses. 
The image is 2 fi; away from the desired signal. 
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The output of every real mixer includes a vast number of additional unwanted 
products, including noise, the fundamentals of the mixer's RF and LO signals 
and their harmonics, and the sums and differences of the RF and LO and their 
harmonics. Intermodulation distortion between multiple signals present at the RF 
port and IF output resulting from the mixing to IF of LO noise-sideband energy 
by strong adjacent signals (reciprocal mixing, Section 1.7.2), further complicate 


а mixer's output spectrum and may compromise system performance. 

АП mixers are multipliers in the sense that the various new outputs they 
produce can be described mathematically as the multiplicative products of their 
inputs. From an implementation standpoint, however, a given mixer circuit can 
be characterized as additive or multiplicative depending on how RF and LO 
signals are applied to it. Additive mixing occurs when the RF and LO signals are 
applied to the same input port, as in Figures 4.2 and 4.3. Multiplicative mixing 
occurs when the RF and LO signals are applied to separate ports, as in Figure 
4.4. As a rule, multiplicative mixers afford better isolation between their LO and 
RF ports than additive mixers, and this enhanced interport isolation is their 
principal merit. Multiplicative mixing does not in itself suppress unwanted 
products; the spurious response of a basic multiplicative mixer cell is poor unless 
it is used in a push-pull or quad configuration. 


Figure 4.2 Additive mixing in a BJT [1]. | 
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Figure 4.3 Additive mixing in a single-gate MOSFET [1]. 





Figure 4.4 Multiplicative mixing in a dual-gate MOSFET. A dual-gate device is 


actually two single-gate devices in series [1]. 





Let us now consider the basic theory of mixers. Mixing is achieved by the 
application of two signals to a nonlinear device. Depending upon the particular 
device, the nonlinear characteristic may differ. However, it can generally be 
expressed in the form 

(4.1) F=K(V+u,4 Us] 

The exponent n is not necessarily an integer, V may be a dc offset voltage, and 
the signal voltages "v: and vz may be expressed as «v; = Visin{w t) and 
vg = V4 sin(tst). 

When n - 2, (4.1) may then be written as 

(4.2) I = K [V + Vi sin (zt) + Vz sin (wat) |? 

This assumes the use of a device with a square-law characteristic. A different 
exponent will result in the generation of other mixing products, but this is not 
relevant for a basic understanding of the process. Expanding (4.2) 


I = K[V* + V? sin“ (wit) + Vy sin* (wet) + 2V V4 sin (wit) 
(4.3) +2V Vo sin (vet) + 2V3 Vj sin (wat) sin (wt) 


[4 


The output comprises a direct current and a number of alternating current 
contributions. We are interested only in that portion of the current that generates 
the IF; so, if we neglect those terms that do not include both V, and У,, we may 
write 

(4.4)! = KVV (cos (шз — ал) t| — cos (оз + w1) El} 

This means that at the output, we have the sum and difference signals 
available, and the one of interest may be selected by the IF filter. 


4.2 Properties of Mixers 


4.2.1 Conversion Gain/Loss 


Even though a mixer works by means of amplitude-nonlinear behavior in its 
device(s), we generally want (and expect) it to act as a linear frequency shifter. 
The degree to which the frequency-shifted signal is attenuated or amplified is an 
important mixer property. Conversion gain can be positive or negative; by 
convention, negative conversion gains are often stated as conversion loss. 

In the case of a diode (passive) mixer, the insertion loss is calculated from the 
various loss components: 

Loss (dB) = Conversion loss + Transformer loss 
(4.5) + Losses due to harmonic generation + Diode loss 


In the case of a doubly balanced mixer, we must add the transformer losses (on 
both sides) and the diode losses as well as the mixer sideband conversion, which 
accounts by definition, for 3 dB. Ideally, the mixer produces only one upper and 
one lower sideband, which results in the 3 dB loss compared to the input signal. 
Also, the input and output transformers add about 0.75 dB on each side, and of 
course there are the diode losses because of the series resistances of the diodes. 

Figure 4.5 shows the equivalent circuit of a diode. It consists of a series (loss) 
resistor Rs and a time-variable electronic resistor, typically called the diffusion 


resistance, Rp, which equals 26 mV/Ip, and a capacitance Cp shunting Rp. Cp 


can be found from 
W^ In 


AL) Vp 





Ap = 26 mV + i, 


where D is the diffusion constant, a material-dependent value, and W is the 
physical width. The average value for Rp is somewhere between the calculated 


value of 26 mV/I, and some leakage current, simply because it is generated by a 


rectification mechanism, which turns the LO power into an RF current and then 
into a combination of dc and RF currents. 
We can calculate the diode loss according to 


50+ (2 х Rg) 
Diode loss (dB) = log), | a ] 
5С 


(4.7) 
Assuming that Ас = 8 Q, the diode loss for a diode-ring mixer 
50 + (2 x 8) 


Diode loss (dB) = logy, | = 
Te iM 50 


| = 0.5 dB 

(4.8) / 

From (4.5), the insertion loss for this mixer is therefore 

Loss (dB) = 3 dB (conversion loss)+ 1.5 dB (transformer loss) 
+ 14В (losses from harmonic generation) + 0.5 dB (diode loss) 

(4.9) = 6 dB 

This assumes mixing at the fundamental frequency. Sometimes the diode loss 
resistor Ас is as high as 25 Q per arm (as in a MOSFET switch), or 50 € total. 


This now results in 

(4.10)Loss (dB) = 3dB + 1.5dB + 1dB+ 3dB = 8.5dB (insertion loss) 

Since the value of Rs is partially determined by the threshold voltage of the 
diode and the diode diffusion resistance, Rp, a wide range of values can be 


noticed for different drive levels and mixer topologies. Figure 4.5 shows a shunt 
capacitance Ср, the so-called diode diffusion capacitance. When the diode is 


conducting, the influence of this nonlinearity is frequency dependent, which 
adds to the insertion loss. In this discussion, we have not considered its 
frequency dependency. At wireless frequencies, modern Schottky diodes, also 
frequently called hot-carrier diodes, are operated far from their cutoff frequency, 
resulting in less than 1 dB of additional losses. There are also mixers with 
special circuitry to terminate the IF image. This is done with a diplexer circuit or 
equivalent circuitry. This makes insertion loss values as low as 4 dB possible; 
however, the large-signal condition or intercept point suffers. 


4.2.2 Noise Figure 


Like any network, a mixer contributes noise to the signals its frequency shifts. 
The degree to which a mixer's noise degrades the signal-to-noise ratio (see 
Section 1.7.1) of the signals its frequency shifts is evaluated in terms of noise 
factor and noise figure as discussed in Section 1.7.1. 


4.2.2.1 Passive Mixer 


For a long time, the literature has stated that the noise figure of a passive mixer, 
which is pretty much independent of its circuit arrangement, is equal to the 
mixer's insertion loss. But this neglects the influence of the white-noise 
contribution of the mixer's diode(s). This is ironic, considering that RF noise 
generators were long based on thermionic diodes operated in saturation (the 
5722 noise diode was a popular type, as in the Rohde & Schwarz SKTU). Such a 
diode's noise-power output can be readily determined from its saturation current. 
On the other hand, all Schottky diodes, while conducting, generate white noise 
that follows the same principle as above. This fact has been practically 
recognized only by a few companies that make modern noise-measurement 
equipment. Modern noise-measurement devices measure the noise figure of a 
system by “hot and cold” technique, an approach based on knowledge of the 
absolute noise energy emitted under hot conditions (conductance). This method 
has the advantage that it can be used up to several tens of gigahertz, while the 
old vacuum-tube-based noise generators ran out of steam at around 1 GHz due to 
the inability to match the tube to the 50 Q termination. This was typically 
accomplished by connecting a 50 Q resistor between anode and ground (without 
dc connection), followed by a low-pass filter, which would match the tube 
Capacitance and other parasitics to the required termination of 50 Q, purely 
resistive. 

In reality, we can take the loss calculation from above and add the Schottky 
noise generated by the diodes as they are driven by the local oscillator. 

If a Schottky diode is used as a noise generator in the conductive mode, it 
generates a continuous frequency spectrum, possibly up to several gigahertz. 
There is a mathematical relationship between the noise power spectrum emitted 
by the diode and the time-averaged current of this diode, which generates the 
noise. If the noise source impedance is set (typically 50 Q), the available noise 
power can be calculated according to 

(4.11)/& = V2e x f, x Af 
where 
e = 1.6 х 10 P? coulombs: I, = saturation current of the diode; Af = effective 
noise bandwidth. 


For 5,, = 0 or proper termination of this circuit (Rc = Ку), 


(412) ^ -xILxAfxH 


Calculated at a bandwidth of 1 Hz 
Pp E 
(4.13)А7 2 
If 
PR = : 
TEN 
the noise factor becomes 
m ex Il; x В, 
(4.15) 2kTo 
If the values for e and КТ, are inserted, 
90x I5 x J6 mV А, + Ae 


F ЕЕ 
(4. 16) Ip ЗБеа 


4.2.2.2 Example 


Assume the passive mixer mentioned above with its 6 dB insertion loss is 
considered and a dc current of 15 mA results as a function of the LO drive. Since 
Tp gets canceled, the noise factor (F) of the diode portion equals 


(4.17) =11 

The noise figure, NF, is 10 log F, or 0.413 dB. Now this number and the 
insertion loss must be added. The resulting noise figure would be 6.413 dB. This 
is consistent with published measurement data. 


4.2.2.3 Exact Mathematical Nonlinear Approach 


The exact noise factor of a real mixer is computed by the formula 


porc = 
(4.18) Квіобт. (ear) 
where 
Ко(бүр) = total noise power (per unit bandwidth) delivered to the IF load at 


intermediate frequency; Kp = Boltzmann's constant; Ty = reference temperature 
(290 ог 300 К is commonly used); Gy, (ear) = transducer conversion gain from 


Opp tO Wp. 

Let us now further elaborate on (4.18). We may write 

(4.19) No (err) = № (иль) + Nine (rr) + Ni (алк) + АТО 
where Ns is noise generated by the RF source resistance and transferred to the IF 
load through frequency conversion, Nj, is noise generated internally to the 
mixer, апа N; is noise generated by the IF termination. If the source resistance is 
held at temperature To, Ns will basically originate from noise generated at the RF 
and image frequencies, which are transferred to the IF with approximately the 
same conversion gain, plus a relatively small contribution transferred from other 
sidebands with a smaller conversion gain. We may then write synthetically 

(4.20) № (ier) = 2аКвіобт, (WRF) 
where a is a coefficient slightly larger than 1. Njy7(@ppr) is generated by 
transformer losses, by the diode Schottky noise and by the diode resistive 
parasitics, and in principle may take on any value; in particular, it may be zero if 
both the transformers and the diodes are ideal (i.e., if the latter are pure nonlinear 
resistors). As for №; (оте), by Nyquist's theorem the IF load resistor R; may be 
described as a noiseless resistor in series with a noise voltage source whose 
mean-square voltage (per unit bandwidth) is 

(4.21) V. = 4KeTL Ri 
where T; is the IF termination temperature. If the IF load is driven by a source 
with an output impedance (отк), the noise power actually delivered to the 
load will obviously be 
AKgT,R? 


N out = uM 
(4.22) Zout (але) JL FH | 
In addition to Мо, the thermal noise originating from the IF termination 


delivered to the IF load at œp will also include contributions from other 


sidebands that are back converted by the mixer nonlinearities with a relatively 
small conversion gain. Thus, we may write 
E e 4bK pT Ry 

(42332-77 [Zou (er) + Ro 
where b is slightly larger than 1. If we now introduce the mixer conversion loss, 
namely 


and combine (4.18) with (4.19), (4.20), and (4.23), we finally get the noise factor 
expression 
_ Мүмт (алғ) + ЕТ AbT R? | 
F ылы 2n | ——————— Lo | ГӨ In ut) 
(4.25) KgTo To| бош (Gre) + Fir 
In the normal region of operation of the mixer (sufficient LO drive), we may 
assume 





(4.26) ош (АЕ) Ві, 
so that (4.25) becomes 
| | М№қт (алғ) + kT. БП. 
F = 3a + ——————— ic + Le 
(4.27) ^ To P a 


Multiplying the log 10 of F by 10 gives us the exact mixer noise figure in dB. 


The method just discussed is the basis for the far noise calculation for 
oscillators as mentioned in the oscillator chapter, in which it is referred to as 
conversion noise. This includes the AM-to-PM conversion noise. 

Table 4.1 shows how the noise figure and conversion gain vary with LO power 
for a generic diode DBM (Figure 4.6). “Starving” a diode mixer by decreasing 
its LO drive rapidly degrades its performance in all respects. 


Table 4.1 Noise Figure and Conversion Gain Versus LO Power for a Diode DBM. 


4.38806 
4.33322 


5.19081, -4.54960 
4.82031 | 4.26763 





Figure 4.6 Generic diode DBM. 
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4.2.2.4 Differential CMOS Mixer 


Let us consider the noise generated in a differential switching CMOS mixer. Its 
topology is shown in Figure 4.7. We will follow the derivation of the individual 
origins of noise as detailed in Ref. [2]. The discussion will focus on 1/f noise for 
the reason that this kind of noise exists only in relative narrow bands at dc or, if 
upconverted, as noise sidebands of a carrier. It is interesting to see at which 
frequencies these noise sidebands will arise and why. Also, in direct conversion 
(zero IF), the baseband 1/f noise will be the governing type of noise. But of 
course, the mechanisms controlling 1/f noise affect white noise in the same 
manner. The difference is, however, that the white noise is constant over 
frequency, therefore, it does not change anything if it is translated in frequency. 


Figure 4.7 Differential CMOS mixer, indicating the origins of noise. (1) Load 
noise, (2) transconductance noise, (3) direct switching noise, (4) indirect 
switching noise. 





This investigation aims at providing a basic understanding of the noise 
mechanisms present in an ideal differential switching mixer. Imperfections such 
as simultaneous conduction of both transistors during switching will cause 


additional noise. For simplicity, only a single-balanced mixer is discussed. ‘There 
is, however, no principal difference to double-balanced mixers, so that the theory 
is easily extended to this case. Only switching-type mixers will be discussed, but 
also a Gilbert cell mixer will show qualitatively the same effects. 

The following four noise mechanisms are present in this type of mixer: load 
noise, transconductance noise, and direct and indirect switching noise. These 
four effects will now be discussed. In Figure 4.7, it is indicated by the numbers 
(1-4) where these mechanisms are located. Throughout this section, the 
transistor noise is modeled by a single equivalent voltage noise source at the gate 
of the respective transistor. Figure 4.8 shows the resulting output 1/f noise 
spectra caused by each of the mechanisms. 


Figure 4.8 Contributions of the four basic noise sources to the output mixer 
noise. (1) Load noise, (2) transconductance noise, (3) direct switching noise, (4) 
indirect switching noise. 
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Load Noise 


The load of the differential mixer adds noise to the signal. This noise is simply 
Superimposed to the signal at the output of the mixer. Minimizing this noise is 
done by selecting appropriate load transistors, or even resistors that provide no 
1/f noise. 


Transconductance Noise 


The current source transistor is used to modulate the switched current by the RF 
signal. The switching is then responsible for the mixing of the RF signal. 
However, any noise generated in this transistor will also be mixed by the 
differential pair just as any other signal. The good news concerning 1/f noise is, 
however, that it is not at the same frequency as the RF signal, but it is in 
baseband. It gets therefore upconverted to the LO frequency and to its odd 


harmonics. Under ideal conditions, the 1/f noise caused by the transconductance 
transistor is shifted out of the baseband and should not degrade SNR at the mixer 
output. 


Direct Switching Noise 


After discussing the current source and the load, it is time to discuss the 1/f noise 
of the switching transistors. Their noise is not just mixed, it impacts the 
Switching. Let us consider the ideal case. The switching transistors are assumed 
to perform the transition from on to off instantaneously when the gate voltage 
crosses a certain value. With no noise, the switching times would be exactly each 
half cycle of the LO signal. 

Now consider additional 1/f noise at the gate, it is a slow signal that is 
Superimposed to the LO switching signal. The LO signal will be just slightly 
increased or decreased, and the switching events are consequently shifted in 
time, a bit earlier or later. Thus, the noise causes jitter. 

In order to quantify the noise contribution, we need to describe the difference 
between the switched current with jitter and without, as shown in Figure 4.9. If 
the two signals are simply subtracted, one obtains a series of pulses with the 
following properties 


e The pulses are located at the switching times. 
e The amplitude is either positive or negative, twice the switched current. 
e The width (and the sign) of the pulse depends on the ratio between the 
magnitude of the gate noise voltage V,,(t) at the switching time and the slope 
S of the LO voltage applied to the gate. Figure 4.10 highlights this relation. 
Thus, the jitter can be understood as a sampled replica of the original 1/f noise, 
that is, additionally scaled according to the signal's slope S. The sampling 
frequency equals twice the LO frequency since the jitter occurs at every 
Switching event, thus twice per LO period. 


Figure 4.9 Direct switching noise: the LO signal with jitter can be understood as 
an undisturbed signal superimposed with a pulse train. 
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Figure 4.10 (a) Ideal LO gate voltage (solid line), 1/f noise voltage (dashed 
line); (b) actual (solid line) and ideal (dotted line) LO gate voltage; (c) the time- 
offset (jitter) at a zero crossing is calculated from the noise voltage and the slope 
of the LO signal. 
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The jitter noise current normalized for one period is therefore 


. 5 rc Un 


(4.28) Tio "s 
With the period of the LO signal Tio = Џо, the switched current I, the noise 
voltage at the switching times Yn, and the slope of the LO gate voltage crossing 
Zero, 5. 

For a sinusoidal signal, Тіс“ S is given by 47A, where a factor of 2 accounts 
for the fact that the noise is compared to a differential signal. the baseband noise 
spectrum thereby becomes 


(4. 29) nol ft) = = -та(/) 
Due to the sampling of this signal, this spectrum appears at baseband, and as 
noise sidebands around all even harmonics of the LO frequency. 

In the ideal case, there is no interaction with the other noise sources. But if the 
mixer is unbalanced due to an offset voltage, noise of the transconductance 
transistor can leak through and add to the jitter. It affects the output noise 


spectrum in the same manner as the switching noise discussed before. 


Indirect Switching Noise 


The direct switching noise can be reduced by fast switching. Applying an ideal 
square-wave voltage to the gates would suppress this kind of noise completely. 
However, 1/f noise of the switching transistors adds to overall noise in a second 
way that only depends on LO frequency and FET capacitances. 

Let us assume ideal switching, and investigate the voltage at the virtual 
ground. Under this assumption, it will be constant. However, if 1/f noise exists at 
the switching transistor's gate, things change. Due to the balanced structure, it is 
allowed just to regard the unsymmetrical noise. At one transistor gate, the 1/f 
noise will be switched between two states: 7а if the MOST is conducting, апа 0 if 
the MOST is turned off. However, due to the differential structure, the virtual 
ground potential will anticipate this imbalanced switching, and will also shift by 
Vn when the respective transistor is on. 

The noise signal is stochastic in nature, but much slower than the LO signal. 
Let us treat it like a switched voltage of slowly varying amplitude. The relevant 
time constants in our case are the switching edges, as these will enable a current 
through the capacitance C, associated with the transconductance transistor. 


on gt [a [Ent] 
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which leads to the noise contribution 


ш. 


: 
(431)^^ Tio? ™* 
Concerning the spectrum, the same observations are made as for the direct 

Switching noise. The current bursts at the virtual ground change their polarity 

depending on whether the transistor is switched on or off. But regarding the load, 

this change in polarity is compensated by the differential pair, that routes one 
burst through one branch and the next through the other. Thus, at the output, 
again 1/f noise appears, sampled with twice the LO frequency. 

Anyway, the indirect switching noise should usually be much lower than direct 

Switching noise. Direct conversion noise can be reduced by fast switching, but 

Switching noise can never be suppressed completely. 


4.2.2.5 SSB Versus DSB Noise Figure 


In radiocommunication, we typically use mixers as “single-sideband” devices; 


that is, we are interested in only one of the two possible RF inputs то + fip or 
fLo — fip) that produce output at the desired IF. The unused input is the RF image 


or simply image. A mixer's RF image response can be important even if no man- 
made signals are present at fimage because noise there, including that produced by 


the mixers RF-port termination, will be converted to the IF, possibly 
compromising the system's signal-to-noise ratio. As a result of this and the IEEE 
definition of noise figure [3], which, for a mixer, considers only the noise 
associated with a system's principal frequency transformation, some controversy 
exists about the definition and measurement of mixer noise figure. IEEE's NF 
definition for mixers assumes no noise contribution at fimage, not even from the 


mixers RF-port termination at that frequency; yet, by convention (and out of 
necessity, since an absolutely noiseless, T = 0 fimage termination is unavailable оп 


the average test bench) the noise figures we measure always include some noise 
at fimage even if, as a result of filtering, it arises only from the mixer's RF-port 


termination. The NF measurements and simulations presented in this book 
reflect this conventional SSB NF scenario. Stephen Maas provides in-depth 
material on these issues, including the importance of double-sideband NF for 
some systems, and the limitations of NF as a figure of merit, in Ref. [4]. 


4.2.3 Linearity 


4.2.3.1 1 dB Compression Point 


Like other networks, a mixer is amplitude nonlinear above a certain input level; 
above this point, the output level fails to track input level changes proportionally. 
This figure of merit, P. , gp, identifies the single-tone input-signal level at which 


the output of the mixer has fallen 1 dB below the expected output level. The 1 
dB compression point in a conventional double-balanced diode mixer is 
approximately 6 dB below the LO power. For lower distortion mixers, it is 
usually 3 dB below the LO power. 


4.2.3.2 1 dB Desensitization Point 


This specification is another figure of merit similar to the 1 dB compression 
point. However, the 1 dB desensitization point refers to the level of an 
interfering (undesired) input signal that causes a 1 dB decrease in nominal 
conversion gain for the desired signal. For a diode-ring DBM, the 1 dB 


desensitization point is usually 2—3 dB below the 1 dB compression point. 


4.2.3.3 Dynamic Range 

The dynamic range of any RF/wireless system can be defined as the difference 
between the 1 dB compression point and the minimum discernible signal (MDS). 
These two points are specified in units of power (dBm), giving dynamic range in 
dB. When the RF input level approaches the 1 dB compression point, harmonic 
and intermodulation products begin to interfere with the system performance. 
High dynamic range is obviously desirable, but cost, power consumption, system 
complexity, and reliability must also be considered. 


4.2.3.4 Harmonic Intermodulation Products (HIP) 
These are spurious products that are harmonically related to the f; о and frp input 
signals. 

(4.32)HIP = M fro + N fre 

Table 4.2 shows relative harmonic intermodulation product levels for a high- 
level diode DBM. 


Table 4.2 Typical Spurious Responses of High-Level Double-Balanced Mixer (Decibels Below ү о + fpf 


Response). 

RF Input Signal Harmonics Ло 2fto Зло 4йо Зло бло Tho Ло 
8 fnr 100 100 100 100 100 100 100 100 100 
ШЇ; ШІ 97 102 95 100 100 100 ой LOO 
б/в 100 92 97 95 LOO 100 95 100 100 
> fnr 90 84 86 72 492 #7 95 7 92 
4 fnr 90 84 97 86 97 90 100 90 92 
3 fnr 75 63 66 7 77 58 86 58 80 
2 far 70 72 т 70 8 62 75 75 100 
JRE 60 о 35 15 37 37 45 40 50 


ot 60 70 72 72 62 70 70 


4.2.3.5 Intermodulation Distortion (IMD) 


Nonlinearities in the mixer devices give rise to intermodulation distortion 
products whenever two or more signals are applied to the mixer's RF port. 
Testing this behavior with two (usually closely spaced) input signals of equal 
magnitude can return several figures of merit depending on how the results are 
interpreted. A mixer's third-order output intercept point (ІР; out) is defined as the 


output power level where the spurious signals generated by (2fng, + ferro) + flo 


and (fag, + 2[вк>) + [то are equal in amplitude to the desired output signal as 
shown in Figure 4.11. 


Figure 4.11 Mixer linearity evaluation, including compression and two-tone 
IMD dynamic range. P_, gp for a single-tone cannot be read directly from this 


graph because the values shown are the result of two-equal-tone drive. 
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The third-order input intercept point, ІР; ;,—_IP3 referred to the input level—is 


of particularly useful value and is the most commonly used mixer IMD figure of 
merit. IP4 ; can be calculated according to 


(4.33)!Fn.in = IMR = (n — 1) + input power (dBm) 
where IMR is the intermodulation ratio (the difference in dB between the desired 
output and the spurious signal, and n is the IM order—in this case, 3). In a 
conventional diode double-balanced mixer, IP; in is approximately 14 dB above 
the single tone 1 dB compression point (P. , q5)—approximately 8 dB greater 
than the local oscillator power. As will be seen later, this does not apply to 
feedback active mixers. They have their own agenda, above a particular input 
level, their IMD products increase almost exponentially. 

Although designers are usually more concerned with odd-order IM 
performance, second-order IM can be important in wideband systems (systems 
that operate over a 2:1 or greater bandwidth) as discussed in Section 1.7.2. 


4.2.4 LO Drive Level 


А mixer's specifications are usually guaranteed at a particular LO drive level, 
usually specified as a dBm value that may be qualified with a tolerance. 
Insufficient LO drive degrades mixer performance; excessive LO drive degrades 
performance and may damage mixer devices. Commercially available diode 
mixers are often classified by LO drive level. For example, a “Level 17” mixer 
requires 17 dBm of LO drive. 


4.2.5 Interport Isolation 


In a mixer, isolation is defined as the attenuation in dB between a signal input at 
any port and its level as measured at any other port. High isolation numbers are 
desirable. Figure 4.12 shows LO-IF and LO-RF isolation versus frequency for a 
triple-balanced diode DBM. Isolation is dependent mainly on transformer and 
physical symmetry, and device balance, but the level of signals applied to the 
mixer also plays a role, as shown in Figure 4.13. 


Figure 4.12 ГО-ІҒ and LO-RF isolation versus frequency for a high-level 
triple-balanced diode mixer. The periodic roughness of the traces is a 
measurement-system artifact, proving that even sophisticated FF'T-based 


instruments are not perfect. 
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Figure 4.13 LO-IF isolation versus frequency and LO drive level for a high- 
level diode DBM. 
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4.2.6 Port VSWR 


The load presented by a mixer's ports to the outside world can be of critical 
importance to a designer. For example, high LO-port VSWR may result in 
inefficient use of available LO power, resulting in LO starvation (underdrive) 
that degrades the mixer's performance. Figure 4.14 shows LO-port VSWR 
versus frequency for a high-level diode DBM with two values of LO power. Like 
interport isolation, port VSWR can vary with the level of the signal applied. 


Figure 4.14 LO-port VSWR versus frequency for a high-level diode DBM. 
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4.2.7 DC Offset 


Isolation between ports plays a major role in reducing dc offset in a mixer. Like 
isolation, dc offset is a measure of the unbalance of the mixer. In phase-detector 
and phase-modulator applications, dc offset is a critical parameter. 


4.2.8 DC Polarity 


Unless otherwise specified, mixers with dc output are designed to have negative 
polarity when RF and LO signals are of equal phase. 


4.2.9 Power Consumption 


Circuit power consumption is always important, but in battery-powered wireless 
designs it is critical. Mixer choice may be significant in determining a system's 
power consumption, sometimes in ways that seem paradoxical at first glance. 
For instance, a passive mixer might seem to be a power smart choice because it 
consumes no power—until we factor in the power consumption of the circuitry 
needed to provide the (often considerable) LO power a passive mixer requires. If 
a mixer requires a broadband resistive termination that will be provided by a 
postmixer amplifier operating at a high standing current, the power consumption 
of the amplifier stage must be considered as well. Evaluating the suitability of a 
given mixer type to a task therefore requires a grasp of its ecology as well as its 


specifications. 


4.3 Diode Mixers 


Passive mixers based on diode switches are common іп base-station 
applications, where their high dynamic range and 50 © port impedances 
overcome objections to their inherent conversion loss, unsuitability to 
integration, and relatively high LO-power requirement. As we will discuss later, 
FET-based passive mixers are overcoming some of these limitations in mobile 
wireless applications. 


4.3.1 Single-Diode Mixer 


Figure 4.15 shows the schematic of a simplistic single-diode mixer. The LO and 
RF signals are applied in series to the diode, with no effort made to match the 
sources to the diode or isolate the sources from each other. The LO and RF 
signals are both present in the diode simultaneously, so the mixing performed is 
additive. The LO signal switches the diode on and off, gating the RF signal to 
the circuit's output at the LO frequency. In this simple circuit, the output port's 
50 €2 resistance serves as the diode's ac load and dc return. Because we want the 
diode to operate as a linear switch with respect to the RF signal, the diode should 
turn on hard and turn off as completely as possible, and the LO, not the RF 
source, should switch the diode on and off. The upper frequency limit of the 
circuit will depend on how rapidly the diode can switch between the on and off 
states. The LO can be only so strong before the diode's dissipation limits are 
exceeded; the RF source can be only so strong relative to the LO before it begins 
to play a role in switching the diode on and off. The LO must therefore be 
considerably stronger than the RF source—20 dB or more for low-distortion 
applications. 


Figure 4.15 Schematic of the single-diode mixer. The circuit's 50 О output 
termination serves as the diode's dc return, as well as completing the circuit for 
RF, LO, and IF. 


IF 
(10.7 MHz) 





Figure 4.16 shows how the single-diode mixer's conversion gain and noise 
figure vary with applied LO power. Figure 4.17 shows the mixer's output 
spectrum. 


Figure 4.16 Conversion gain and noise figure versus LO power for the single- 
diode mixer. The values reported are worse than those predicted by theory 
because RF, LO, and IF matching have not been attempted. In this analysis, LO 
= 310.7 MHz (-10 to 25 dBm), RF = 300 MHz (-50 dBm), and IF = 10.7 MHz. 
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Figure 4.17 Output spectrum of the single-diode mixer. Three LO harmonics 
and three LO sidebands were used in this analysis. In this analysis, LO = 310.7 
MHz (13 dBm), RF = 300 MHz (-20 dBm), and IF = 10.7 MHz. 
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The following several pages present sample data on diodes suitable for mixer 
service in Tables 4.3 and 4.4 and the full manufacturer's data sheet on the 
Infineon BAT15-99. 


Table 4.3 Example RF Schottky Diodes (Infineon). 





Characteristics 


| (Ta = 25°C) 
Maximum 


Ratings Ve at Je 
Type Vp (V) ip (mA) CT (pF) V mA Configuration Package 
BATI5-02LEH 4.0 110.0 0.26 0.23 | Single TSLP-2-7 
BAT15-03W 4.0 110.0 0.26 0.23 | Single SOD323 
БАТ15-04К 4.0 110.0 0.26 0.23 | Single SOT23 
BAT15-04W 4.0 110.0 0.26 0.23 | Dual SOT323 
BAT15-05W 4.0 110.0 0.26 0.23 | Dual SOT323 
BATIS-099 4.0 110.0 0.26 0.23 | Single SOT 143-4-1 
BATT? 4.0 130.0 0,55 0.34 | Single SOT23 
BAT17-04 4.0 130.0 0.55 0.34 | Dual SOT23 
BAT17-04W 4.0 130.0 0.55 0.34 | Dual SOT323 
BATI7-05 4.0 130.0 0.55 0.34 | Dual SOT23 
BAT17-05W 4.0 130.0 0.55 0.34 | Dual SOT323 
BAT17-06W 4.0 130.0 0.55 0.34 | Dual SOT323 
BAT17-07 4.0 130.0 0.75 0.34 | Dual SOT143-4-1 
BAT24-02LS 4.0 110.0 0.2] 0.23 | single TSSLP-2-1 
Source: Courtesy Infineon Technologies. 
Table 4.4 Example Schottky Detector Diodes (Infineon). 
Characteristics 
Ta = 25°C 
Maximum iene АШ — 
. = ; і С к 
Ratings Vp at Jp i = cm 
Type Vg (V). Je (mA) Cy (pF) V mA к Configuration Package 
BAT62-02L 40.0 20.0 0.35 0,58 2 2250 Single TSLP-2- 1 
BAT62-02W 40.0 20.0 0.35 0,58 2 2250 Single SCDS0O 
BAT62-03W 40.0 20.0 0.35 0,58 2 2250 Single SOD323 
BAT62-07W 40.0 20.0 0.35 0.58 2 225.0 Dual SOT343 
BAT63-02 3.0 100.0 0.65 0.19 | 30.0 Single SC79 
BAT63-07W 3.0 100.0 0.65 0.19 | 30.0 Dual POG-SOT343-4 
BATOS 8.0 130.0 0.75 0.318 1 — Single SOT23 
BAT68-04 8.0 130.0 0.75 0.318 1 — Dual SOT23 
BAT68-04 W 8.0 130.0 0.75 0.318 1 — Dual SOT323 
BAT68-06 8.0 130.0 0.75 0.318 1 — Dual PG-SOT23-3 
BAT68-06W 8.0 130.0 0.75 0.318 1 — Dual SOT323 


Source: Courtesy Infineon Technologies. 


Source: Courtesy Infineon Technologies. 
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silicon Schottky Diodes 
* Low barrier type for DBS mixer applications 
up to 12 GHz, phase detectors and modulators 
* Low noise figure 
* Pb-free (ROHS compliant) package 


e 








BAT15-02LRH BAT15-04W BAT15-05W BAT15-099 BAT15-099R 
BAT15-03W BAT15-099LRH 








Туре : Configuration | 
BAT15-02LRH single, leadless 














BAT15-03W single 
BAT15-04W series 
BAT15-05W common cathode 


BAT15-07LRH parallel pair, leadless 
BAT15-088L RH anti-parallel pair, leadless 
BAT15-089 anti-parallel pair 


BAT15-099R cross-over ring 
BAT15-099LRH anti-parallel pair, 





Source: Courtesy Infineon Technologies. 





Maximum Ratings at T4 = 25°C, unless otherwise specified 


Parameter Symbol Unit 
Diode reverse vollage w | a ë p 
Forward current ke | "0 [mA 


Total power dissipation 
BAT15-02LRH, -089LRH Ts = 76 °C 
BAT15-03W, Ts x 70°С 
BAT15-04W, Ts < 68 ^C 
BAT15-05W, Т5 365 "C 
BAT15-099, Те = 48 "C 
BAT15-089R, To = 67 °С 





Junction temperature 
Operating temperature range 
Storage temperature 


Thermal Resistance 
Parameter Unit 
Junction - soldering point! Rins 
BAT15-02LRH, -088L RH 
BAT15-03W 
BAT15-04W 
BAT15-05W 

BAT15-099 
BAT15-099R 





'For calculation of Ry, j4 please refer to Application Note Thermal Resistance 


Source: Courtesy Infineon Technologies. 
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Electrical Characteristics at Ta = 25°C, unless otherwise specified 


Parameter Symbol Unit 
| min. | typ. | max. 
DC Characteristics 


Breakdown voltage иши V 
(ве) = 100 pA 

Forward voltage 

Е = 1 тА 0.16 | 


Forward voltage matching"! 20 |mV 
lp = 10 тА 


AC Characteristics 

Diode capacitance 

Vg = 0 М, f= 1MHz, all other types 
Vg = 0 У, f= 1 MHz, BAT 15-0996 





Differential forward resistance 
lE = 10 mA / 50 mA 


"AVE is the difference between lowest and highest Ve in a multiple diode component. 





Source: Courtesy Infineon Technologies. 
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Diode capacitance Cy = f (Vp) Reverse current /p = (Vp) 
f= 1MHz Ta = Parameter 
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Forward current /- = f (Vr) Forward current lp = f (Ts) 
T, = Parameter BAT15-02LRH, BAT15-099LRH 
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Source: Courtesy Infineon Technologies. 
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Forward current iF = f (Ta) 
BAT15-099R 
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Permissible Puls Load Ahus = f (fu) Permissible Pulse Load 
BAT15-02LRH, BAT15-099LRH Emax! ‘Foc = f (tp) BAT15-02LRH, 
BAT15-098LRH 
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Source: Courtesy Infineon Technologies. 
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544-Parameters for BAT15-099 
Typical impedance characteristics (with external bias / and Zo = 500) 


f {= 0.02 mA = 0.05 тА {= 0.1 mA = 0.2 тА 


{= 0.5 тА 

















GHz MAG | ANG 

1 [o94 | | -16.7 
2 |0.93 -33.8 |0.77 |-34.5 |-35.2 |0.15 | -36.1 

з [0.92 -54.5 |0.75 |-54.1 -56.1 |013 |-648 
4 [0.91 -75.3 |0.72 |-764 784 |0.11 |-104.8 
5 10.91 -97.6 |0.72 | -99.1 -102.3 |0.15 |-135.7 
6 [0.91 -116.7 |073 |-118.7 -122.9 |0.18 |-160.9 
7 10.91 0.73 |-134.1 -138.1 | 0.2 |-168.8 
8 [0.91 0.73 |-146.8 -150.5 |0.81 | 1794 
9 |0.91 0.71 |-159.7 -163.9 |0.18 | 179.4 
10 | 0.9 0.71 |-178.8 -175.8 |0.14 | 1512 
11 |0.89 | 175. | 0.7 | 170 (0.45 |1649 |0.09 | 105.5 
12 |0.88 |1755 |0.76 0.62 |142.8 |0.39 |1342 |0.14 | 43.6 


S44 = (f, |) ВАТ15-099 
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The simple single-diode mixer circuit shown in Figure 4.15 is intended only as 


an illustration of the basic behavior of diode mixer behavior. A practical single- 
diode mixer would include filtering at its RF, LO, and IF ports—RF filtering for 
image rejection, reduced LO radiation, and optimum matching of the RF source 
to the diode; LO filtering to keep RF out of the LO and optimally match the LO 
to the diode, and IF filtering to optimally match the diode to its IF (and IF 
image) load, preferably while providing some rejection of the mixer's unwanted 
outputs, the strongest (and most potentially troublesome) of which is the LO 
signal. Detail on the design of single-diode mixers can be found in Ref. [5]. 


4.3.2 Single-Balanced Mixer 


Figure 4.18 shows the schematic of a two-diode (single-balanced) mixer. Unlike 
the single-diode mixer, it performs multiplicative mixing because its RF and LO 
signals are applied to different ports. In this more commonly seen two-diode 
mixer configuration, a balanced transformer drives the diodes out of phase for 
the LO and in phase for signals present at the RF port. Figure 4.19 shows how 
this mixer's conversion gain and noise figure vary with applied LO power. 
Figure 4.20 shows how the mixer's conversion gain and noise figure vary with 
frequency for a constant LO power. 


Figure 4.18 Schematic of the two-diode (also known as single-balanced) mixer. 
0] 





LU 





Figure 4.19 How the nonideal mixer's conversion gain and noise figure vary 
with available LO power. In this analysis, LO = 500 MHz (13 dBm), RF = 
500.455 MHz (-20 dBm), and IF = 455 kHz. 
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Figure 4.20 How the nonideal two-diode mixer's conversion gain and noise 
figure vary with frequency for a constant LO power. In this analysis, LO = 1— 


1500 MHz (2 dBm), RF = 1.455-1500.455 MHz (-40 dBm), and IF = 455 kHz. 
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The two-diode mixer is used mostly in the frequency range above 1 GHz in a 
manner akin to a phase discriminator, using step-recovery diodes in the LO feed 
for enhanced harmonic mixing. Such mixers are mainly used in medium-cost 


spectrum analyzers or microwave receivers up to several tens of gigahertz, with 
the necessary transformers and baluns printed on the circuit board. 

With perfectly matched diodes and perfect transformer and constructional 
symmetry, no LO energy arrives at the IF and RF ports, and there is only slight 
attenuation between the RF and IF ports. Both building and computer modeling 
such a mixer is impossible: building, because perfectly matched diodes and 
perfect transformer and constructional symmetry cannot be achieved in practice; 
computer modeling, because floating-point mathematics runs out of gas in 
handling the infinite amplitude spread involved in calculating the perfect 
cancellation of the LO signal as it travels to the RF and IF ports. Figure 4.21 
compares the mixer's quasi-ideal port-to-port isolation (matched diodes, a perfect 
transformer, no stray inductances and capacitances, and а 10 mQ resistors 
connected from port to port) and nonideal port-to-port isolation (slightly 
mismatched diodes and 0.5 pF between the upper terminal of the middle winding 
and ground). 


Figure 4.21 Port-to-port isolation of the quasi-ideal (identical diodes and no 
stray Capacitance) and nonideal (slightly mismatched diodes and 0.5 pF of stray 
Capacitance between the upper terminal of the middle transformer winding and 
ground) two-diode mixer. In this analysis, LO = 1-1500 MHz (2 dBm), RF = 
1.455-1500.455 MHz (—40 dBm), and IF = 455 kHz. 
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Figure 4.22a and b shows the mixer's output spectrum for the quasi-ideal and 
nonideal cases, respectively. 


Figure 4.22 The nonideal mixer's output spectrum with (a) identical diodes and 
no stray capacitance and (b) slightly mismatched diodes and 0.5 pF of stray 
Capacitance between the upper terminal of the middle transformer winding and 
ground. In these analysis, LO = 310.7 MHz (2 dBm), RF = 300.0 MHz (-40 
dBm), and IF = 10.7 MHz. Four LO harmonics and three LO sidebands were 
used. 
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4.3.2.1 Subharmonically Pumped Single-Balanced Mixer 


Figure 4.23 shows a single-balanced mixer with a difference: antiparallel diode 
pairs take the place of single diodes, the RF and IF are buffered from each other 
only by filtering, and the LO is applied at 1/2 the frequency necessary to provide 
the desired frequency conversion. The RF-IF isolation is limited to that provided 
by the seriesed input and output filtering, but the LO-IF isolation is higher at 
fto, and much higher at 2 f; o, than that achievable with a double-balanced mixer 


(DBM) with the LO signal at 2 fio (Figure 4.24). Although the example shown 


is for an upconverting HF receiver, this technique finds application well into the 
microwave range as the basis for І/О modulators, in which carrier leakage must 
be reduced to a level difficult to achieve with conventional DBMs [6—11]. 


Figure 4.23 A subharmonically pumped single-balanced mixer using antiparallel 
diode pairs. The LO operates from 40.005 to 55.005 MHz to mix 0.01—30.01 


MHz RF to an IF of 80 MHz. 
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Figure 4.24 Simulated interport isolation of the subharmonic SBM. For realism, 
the diodes and transformers are slightly mismatched. 
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4.3.3 Diode-Ring Mixer 


Adding two more diodes and another transformer to the singly balanced mixer 
results in a double-balanced mixer (DBM) as shown in Figure 4.25. А DBM's 
frequency response is largely determined by the frequency response of its 
transformers, which act as transmission lines. The low-frequency limit is 
determined by the inductance of the transformer windings, the reactance of 
which, at the lowest frequency of interest, should be at least four times the 
impedance at which the transformer operates. The upper frequency limit is 
determined mainly by the degradation of the transformers’ transmission-line 
behavior at higher frequencies, although the increasing importance of diode 
capacitance also plays a role. 


Figure 4.25 Schematic of the diode-ring doubly balanced mixer. 





A DBM's interport isolation is determined by the symmetry of its transformers, 
diodes, and physical construction. In practice, the effects of diode mismatch can 
be minimized by using a dual diode, such as—in the case of the BAT15—the 
BAT15-099, the maximum VF spread between the diodes in which it is specified 
as 20 mV. 

Figure 4.26 shows how the DBM's conversion gain and noise figure vary with 
applied LO power. Figure 4.27 shows how the DBM's conversion gain and noise 
figure vary with frequency for an LO power of 7 dBm, with quasi-ideal and 
nonideal balance. Figure 4.28 shows how the DBM's port-to-port isolation 
differs with quasi-ideal and nonideal balance for an LO power of 7 dBm. Figure 
4.29 shows how the DBM's RF-and LO-port return loss varies with frequency; 
the sharp peak corresponds to a resonance caused by one of the stray 
capacitances added to simulate less-than-ideal balance in the modeled mixer. 


Figure 4.26 DBM conversion gain and noise figure versus LO power. In this 
analysis, LO = 310.7 MHz (-10 to 26 dBm), RF = 300 MHz (-40 dBm), and IF 
= 10.7 MHz. 
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Figure 4.27 This plot of conversion gain and noise figure versus frequency for 
quasi-ideally and nonideally balanced versions of the same DBM reveals that 
balance plays a relatively minor role in the CG and NF performance achieved. In 
these analyses, the LO (-7 dBm) sweeps from 1 to 1500 MHz and the RF (—40 


dBm) sweeps from 1.455 to 1500.455 MHz to produce an IF of 455 kHz. 
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Figure 4.28 Interport isolation for DBMs with quasi-ideal and nonideal balance. 
In these analyses, the LO (-7 dBm) sweeps from 1 to 1500 MHz and the КЕ 


(-40 dBm) sweeps from 1.455 to 1500.455 МН? to produce an IF of 455 kHz. 
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Figure 4.29 Return loss versus frequency for the DBM's RF and LO ports. The 


sharp peak results from a stray resonance. 
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Figure 4.30 shows the DBM's output spectrum. Figure 4.31 shows the DBM's 
output waveform over 50 cycles of the LO signal. 


Figure 4.30 Output spectrum of a nonideally balanced DBM. In this analysis, 
LO = 310.7 MHz (-7 dBm) and RF = 300 MHz (-40 dBm) for an IF of 10.7 


MHz. Four LO harmonics and three LO sidebands were e used. 
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Figure 4.31 IF-port voltage waveform of the DBM over 100 cycles of the LO 
signal. The 310.7 MHz LO - 10.7 MHz IF components are clearly evident. 
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Two-tone testing the DBM allows us to characterize its IP4 figures of merit. 
Figure 4.32 shows the nonideal DBM's IF and IM, responses for LO powers of 
—5, 1, 7, and 13 dBm. Figure 4.33 details how the DBM's ІР; increases with LO 


drive, and Figure 4.34 shows the desired IF outputs and close third-order spurs 
near 10.7 MHz. Figure 4.35 shows the DBM's output voltage over 100 cycles of 
the LO signal, and Figure 4.36 shows the anode—cathode voltage of one of the 
ring's diodes, also over 100 LO cycles, both under two-tone IMD test conditions. 


Figure 4.32 Diode DBM IF and ІМ, output versus RF power for four LO-drive 
levels. The responses for LO = 7 dBm have been extrapolated to show IP3. 


Within limits, varying a mixer's LO drive affects its linear IF output relatively 
little while significantly affecting IMD (see Figure 4.33). For all four analyses, 
LO = 310.7 MHz, RF, = 300.0 MHz (-40 to 10 dBm), and RF, = 300.3 MHz 


(-40 to 10 dBm); four LO harmonics and three LO sidebands were used. 
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Figure 4.33 Extrapolating the responses for all four LO levels represented in 
Figure 4.32 shows how varying a diode DBM's LO drive shifts its third-order 
intercept point. Although these curves indicate that the simulated mixer's IP, 


generally increases with LO drive, the improvement іп ІР; is not as great as we 


might expect. The reason for this is that these four analyses, as well as the other 
diode-mixer analyses in this chapter, were done using diode models with a 
threshold voltage (Vj) of 0.23. If high-level diodes with a V; of about 0.8 V had 


been used, ІР», out for the 13 dBm LO case shown here would increase to +13 
dBm. IP; in for the 13 dBm LO case would turn out to be 13 dBm + insertion 
loss = 13 dBm + 7 dB = 20 dBm. The issue of diode damage aside, attempting to 


increase ІР; merely by driving a low-or medium-barrier diode harder eventually 


results in diminishing returns. High-barrier diodes are essential in getting the 


best ІР; performance with high LO drive. 
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Figure 4.34 The DBM's output in the 11 MHz region during two-tone testing. 
The third-order products are clearly visible above and below the desired output 


signals. The test conditions for this analysis are those for Figure 4.32 with LO = 
13 dBm. 








Figure 4.35 The DBM's IF-output voltage over 50 cycles of the LO signal. The 
test conditions for this analysis are those for Figure 4.32 with LO = 13 dBm. 
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Figure 4.36 The anode-cathode voltage of one of the DBM's diodes, also over 
50 LO cycles under two-tone IMD test conditions. The test conditions for this 
analysis are those for Figure 4.32 with LO = 13 dBm. 
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A double-balanced mixer, unless it is termination insensitive, is extremely 
sensitive to nonresistive termination. This is because the transmission-line 
transformers do not operate properly when they are not properly terminated, and 
the reflected power generates high voltage across the diodes. This effect results 
in much higher distortion levels than in a properly terminated transformer. 


4.3.3.1 Termination-Insensitive Mixer 


Figure 4.37 shows a mixer circuit that tolerates a fairly high VSWR at its output 
without significant degradation of its third-order IM performance [12]. 


Figure 4.37 Example of a termination-insensitive mixer from Ref. [12]. 





4.3.3.2 Phase Detector 


Theoretically, any mixer with a dc-coupled IF port can be used as a phase 
detector. When two signals of equal frequency are applied simultaneously to the 
reference and incoming signal ports, the phase detector produces a dc output at 
the IF port proportional to the cosine of the phase difference (Figure 4.38). 


Figure 4.38 A mixer with a dc-coupled IF port can be used as a phase detector. 
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4.3.3.3 Binary Phase-Shift Keying (BPSK) Modulator 


Binary phase modulation occurs when a positive and negative signal current 
shifts the RF carrier between 0 and 180°. Figure 4.39 shows a double-balanced 


mixer operating as a BPSK modulator. 


Figure 4.39 A diode-ring mixer as phase modulator. 
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4.3.3.4 Quadrature Phase-Shift Keying (QPSK) Modulator 


A typical QPSK modulator consists of two biphase modulators, a 90? divider and 
a 0? power combiner as shown. Data inputs at the control ports will cause the 
carrier to shift between 0, 90, 180, and 270? as shown in Figure 4.40. 


Figure 4.40 Two biphase modulators form the basis for a QPSK modulator. 
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4.3.3.5 Quadrature IF Mixer 


A quadrature IF mixer produces two IF outputs in phase quadrature. Its basic 
structure consists of two double-balanced mixers, a 90? splitter and 0° splitter. 
The basic block diagram is shown in Figure 4.41. 


Figure 4.41 Quadrature mixer. 
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4.3.3.6 Image-Reject Mixer 


The image-reject mixer consists of a basic quadrature IF mixer with an 
additional 90? hybrid at the IF ports as shown in Figure 4.42. The primary 
function is to differentiate between the real signal and the image signal. This 
type of device is especially useful in applications where the desired RF signal 
and image are so close in frequency that rejecting the image with filtering is not 
practical. 


Figure 4.42 An image-reject mixer uses phasing to differentiate between its 
LO+IF and LO-RF IF outputs. 
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4.3.3.7 Diode Attenuator/Switch 


A ring of PIN diodes can be used as electronic attenuators by applying variable 
forward bias to the diodes (Figure 4.43). Maximum attenuation is achieved when 
the current at the control port is zero. The maximum attenuation is the isolation 
between the input and output port. Minimum attenuation (insertion loss) is 


achieved when the IF port current is 20 mA. 


Figure 4.43 A diode DBM can be used as a dc-controlled attenuator if PIN 
diodes are used instead of Schottky devices in its ring. 
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4.3.3.8 Single-Sideband (SSB) or In-Phase/Quadrature (1/О) 
Modulator 


SSB or J/Q modulators are useful in discriminating and removing the lower 
sideband (LSB) or upper sideband (USB) generated during frequency 
conversion, especially when the sidebands are very close in frequency and 
attenuation of one of the sidebands cannot be achieved with filtering. This is the 
case with audio and video modulation, where signals from dc to 10 MHz must 
be converted to a higher frequency that is appropriate for transmission. In such 
cases, both sidebands will be very close in frequency to the carrier frequency. 
With an І/О modulator, one of the sidebands is easily canceled or attenuated 
along with its carrier. 

Attenuation of the carrier has been the most troublesome aspect in the design 
of passive І/О modulators. Isolation between the local oscillator port and the RF 
port of the mixers, which is the main parameter in determining carrier rejection, 
is usually insufficient at frequencies above 200 MHz. 

I/Q modulator designs have basically comprised two double-balanced mixers 
(Figure 4.44). The mixers are fed at the LO ports by a carrier phase-shifted 
through a 90? hybrid. Thus, the carrier signal's relative phase is 0? to one mixer 
and 90? to the other mixer. Modulation signals are fed externally in phase 
quadrature to the two mixers' IF ports. The mixers' modulated output signals are 
combined through a two-way, in-phase power divider/combiner. 


Figure 4.44 An SSB modulator matches two high-frequency mixers, a 90? 
hybrid, and an in-phase power combiner to produce an SSB output signal. 
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The circuit forms a phase-cancellation network to one of the sidebands and a 
phase-addition network to the other sideband. The carrier is somewhat 
attenuated and is directly dependent on the inherent LO-RF isolation of the 
mixers and the modulating signal level. In industry-standard J/Q modulators, 
USB suppression results when the first modulation port (MOD 1) is fed with a 
signal that is 90° in advance of the signal feeding the second modulation port 
(MOD 2). Opposite phasing can be arranged by changing the internal phase 
polarity of the mixers or by interchanging the 90° hybrid output ports to the LO 
ports of the mixers. 

The phase and amplitude imbalances between the various components used in 
the manufacturing of the J/Q modulators must be tightly maintained for optimum 
SSB rejection. Matching of the two mixers for conversion loss and insertion 
phase is extremely critical, since differences in these parameters will add to 
amplitude-and phase-imbalance errors. The 90° hybrid in the LO port must be in 
nearly perfect phase quadrature. 

Phase-and amplitude-imbalance errors adversely affect sideband suppression 
(Figure 4.45). In most cases, a typical passive І/О modulator operates with a 
carrier input level of +10 dBm, which is required to drive the diodes in the 
mixers to operate in the linear range. The dynamic range of these mixers can be 
significantly improved by using diodes with a higher barrier height. The LO 
signal in this case must be increased in order to drive these diodes into 
conduction in their linear range. 


Figure 4.45 The level of SSB rejection improves as the phase and amplitude 
imbalance performance of an SSB modulator improves. 


Image rejection (dB) 


i | 
^ V 
K ' 
SN | 
ч. 
ш v 
M 





0 04 08 12 16 2.0 
Phase error (degrees) 


Carrier rejection is also a problem when designing an SSB modulator, since 
only a few decibels of suppression can be achieved in standard high-frequency 
models. In the past, the major contributor to carrier suppression was the inherent 
LO-RF isolation through the mixers. Unfortunately, this isolation is usually poor 
at cellular frequencies (800-1000 MHz), where at least 25 dB of carrier rejection 


is necessary. In some cases, designers feed a small amount of dc into the IF ports 
to control the carrier rejection, which complicates the driver circuitry and calls 
for temperature compensation when operating at different temperatures. 

As an example, an SSB modulator is assumed to operate with +10-dBm LO 
drive with each modulating signal at -10 dBm and in phase quadrature to each 
other when applied to the modulating ports (MOD 1 and MOD 2). The result 
will be a modulated signal at -16 dBm, assuming 6 dB conversion loss. 

For 20 dB carrier rejection with respect to the desired modulated signal, the 
carrier must be at -36 dBm, which translates to LO-RF isolation of 46 dB. 

By employing a subharmonic approach, the performance of SSB modulators 
can be extended beyond the limits of conventional designs as reported by Joshi 
in Ref. [8]. The approach is based on the use of subharmonic mixers in place of 
fundamental-frequency mixers and is applicable from about 140 to 3000 MHz. 
Subharmonic mixers use antiparallel diode pairs in their construction [13-15]. 
Matched antiparallel diode pairs used in single-ended or single-balanced mixer 
configurations cancel even-order intermodulation products (such as 2 fj x 2 


frr, and 3 fio х 3 frp) at all ports. 


Single-ended mixers lack the port-to-port isolation needed for SSB modulator 
applications. Odd-order products of the RF and LO frequencies (even fto х odd 


Гр) and (odd f; с х even (рр) appear on all ports, requiring extensive filtering for 


satisfactory performance. For a single-balanced mixer, even harmonics of the LO 
combining with odd harmonics of the RF appear at the IF port, whereas odd 
harmonics of the LO combining with even harmonics of the RF appear at the RF 
and IF ports. This assumes that a balanced transformer is placed at the LO port, 
which is a logical choice due to the fact that the highest level signal appears at 
the LO port. Since the desired odd-order IF products appear at both the RF and 
IF ports, a need arises for a diplexing network to isolate the RF and IF signals. 

The subharmonic modulator design provides a unique way to isolate the RF 
and IF signals. A single-balanced harmonic mixer offers good LO-RF and LO- 
IF isolation but poor КЕ-ІЕ isolation. Fortunately, harmonically related signals 
are spaced well apart in the frequency spectrum, simplifying filtering of 
harmonically related signals. 

Harmonic mixing also works well with low LO power levels, with somewhat 
lower 1 dB compression on the RF port than with fundamental-frequency 
mixing. The ability to operate with LO frequencies that are a fraction of the 
carrier frequency (1/2, 1/4, 1/6, etc.) significantly reduces the cost of an LO 


source, especially at higher frequencies. Also, using lower frequency LO sources 
helps avoid the signal-leakage problems inherent with higher frequency LO 
sources. Minimizing signal leakage, especially at higher frequencies, becomes 
expensive and bulky. Subharmonic mixing offers several advantages: 


e The technique offers the ability to operate at LO frequencies that are 1/2, 
1/4, or 1/6 of the carrier frequency. For example, for an IF of 100 MHz at an 
RF of 2 GHz, the LO can be (2000+100) + 2 = 950 ог 1050 MHz. 

e The LO's even harmonics are strongly attenuated. 

e The filtering requirements for fundamental frequency and odd harmonic 
signals of the LO are not critical. 

e The cost of generating the LO is reduced due to the fact that the LO 
frequency need only be a fraction of the carrier frequency. 


As an example of the performance improvements possible with the 
subharmonic mixers, units were evaluated at both cellular (935-960 MHz) and 
PCN/PCS (1.8-1.9 GHz) bands. For a conventional SSB modulator at 1.9 GHz 
fed with +10 dBm modulation signals, carrier rejection is barely 10 dB (Figure 
4.46). 


Figure 4.46 This plot of carrier and sideband rejection was measured for a 
conventional SSB modulator operating at 1.9 GHz. 
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Sideband rejection can be improved by tuning, but the carrier rejection is 
controlled by the LO-RF isolation of the double-balanced mixers. Conventional 
double-balanced mixers with high isolation at cellular and PCN bands are very 
expensive and large when special techniques are used to improve LO-RF 
isolation. In contrast, the subharmonic nature of the new approach allows the use 


of lower frequency, less-expensive components in the modulators’ construction. 

The subharmonic modulators offer an improvement of more than 15 dB in 
carrier suppression compared to the conventional approach. 

The measured VSWR (return loss) at the LO and RF ports is better than 1.50:1 
(Figures 4.47 and 4.48). Measurements made on a cellular-band SSB modulator 
reveal carrier rejection on the order of 40 dB. Typical insertion loss is 7 dB while 
sideband rejection is 30 dB (Figure 4.49). 


Figure 4.47 The SSB modulator's return loss as measured at the local oscillator 
port. 
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Figure 4.48 The novel harmonic SSB modulator's return loss as measured at the 
КЕ port. 
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Figure 4.49 This plot of carrier and sideband rejection as measured for the novel 
harmonic SSB modulator operating at cellular frequencies. 
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By the virtue of harmonic mixing, even-order mixing products are attenuated 
by about 30 dB with respect to the desired modulated output signal. The 
fundamental-frequency feedthrough into the output port is approximately 5 dB 
lower than the desired modulated signal, whereas the fourth harmonic mixing 
with the modulating signal is approximately 10 dB lower. Typical loss for fourth- 
harmonic mixing is 17—19 dB while maintaining 30 dB of carrier rejection. 

Since harmonically related products are well-spaced in frequency, filtering 
undesired signals is relatively inexpensive using standard octave-bandwidth 
filters. Low-cost commercial bandpass filters typically offer better than 40—50 
dB attenuation of unwanted harmonic signals. Constant-impedance bandpass 
filters offering good impedance match at desired stopbands can also be used in 
cases where harmonically related products require impedance termination within 
a system. 

The subharmonic modulator design is easily applied at custom frequencies. 
Conversion of an SSB modulator with output frequency corresponding to twice 
the LO frequency to one with output corresponding to four times the LO 
frequency requires only one component change, in the form of a signal- 
combining network at the modulator's output. Although the conversion loss of 
the fourth-harmonic LO component mixing with the modulating signal is in the 
vicinity of 18 dB, the cost of generating the LO is drastically reduced with the 
subharmonic modulator. In spite of higher signal loss, the carrier rejection is still 
at least 30 dB at the fourth harmonic, and harmonically related products can be 
eliminated with an inexpensive filter. 


4.3.3.9 Triple-Balanced Mixer 


Two diode rings can be combined to form a double-balanced mixer, or triple- 


balanced mixer (TBM), as shown in Figure 4.50. Triple-balanced mixers achieve 
higher dynamic range and interport isolation than double-balanced designs at the 
expense of LO power and increased complexity and size. 


Figure 4.50 A triple-balanced diode mixer. A limitation of this configuration is 
that the internal dc common connections associated with its RF and LO 


transformers disallow usable IF response down to dc. 
RF 





Figure 4.51 shows the Figure 4.50 circuit's interport isolation with the circuit 
configured in a less than ideally balanced form, with small variations in 
transformer-winding inductance and diode parameters introduced for more 
realistic modeling. Note that the mixer's interport isolation generally increases 
with frequency, rather than decreasing with frequency as with the DBM (Figure 
4.28). 


Figure 4.51 The triple-balanced mixer offers improved high-frequency isolation 
over a standard DBM. 
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4.3.3.10 Rohde and Schwarz Subharmonically Pumped DBM 


Figure 4.52 shows an example of a complete microwave diode mixer used as the 
input stage of a spectrum analyzer. Its LO is applied at 13.2 GHz, 1/3 the 
frequency necessary to mix the 40.1 GHz input signal to the 500 MHz IF, with 
distortion in the diodes providing the 3 х frequency multiplication. The circuit's 
conversion gain is —18.8 dB; its noise figure, 20.5 dB. 


Figure 4.52 Schematic of the spectrum-analyzer mixer. The LO is applied at 1/3 
the frequency necessary to mix the RF signal to the 500 MHz IF. 
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The subharmonic-drive technique exemplified by this mixer is important for 
another reason in addition to LO isolation. Depending on the application, 
directly generating a sufficiently phase-quiet LO signal at the higher wireless 
frequencies and on up into the microwaves may not be feasible. In such cases, 
injecting the LO at a subharmonic of the desired LO frequency may provide 
better phase noise performance than a fundamental LO even though the phase 
noise of а frequency-multiplied source increases by log уол dB, where п is the 


multiplication factor. 


4.4 Transistor Mixers 


Diode mixers are lossy, termination-sensitive, and require considerable LO 
power. Their attractiveness to designers of highly integrated wireless products is 
further reduced by their dependence on transformers for balance and port-to-port 
isolation. Transistor mixers are therefore used where high integration and 
reduced current drain are paramount—that is, in most non-base-station wireless 
applications. 

Until 10 years ago, single BJTs were commonly used in a simple additive- 
mixing arrangement, an example of which appears in Figure 4.53. Such a circuit 
behaves like a combination of a preamplifier and single-diode mixer. Single-BJT 


mixers were used in early АМ-ЕМ radios until 1980, and unfortunately in some 
handheld 2 m and 70 cm ham equipment, to achieve the lowest possible power 
consumption. By definition, however, the presence of such a mixer also destroys 
any possibility of achieving a high intercept point. In addition to this, many 
combination frequencies occur despite elaborate input filtering. Although single- 
BJT mixers can exhibit considerable conversion gain (>10 dB), their dynamic 
range is restricted and their port-to-port isolation is poor. BJT mixers in today's 
competitive wireless designs use multiple transistors, and are based almost 
exclusively on the Gilbert multiplier cell. 


Figure 4.53 A single-BJT mixer. 
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4.4.1 BJT Gilbert Cell 


The classic active mixer (Figure 4.54), conceived by Barrie Gilbert in 1967, is 
the basis for most active mixers used in wireless products today. Figure 4.55 
shows a Gilbert cell mixer implementation for analysis. Figure 4.56 shows its 
conversion gain and noise figure versus LO power. Figure 4.57 shows its IM, 


and IP, responses. As Gilbert wrote a 1994 monograph [16] 
Figure 4.54 The basic Gilbert multiplier cell. 








Figure 4.55 Gilbert cell mixer validation circuit. 
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Figure 4.56 Conversion gain and noise figure versus LO power for the Gilbert 


cell mixer. In this analysis, LO = 900 MHz (-20 to 0 dBm) and RF = 945 MHz 
(-50 dBm) for an IF of 45 MHz. 
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Figure 4.57 ІМ- and ІР; responses for the BJT Gilbert cell mixer with RF 
signals at 945 and 946 MHz. In this analysis, LO = 900 MHz (7-10 dBm), RF, = 
945 MHz (—50 to -30 dBm), апа RF, = 946 MHz (-50 to -30 dBm). Four LO 
harmonics and three LO sidebands were used. 
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This circuit is attractive because (a) it can be monolithically integrated with 


other signal-processing circuitry; (b) it can provide conversion gain, whereas а 
diode-ring mixer always has conversion loss; (c) it requires very low power to 
drive the LO port; (d) it provides excellent isolation between the signal ports; 
and (e) it is far less fussy about load-matching. 

The two major advantages afforded by the Gilbert cell are port isolation (it 
should really be called a multiplicative mixer) and its significant reduction of 
even-order frequency combinations. As with the single-transistor mixer, the 
Gilbert cell does not particularly shine with high intercept point and low current 
consumption. Another major drawback is that it requires a high-impedance 
output, which gives the user headaches because most of the better filters are in 
50 €2 technology, and only very simple monolithic filters offer input and output 
impedances around 1 kQ. Impedances on this order can result in significant 
crosstalk in high-density circuit boards. 

The reason the Gilbert cell can be so linear for small input signal levels is 
twofold. It is a differential amplifier and it makes use of the tanh function, which 
is linear over a wide range around the zero-crossing point [17]. Attempts have 
been made to increase the intercept point. Тһе Plessey 51.6440 IC was a special 
version of the Gilbert cell that achieved high ІР; in (+30 dBm) at the expense of 
dc current. 

Our suspicion, however, is that a combination of a modern double-balanced 
passive mixer using medium-to high-level diodes followed by a feedback FET 
amplifier, or even one of the late САТУ transistors with frs of more than 25 


GHz, would allow the achievement of a significantly higher intercept point. As 
pointed out in our amplifier chapter, CATV transistors are now available that 
combine a noise figure of less than 1 dB noise figure with a IP; in of more than 
30 dBm. Built in push-pull, structures using such transistors can achieve an 
ІР т of 70 dBm, matching the numbers for the diode DBM. In the amplifier 
chapter, we learned that feedback always improves the dynamic range, mostly at 
the expense of gain, since the gain-bandwidth product gets reduced. Motorola 
has recently come out with a clever extension of its high-level preamplifier and 
modified it to become a mixer. 


4.4.2 BJT Gilbert Cell with Feedback 


Motorola s MC13143 low-power 2.4 GHz mixer IC uses a patented topology 
consisting of a class-AB-biased Gilbert cell augmented by feedback. Its linearity 


can be programmed via an external current source to achieve ап ІР; in of 20 dBm 
at the expense of additional supply current. 

The MC13143 contains 29 active transistors. Figure 4.58 shows the core of the 
MC13143 circuit reduced to its essentials and configured for computer analysis 
per Motorola's MC13143 test circuit. Figure 4.59 shows the circuit's conversion 
gain and noise figure versus LO drive, and Figure 4.60 shows the circuit's typical 
IF, IM3, and ІР; responses, both as calculated by Ansoft Corporation's Serenade 


8.0 circuit simulator. A reproduction of the MC13143 datasheet, used by 
permission, follows Figure 4.61. 


Figure 4.58 Motorola's MC13143 mixer IC uses dc feedback for improved 
linearity that can be programmed by applying a control current (0—2.3 mA) to its 
mixer linearity control pin. Per Motorola, an ІР; in of 20 dBm may be achieved 


with a control current of 2.3 mA, at the expense of approximately 7 mA of 
additional supply current. In this validation circuit, R1 (the resistor in Q10's 
emitter) has been adjusted for a total current drain (supply + linearity control) of 
В mA. 
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Figure 4.59 Calculated conversion gain and noise figure versus LO drive for the 
Motorola MC13143 IC operating at Усс = 2V. Motorola's specifications for the 
typical values of these characteristics are -5.0 and 12 dB, respectively, at an LO 
drive level of 0 dBm. The RF signal is at 900 MHz and the LO is at 950 MHz, 
for an IF of 50 MHz. In this analysis, LO = 950 MHz (-10 to 5 dBm) and RF = 
901 MESE C 50 dBm) for an IF of 49 MHz. 
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Figure 4.60 Calculated typical IF, ІМ}, and ІР; responses for the Motorola 


MC13143 mixer configured as shown in Figure 4.58. In this analysis, LO = 950 
MHz (-5 dBm), RF, = 900 MHz (—50 to -20 dBm), RF, = 901 MHz (-50 to 


-20 dBm), апа Усс = 5 V. Four LO harmonics and three LO sidebands were 
used. 
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Figure 4.61 An additive JFET mixer cell using gate RF injection and source LO 
injection. 
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In considering the approach used in the MC13143, one has to remember that 
feedback around many stages gives an IMD ripple, which means that the higher 
order IPs are no longer a straight-line calculation. Above a certain level, the 3 
dB/dB law fails, and as a result of this, the IMD characteristic can be as bad as 
10 or 20 dB/dB—almost like a break-down point. 


4.4.3 FET Mixers 


FETs, used in active and passive circuits, are still a popular solution for low- 
power integrated mixers up to 100 MHz (passive quad), 1 GHz (dual-gate 
MOSFET). Cost-sensitive applications may require the use of a single-gate FET. 
These types of single-gate microwave mixers are frequently used to validate the 
quality of software but the user keeps forgetting this is a quality of the model in 
question and not of the simulator. A good example of bad modeling is Figure 
7.88 in Ref. [18]. Unfortunately we have neither seen the same circuit analyzed 
with modern tools nor do the authors of the paper cited [18] provide sufficient 
details of the circuit and the transistor to do this ourselves. 

Figure 4.61 shows a basic, active FET mixer. Like the single-diode and single- 
BJT mixers, it is additive, although it is common to lessen RF—LO interaction by 
injecting one signal at the gate and the other at the source as shown. Single-gate 
GaAs and LDMOS FETs are also used in this arrangement with gate biasing as 
appropriate to the device type. Figure 4.62 shows a dual-gate FET in an additive 
mixing configuration. 


Figure 4.62 Test circuit for additive mixing using a dual-gate MOSFET. 
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The linearity of FETs is based on the fact that a FET follows a square law and 
therefore the first derivative, its transconductance, is supposed to be constant. 
This is valid within a wide amplitude range. FET mixers have a noise figure 
similar to those found in bipolar mixers: typically around 6—9 dB, depending on 
the configuration. A FET mixer's intercept point is subject to load-impedance 
variations, with a purely resistive termination providing the best case. 
Terminating the mixer with a filter is problematic in that a filter looks purely 
resistive only within its 3 dB passband; in the transition band and beyond, the 
filter impedance rises rapidly and the mixer intercept point goes down. The best 
means devised so far to minimize this effect is to configure the FET output as a 
high-pass filter, using capacitive coupling from the output-tuned circuit to a 50 0 
bandpass filter, as shown in Figure 4.63. Outside its passband, this impedance 
inverter acts more like a short circuit and maintains IMD products at a 
reasonable level. Тһе alternative to this is the popular diplexer, which requires 
more components and has more insertion loss. The high-pass configuration has 
been barely mentioned in the literature. 


Figure 4.63 FET mixer output coupling that minimizes the effects of filter 
reactance outside the filter passband. 





The active FET mixer achieves gain at the expense of intercept point; the 
difference can be as much as 20 dB. As an example, the passive MOSFET quad 
mixer, which is to be referenced, achieves an intercept point of greater than 40 
dBm while similar active silicon FETs barely make 30 dBm. This 30 dBm 
performance is possible only at fairly low frequencies, and requires careful 
selection and adjustment of the dc bias point of all transistors of the circuit. This 
performance also requires that the FETs be operated grounded-gate, which limits 
their gain. The other drawback of these active arrangements is that higher 
impedances at the output reduce the third-order intercept point 


overproportionally; as an example, a factor of two in impedance change can cost 
as much as 6 АВ intercept point. In these discussions, we assume that the IMD 
products are generated solely by the active device, and not by any passive 
devices, such as transformers. Actually, there are also some capacitors whose 
linearity varies with RF current—another unpleasant effect that is frequently 
overlooked. 

On the other hand, one can use any FET as a passive device similar to a diode 
mixer, in which the source-drain channel gets switched on and off. This 
impedance modulation is somewhat similar to a diode mixer, but the gate 
electrode is isolated from both source and drain. It nonetheless falls in the 
category of additive mixers because there is sufficient interaction between gate 
and source, although the impedance at the gate changes significantly less than in 
an additive diode mixer. Implementation is a challenge in that building a high- 
performance passive FET mixer requires a pair or a quad of mixer cells that are 
sufficiently matched to suppress even-order IMD products. Intercept points, 
depending on the LO drive, vary between +20 and +45 dBm. The lower number 
is more applicable for microwave and RF frequencies, while the +45 dBm level 
is easily obtainable between 5 and 30 MHz. It is necessary to remember that the 
FET is a voltage-driven switch, and LO matching becomes an issue: How do you 
generate 30 V peak-to-peak across a few picofarads over a wide frequency 
range? Physical layout can also be critical: Symmetry is not only important for 
the active devices, but also for the input, output, and LO circuit. We have seen 
cases where fractions of an inch in different lengths leading to the gate 
electrodes has cost up to 10 dB of IP4—just because of the resulting lack of 
symmetry. 

Figure 4.64 shows the circuit of Figure 4.61 modified to work with an 
LDMOS FET, the harmonic-balance version of the SPICE level 3 model. Figure 
4.65 shows the LDMOS circuits conversion gain and noise figure versus 
frequency. The “noisy” traces reflect the model's numerical problems. This 
model, which works up to about 0.8 um and has been validated against the 
Motorola data and SPICE results, has already been made mathematically 
continuous but still shows the inability to properly model the real RF transistor. 
This is why more research needs to be done on RF and microwave applications 
for MOS in the modeling area. As can be seen from the references, several 
attempts have been made to improve the model, but the major headache remains 
with parameter extraction, and as the models get more complex, the modeling 
quality does not seem to improve as a linear function. The reader should be 


reminded of the load—pull measurement as outlined earlier. 


Figure 4.64 The N-JFET circuit of Figure 4.61 modified to work with an 


LDMOS FET. 
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Figure 4.65 The LDMOS FET mixer's calculated conversion gain and noise 
figure. Although the “noisy” traces reflect numerical problems in the device 


model, the results can be put to good use in circuit design. 
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Dual-Gate MOS/GaAs Mixers 


Significantly better LO-RF isolation can be obtained by applying the RF to LO 
signals separate gates of a dual-gate FET (Figure 4.66). The result is 
multiplicative mixing with fewer constraints on LO and RF filtering. 


Figure 4.66 Test circuit for multiplicative mixing using a dual-gate MOSFET. 
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4.4.4 MOSFET Gilbert Cell 


The trend to go to smaller voltages has created some CMOS implementations of 
the Gilbert cell. While this may allow us to integrate reasonable mixers on the 
same chip, nobody should expect any miracles from these mixers. They are 
frequently starved in operating voltage and current and rarely fare better than a 
single diode mixer with proper drive level. On the other hand, the symmetry 
reduces some of the unwanted spurious frequencies and because of the high 
impedance, the actual RF power level is much less than the diode would need. 
There are so many CMOS transistors available in different processes that we 
cannot provide information about the general behavior but this “low cost” 
solution, as pointed out, is really only attractive because one can stay in the same 
technology while building the amplifier and other stages. Because of the flicker 
corner frequency of MOS, the noise figure of the mixer will be high compared to 
other devices, but not as bad as its GaAsFET brothers. In any case, to combine 


reasonably performance and simplicity, one needs to have a preamplifier that 
reduces the noise figure as well as the third-order intercept point of the mixer by 
the amount of preamplification. 


4.4.5 GaAsFET Single-Gate Switch—Resistive Mixer 


It is a drawback of the diode mixers that the mixing process is performed by a 
one-port device. Local oscillator, RF, and IF signals are all present at the same 
port and need to be carefully separated through filters or balanced topologies. It 
is especially critical to suppress the LO signal on the RF line, since the signals 
are closely spaced in frequency and the LO is at a much higher power level. 
Replacing the diode by a FET offers a number of advantages. Good RF to LO 
isolation is achieved when the LO signal is applied at the gate, while the port for 
RF and IF signals is at the drain. 

The FET in a FET switching or so-called resistive mixer is biased at a drain- 
source voltage of 0 V, therefore it operates in the resistive region. The LO at the 
gate modulates the resistance of the channel, and ideally, switches it fast between 
fully open and fully closed. The input signal (RF or IF) are fed to source or 
drain, where the output signal is generated (IF or RF). Besides the improved RF 
to LO isolation, the resistive mixer has the advantage that it is inherently a low- 
power circuit, since no dc supply is required at the drain. Still, the conversion 
loss is reasonable. The concept is relatively easy to realize for almost any 
frequency range, relatively low LO power is required, and the circuit provides 
good noise and linearity properties. 

The good linearity comes from the fact that the resistive mixer rather acts like 
a switch, which is much more linear regarding RF input power than active 
mixers that use the inherently nonlinear transconductance. Intercept points of 
around 40 dBm are common in this type of mixer. It should be noted, that 
highest linearity can only be achieved if the source of the mixing transistors is 
directly connected to ground. For example, a record ІР; of 53 dBm was achieved 


for such a “vertical” double-balanced mixer by Synergy Corp. on the basis of a 
standard TriQuint process. In contrast, if the differential mixer concept is 
realized by connecting the FETs in form of a ring—as usual for diode mixers—a 
typical maximum ІР; of 30 dBm cannot be exceeded. If the sources are floating, 
it is practically impossible to control the gate-source voltage. High RF voltage 
Swings, therefore, easily drive the gate into conducting state, an unwanted effect 
that degrades mixer performance and possibly device lifetime. 


Before this type of mixer is discussed in more detail, a word of caution 
regarding simulating it. It is often observed that a simulation of a resistive mixer 
is not sufficiently accurate. The cause is not found in the numerics of the 
simulation tools, it can be the transistor model. Standard transistor models are 
most accurate for the common transistor operation, that is, the active region. The 
performance of a passive transistor is often not considered during model 
development. Thus, before designing a resistive mixer, one needs to verify that 
the models used are specified for switching operation at zero volts bias. 

One of the pioneers of ICs for the wireless market is TriQuint, and we have 
been working with Wes Hayward of TriQuint in circuit analysis and validation. 
In doing so, we used some commercial and experimental circuits. In the 
amplifier chapter, we have already pointed out one amplifier that shows good 
agreement between measured and predicted data. By the time one has realized 
the entire circuit, including its associated biasing problems, even these circuits 
tend to grow. Figure 4.67 shows the circuit, which consists of an 
oscillator/amplifier, switching mixer, and a differential IF postamplifier. 


Figure 4.67 The complete switching mixer circuit. 
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Since the highest accuracy is needed to model these type of circuits, we found 
that only very recent simulators, such as Serenade 8 from Ansoft, can handle 
such a large number of FETs without barking at the user. Initially, we had all 
kinds of difficulties with these circuits because of the TriQuint TOM model, 
which had been developed for SPICE, and its IF/ELSE statements did not make 
it mathematically continuous. The type of GaAsFETs used by TriQuint were 
both regular FETs and enhancement FETs, which require a positive voltage at 
the gate. Further details of this should be looked up in the foundry manual by 
TriQuint. In the modeling chapter, we have shown some comparison between 
different models and their prediction accuracy. Such converters need to resort to 
inductors in GaAs technology, and compared to other parts they become quite 


big (Figure 4.68). 


Figure 4.68 Physical layout of the GaAs oscillator/mixer/postamplifier IC, 
showing the considerable real estate required for integrated inductors. 
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Іп order to reduce some of the complexity in modeling and yet deal with the 


problems of mixers, here is a simpler mixer which is the combination of a set of 
switching transistors and a postamplifier for the IF. The reader may notice that 
the small inductances of 15 nH have an extremely high loss modeled by a series 
resistor of 18 Q. The first to recommend this type of switching mixers was 
probably Stephen Maas. The circuit diagram itself (Figure 4.69) is self- 
explanatory, but again we need to point out the complexity it ends up with. 


Figure 4.69 Simplified switching FET mixer. 
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The GaAsFET mixer probably the best performance on the market today is the 
TriQuint model CMY210 (Figure 4.70). A reproduction of its datasheet, used by 
permission, follows the schematic. 


Figure 4.70 The TriQuint CMY210 IC includes a shunt switch mixer and AGC- 
equipped LO amplifier for more constant LO drive. Despite its simplicity, this 
mixer achieves a typical IP; in of 25 dBm. Courtesy of TriQuint Semiconductor. 
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Тһе CMY210 circuit is а clever arrangement of a switching type of mixer with 
an automatic level control arrangement that provides the mixer with a reasonably 
constant drive level following the LO amplifier. Similar to cases we have shown, 
there is a clear relationship between the local oscillator power (invested dc 
power) and large-signal performance. This mixer externally has a series-tuned 
circuit at the input that allows the UHF frequency to pass, and has a parallel- 
tuned circuit that keeps the UHF frequency from getting into the IF stage. The 
resulting conversion loss of 5.5 dB is consistent with the example we presented 
before of 6 dB, and while the noise figure also is stated as 5.5 dB, that value is 
deceiving because it was determined using a 120 MHz IF. If an IF of 10 MHz or 
less was used, the noise figure would be tremendously worse. This is due to the 
frequently mentioned flicker noise contribution. 


4.4.5.1 Noise in Resistive Mixers [19] 


A mixer's noise performance is not as easy to comprehend as it might be in a 
linear circuit. The nonlinear operation of the transistor or diode is a prerequisite 
for the mixer to operate at all. The signal is shifted in frequency, therefore we 
need to consider the relation between RF and IF noise. And finally, we do not 
simply have dc currents driving our noise sources and only small-signal RF. In 


this case, dc, if applied at all, might be smaller than the LO signal's amplitude. 

However, let us have a look at the different mechanisms one after the other. 
First, consider the nonlinear behavior and the many frequencies involved. This is 
not a real issue, if we assume for a moment that all noise sources are known. 
Noise currents and voltages are stochastical signals, but still signals that 
propagate through an electrical circuit like any other small-signal electrical 
signal would do. That is a standard task for any circuit simulator. Starting with 
an initial noise correlation matrix describing the noise sources, it needs to be 
calculated how these small-signal quantities are converted to the other 
frequencies. The result is a number of noise correlation matrices that each 
describe the noise associated with one mixing product. The total mixer noise is 
obtained by adding all these contributions. 

The second issue is the noise sources. If we first consider white noise only, the 
issue becomes simpler in a resistive mixer. With the transistor acting as a 
controlled resistor, only thermal noise is observed. There is no excess noise due 
to pn junctions or hot electrons in the channel. Thus, it can be assumed that the 
noise figure of a resistive mixer follows the same rule as the noise figure of any 
passive mixer as discussed in Section 4.2.2. 


Source: c TriQuint Semiconductor, reprint with permission. 
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Description Applications 

« Up- ог Down- 
The СМҮ210 is an all port, single-ended, Converters 
general purpose up- and down-converter. 
It combines small conversion losses and « Mobile Phones 
excellent intermodulation characteristics with Receivers 
alow demand of LO- and DC-power. 
The internal level controlled LO-buffer enables « WLAN Receivers 
good performance over a wide range of LO 
level inputs. . Mobile Phone or WLAN 
The mixer configuration allows RF or IF feed Basestations 


to either pin 1 or 6 and thus requires a 
frequency separation circuit on the pc board. 


Features Package Outline, 
“ Very High Input IP3 of 24 dBm шыны 
typical 


. Very Low LO Power demand of 0 
dBm typical; Wide input range 


. Wide LO Frequency Range: <500 
MHz to >2.5 GHz 


« Single-Ended Ports 





« RF- and IF-Port Impedance 50 
ohms 


« Operating Voltage Range: <3 to 6 V 


* Very Low Current Consumption: Б 
mA typical 


* All Gold Metalization 


For additional information and latest specifications, see our website: алуы toguint com 2 
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CMY 210 Datasheet 


Maximum Ratings 


Parameter Port symbol Value Unit 


Supply Voltage Мо | о | 6 | v 
DC-Voltage at LO Input V 


Channel Temperature NE Teh |] 150 . "C 


storage Temperature Таш -55 150 "C 


Thermal Resistance 





Channel to Soldering Point (GND) Rinchs <100 KV 


1) For detailed dimensions see page 7. 
2) ForDC test purposes only, no DC voltages at pins 1, 6 in application 


For additional infomation and latest specifications, see our website: wan ШОО СО 
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CMY 210 Datasheet 


Electrical Characteristics 


Test conditions: 74 = 25°C: Von= ЗУ, see test circuit; fee = S08MHz; 
fio = 965MHz; Р.о = OdBm; fig = 15/MHz, unless otherwise specified: 


Parameter, Test Conditions Symbol | min typ | max | Unit 


Operating Current w |= |e ап. mA 
Conversion Loss е |a r|m dB 
ENWEL | = | 


55В Noise Figure Fash 


2 Tone 3rd Order IMD dima 54 dBc 
Рве = Pree = -3dBm 
Tre 4 = BOGMHz; fh» - 810MHz; fio -065MHz 


3rd Order Input Intercept Point IP Sin 20 | 24 | - | dBm 
LO Leakage at RF/IF-Port (1,6) Pio 18 - -8 - dBm 
Applications Information 
Test circuit / application example 
Notes for external elements: 
L2 

ni out aaa NE оша [1 C1: Filter for upper frequency; 

e гы шы C2, L2: Filter for lower frequency: 

ad om E vd = m each filteris a throughpath for the 


desired frequency (КЕ or IF) and 
isolates the other frequency (IF or 
RF) and its harmonics. 

These two filters must be 
connected to pin 1 and pin 6 
directly. 

Parasitic capacitances at the ports 
Тапа 6 must be as small as 
possible. 

L4 and C4 are optimized by 
indicating lowest Sp at used LO- 
frequency; same procedure for L3. 
The ports 1, 3 and 6 must be DC 


open. 


a Y B 
і Сп i T 





Lumped element values for 800MHz test and application circuit: 
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Applications Information (cont) 
PCB-Layout for 800MHz test and application circuit: 





Actual size 





Typical lumped element values for different RF-frequencies: 


| oo | 82 | 39 | 82 | 33 | 


2400 1.8 2.7 1.8 1.5 





Typical lumped element values for different LO-frequencies: 


4 
H 
7 
2 
8 
5 
2 
7 
3 
2 
8 


| 1400 | 68 | 22 | 68 | 





2300 4.1 12 1.2 12 


For additional information and latest specifications, see ош website: www .triquint.com 
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CMY 210 Datasheet 


General description and notes 


The CMY 210 is an all port single ended general purpose Up- апа Down-Converter. 

It combines small conversion losses and excellent intermodulation characteristics with a low 
demand of LO- and DC-power. 

The internal level controlled LO-Buffer enables a good performance over a wide LO level range. 
The internal mixers principle with one port RF and IF requires a frequency separation at pin 1 and 6 
respectively. 


Mote 1: 
Best performance with lowest conversion loss is achieved when each circuit or device for the 
frequency separation meets the fallowing requirements: 


Input Filter: Throughpass for the signal to be mixed; reflection of the mixed signal and the harmonics 
of bath. 


Output Filter: Throughpass for the mixed signal and reflection of the signal to be mixed and the 
harmonics of both. 


The impedance for the reflecting frequency range of each filler toward the ports 1 and 6 should be as 
high as possible. 

In the simplest case a series- and a parallel- resonator circuit will meet these requirements but also 
others as appropriate drop in filters or micro stripline elements can be used. 

The two branches with filters should meet immediately at the package leads of the port 1 and 6. 
Parasitic capacitances at these ports must be kept as small as possible. 

The mixer also can be driven with a source- and load impedance different to 50£2, but performance 
will degrade at larger deviations. 


Mote 2: 

The LO-Buffer needs an external inductor L4 at port 4; the value of inductance depends on the 
LO frequency. It is tuned for minimum ѓор consumption into рогі 4. 

At lower LO frequencies it can be reduced by an additional capacitor C5. 


Mote 3: 

The LO Input impedance at Port 3 can be matched with a series inductor. It also can be tuned for a 
minimum current la into port 4. C3 is a DC blocking capacitor. 

since the input impedance of port 3 can be slightly negative, the source reflection coefficient should 
be kept below 0.8 ( Za= 10). 


The Conversion Moise Figure Fssb is corresponding with the value of Conversion Loss Lc. The LO 
signal must be clean of noise and spurious at the frequencies fe + fie 


For additional information and latest specifications, see our website: www.triquint.com 
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Electrical Characteristics (cont) 





Operating Current Jap =f (PLO) Conversion Loss | Lc =f {PLO} 
VDD = 3V VOD = ЗУ: НЕ = 120MHz 
iLO = Parameter (Lo = Parameter 
10 
e LLILLILII. 
A 8 
E 
dB 7 
5 
5 
4 
3 
2 
| 111111110 
ü 
-10 -8 -в -4 -2 -10 -8 4 
“Бї ———{[> РІС dBm — = PLO 
Conversion Loss Lc = f(VDD) Third Order IP3 /P3in = f (PLO) 
FLO = Bm Pin = 2 х-ЗаВтп; НЕ = 40/45MHz 
(Lo = 1500MHz; ЙЕ = 120MHz VDD = 3V: (LO = Parameter: 





Y —— > VDD dBm — PLO 
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Things get a bit more involved when it comes to 1/f noise. The low-frequency 
noise becomes an issue when the 1/f noise corner is higher than the IF frequency, 
or if the RF is directly converted into baseband. In this case, 1/f noise is the 
dominant noise. This is obviously the case in baseband, but the noise also gets 
upconverted and forms sidebands at the harmonics of the LO signal. Since the 
spacing between RF signal sidebands and LO equals the IF frequency, it can be 
assumed that the upconverted 1/f noise is also dominant at all other RF 
frequencies. And again, the mixing process is straightforward to calculate or 
simulate. 

The complicated issue in resistive mixer noise calculation is the question, how 
the currents control the transistor's noise sources. Classical theory considers only 
dc current. The result is that no 1/f noise is expected at all, since, the circuit 
topology fixes Vps at 0 У and no dc current is flowing. Unfortunately, 
measurement reveals that this optimistic guess is wrong. 

In order to predict the 1/f noise in a resistive mixer accurately, it is necessary 
that the transistor model implements cyclostationary noise sources. 
Cyclostationary noise sources are controlled by all harmonics of the large-signal 
current, not only by the dc component. Thereby, even without dc current 
flowing, noise sidebands appear at all LO frequencies. The traditional approach 
of implementing a noise source, on the other hand, assumes that only the DC 
current is driving the 1/f noise. If this assumption would hold, no 1/f noise would 
be observed in a resistive mixer since no DC current is flowing. Cyclostationary 
sources, on the other hand, assume that large-signal current of any frequency 
drives the noise source. As a result, the device generates 1/f-shaped noise side 
band at all large-signal frequencies. This noise gets downconverted and shows 
up as baseband 1/f noise, even in absence of DC current. An introduction to the 
cyclostationary noise theory is found in [24]. 

The 1/f noise performance of resistive mixers was investigated at the circuit 
setup shown in Figure 4.71. It is basically a Fujitsu HEMT SHC40LG on a 
circuit board, in a configuration that allows for a detailed investigation of the 
transistor noise performance. The whole configuration is shielded in order to 
suppress coupling of low-frequency noise. An important detail of this setup is 
the switch 51 that allows to short circuit the capacitance C1. Closing the switch 
enables dc current to flow through the transistor, which will impact the noise 
performance as we will see later on. 


Figure 4.71 FET resistive mixer setup used to investigate the noise performance. 


From Ref. [20]. 
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In order to minimize the resistive mixer noise, it is necessary to make sure that 
the noise performance is not additionally degraded, for example, through the 
following mechanisms: 

1. High LO amplitude potentially drives the gate in forward conduction 
mode. The result is additional shot noise and excess 1/f noise of the schottky 
junction. It is, however, advisable to prevent this from happening as the gate 
is not meant to draw current and driving it in forward direction could 
possibly reduce lifetime. Anyway, monitoring that no gate dc current flows 
prevents these problems. 


2. The LO itself will have phase noise. In the investigation, it is necessary to 
sort out which part of the noise is generated by the mixer, and what is mixed 
LO noise. 


3. If the RF power is significant, it will add to the 1/f noise, due to the same 
mechanisms that are responsible for the noise caused by the LO signal. 


Measured and simulated single-sideband 1/f noise at 1 KHz is shown in Figure 
4.72 as a function of LO frequency. The LO power is set to 0 dBm. Simulations 
are shown as straight lines and symbols refer to measured points. The higher 
values were obtained when the switch 51 was open, so that no dc current can 
flow. Lower 1/f noise is observed with 51 closed, providing a dc path through 
the FET. 


Figure 4.72 SSB noise power density at 1 KHz and LO power 0 dBm. 
Simulations: lines, measurement: symbols. Thin lines and crosses refer to the 


condition without dc current, thick lines and bullets refer to the circuit setup with 
dc path. From Ref. [20]. 





556 noise power (dBm/Hz) 
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When the switch is open, classical noise models would not predict any 1/f 
noise at all, since its power level would be controlled by DC current only. No 
DC current, no 1/f noise. This example, therefore, is a proof of the 
cyclostationary noise source concept. The simulations were performed assuming 
that the 1/f noise sources are to be modeled this way. But still, assuming 
cyclostationaty noise sources alone cannot fully explain the measured 1/f noise. 
It is expected that any of the harmonics of the LO signal generates 1/f-noise 
sidebands. But the dc component is nonexistent as long as the switch is open. 

An important mechanism that is responsible for the baseband noise observed 
in this case is the cross-coupling of the LO signal from the gate to the channel. 
Figure 4.73 shows a sketch highlighting the coupling paths. LO leaks through 
Cœ and in packaged FETs also through C,,, if L, is significantly large. This 
cross-coupled LO signal undergoes a mixing process as any other signal in the 
channel does: it is downconverted to dc. And indeed, a dc current is observed 
when the switch is closed. Opening it can suppress dc, but it cannot change the 
fact that the LO fundamental noise sideband is downconverted with the cross- 
coupled signal. In short, the reason for the 1/f noise at baseband is the fact that 
the LO signal causes 1/f-type noise sidebands, and that the cross-coupled LO 
signal downconverts these sidebands. 


Figure 4.73 The LO signal couples through the capacitances C 
source inductance L, into the RF and IF path. From Ref. [20]. 


gs» Сва and the 


LO signal 





» 
| IF 
L3 Й 
Г LO signal 
Ls 
+ | 


The impact of LO power level is shown in Figure 4.74 for a LO frequency of 9 
GHz, obtained under the same conditions such as the previous graph. The 1/f 
noise first increases with LO power, due to decreased conversion loss and 
increasing cross-coupled power, and finally saturates. 


Figure 4.74 Dependence of SSB noise power density at 1 KHz on LO power, 
and an LO frequency of 9 GHz. Line: simulation, bullets: measurement. From 
Ret. [20]. 





SSB noise power (dBm/Hz) 


LO power (dBm) 


Getting back to Figure 4.72, it seems that the 1/f noise can be reduced by 
providing a dc path to the mixing FET. At first sight, this seems to be a strange 
behavior, since a dc current causes additional noise. One would guess that the 
measured noise is increased. In fact, the dc current causes 1/f noise that is 
superimposed to the downconverted noise. The noise at a certain offset 
frequency, however, is correlated between the sidebands at all harmonics. The dc 
current's noise obviously cancels the downconverted noise out. Depending on 


the type of GaAsFET, around 5 dB of improvement are to be expected, which 
can even be improved to around 10 dB improvement by forcing very quite dc 
currents through the device. 

For readers who are interested in what mixers look like when pushed well into 
the microwave region, we present the layout for a 20 GHz diode mixer. Figure 
4.75 presents its layout, which includes radial stubs, circular stubs, and a Lange 
coupler and Figure 4.76 shows the layout implemented on a ceramic substrate. 


Figure 4.75 Layout of the 20 GHz diode mixer. 
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Figure 4.76 The 20 GHz diode—mixer circuit board. 
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As further food for thought and experimentation, Figures 4.77 —4.87 present 


mixer and related circuit notes as presented by Wes Hayward in TriQuint 
Semiconductor's GaAs Design Class. 


Figure 4.77 Example mixer circuit topologies. 
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Figure 4.78 Example mixer circuit topologies. 
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Figure 4.79 Example mixer circuit topologies. 
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Mixer 


НА Mixer Family Measurements 


The mixers are all identical except for FET width. Mixers used the НА 
process and are half micron gate length. 


FET Р-ау 
Width RF 
50 -13 
50 —13 
50 –10 
100 -10 
100 -10 
100 -10 
200 -10 
200 -10 
200 -10 
200 -10 
400 -10 
400 -10 
400 -10 
400 -10 
50 -10 
50 -10 
50 -10 
50 -10 
50 -10 
50 -10 
100 — 10 
100 -10 
100 —10 
100 —10 





F-LOs1.65, RF»1.9, and IFz0.25 GHz. 


Bias was adjusted to best gain 
at «6 LO. The LO baluns were half wave lines of semi-rigid coax. 


Input power is -13 or -10 dBm RF. 


All measurements show down conversion results. 


P-LO 
авт 
6 

10 
10 

6 


14 


IMDR Conv Gain IP3-cut 
| dB 


ав авт 
44.7 -11.7 -2.25 
53.5 -11.2 2.55 

49 -11.5 3 
41.5 -9.4 1.315 

48 -8.5 5,5 
68.8 -6.2 16.2 
40.5 – 8 2.425 

45 -7.4 5.1 
60.8 -7,2 13.2 
60.7 -7.7 12.65 
42.68 -7.7 3.7 

52 -7.2 8.8 
67.7 -- 7 16.85 
57.5 -6.9 12.85 

56 -14.5 3.5 
42.5 -12.3 -1.05 
49.2 -11.7 2.9 
60.8 -11.9 8.5 
63.5 -12 9.75 
62.8 -11.7 9.7 
42.5 -13.2 -1.95 
47.2 —8.7 4.9 
63.7 —B.4 13.45 

62 ~ 9. 2 11.8 


Figure 4.80 Example mixer circuit topologies. 
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Figure 4.81 Example mixer circuit topologies. 
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Figure 4.82 Example mixer circuit topologies. 
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Figure 4.83 — mixer circuit topologies. 
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Figure 4.84 Example mixer circuit topologies. 
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Figure 4.85 Example mixer circuit topologies. 
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Figure 4.86 Example mixer circuit topologies. 
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Figure 4.87 Example mixer circuit topologies. 
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Note 


1. Based on Ref. [20]. Figures reprinted with permission. The mixer noise 
modeling approach was also published in Refs. [21—23]. 
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Chapter 5 
RF/Wireless Oscillators 


5.1 Introduction of Frequency Control 


Practically, all modern telecommunication equipment and test equipment uses 
frequency-control techniques based on frequency synthesis, the production of the 
many frequencies involved in a radiocommunication system's modulation, 
transmission, reception, and demodulation functions through the combination 
and mathematical manipulation of a very few input frequencies. Although the 
frequency synthesis techniques now ascendant in wireless systems—phase- 
locked loops and, less commonly, direct digital synthesizers—are fundamentally 
different, all are ultimately based on RF oscillators. This chapter covers 
oscillator theory, evaluation, and design. 

Two types of oscillators are needed in a phase-locked-loop system (Figure 
5.1). One, typically a crystal oscillator, generates the synthesizer's reference 
signal. As Figure 5.1 reflects, the reference oscillator may be built into the 
synthesizer IC in highly integrated systems. The other oscillator, a voltage- 
controlled oscillator (VCO), is varied in frequency by the system to produce the 
synthesizers output signal. Although designing good oscillators remains 
somewhat like black magic or a special art, we will shown that mathematics and 
CAD tools, applied in conduction with practical experience, can keep the 
oscillator design process well under control. 


Figure 5.1 Block diagram of a modern, integrated frequency synthesizer. In this 
case, the designer has control over the VCO and the loop filter; the reference 
oscillator is part of the chip. In most cases (up to 2.5 GHz), the dual-modulus 
prescaler is inside the chip. 
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5.2 Background 


The oscillator was probably first discovered by people who wanted to build an 
amplifier back in the vacuum-tube days. Its modern equivalent is shown in 
Figure 5.2. Here we see an active device, a bipolar transistor or field-effect 
transistor, with a tuned input and output circuit. Under ideal circumstances, the 
voltage at the input is 180? out of phase and the amplifier is “stable.” Because of 
the unavoidable feedback capacitance, a certain amount of energy is transferred 
from the output to the input at about 90? out of phase. If one of the tuned circuits 
is detuned to the point where the phase shift is -180?, oscillation will occur. This 
means that the small energy from the output will be amplified, brought back to 
the input in phase and further amplified, causing the stage to "takes off" and 
oscillate. Unless there is some mechanism to limit the amplitude of the 
oscillation at the input or output, its amplitude can theoretically increase to a 
level sufficient to destroy the device through breakdown effects or thermal 
runaway. 


Figure 5.2 Schematic diagrams of RF connections for common oscillator 
circuits (dc and biasing circuits not shown) [1]. 


The criterion for oscillation was first described by Barkhausen (see equation 
5.6 in the next section). The conditions for oscillation exist when the feedback 
gain is high enough to cancel all losses and the difference between forward gain 
and reverse gain is less than zero. This also implies that oscillator circuits 
(Figure 5.2) provide a negative resistance, which is responsible for oscillation. 
The following mathematical treatment explains this. 


2.3 Oscillator Design 


A phase-locked loop generally has two oscillators: the oscillator at the output 
frequency and the reference oscillator. The reference oscillator at times can be 
another loop that is being mixed in, and the VCO is controlled by either the 
reference or the oscillator loop. The VCO is one of the most important parts in a 
phase-locked-loop system, the performance of which is determined only by the 
loop filter at offsets inside the loop bandwidth, and only by the quality of the 
VCO design at offsets outside the loop bandwidth. 

To some designers, VCO design appears to be magic. Shortly, we will go 
through the mathematics of the oscillator and some of its design criteria, but the 
results have only limited meaning. This is due to component tolerances, stray 
effects, and most of all, nonlinear performance of the oscillator device, which 
can be modeled with only a certain degree of accuracy. However, after building 
oscillators for awhile, a certain feeling will be acquired for how to do this, and 
certain performance behavior will be predicted on a rule-of-thumb basis rather 
than on precise mathematical effort. For reasons of understanding, we will deal 
with the necessary mathematical equations, but we consider it essential to 
explain that these are only approximations. 


5.3.1 Basics of Oscillators 


An electronic oscillator is a device that converts dc power to a periodic output 
signal (ac power). If the output waveform is approximately sinusoidal, the 
oscillator is referred to as sinusoidal. There are many other oscillator types 
normally referred to as relaxation oscillators. For application in frequency 
synthesizers, we will explore only sinusoidal oscillators for reasons of purity and 
noise-sideband performance. 

All oscillators are inherently nonlinear. Although the nonlinearity results in 
some distortion of the signal, linear analysis techniques can normally be used for 


the analysis and design of oscillators. Figure 5.3 shows, in block diagram form, 
the necessary components of an oscillator. It contains an amplifier with 
frequency-dependent forward loop gain G(jo) and а frequency-dependent 
feedback network H(jo). 


Figure 5.3 Block diagram of an oscillator showing forward and feedback loop 
components. 





The output voltage is given by 
Vo = аша 74) р 
(5.1) 1+ G (jw) Н (jw) 
For an oscillator, the output V, is nonzero even if the input signal V; = 0. This 


can only be possible if the forward loop gain is infinite (which is not practical), 
or if the denominator 

(5.2) 1 + G Gu) H (ju) =0 
at some frequency wọ. This leads to the well-known condition for oscillation (the 
Nyquist criterion), where at some frequency 090 

(5.3) © Gwo) H (iso) = —1 

That is, the magnitude of the open-loop transfer function is equal to 1: 

(5.4) С (3:29) H (jio) | = 1 

and the phase shift is 180°: 


This can be more simply expressed as follows. If in a negative-feedback 
system, the open-loop gain, has a total phase shift of 180? at some frequency oy, 
the system will oscillate at that frequency provided that the open-loop gain is 
unity. If the gain is less than unity at the frequency where the phase shift is 180°, 
the system will be stable, whereas if the gain is greater than unity, the system 
will be unstable. 

This statement is not correct for some complicated systems, but it is correct for 


those transfer functions normally encountered in oscillator design. The 
conditions for stability are also known as the Barkhausen criterion, which states 
that if the closed-loop transfer function is 
Vo _ И 

(5.6) V | — pf 
the system will oscillate provided that uf = 1. This is equivalent to the Nyquist 
criterion, the difference being that the transfer function is written for a loop with 
positive feedback. Both versions state that the total phase shift around the loop 
must be 360? at the frequency of oscillation and the magnitude of the open-loop 
gain must be unity at that frequency. 

The following analysis of the relatively simple oscillator shown in Figure 5.4 
illustrates the design method. The linearized (and simplified) equivalent circuit 
of Figure 5.4 is given in Figure 5.5. h,, has been neglected and 1/h,, has been 


assumed to be much greater that the load resistance А; and is also ignored. 








Figure 5.4 Oscillator with capacitive voltage divider. 
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Figure 5.5 Linearized and simplified equivalent circuit of Figure 5.4. 
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Note that the transistor is connected in the common-base configuration, which 
has no voltage phase inversion (the feedback is positive), so the conditions for 
oscillation are 


(5.7) |G (iso) H (ju) = 1| 
and 

(5.8) arg [G (уо) H (jwo)] = 0° 

The circuit analysis can be greatly simplified by assuming that 

l " his RE 

(5.9) 2062 +С) — № + RE 
and also that ће О of the load impedance is high. In this case, the circuit reduces 
to that of Figure 5.6, where 








МС 
(5.10) Ci + C5 
and 
Не = his Fg ( C + ey 
(5.11) Һь+Вк\ Ci 


Figure 5.6 Further simplification of Figure 5.4, assuming high-impedance loads. 
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Figure 5.7 shows how the input impedance of an oscillator circuit—in this 
case, a BJT Colpitts oscillator minus its resonator—satisfies this condition for 
oscillation. 


Figure 5.7 Calculated input impedance of a 200-MHz BJT Colpitts oscillator 
with its resonator removed. (Figure 5.46 shows an equivalent graph with the 
resonator present.) 
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Then the forward gain 








Gu = = 
(5.12) nn he 
and 
7 Ci 
H (jw 
(5.13) ^ Y > GG 
where 


cd 1 | 1 1 1 
ҮІ = = ct sot St 5 
(5.14) Zn jeb На Re ЯС 

A necessary condition for oscillation is that 


(5.15) arg [G (уш) H (jw)] = 0 





350.00 


Since Н does not depend on frequency in this example, if arg [С(}о)Н(]оә)] is 
zero, the phase shift of the load impedance Z; must also be zero. This occurs 


only at the resonant frequency of the circuit 
1 


vL С, C 9 / (Cy + Cs i 


idg 
(5.16) 
At this frequency 

Z=- Reg BL 
(5.17) Req + Ну, 
and 


C, + C3 


(5.18) ^» 
The other condition for oscillation is the magnitude constraint that 


"—- @ Ды, В С, 
G (qw) H (jw) = — (as) - — = 1. 
(5.19) ^ iw (Ra Rp) Gr +O 


on let | ВВ, C 
Reg + Ri 





Three-Reactance Oscillators 

Although the block-diagram formulation of the stability criteria is the easiest to 
express mathematically, it is frequently not the easiest to apply since it is often 
difficult to identify the forward loop gain С(јо) and the feedback ratio H(jo) in 
electronic systems. A direct analysis of the circuit equations is frequently simpler 
than the block diagram interpretation (particularly for single-stage amplifiers). 
Figure 5.8 shows a generalized circuit for an electronic amplifier. 

By inspecting Figure 5.8, one can see the three necessary reactances and the 
load. All other known circuits are derivatives of this by rotation. The small- 
signal equivalent circuit is given in Figure 5.9 (where h,, has been neglected). 

Normally, hj, can also be assumed sufficiently small and can be neglected. 


The loop equations are then 


| | @ Ны Rr, C 

(5.20) G (jw) H (jw) = 1— (as) MIN = 1 

(5.21) 0 = —hZi + fg (hie + 41) 

For the amplifier to oscillate, the currents 1, and J, must be nonzero even when 
V, = 0. This is only possible if the system determinant 

A= | ёзъ 21+ 22 Вёз – 21 | 

(5.22) | _7 hee + 7i | 
is equal to 0. That is, 

(5.23) (Za + Z1 + Za) (№ + Z1) — Zi +8202, =0 


which reduces to 

(5.24) (Zi + Za + Za) №. + 21228 + Zi(Za + Za) =0 

Assume for the moment that Z,, Z», and Z are purely reactive impedances. (It 
is easily seen that equation 5.24 does not have a solution if all three impedances 
are real.) Since both the real and imaginary parts must be zero, equation (5.24) is 
equivalent to the following equations if 


(5.25) hie (41 Za + Za) = 0 


апа 

(5.26) Zi [(1 + 8) 2: + 23] =0 
Since D is real and positive, Z; and Z4 must be of opposite sign for equation 
(5.26) to hold. That is, 

(5.27) U + B) Za = —43 
Therefore, since h,, is nonzero, equation (5.25) reduces to 

(5.28) 41 + Za — (1+ 8) Za = 0 
Or 

(5.29) 41 = 822161 < Съ; Ly > Lal 

Thus, since |3 is positive, Z; апа Z, will be reactances of the same kind. If Z, 
апа Z» are capacitors, Z4 is an inductor and the circuit is as shown in Figure 5.10. 


It is referred to as a Colpitts oscillator, named after the person who first 
described it.If 4; and Z, are inductors and Z4 is a capacitor as illustrated in 


Figure 5.11, the circuit is called a Hartley oscillator. 


Figure 5.8 Generalized circuit for an oscillator using an amplifier model. 2 is 
inductive even with a capacitor in series with it. 





Figure 5.9 Small-signal equivalent circuit of Figure 5.8. 





Figure 5.11 Hartley oscillator. 





5.3.1.1 Example 1 


Design а Colpitts circuit to oscillate at 200 MHz, using a transistor (operating at 
Ic = 6mA dc) that has an input impedance 


г 


i 





Mag(Z1,) = В = 2820 (hi 2311) 


and 
Grp = 65; Bosc = 10 (large — signalcondition) 


Тһе oscillating transistor operates under large-signal conditions, 
generating harmonics in addition to the fundamental. Most of the 
transistor's current gain will come from dc biasing. Bosc, its large-signal 


beta at the fundamental frequency of oscillation, must therefore be 
considerably less than Ppp, the small-signal, single-tone value, as the 


transistor's available current gain, f, is distributed among the dc, 
fundamental and harmonic components present (f, = B5c* Bosc + Bosco + 


Posc,ra --J- 


Solution 
For the Colpitts circuit, Z} and Z, are capacitive reactances and Z4 is an 
inductive reactance. Let Z, = — j1.6 ©; then (equation 5.27) 

Z3 =—(1+8)2Z,= - (1+ 10) x —1.6 = 7179 

and (equation 5.25) 

By = —(Z_+ Z4) = —j1T0 

At 200 MHz, these impedances correspond to component values of С, = 50 
pF, C» = 500pF, and L = 30 nH. The oscillator will probably work with C, values 
larger than 500 pF, but at the loss of safety margin for tolerances in production, 
beta, temperature, and phase-noise performance. The completed circuit, except 
for biasing, is shown in Figure 5.12. 


Figure 5.12 Design example of a Colpitts oscillator. 
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If Z,, Z5, Z4, or hio is complex, the preceding analysis is more complicated, but 


the conditions for oscillation can still be obtained from equation (5.24). For 
example, if, in the Colpitts circuit, there is a resistor В in series with L(Z4 = R + 


j@L), equation (5.24) reduces to two equations 


1 і R 
h ie (ші. = Rc x) — — = (| 
5.30 tC] ts | uc 1 





апа 

hie - T ——wL = |) 
(5.31) DIG, tC 
Define 


(5.32) ^ 1+ R/hie 


The resonant frequency at which oscillations will occur is found from equation 


(5.30) to be 


(5.33) VE (C1C3/ (C1 + 63) 
апа for oscillations to occur Re(h;,) = Re(Z,,) must be less than or equal to 
|. 1-8 L 
Rehe) © RAT —- 
(5. 34) ше Ca CA 
If R becomes too large, equation (5.32) cannot be satisfied and oscillations will 
stop. In general, it is advantageous to have 


(5.35) CU ш?С\С, 


аге too small 1 darge x Xe, and Xa), the input and output паса of the 
transistor, which shunt С, and С, respectively, become important. А good, 


stable design will always have C, and C, much larger than the transistor 
capacitances they shunt. 


9.3.1.2 Example 2 
In Example 1, will the circuit still oscillate if the inductor now has a Q, = 100? If 
the transistor input capacitance is 5 pF, what effect will this have on the system? 


Solution 

In Example 1, X; = 170, С, = БОрЕ and C, = 500pF. Since С, = 50pF, adding 5 
pF in parallel will change the equivalent C to 55 pF. As the inductor Q,, = 100, 
the equivalent resistance R in series with the lossless inductor is 


The new resonant frequency can be determined from equations (5.32) and 
(5.33) 


C, 55 55 


1 
fo = ey есін D 191.56 МН? 
І СС (С + Ca? 
The effect of the finite inductor О causes а negligible change іп the oscillating 
frequency compared to the effect of the transistor input capacitance, which 


reduces the resonant frequency 4.2%. Because the large-signal beta, Босс, is 10, 
there is enough loop gain to maintain oscillation. 


5.3.1.3 Two-Port Oscillator 


Although equations (5.25) and (5.26) can be used to determine the exact 
expressions for oscillation, they are often difficult to use and add little insight 
into the design process. An alternative interpretation, although not as accurate, 
will now be presented. It is based on the fact that an ideal tuned circuit (infinite 
Q), once excited, will oscillate infinitely because there is no resistance element 
present to dissipate the energy. In the actual case where the inductor Q is finite, 
the oscillations die out because energy is dissipated in the resistance. It is the 
function of the amplifier to maintain oscillations by supplying an amount of 
energy equal to that dissipated. This source of energy can be interpreted as a 
negative resistor in series with the tuned circuit. If the total resistance is positive, 
the oscillations will die out, while the oscillation amplitude will increase if the 
total resistance is negative. To maintain oscillations, the two resistors must be of 
equal magnitude. То see how a negative resistance is realized, the input 
impedance of the circuit in Figure 5.13 will be derived. 


Figure 5.13 Calculation of input impedance of the negative-resistance oscillator. 





If hoe is sufficiently small (hoe < 1/ Rz), the equivalent circuit is as shown in 
Figure 5.13. The steady-state loop equations are 


(5.36) Vin = Ап ( X C, T Хо, l-h (Ас, = B X Со) 
(5.37) 0 = —fnlAc, ) + f(A, + ^i] 


After Г, is eliminated from these two equations, Z;, is obtained as 
Vin _ (1 8) Xe, Xe, + fie (Xe, + Хоз) 





д enS — - 
(5.38) № Xe, + hie 
If Xc, < fie, the input impedance is approximately equal to 
Ze КЕЁ Yo, Xo, + (Хо, + Xa) 
£n б АСА T LAC, T Абс» 
(5.39) he | | | | | 
EL. ут, 1 
ғал атан АТП CD 
(5.40) WC] "b. qu С, Ca (Oy + Ca i 


That is, the input impedance of the circuit shown in Figure 5.14 is a negative 


resistor, 
Hc m. 
(5.41) 4 C С, 


Figure 5.14 Equivalent small-signal circuit of Figure 5.13. 
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in series with a capacitor, 
o a9 
(5.42) +G 
which is the series combination of the two capacitors. 
With an inductor L (with the series resistance Rs) connected across the input, it 


is clear that the condition for sustained oscillation is 
irr 
we Co 


and the frequency of oscillation 


fo —" 
(544) ту. (Ci + С) 


This interpretation of the oscillator readily provides several guidelines that can 
be used in the design. First, С, should be as large as possible so that 


(5.45) Xc, « Nie 
and C, is to be large so that 


3 << —— 
(5.46) ` қажы 


When these two capacitors are large, the transistor base-to-emitter апа 
collector-to-emitter capacitances will have a negligible effect on the circuit's 
performance. However, equation (5.43) limits the maximum value of the 
Capacitances since 

m G 
i umore ee 
(5.47) ~ «С.О ^ «?С\С» 


where С is the maximum value of g,,. For a given product of С, and C», the 





series capacitance is at maximum when С, = С, = Cp. Thus, equation (5.47) can 
be written as 
І 2 {т 
(5.48) «C. ҮС 
This equation is important because it shows that for oscillations to be 
maintained, the minimum permissible reactance 1/wC,, is a function of the 


— 


resistance of the inductor and the transistor's mutual conductance, gp. 


An oscillator circuit known as the Clapp circuit or Clapp-Gouriet circuit is 
shown in Figure 5.15. This oscillator is equivalent to the one just discussed, but 
it has the practical advantage of being able to provide another degree of design 
freedom by making C, much smaller than C, and С.. 


Figure 5.15 Circuit of a Clapp oscillator. 





It is possible to use C, and C, to satisfy the condition of equation (5.47) апа 
then adjust Со for the desired frequency of oscillation оу, which is determined 


from 


| | | 
VPE L — - — — = 0 
(5.49) woCo МоСі wola 


5.3.1.4 Amplitude Stability 


Linearized analysis of the oscillator is convenient for determining the frequency 
but not the amplitude of the oscillation. The Nyquist stability criterion defines 
the frequency of oscillation as the frequency at which the loop phase shift is 
360°, but it says nothing about the oscillation amplitude. If no provisions are 
taken to control the amplitude, it is susceptible to appreciable drift. Two 
frequently used methods for controlling the amplitude are operating the 
transistor in the nonlinear region or to use a second stage for amplitude limiting. 
For the single-stage oscillator, amplitude limiting is accomplished by designing 
an unstable oscillator, that is, the loop gain is made greater than 1 at the 
frequency at which the phase shift is 180°. As the amplitude increases, the В of 
the transistor decreases, causing the loop gain to decrease until the amplitude 
stabilizes. This is а self-limiting oscillator. There are nonlinear analysis 
techniques predicting the amplitude of oscillation, but their results are 
approximate except in idealized cases, forcing the designer to resort to an 
empirical approach. 

An example of a two-stage emitter-coupled oscillator is shown in Figure 5.16. 
In this circuit, amplitude stabilization occurs as a result of current limiting in the 
second stage. This circuit has the additional advantage that it has output 
terminals that are isolated from the feedback path. The emitter signal of О», 


having a rich harmonic content, is normally used as output. Harmonics of the 
fundamental frequency can be extracted at the emitter of Q, by using an 


appropriately tuned circuit. Note that the collector of Q, is isolated from the 
feedback path. 


Figure 5.16 Two-stage, emitter-coupled oscillator. 
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5.3.1.5 Phase Stability 


An oscillator has a frequency or phase stability that can be considered in two 
separate parts. First, there is long-term stability, in which the frequency changes 
over a period of minutes, hours, days, weeks, or even years. This frequency 
stability is normally limited by the circuit components' temperature coefficients 
and aging rates. The other part, short-term frequency stability, is measured in 
terms of seconds. One form of short-term instability is due to changes in phase 
of the system; here the term phase stability is used synonymously with frequency 
stability. It refers to how the frequency of oscillation reacts to small changes in 
phase shift of the open-loop system. It can be assumed that the system with the 
largest rate of change of phase versus frequency dó/df will be the most stable іп 
terms of frequency stability. Figure 5.17 shows the phase plots of two open-loop 
system used in oscillators. At the system crossover frequency, the phase shift is 
—180°. If some external influence causes a shift in phase—say, it adds 10° of 
phase lag—the frequency will change until the total phase shift is again O°. In 
this case, the frequency will decrease to the point where the open-loop phase 
shift is 170°. Figure 5.17 shows that 1), the change in frequency associated with 


the 10° change in phase of GH, is greater than the change in frequency Afi, 
associated with the open-loop system GH,, whose phase is changing more 
rapidly near the open-loop crossover frequency. 


Figure 5.17 Phase plot of two open-loop systems with different resonator Qs. 
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This qualitative discussion illustrates that аф/а| at f = fọ is a measure of ап 


oscillator's phase stability. It provides a good means of quantitatively comparing 
the phase stability of two oscillators. Consider the simple parallel tuned circuit 


shown in Figure 5.18. 
Figure 5.18 Parallel tuned circuit for phase-shift analysis. 





For this circuit, the two-port is 
Vo (70) _ R 


(5.50) Zij) 1+ 3Q [(ш/шо) — (ше/ш)] 
where 





1 | H 
(5.51) VLC шаі. 
The circuit phase shift is 
аге Vo — 6 = ап 10 (= - =з) 
(5.52) І | 


апа 


(5.53) & 
at the resonant frequency cog 





(5.54) d „5% 
The frequency stability factor is Sp defined as the change in phase аф/ао) 
divided by the normalized change in frequency Aw/q@p. That is 


(5.55) 5r = 24 
where Sp is a measure of the short-term stability of an oscillator. Equation (5.54 


indicates that the higher the circuit Q, the higher the stability factor. This is one 
reason for using high-Q circuits in oscillator circuits. Another reason is the 
ability of the tuned circuit to filter out undesired harmonics and noise. 

The two oscillator types shown so far can be considered two-port oscillators 
because one port is responsible for oscillation and the other port supplies the 
output power. This type of output supposedly has better isolation (although this 
is not true at higher frequencies) but has a higher noise floor. A better way of 
extracting energy is shown in Figure 5.19. 


Figure 5.19 Diagram for a feedback oscillator illustrating the principles 
involved, and showing the key components considered in the phase-noise 
calculation and its contribution. 
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These types of oscillators are essentially what is referred to as two-port 
oscillators. The name comes from the fact that the oscillating device has two 
ports, with the output energy taken from the output port, typically the collector 
or drain, while the tuned circuit is at the input port. For years, it was widely held 
that this type of design provides better isolation between the tuned circuit and 
termination; unfortunately, because of the Miller effect, this is not true. At the 
higher frequencies, changes in output-port loading affect the input port, resulting 
in pulling, a detuning effect that increases with frequency. In addition, taking the 
output from the collector or the drain results in a poorer signal-to-noise ratio 
than that achievable by extracting energy from the tuned circuit itself. The only 
real advantages the collector output provides are more power and higher 
efficiency, but definitely at the expense of phase noise, which is often referred to 


as SSB phase noise because it is expressed in terms of the decibel ratio of the 
noise power in a single (the upper or lower) noise sideband, in a 1-Hz bandwidth 
centered at a specified frequency offset from the oscillator carrier, to the carrier 
power. Figure 5.20 compares the phase noise of an oscillator with the energy 
taken off the collector and the tuned circuit; the difference is highly visible. 


Figure 5.20 Phase noise with oscillator output taken from collector (upper trace) 
versus emitter (lower trace) of a BJT oscillator. 
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5.4 Oscillator Circuits 


5.4.1 Hartley 


Figure 5.21 shows the Hartley oscillator configuration, in which feedback is 
obtained by tapping the resonator. In practice, the resonator can consist of a 
single tapped inductor or two separate, magnetically uncoupled inductors, with 
feedback obtained at their junction. 


Figure 5.21 Hartley oscillator. 





5.4.2 Colpitts 


Figure 5.22 shows the Colpitts oscillator configuration, in which feedback is 
obtained via a capacitive voltage divider. 


Figure 5.22 Colpitts oscillator. 





5.4.3 Clapp-Gouriet 


Figure 5.23 shows the Clapp-Gouriet oscillator. Like the Colpitts, the Clapp— 
Gouriet obtains its feedback via a capacitive voltage divider; unlike the Colpitts, 
an additional capacitor series-tunes the resonator. The Pierce oscillator, a 
configuration used only with crystals, is a rotation of the Clapp-Gouriet 
oscillator in which the emitter is at RF ground. 


Figure 5.23 Clapp-Gouriet oscillator. 





5.5 Design of RF Oscillators 


5.5.1 General Thoughts on Transistor Oscillators 


An estimate of the noise performance of an oscillator is 
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(5.56) 

We just state this here without having dived into oscillator noise theory itself. 
(Also see Figure 5.19.) This equation is based on work done by Dieter Scherer of 
Hewlett-Packard about 1978. He was the first to introduce the flicker effect to 
the Leeson equation by adding the AM-to-PM conversion effect, which is caused 
by the nonlinear capacitance of the active devices. This equation must be further 
expanded as 


£( f... ] — 10 log | f 4. EN улага ипи | ( | + ic) КЕТ ul 2ЕГІ еті | 
(5.27) Б. mE Е оле B Jm | Гнат | ie 


where £{ fm] = ratio of sideband power in 1-Hz bandwidth at f,, to total power in 
dB, р, = frequency offset, fy = center frequency, |. = flicker frequency, Оа = 
loaded О of the tuned circuit, F = noise factor, kT = 4.1 x 10°! at 300 К (room 
temperature), Р.., = average power at oscillator output, А = equivalent noise 
resistance of tuning diode (typically 200 © {їо 10 k€2), and К = oscillator 
voltage gain. 

The following table shows the flicker corner frequency (с as a function if Т 
for a typical small-signal microwave BJT. Гс(тах) of this transistor is about 10 
mA. 


fo (kHz) 


Source: Motorola 





Note that (с, which is defined by AF and КЕ in the SPICE model, increases with 
Ic. This gives us a clue about how (с changes when a transistor oscillates. As a 
result of the bias-point shift that occurs during oscillation (see Section 5.3.1.1), 


an oscillating BJT's average Ic is higher than its small-signal Ic. KF is therefore 
higher for a given BJT operating as an oscillator than for the same transistor 
operating as a small-signal amplifier. This must be kept in mind when 
considering published fc data, which is usually determined under small-signal 
conditions without being qualified as such. Determining a transistor's oscillating 
fc is best done through measurement: operate the device as a high-Q UHF 
oscillator (we suggest using a ceramic-resonator-based tank in the vicinity of 1 
GHz), and measure its close-in (10 Hz to 10 kHz) phase noise versus offset from 
the carrier. fc will correspond to a slight decrease in the slope of the phase noise 
versus offset curve. Generally, (с varies with device type as follows: silicon 
JFETS, 50 Hz and higher; microwave RF BJTs, 1-10 kHz (as above); MOSFETs, 


10-100 kHz; GaAsFETs, 10—100 MHz. Figure 5.24 shows the phase noise of 
oscillators using different semiconductors and resonators. 


Figure 5.24 Phase noise of oscillators using different semiconductors and 
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Equation (5.57) is based on Rohde et al. [2]. The additional term introduces a 
distinction between a conventional oscillator and a VCO. Whether the voltage-or 
current-dependent capacitance is internal or external makes no difference; it 
simply affects the frequency. 

For a more complete expression for a resonator oscillator's phase noise 
spectrum, we can write 


Sa (fm) = a al 
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(5.58) “ы fa В 
where С = compressed power gain of the loop amplifier, F = noise factor of the 
loop amplifier, k = Boltzmann's constant, T = temperature in Kelvins, Ро = 








carrier power level (in watts) at the output of the loop amplifier, Fọ = carrier 
frequency in hertz, fm = carrier offset frequency in hertz, (= 1Fot,) = loaded Q 
of the resonator in the feedback loop, and ap and ар = flicker-noise constants for 
the resonator and loop amplifier, respectively. 

In frequency synthesizers, we have no use for LC oscillators that do not 
include a tuning diode or diodes, but it may still be of interest to analyze the 
low-noise, fixed-tuned LC oscillator first and later make both elements, inductor 
and capacitor, variable. 

Later, we will show the performance changes if we utilize the two possible 
ways of getting coarse and fine tuning in oscillators: 

1. use of tuning diodes, and 
2. use of switching diodes. 


We will spend some time looking at the effects that switching and tuning 
diodes have in a circuit because they will ultimately influence the noise 
performance more strongly than the transistor itself. 

The reason is that the noise generated in tuning diodes will be superimposed 
on the noise generated in the circuit, while switching diodes have losses that 
cause a reduction of circuit Q. The selection of the proper tuning and switching 
diodes is important, as is the proper way of connecting them. As both types are 
modifications of the basic LC oscillator, we start with the LC oscillator itself. 

Early signal generators as were offered by several companies (namely, Rohde 
& Schwarz, Hewlett-Packard, Boonton Electronics, or Marconi), if they are not 
synthesized, use an air-dielectric variable capacitor or, as in the case of one 
particular Hewlett-Packard generator, the Model HP8640, a tuned cavity. 

Tuning here is accomplished by changing the value of an air-dielectric variable 
Capacitor or changing the mechanical length of a quarter-wave resonator. 

Using the equations shown previously, it is fairly easy to calculate the 


performance of oscillators and understand how they work, but this does not 
necessarily optimize their design. For LC oscillator applications in which noise 
performance is crucial, the oscillator shown in Figure 5.25, used in the famous 
Rohde & Schwarz SMDU, is the state of the art. Its noise performance is 
equivalent to the noise found in the cavity-tuned oscillator used in Hewlett- 
Packard's popular HP8640 signal generator, and because of the unique way a 
tuning diode is coupled to the circuit, its modulation capabilities are substantially 
superior to any of the signal generators currently offered. To develop such a 
circuit from design equations is not possible. This circuit is the result of many 
years of experience and research and looks fairly simple. The grounded-gate 
FET circuit provides the best performance because it fulfills the important 
requirements of (5.56). 


Figure 5.25 A 118-to 198-MHz oscillator from the Rohde & Schwarz SMDU 
signal generator. 
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The tuned circuit is not connected directly to the drain, but the drain is put on a 
tap of the oscillator section. Therefore, the actual voltage across the tuning 
capacitor is higher than the supply voltage, and thus the energy stored in the 
capacitor is much higher than in a circuit connected between the gate electrode 
and ground, as it is in a normal Colpitts oscillator. In addition, the high output 
impedance of the FET does not load the circuit, which also provides a reduced 


noise contribution. Since this oscillator is optimized for best frequency- 
modulation performance in the FM frequency range, it becomes apparent that it 
fits the requirements of low-distortion stereo modulation. 

For extremely critical blocking measurements in the 2-m region (140—160 
MHz), the noise specification at 20 kHz off the carrier is of high importance, 
while the peak modulation typically does not exceed 5 kHz. Figure 5.25 shows 
the schematic of the oscillator section optimized for this frequency range. 

Because of fy limitations, it has been found experimentally that these LC 


oscillators, if based on silicon JFETs, should not be used above about 500 MHz; 
rather, a doubler stage should be employed. Analyzing the signal generators 
currently on the market, we find that their highest baseband typically ranges 
from 200 to 500 MHz, with frequency doubling used to 1000 MHz. As can be 
seen in Figure 5.26, the mechanical layout of such an oscillator is extremely 
compact. 


Figure 5.26 Photograph of the helical-resonator system from the Rohde & 
Schwarz SMDU signal generator. 





5.5.2 Two-Port Microwave/RF Oscillator Design 


A common method for designing oscillators is to resonate the input port with a 
passive high-Q circuit at the desired frequency of resonance. It will be shown 


that if this is achieved with a load connected оп the output port, the transistor is 
oscillating at both ports and is thus delivering power to the load port. The 
oscillator may be considered a two-port structure, with M, being the lossless 


resonating port and M, provides lossless matching such that all the external RF 


power is delivered to the load. See Figure 5.27. The resonating network has been 
described. Nominally, only parasitic resistance is present at the resonating port, 
since a high-Q resonance is desirable for minimizing oscillator noise. It is 
possible to have loads at both the input and the output ports if such an 
application occurs, since the oscillator is oscillating at both ports simultaneously. 


Figure 5.27 Buffered oscillator design. 
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The simultaneously oscillation conditions is proved as follows. Assume that 
the oscillation condition is satisfied at port 1: 


(5.59) 1/51 = Го 
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By expanding equation (5.61), we find 
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(5.64) $55 — $23 -DIe 

Comparing equations (5.62) and (5.64), we find 

(5.65) 1/55, = Гу, 
which means that the oscillation condition is also satisfied at port 2; this 
completes the proof. Thus, if either port is oscillating, the other port must be 
oscillating as well. A load may appear at either or both ports, but normally the 


load is in Гу, the output termination. This result сап be generalized to an n-port 


oscillator by showing that the oscillator is simultaneously oscillating at each 
port: 

(5.66) Гі5 = P2592 = P3533 = ^ =P a Shy 

Before concluding this section on two-port oscillator design, the buffered 
oscillator shown in Figure 5.27 must be considered. This design approach is used 
to provide the following. 

1. A reduction in loading-pulling, which is the change in oscillator 
frequency when the load reflection coefficient changes. 

2. A load impedance that is more suitable to wideband applications (k < 1). 
3. A higher output power from a working design, although the higher output 
power can also be achieved by using a larger oscillator transistor. 

4. This type of oscillator is not optimized for low phase noise. However, 
buffered oscillator designs are quite common in wideband YIG applications, 
where changes in the load impedance must not change the generator 
frequency. 

Two-port oscillator design may be summarized as follows. 

1. Select a transistor with sufficient gain and output-power capability for the 
frequency of operation. This may be based on oscillator data sheets, 
amplifier performance, or S-parameter calculation. 

2. Select a topology that gives k < 1 at the operating frequency. Add 
feedback if k < 1 has not been achieved. 

З. Select an output load-matching circuit that gives |51, > 1 over the desired 
frequency range. In the simplest case, this could be a 50-Q load. 

4. Resonate the input port with a lossless termination so that IS}, = 1. The 
value of 5%, will be greater than unity with the input properly terminated. 

In all cases, the transistor delivers power to a load and the input of the 
transistor. Practical considerations of realizability and dc biasing will determine 
the best design. 

For both bipolar and FET oscillators, a common topology is the common-base 
or common-gate, since а common-lead inductance can be used to raise S», to a 
large value, usually greater than unity even with а 50-02 generator resistor. 
However, it is not necessary for the transistor S5; to be greater than unity, since 
the 50-02 generator is not present in the oscillator design. The requirement for 
oscillation is k < 1; then resonating the input with a lossless termination will 


ensure that |51, > 1. 

A simple example will clarify the design procedure. A common-base bipolar 
transistor (HP2001) was selected to design a fixed-tuned oscillator at 2 GHz. 
The common-base S-parameters and stability factor are given in Table 5.1. 





Table 5.1 S parameters and stability factors (Vcg = 15 V, Ic = 25 mA). 


S4, = 0.94 Z 174? |1.04 2 173? 
55, = 1.90 2 — 28° 12.00 2 - 30° 


S19 = 0.013 2 98° |0.043 4 153° 
S>» = 1.01 Z - 17?|1.05 Z - 18° 





Using the load circuit in Figure 5.28, we see that the reflection coefficients are 
Si, = 118 Z173^ 


Figure 5.28 Oscillator example at 2 GHz. 
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Гу = 0.62 / 30? 2 


Thus, a resonating capacitance of С = 20 pF resonates the input port. In а YIG- 
tuned oscillator, this reactive element could be provided by the high-Q YIG 
element. For a dielectric-resonator oscillator (DRO), the puck would be placed 
to give Г & 1.0 2 — 173°. 

Another two-port design procedure is to resonate the Ге port and calculate 55, 
until |5, > 1, then design the load port to satisfy. This design procedure is 
Summarized in Figure 5.29. 


Figure 5.29 Oscillator design flow chart. 
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Ап example using this procedure at 4 GHz is given іп Figure 5.30 using an 
AT41400 silicon bipolar chip in the common-base configuration with a 
convenient value of base and emitter inductance of 0.5 nH. The feedback 
parameter is the base inductance, which can be varied if needed. 

Since a lossless capacitor at 4 GHz of 2.06 pF gives Гс = 1 - 0 4 - 137.7°, 
this input termination is used to calculate 55, giving Si, = 0.637/44.5°, This 
circuit will oscillate into any passive load. Varying the emitter capacitor about 
20° on the Smith chart to 1.28 pF gives 55, = 1.167 —5.5°, which will oscillate 
into a load of Гу = 0.861 2 5.59, The completed lumped element design is given 


in Figure 5.31. 


Figure 5.30 A 4-GHz lumped-resonator oscillator using the AT41400. 
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Figure 5.31 Completed lumped-resonator oscillator (LRO). 
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5.5.3 Ceramic-Resonator Oscillators 


An important application for a new class of resonators called ceramic resonators 
(CRs) has emerged for wireless applications. The CRs are similar to rigid coaxial 
cable, where the center conductor is connected at the end to the outside of the 
cable. These resonators are generally operating in quarter-wavelength mode and 
their characteristic impedance is approximately 10 Q. Because their coaxial 
assemblies are made from a high-e low-loss material with good silver plating 
throughout, the electromagnetic field is internally contained and therefore results 
in very little radiation. These resonators are therefore ideally suited for high-Q, 
high-density oscillators. The typical application for this resonator is VCOs 
ranging from not much more than 200 MHz up to about 3 or 4 GHz. At these 
high frequencies, the mechanical dimensions of the resonator become too tiny to 
offer any advantage. One of the principal requirements is that the physical length 
is considerably larger than the diameter. If the frequency increases, this 
requirement can no longer be met. 

Manufacturers supply ceramic resonators on a prefabricated basis. Figures 
5.32 and 5.33 show the standard round/square packaging available and the 
typical dimensions for a ceramic resonator. Figure 5.34 shows а ceramic- 
resonator oscillator built on a ceramic substrate. 


Figure 5.32 Ceramic resonators. 





Figure 5.33 Standard round/square ceramic resonator packaging and 
dimensions. 





Figure 5.34 Modern ceramic resonator oscillator for hand-held cellular phones. 





The available material has a dielectric constant of 88 and is recommended for 
use in the 400-to 1500-MHz range. The next higher frequency range (800 MHz 
to 2.5 GHz) uses ап ғ of 38, while the top range (1-4.5 GHz) uses ап ғ of 21. 
Given the fact that ceramic resonators are prefabricated and have standard 
outside dimensions, the following quick calculation applies. 


Relative dielectric constant of resonator Ер] є, = 38 є, = 88 
material 

Resonator length (mm) | = "m 1 = в і = ы 

Temperature coefficient (ppm C) 10 6.5 8.5 

Available temperature coefficients —3to 4-12 —3 to +12 —3 to +12 

Typical resonator Q 800 500 400 

Frequency range 1-4.5 GHz 800-2500 MHz 400-1500 MHz 


5.5.3.1 Calculation of Equivalent Circuit 
The equivalent parallel-resonant circuit afforded by a ceramic resonator has a 
resistance at resonance of 
(5.67) R*l 
where Z, = characteristic impedance of the resonator, | = mechanical length of 
the resonator, and Ё = equivalent resistor due to metallization and other losses. 
As an example, one can calculate 


" NEDER Ж —12 ER 
CU ——————- — 55.81 x 10 ^*—————— 
(5.68) le (D/d) hog, (D/d) 
and 





PERE . log, (3) = 9 x 1077 log, (3) 
(5.69) 2т 4 4 


1 6 
= 60—— log. | — 
/88 ~“ (5) 
(5.70) -560 


A practical example for с, = 88 and 450 MHz is 
‚_ € 

(5.71) ^ ^3 ^ 

(5.72) Lp = 8L"l = 2.52 nH 

(5.73) fp = 2.5 КО 

Figure 5.35 shows the schematic of a ceramic-resonator-based oscillator. 
Figures 5.36 and 5.37 show the simulated and measured phase-noise of the 
oscillator. 
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Figure 5.35 Schematic of a high-performance ceramic-resonator-based oscillator 
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Figure 5.36 Simulated phase noise of an NPN bipolar 1 GHz ceramic-resonator- 
based oscillator. 
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Figure 5.37 Measured phase noise of a ceramic-resonator-based oscillator. 
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By using ceramic-resonator-based oscillators in conjunction with miniature 
synthesizer chips, it is possible to build extremely small phase-locked loop 
systems for cellular telephone operation. Figure 5.38 shows one of the smallest 
currently available PLL-based synthesizers manufactured by Synergy 
Microwave Corporation. Because of the high-Q resonator, these types of 
oscillators exhibit extremely low phase noise. Values of better than -150dBc/Hz 
at 1 MHz off the carrier are achievable. The ceramic resonator reduces the 
oscillator's sensitivity to microphonic effects and proximity effects caused by 
other components. 


Figure 5.38 Miniature PLL-based synthesizer manufactured by Synergy 
Microwave Corporation. 
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5.5.4 Using a Microstrip Inductor as the Oscillator 
Resonator [3—5]1 


A high-Q microstrip resonator сап be used to improve an oscillator's phase-noise 
performance. The following section, based on information in the Philips 
Semiconductors application note AN1777, describes the application of such a 
resonator in a BJT differential oscillator. 

It can be seen from (5.56) that the phase noise is proportional to the term 

1 

(5.74) 40.» 

This means that for any 10% increase іп О, we get something like 20% 
improvement in phase noise, which makes it most desirable to increase the Q. 
One way to reduce the loading of the resonator is to tap the device down on the 
resonator. The underlying oscillator circuit is based on the differential type of 
oscillator found in ICs. 


9.9.4.1 Increasing Loaded Q 


Figure 5.39 shows the oscillator section of the NXP SA620 low-voltage front- 
end IC with a conventional second-order parallel-tuned tank circuit configured 
as the external resonator. 


Figure 5.39 Oscillator portion of NXP SA620 front-end IC with external 
resonator. 
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From the basic equations for parallel resonance, the resonator's loaded Q is 





given by 
Ст 1/2 
QL = Н | | 
Gm 7 р 
where 


1 || | Р —— | l | | j | | | 7 
(5.76) "^ на xz) | (=) 


represents the net shunt tank resistance appearing across the network at 
resonance. Ry represents losses in the inductance Ly and capacitance C; (almost 


always dominated by inductor losses), and Ке is the active circuit's load 
impedance at resonance. Improving the quality of the tank components L and 
Ст (1.е., improving their Q) will increase Rzy, but since Кү is low in the case of 
the SA620, the resulting increase in Rp is relatively small. We can increase Rp by 


decoupling Zc from the tank circuit (note that Rc is the real part of Zç at 


resonance). Decoupling this impedance by using either tapped-L or tapped-C 
tank configurations is possible. Inspecting of the circuit shows that dc biasing is 
necessary for pins 9 and 10 (oscl and osc2, respectively), so a tapped-C 
approach would require shunt-feeding these pins to Усс. Thus, the most practical 
way is to employ a tapped-L network. 

Figure 5.40 shows the basic tapped-L circuit. The effective multiplied shunt 
impedance at resonance across С+ is given by 
1/2 
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р =| p 








(5.77) 


Figure 5.40 Oscillator portion of SA620 IC with tapped-microstrip resonator. 
Ғе: Output impedance Vec 
L т: Total tank inductance 
і ту: lapped feedback inductance 
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(5.78 ^ ^ 
Feedback is caused by an RF voltage appearing across Lr, coupled through 
bypass capacitor Св and its ground return to the cold end of the current source at 


pin 6. The significance of this path increases with frequency. At 900 MHz, it 
becomes very critical in obtaining stable oscillations and must be kept as short as 


possible. Attention to layout detail is pivotal here! 


5.5.4.2 High-Q Microstrip Inductor 


Realizing a stable tapped-L network using lumped surface-mount inductors is 
impractical due to their low unloaded Q and finite physical size. Another 
approach uses a high-Q short microstrip inductor. Тһе conventional approach to 
microstrip resonators treats them as a length of transmission line terminated with 
a short that reflects back an inductance impedance that simulates a lumped 
inductor. The approach presented here deviates from this technique by 
specifically exploiting the very high unloaded Q attainable with short microstrip 
inductors where we design for a large C/L ratio by making the microstrip a 
specific, but short, length. Resonance is achieved by replacing the short with 
whatever capacitance is needed for proper resonance. One equation for the 
inductance of a strip of metal having a length £ (mils) and width w (mils) is 


L = [5.08-1077] Z һ (=) + 1.193 (2) 
5.79 | | T г. 


where L is in nH/mil. This technique results іп a much shorter strip of metal for a 
given inductance. One intriguing property of microstrip inductors is that they are 
capable of very high unloaded Qs. An equation describing the quality factor for a 
“wide” microstrip is 
(5.80) Qc = 0.68h [c fan]? 

where h is the dielectric thickness in centimeters, o is the conductivity in S/m, 
and f is frequency in GHz. This equation predicts an unloaded Q exceeding 700 
when silver-coated copper is used. Also, wide microstrip lines are defined as 
those whose strip width w to height h ratio is approximately greater than 1, that 
is, w/h > 1. The parallel capacitor formed by the metal strip over the ground 
plane should also be included and may be calculated by the classic formula and 
included in the total needed to resonate with the inductance result found from 
equation (5.79). This “strip” capacitance is given by 


Cs = Keven H 
(5.81) h 
where C; is in farads, £y = 8.86 pF/cm is the permittivity of free space, and e, is 
the relative dielectric constant of the substrate. A "fringe factor," K, is included 
to account for necessary fringing (estimated to be 2%-15%). These equations are 
meant to provide insight into circuit behavior and should, therefore, be applied 
cautiously to specific applications. 


5.5.4.3 UHF VCO Using the Tapped-Inductor Differential Oscillator 
at 900 MHz 


The basic electrical circuit of this configuration is shown in Figure 5.41. 
Feedback occurs when sufficient RF voltage develops across the tap inductances 
Ly, and Lr, (due to tap 1 and tap 2, respectively); note that inductance is 


reckoned from the cold end of the tank at node A. Taps 1 and 2 should be as 
close as possible to pins 9 and 10, respectively. Also node A (cold end of tank) 
and node B (pin 6) must be as physically close together and exhibit as low an 
impedance as possible to discourage parasitic oscillations. This “inner loop,” 
composed of L, the inductance of connections between taps 1 and 2 and pins 9 


and 10, respectively, and “stray” low-Q inductance between nodes A and B, 
creates a parasitic loop that will support oscillation that no longer depends on the 
full tapped-L tank circuit. Oscillation based on this low-Q loop typically occurs 
well above 1.2 GHz and has been observed as high as 1.6 GHz, and exhibits very 
poor phase-noise performance. 


Figure 5.41 Differential oscillator with tapped-microstrip resonator. 
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Another factor also affects this unwanted parasitic oscillation. As the full tank 
circuit's unloaded Q decreases, the circuit becomes conditionally stable and 
eventually favors the parasitic loop exclusively. This occurs because the loaded 
Q of the tapped microstrip affects the magnitude of the RF voltage appearing 
across the entire tank. Thus, feedback at taps 1 and 2 is reduced as the Q 


decreases. This increases the likelihood of the parasitic inner loop controlling the 
oscillator, since its feedback voltage is largely independent of the microstrip tank 
Q. 
Equation (5.80) shows that microstrip inductors are capable of very high 
unloaded Qs. This depends on a number of physical factors: frequency, dielectric 
thickness and quality, and the skin-depth conductance of the metal strip itself. 
For example, at 900 MHz, the unloaded Q of a silver-coated microstrip line is in 
the vicinity of 750. Coating the same line with lead (sloppy soldering can do it) 
reduces the Q to less than 230. If the unloaded Q is too low, the loaded Q also 
drops. The circuit becomes conditionally stable, and now may oscillate either at 
the higher parasitic-loop frequency or the desired lower frequency at which the 
entire microstrip tank resonates. Components should be connected by narrow 
traces closely connected to component that leads to avoid soldering on the 
microstrip proper. 

Rp, introduces necessary losses to control the inner-loop parasitic oscillation. 


Its size should be made as small as possible consistent with stability, startup, and 
good phase-noise performance. Since Кр) also decreases feedback, the 


oscillator's output falls as Rp4 increases. Typically, experimental values from 4 to 
30 Q have proven sufficient. 
Stability as a function of Усс 15 a good way to assess conditional stability. 


Provided the microstrip tank has a high loaded Q, the oscillator's stability should 
be independent of Vcc down to less than 2.5 V or so. When loaded Q decreases 


sufficiently to favor the inner-loop parasitic, conditional stability will occur. This 
can readily be observed by increasing У-с from about 1.0 V and noting whether 


the VCO frequency jumps back and forth unpredictably. Mixer and LO port 
loading can also affect this condition and should be considered. 

Dimensions for the microstrip resonator are based on several criteria. The strip 
must be *wide": its width-to-height ratio must be on the order of 1 or greater. 
Minimum strip length seems to be about 200 mils for 62-mil-thick board. L/C 
ratios somewhere about 500 have yielded quite good results. Note that we 
usually specify the *L/C" ratio because it is always greater than 1, even though 
in a parallel resonant circuit it appears in the О equation as C/L. Thus, 
decreasing the “L/C ratio" by making the microstrip shorter helps the loaded 
inductor Q, and the circuit loaded Q;, increase (see equation (5.75)). However, 


the effect of the lower О of Ст, even when using a high-Q surface-mount type, 


decreased the expected larger increase in the net loaded circuit О. Thus, the 
expected increase in О, may not be fully realizable. Assuming a 62-mil-thick 


board with FR5 dielectric, a strip 50 by 300 mils gave very good experimental 
results where Ст was about 4.3 pF, with oscillation occurring from about 950 to 


1000 MHz with various test boards. A shorter inductor designed to increase the 
C/L ratio requiring 7.5 pF experimentally resulted in only about 1—2 dB phase- 
noise improvement at 950 MHz. The reason for this is that as the microstrip 
inductor degenerates to a plain inductor, all of its advantages are lost. 

Tap 1 may be anywhere between the cold end of the tank (where C, and C, are 


located) and tap 2. Tap 2 yields good results at about 1/3 the strip length. Making 
it too close to the cold end in an effort to increase Q, will result in loss of control 


over the inner-loop parasitic. То keep О, as high as possible, Ст should be a 


high-Q surface-mount type. Differences greater than 5 dB in SSB phase noise 
have been observed between a generic NPO surface-mount capacitor and a high- 
Q NPO surface-mount capacitor. 

Тар 3 can be at the end of the microstrip when Ст is connected. However, the 


tuning diode inevitably will cause a decrease in overall loaded Q, typically 
resulting in a phase noise increase of as much as 5 dB. Moving it some distance 
down from the high end of the tank will decrease this effect and yield better 
results. A good starting point is about 1/4 down or 3/4 of the length from the 
cold end of the tank. С, and C, are paralleled lower-value capacitors to yield а 


better low-impedance ground return to pin 6 (node В) since relatively large RF 
currents flow through them. Note that as О; increases, the peak circulating RF 


current will also increase, as will the RF voltage at the hot end of the microstrip. 
At 900 MHz, good results have been obtained when both are about 300 pF. The 
RFC was chosen to be approximately series resonant around 900 MHz, and 
constitutes the series feed path for dc biasing. It may be possible to neglect this 
component entirely, provided that the PC-board connection to the cold end of the 
tank is very close to RF ground. Finally, note that shielding of the entire 
microstrip may be necessary to meet FCC Part 15 emission limitations (where 
applicable). Figure 5.42 shows one application of the tapped-microstrip 
oscillator with the NXP SA620 front-end IC. 


Figure 5.42 NXP SA620 application board schematic showing the tapped 
microstrip resonator. 
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5.5.9 Hartley Microstrip Resonator Oscillator 


G. Smithson and S. Fitz of Plextek Communications Technology Consultants 
have reported on the construction of Hartley microstrip-resonator oscillators 
using thick-film techniques on ceramic (alumina) substrates for high-volume 
wireless products. The resonator in one such oscillator (Figure 5.43) exhibited an 
unloaded Q of approximately 80. Table 5.2 summarizes its phase noise versus 
tuning range with different tuning-diode configurations. 


Figure 5.43 “Walking stick” microstrip Hartley resonator as used by Plextek in 
the 800-1500 MHz range. Below 800 MHz, the resonator's physical size 
becomes impractical; above 1500 MHz, the transistor's parasitic reactances make 
the Hartley configuration problematic. 
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5.5.6 Crystal Oscillators 


Most wireless applications do not require ultra-high frequency stability that 
mandates the use of a primary standard, such as one based on cesium, or a 
secondary standard, such as one based on rubidium. For very stable oscillators at 
fixed or only slightly variable frequencies up to a few hundred megahertz, 
oscillators using piezoelectric resonators are generally used. A piezoelectric 
material transduces mechanical stress (deformation) to electrical stress (voltage), 
and vice versa. In noncritical applications up to 10 MHz, a piezolectric ceramic 
may be used. The Q and temperature stability of such materials is relatively 
poor, however, so quartz is the resonator material of choice for temperature- 
stable, low-noise piezoelectric oscillators. 

Just as an electrical resonator consisting of distributed L and C exhibits 
multiple electrical resonances, a physical piece of piezolectric material, 
depending upon its shape, exhibits multiple mechanical resonances. 
Fundamental resonance occurs at the frequency at which the crystal is one-half 
wavelength long; overtone resonances occur near odd multiples (3, 5, 7, and so 
on) of the fundamental. Figure 5.44 shows the electrical equivalent of a crystal. 
Table 5.3 presents examples of approximate parameters for several crystal types. 
Appropriate shaping and placement of the crystal's connecting electrodes, 


combined with suitable oscillator circuit design and adjustment, allow the 
selection or ehancement of a particular resonance for excitation. 


Figure 5.44 Electrical equivalent of a piezoelectric crystal resonator, showing 
fundamental (1) and overtone (3, 5, 7,...) resonances. (Courtesy of Roger Clark, 


Vectron International.) 


Lead Inductance 
10 to 50 nH 





Package Strays 
0.5 to 2 pF 


CO C1 C3 C5 C? 


R1 2 R3 ^R 2 A? 


Lead Inductance 
10 to 50 nH 


Table 5.3 Approximate Crystal Parameters. 


Crystal Q Approximations (fr in MHz) 
Nonprecision fundamental crystals: 
Worst: О = ешр Better: Ọ = Saot 
Precision crystals processed for high Q: 


SC: 0О= == АТСш: 0 = 0t 


Crystal Resistance (ғ) for 1O-MHz, Third-Overtone Example Using Precision Crystal 
Approximation (f in MHz and C, in pF) 


_ (2л/С)) 
= 
г = 6.964 





Typical crystal parameters 

10-МН? fundamental: Су = 0.02 pF, Со = 3.6 pF, OQ = 350,000, 

r= 2.582, L = 0.012665 Н 

50-MHz third overtone: C, = 0.0026 pF, Co = 4.212 pF, О = 100,000, 
r= 13 Q, L = 0.003897 Н 

100-МН? fifth overtone: C, = 0.0005 pF, Со = 2.25 pF, О = 80,000, 
г = 400, L = 0.005066 Н 

155-MHz high-frequency fundamental: Сі = 0.005 pF, Со = 1.5 pF. 

О = 20,000, = 12 $2, L = 0.002108 Н 


Courtesy of Roger Clark, Vectron International. 


Figure 5.45 shows a typical crystal oscillator circuit configuration, and the 
associated table supplies recommended values for the elements. This is in line 
with the chip manufacturers' recommendation for their built-in oscillator circuits. 
Figure 5.46 shows how this oscillators input impedance varies around 
resonance; Figure 5.47 shows its simulated phase noise. Placing a small 
resistance in series with the crystal (Figure 5.48) allows us to use the crystal as a 
high-Q filter, substantially improving the oscillator's spectral purity relative to 


that obtainable at the transistor emitter (Figure 5.49), 
Figure 5.45 А 3—30-MHz Colpitts crystal oscillator. 
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Figure 5.46 As with every oscillator, the crystal oscillator's input impedance is 
negative and real at resonance. This graph plots the real and imaginary 
components of the test voltage injected by the Oscillator Design Aid tool in 
Ansoft Serenade 8.0. Compare this graph with Figure 5.7, which plots an 
oscillator's input impedance with the resonator absent. 
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Figure 5.47 Simulated phase noise of the crystal oscillator. 
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Figure 5.48 This alternative output tap uses the crystal's high selectivity for 
improved harmonic reduction. 
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Figure 5.49 Comparison of the crystal oscillator's simulated output spectrum as 
obtained at the transistor emitter (dark gray, fundamental -26.7 dBm) and crystal 
(light gray, fundamental –29.1 dBm). At the emitter, the second harmonic is 
down only 4.3 dB relative to the carrier; at the crystal, the second harmonic is 
down 36 dB relative to the carrier. 
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Some applications demand ultralow-phase-noise crystal oscillators. Figures 
5.50 and 5.51 show an appropriate circuit and its phase noise with and without 
the current-supplying hot-carrier diode (HCD) used for noise reduction. 


Figure 5.50 100 MHz VCXO suitable for ultralow-phase-noise applications. The 


HSMS2800 hot-carrier diode provides noise reduction. 
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Figure 5.51 Phase noise of the VCXO with and without the noise-reduction 
diode. 
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5.5.7 Voltage-Controlled Oscillators 


A schematic of a ceramic-resonator-based VCO (Figure 5.35) has already been 
shown in the section on ceramic-resonator oscillators. To tune the oscillator 
within the required range, tuning diodes are used. These diodes are often called 
varactors or voltage-sensitive diodes. By way of approximation, we can use the 
equation 
(5.82) (Vn + Vn) 

wherein all constants and all parameters determined by manufacturing process 
are contained in K. The exponent is a measure of the slope of the 
capacitance/voltage characteristic and is 0.5 for alloyed diodes, 0.33 for single- 
diffused diodes, and (on average) 0.75 for tuner diodes with a hyperabrupt pn 
junction [6, 7]. Figure 5.52 shows the capacitance-voltage characteristics of an 
alloyed, a diffused, and a tuner diode. 


Figure 5.52 Capacitance/voltage characteristic for an alloyed capacitance diode 
(n = 0.33), a diffused capacitance diode (n = 0.5), and a wide-range tuning diode 
(BB141). 
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Recently, an equation was developed that, although purely formal, describes 
the practical characteristic better than equation (5.82): 


| | j А ч ТГ. 
C = be СЕ 
(5.83) A+ Vr 
wherein Со is the capacitance at Vp = 0, and A is a constant whose dimension is a 
volt. The exponent m is much less dependent on voltage than the exponent n in 


equation (5.84). 


The operating range of a capacitance diode or its useful capacitance ratio, 


una Со ( VRmin ) 





(5.84) Smin Сы CVRmax] 
is limited by the fact that the diode must not be driven by the alternating voltage 
superimposed on the tuning voltage, either into the forward mode or the 
breakdown mode. Otherwise, rectification would take place, shifting the bias of 
the diode and considerably affecting its figure of merit. 

There are several manufacturers of tuning diodes. Freescale is a typical 
supplier in this country; Infineon of Germany and NXP also provide good 


diodes. Table 5.4 and Figure 5.53 contain information for tuning diodes useful 
for our applications. 


Table 5.4 Example Tuning Diodes (Infineon). 


Source: Courtesy Infineon Technologies. 
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Figure 5.53 Diode capacitance Ст versus reverse voltage Ур for the diodes 


shown in Table 5.4. The curve labels correspond to the chip codes called out in 
the table. 
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5.5.8 Diode-Tuned Resonant Circuits 


5.5.8.1 Tuner Diode in Parallel-Resonant Circuit 


Figures 5.54 and 5.55 illustrate two basic circuits for the tuning of parallel 
resonant circuits by means of capacitance diodes. In the circuit diagram of 
Figure 5.54, the tuning voltage is applied to the tuning diode via the bias resistor, 
Ев. Series connected from the tuning diode to the top of the tank circuit is 


capacitor Сс, which completes the circuit for alternating current but isolates the 


cathode of the tuner diode from the coil and thus from the negative terminal of 
the tuning voltage. Moreover, a fixed parallel capacitance Cp is provided. The 
decoupling resistor preceding the bias resistor is large enough to be disregarded 
in the following discussion. Since for high-frequency purposes the biasing 
resistor is connected in 


Figure 5.54 Parallel-resonant circuit with tuner diode and bias resistor in parallel 
to the diode. 





Figure 5.55 Parallel-resonant circuit with two tuning diodes. 
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E A 
parallel with the series capacitor, it is transformed into the circuit as an 
additional equivalent shunt resistance R,. For the parallel loss resistance 
transformed into the circuit, we have the expression 


(5.85) E 


If in this equation the diode capacitance is replaced by the resonator circuit 
frequency @, we obtain 





u3L(Cs--0,)—1. 








Re 

(5.86) 
In the circuit of Figure 5.55, the resonant circuit is tuned by two tuning diodes, 
which are connected in parallel via the coil for tuning purposes, but series 
connected in opposition for high-frequency signals. This arrangement has the 
advantage that the capacitance shift caused by the ac modulation acts in opposite 
directions in these diodes, and therefore cancels itself. The bias resistor Rp, 


which applies the tuning voltage to the tuning diodes, is transformed into the 
circuit at a constant ratio across the entire tuning range. Given two identical, 
loss-free tuning diodes, we obtain the expression 


(5.87) Қ. -- 4 Hg 


5.5.8.2 Capacitances Connected in Parallel or in Series with the 
Tuning Diode 


Figure 5.54 shows that a capacitor is usually in series with the tuner diode, in 
order to close the circuit for alternating current and, at the same time, to isolate 
one terminal of the tuning diode from the rest of the circuit with respect to direct 
current, so as to enable the tuning voltage to be applied to the diode. If possible, 
the value of the series resistor Сс will be chosen such that the effective 


Capacitance variation is not restricted. However, in some cases—for example, in 
the oscillator circuit of receivers in whose intermediate frequency is of the order 
of magnitude of the reception frequency—this is not possible, and the influence 
of the series capacitance will then have to be taken into account. By connecting 
the capacitor Сс, assumed to be lossless, in series with the diode capacitance 


Сор the tuning capacitance is reduced to the value 


- iot 


The Q of the effective tuning capacitance, taking into account the Q of the 
tuning diode, increases to 


The useful capacitance ratio is reduced to the value 
Char би ыы СЕ 

(5.90) Chin Cmin 1 + Cmax/Cs 
wherein Сау and Cin are the maximum and minimum capacitances of the tuner 
diode. 

On the other hand, the advantage is gained that, due to the capacitive potential 
division, the amplitude of the alternating voltage applied to the tuner diode is 
reduced to 





— J} 


ЕЕЕЕЕЕНЕНЕНЕЕЕНЕНЕНЕНЕЕНЕБЕНЕБЕЛІНІ" 


so that the lower value of the tuning voltage сап be smaller, and this results іп а 


higher maximum capacitance C,,,, of the tuning diode and a higher useful 


Capacitance ratio. The influence exerted by the series capacitor, then, can 
actually be kept lower than equation (5.89) would suggest. 
The parallel capacitance Cp that appears in Figures 5.54 and 5.55 is always 


present, since wiring capacitances are inevitable and every coil has its self- 


capacitance. By treating the capacitance Cp, assumed to be lossless, as a shunt 
capacitance, the total tuning capacitance rises in value and, if Сс is assumed to 
be large enough to be disregarded, we obtain 





The Q of the effective tuning capacitance, derived from the Q of the tuning 
diode, is 





or, in other words, it rises with the magnitude of the parallel capacitance. The 
useful capacitance is reduced as 
Ы Cmax 171 Col Cmax 


"MARK 








(5.94) Cri — Cmin 1 + Cp/Cmin 

In view of the fact that even a comparatively small shunt capacitance reduces 
the capacitance ratio considerably, it is necessary to ensure low wiring and coil 
capacitances in the layout stage of the circuit design. 


5.5.8.3 Tuning Range 


The frequency range over which a parallel-resonant circuit (according to Figure 
5.54) can be tuned by means of the tuning diode depends on the useful 
capacitance ratio of the diode and on the parallel and series capacitances present 
in the circuit. The ratio is 


| | Cn T 
| | | —; d 1 = = 
Алах | Cpl lC max/ Cz) 


| 1 j Lm 
| | 73 Lg гет 


(5.95) ЕТЕ \ ПІ ССС 

In many cases, the value of series capacitor сап be chosen to be large enough 
for its effect to be negligible. In that case, equation (5.95) is simplified as 
follows: 








f max -( [1 T Сшах/ Cp 
(5.96) fmin \ LF Cmin/ Cp 
From this equation, the diagram shown in Figure 5.56 is computed. With the 
aid of this diagram, the tuning diode parameters required for tuning a resonant 
circuit over a stipulated frequency range (i.e., the maximum capacitance and the 


capacitance ratio) can be determined. Whenever the series capacitance Cs cannot 





be disregarded, the effective capacitance ratio is reduced according to equation 


(5.90). 


Figure 5.56 Diagram for determining capacitance ratio and maximum 
Capacitance. 
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5.5.8.4 Tracking 


When several tuned circuits are used on the same frequency, diodes must be 
selected for perfect tracking. 


5.5.9 Practical Circuits 


5.5.9.1 Oscillators with Coarse and Fine Tuning 


After so much theory, it may be nice to take a look at some practical circuits, 
such as the one shown in Figure 5.57. This oscillator is being used in the Rohde 
& Schwarz ESN/ESVNAO field-strength meter, and in the HF1030 receiver 
produced by Cubic Communications, San Diego. This circuit combines all the 
various techniques shown previously. A single diode is being used for fine 
tuning a narrow range of less than 1 MHz; coarse tuning is achieved with the 
antiseries diodes. 


Several unusual properties of this circuit are apparent as follows. 

1. The fine tuning is achieved with a tuning diode that has a much larger 
capacitance than that of the coupling capacitor in the circuit. The advantage 
of this technique is that the fixed capacitor and the tuning diode form a 
voltage divider whereby the voltage across the tuning diode decreases as the 
Capacitance increases. For larger values of the capacitance of the tuning 
diode, the Q changes and the gain Ку increases. Because of the voltage 


division, the noise contribution and loading effect of the diode are reduced. 


2. In the coarse-tuning circuit, several tuning diodes are used in parallel. The 
advantage of this circuit is a change in LC ratio by using a higher C and 
storing more energy in the tuned circuit. There are no high-Q diodes 
available with such large capacitance values, and therefore preference is 
given to using several diodes in parallel rather than one tuning diode with a 
large capacitance, normally used only for АМ (medium-frequency 
broadcast) tuner circuits. 


Figure 5.57 Oscillator and switching section of the Rohde & Schwarz 
ESH2/ESH3 test receiver. 
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We have mentioned previously that, despite this, the coarse-tuning circuit will 
introduce noise outside the loop bandwidth, where it cannot be corrected. It is 
therefore preferable to incorporate switching diodes for segmenting ranges at the 
expense of switching current drain. 

Figure 5.58 shows a circuit using a combined technique of tuning diodes for 
fine-and medium-resolution tuning, and coarse tuning with switching diodes. 


Figure 5.58 40—70-MHz VCO with two coarse-steering ranges and a fine-tuning 
range of 1 MHz. 





9.9.9.2 DC-Coupled Oscillator 


An interesting circuit that was cut out of an IC was supplied to us by David 
Lovelace of Motorola. Figures 5.59 and 5.60 show the circuit and its phase 
noise, respectively. As a result of the constraints of integration, this BJT 
oscillator has no base bias circuitry in the conventional form. As a fairly noisy 
performer, it ultimately was not used in production. 


Figure 5.59 Schematic of the dc-coupled oscillator. 
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5.5.9.3 Siemens Colpitts Oscillator 


A more elaborate approach that is essentially a standard Colpitts oscillator with a 


lot of detailed modeling is the oscillator of Figure 5.61, supplied to us by 
Siemens. Considering its simplicity, its noise performance is good, as shown in 
Figure 5.62. Modeling this circuit involved the consideration of via holes and 
coupled lines. Figure 5.63 shows an actual implementation of this oscillator. The 
value of external emitter resistance (R7 in Figure 5.61) plays a critical role in 
determining a common-emitter Colpitts oscillator's upper frequency limit as 
described in Ref. [8]. 


Figure 5.61 Schematic of the Siemens VCO. 
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Figure 5.62 Simulated phase noise of the VCO. The frequency of oscillation is 
1.052 GHz. 
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Figure 5.63 Implementation of the Siemens VCO. 
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5.5.9.4 DC-Stabilized Oscillator 


For high-performance synthesizers, such as the Rohde & Schwarz series 
SMG/SMH, a dc-stabilized oscillator with fairly wide tuning range may be used. 
Figure 5.64 shows such an oscillator, the measured phase noise of which is 


shown in Figure 5.65. It should be noted that the output loop is magnetically 
coupled and therefore takes advantage of the inherent selectivity of the tuned 
circuit. 


Figure 5.64 A recommended very low-phase-noise VCO that operates in the 1 
GHz region. The V436 stage is a constant-current generator responsible for 
improved phase-noise performance. 
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Figure 5.65 Phase noise of the low-noise VCO. The “ledges” from 100 Hz to 1 
kHz and 10—100 kHz reflect the noise-cleanup effects of a dual-loop synthesizer; 
the superimposed line from 1 kHz to 2 MHz shows the oscillator's noise 
characteristic with both loops unlocked. The closed-loop response is noisier than 
the open-loop response at offsets above 60 kHz because a wide-loop bandwidth 
is used to achieve a faster switching speed. 
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5.6 Noise in Oscillators 


In transmitters, oscillator noise can result in adjacent-channel interference and 
modulation errors; in receivers, oscillator noise can result in demodulation 
errors, and degraded sensitivity and dynamic range. The specification, 
calculation, and reduction of oscillator noise is therefore of great importance in 
wireless system design. 


5.6.1 Linear Approach to the Calculation of Oscillator 
Phase Noise 


Since an oscillator can be viewed as an amplifier with feedback (Figure 5.66), it 
is helpful to examine the phase noise added to an amplifier that has a noise 
figure F. With F defined by Ref. [9] 
(0 (S/N), Ма Not 
(5.97) | (S/N), МС  GkTB 
(5.98) Nout = ҒӨЕГВ 








Figure 5.66 Noise power versus frequency of a transistor amplifier with an input 
signal applied. 
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where N;, is the total input noise power to a noise-free amplifier. The input 
phase noise in а 1-Hz bandwidth at any frequency fy + f, from the carrier 
produces a phase deviation given by (Figure 5.67) 
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Figure 5.67 Phase noise added to carrier. 
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Since a correlated random phase-noise relation exists at fọ — fm, the total phase 
deviation becomes 

(5.102) ÅÜRMStotal = y ERT | Pays 

The spectral density of phase noise becomes 

(5.103) Se (fm) = A0&yus = FRTB/Pavs 
where B = 1 for a 1-Hz bandwidth. Using 

(5.104) КТВ = —174 dBm/Hz (В =1) 
allows а calculation of the spectral density of phase noise that is far removed 
from the carrier (i.e., at large values of f,,). This noise is the theoretical noise 
floor of the amplifier. For example, an amplifier with +10 dBm power at the 
input and a noise figure of 6 dB gives 

(5.105) Selim > fe) = -1lf¥4dBm-+ 6dB — 10dBm = —178 dBm 

Only if Р is >0 dBm, we can expect £ (signal-to-noise ratio) to be greater 
than 174 dBc/Hz (1-Hz bandwidth). For a modulation frequency close to the 


carrier, So(f,,) shows a flicker or 1/f component, which is empirically described 
by the corner frequency fe. The phase noise can be modeled by a noise-free 
amplifier and a phase modulator at the input as shown in Figure 5.68. 


Figure 5.68 Phase noise modeled by a noise-free amplifier and phase modulator. 
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The purity of the signal is degraded by the flicker noise at frequencies close to 

the carrier. The spectral phase noise can be described by 
Se fm) = E ( T | (B = 1) 

(5.106) Favs 

No AM-to-PM conversion is considered in this equation. The oscillator may 
be modeled as an amplifier with feedback as shown in Figure 5.69. The phase 
noise at the input of the amplifier is affected by the bandwidth of the resonator in 
the oscillator circuit in the following way. The tank circuit or bandpass resonator 
has a low-pass transfer function 
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Clim) = 
(5.107) 


where 

(5.108) :0/201, = B/2 
is the half bandwidth of the resonator. These equations describe the amplitude 
response of the bandpass resonator; the phase noise is transferred unattenuated 
through the resonator up to the half bandwidth. 


Figure 5.69 Equivalent feedback models of oscillator phase noise. 
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The closed-loop response of the phase feedback loop is given by 
Абы (fm) = е FL j Abin (fm) 

(5. 109) | 2 20) Г 

The power transfer becomes the phase spectral density 


5 "EM |] 4 fo : Б | 
доці ( | = l 4 [A (=) Sain (Ға) 
(5.110) ^ (201 


where Soin was given by equation (5.106). Finally, 2(#,.) is 


ста] , ] fo WV o 
Cl In) = 2 | | r1 (4) | Sein (Ља) 
(5.111) mx 
This equation describes the phase noise at the output of the amplifier (flicker 
corner frequency and AM-to-PM conversion are not considered). The phase 
perturbation Sy, at the input of the amplifier is enhanced by the positive phase 
feedback within the half bandwidth of the resonator, fp/2Q,. 
Depending on the relation between f. and fy/2Q;, there are two cases of 
interest, as shown in Figure 5.70. For the low-Q case, the spectral phase noise is 
unaffected by the О of the resonator, but the £{ fm) spectral density will show а 


1/f? and 1/f dependence close to the carrier. For the high-Q case, a region of 1/f? 
and 1/f should be observed near the carrier. Substituting equation (5.106) in 





equation (5.111) gives an overall noise of 
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Figure 5.70 Equivalent feedback models of oscillator phase noise. 
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Examining equation (5.112) gives the four major causes of oscillator noise: the 


upconverted 1/f noise or flicker FM noise, the thermal FM noise, the flicker 
phase noise, and the thermal noise floor, respectively. 


Q; (loaded Q) сап be expressed as 


Qi = wig We u uo We u Reactivepower 
(5. 113) us Pies total Pin E Pues T Pus Totaldissipatedpower 
where W, is the reactive energy stored in L and C, 


var L гә 
И е = 5 C ү 


(5.114) 
_ ое 


(5.115) “Фа 

The limitation of this equation is that the loaded О in most cases has to be 
estimated and the same applies to the noise factor. In practice, the Leeson 
formula as given above is well suited to help interpreting phase noise of an 
oscillator, and it enables to determine qualitatively possible directions to 


improve the design. But noise factor F of the transistor in the circuit is different 
from the noise factor of the transistor alone, the same applies to the loaded Q and 
to the output power. 

These quantities can be determined using a microwave harmonic-balance 
simulator, which is based on the noise modulation theory (published by Rizzoli) 
[10]. 

But a good analytical estimate is highly desirable since it allows to spot 
promising options for phase-noise reduction. Analytically determining the 
parameters, however, requires certain restrictions and assumptions: 

1. The formulas below were derived for a Colpitts oscillator with a BJT. 

2. The circuit only accounts for the first-order effects. Parasitic effects are 
omitted, if they can be regarded as second order. These simplifications, 
however, are required to obtain a human-readable result. 

3. The derivation is based on a time-domain large-signal analysis of the 
oscillator. This calculation is quite tedious, so the derivation of the formulas 
will not be given in detail. The approach basically assumes that one 
sinusoidal signal of significant amplitude exists. Neglecting higher 
harmonics of the oscillation frequency simplifies matters in a way that the 
calculation can be handled analytically. This approach is based on what was 
published by Kurokawa for coupled oscillators [11] and was extended by 
Rohde [12] to the present case. 

4. Similar results could be obtained for other oscillator topologies and 
transistor technologies. 

The following equations, based on the equivalent circuit shown in Figure 5.71, 


are the exact values for P.a» Qr, and F which are needed for the Leeson 


equation. 


Figure 5.71 Equivalent circuit of the Colpitts oscillator. 





The power can be given as 
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To calculate the loaded Оу, we have to consider the unloaded Оо and the 


loading effect of the transistor. There we have to consider the influence of the 
BJT's ү}. The inverse of this is responsible for the loading and reduction of the 


Q. 


Qo x Q* 
(5.117) Qo Q 
with 
gr = ХІҮ (Ci + C2) 


(5.118) ` 1-ша2 Сі. 

Finally, the noise factor Ғ сап be derived. This noise calculation, while itself 
uses a totally new approach, is based on the general noise calculations such as 
the one shown by Hawkins [13] and Hsu and Snapp [14]. An equivalent 
procedure can be found for FETs rather than bipolar transistors. 


| L\* re 1 ЖЕЛГЕ 
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with 





(5120) ^ (Сі: Cire 

In this formula, p denotes the BJT's common-emitter current gain, fr is its 
transit frequency, and г, and г, denote the emitter and base resistances, 
respectively. 

This equation is extremely significant because it covers most of the causes of 


phase noise in oscillators. (AM-to-PM conversion must be added; see equation 
5.56.) 
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To minimize the phase noise, the following design rules apply. 
1. Maximize the unloaded Q. 


2. Maximize the reactive energy by means of a high RF voltage across the 
resonator and obtain a low LC ratio. The limits are set by breakdown 
voltages of the active devices and the tuning diodes, and the forward-bias 
condition of the tuning diodes. If L becomes too high, the circuit degenerates 
into a squegging oscillator. Using lower L allows larger capacitance, which 
allows us to swamp the oscillating device's internal, nonlinear capacitance 
with external, linear capacitance, reducing the phase-noise degradation 
caused by the nonlinear capacitance. The ceramic-resonator oscillator best 
illustrates this approach, which may be hard to accomplish in discrete 
circuits because high-Q inductors with values above 1 nH cannot be built 
unless high-Q transmission lines or resonators are used. 


3. Avoid saturation at all cost, and try to either have limiting or automatic 
gain control (AGC) without degradation of Q. Isolate the tuned circuit from 
the limiter or AGC circuit. Use tuning diodes in antiseries configurations to 
avoid forward bias. 


4. Choose an active device with the lowest possible noise figure and flicker 
corner frequency. The noise figure of interest is the noise figure obtained 
with the actual impedance at which the device is operated. Using FETs 
rather than BJTs, it is preferable to deal with the equivalent noise voltage 
and noise currents rather than with the noise figure, since they are 
independent of source impedance. The noise figure improves as the ratio 
between source impedance and equivalent noise resistance increases. In 
addition, in a tuned circuit, the source impedance changes drastically as a 
function of the offset frequency, and this effect has to be considered. For low 


phase-noise operation, use a medium-power transistor. If you need your 
output power to be achieved at 6-9 mA, select a transistor with an Icmax of 


60-90 mA. Also avoid an [+ greater than 3-5х the operating frequency. To 


make transistors that are stable across their full frequency ranges, 
manufacturers add circuitry that makes the flicker corner frequency higher 
as [т increases. 


The following transistors have the lowest noise figure. 


e BFG67 by NXP 
е BFR106/92; BFP405/420 by Infineon 
e 25C3356 by Renesas 


Among the lowest-noise JFETs are ће U310, 2N4416/17, and 2N5397. In 
designing MMICs, one must resort to HEMTs. They have a fairly high 
flicker frequency, which is typically around 10 MHz but can go up to as high 
as 100 MHz. 

5. Phase perturbation can be minimized by using high-impedance devices 
such as FETs, where the signal-to-noise ratio of the signal voltage relative to 
the equivalent noise voltage can be made very high. This also indicates that 
in the case of a limiter, the limited voltage should be as high as possible. 

6. Choose an active device with low flicker noise. The effect of flicker noise 
can be reduced through RF feedback. An unbypassed emitter resistor of 10— 
30 Q in a bipolar circuit can improve the flicker noise by as much as 40 dB. 
The proper bias point of the active device is important, and precautions 
should be taken to prevent modulation of the input and output dynamic 
capacitance of the active device, which will cause amplitude-to-phase 
conversion, and therefore introduce noise. 

7. The energy should be coupled from the resonator rather than from another 
portion of the active device so that the resonator limits the bandwidth. 


Equation (5.121) assumes that the phase perturbation and the flicker effect are 
the limiting factors, as practical use of such oscillators requires that an isolation 
amplifier must be used. 

In the event that energy is taken directly from the resonator and the oscillator 
power can be increased, the signal-to-noise ratio can be increased above the 
theoretical limit of 174 dBc/Hz, due to the low-pass-filter effect of the tuned 
resonator. However, since this is mainly a theoretical assumption and does not 
represent a real-world system, this noise performance cannot be obtained. In an 


oscillator stage, even a total noise floor of -170 dBc/Hz is rarely achieved. 

What other influences do we have that cause an oscillator's noise performance 
to degrade? So far, we have assumed that the Q of the tuned circuit is really 
determined only by the LC network and the loading effect of the transistor. In 
synthesizer applications, however, we find it necessary to add a tuning diode. 
The tuning diode has a substantially lower Q than that of a mica capacitor or 
even a ceramic capacitor. As a result of this, the noise sidebands change as a 
function of the additional loss. This is best expressed as form of adjusting the 
value for the loaded Q in equation (5.113). 

There seems to be no precise mathematical way of predetermining the noise 
influence of a tuning diode, but the following approximation seems to give 
proper results. 
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The tuning diode is specified to have a cutoff frequency fmax) which is 
determined from the loss resistor Rs and the value of the junction capacitance as 


a function of voltage (e.g., measured at 3 V). This means that the voltage 
determines the Q and, consequently, the noise bandwidth. 


5.6.2 Phase-Noise Analysis Based on the Feedback 
Model 


In order to optimize the phase noise of an oscillator, it is helpful to know the 
contribution of every single physical noise source. The fast way to achieve this 
goal is to rely on circuit simulation software. A number of simulations can be 
performed switching all noise sources off except for one, and the resulting 
simulated phase noise equals the contribution of the noise source in question to 
overall phase noise. 

Analytical formulas, on the other hand, give much more insight into the 
mechanisms behind and can support analytical minimization of phase noise that 
is always to be preferred over numerical optimization. 

First thing we need for an analytical approach is a transfer function. The input 
signal X(jo) in this case would be the noise source's current or voltage. The 
output Y(jo») is defined as the noise voltage at the load resistor. No matter where 
the noise source is located in the circuit, it is still an oscillator that can be 
described by the feedback system shown in Figure 5.72. 


Figure 5.72 Feedback loop. 
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TF (jw) = PNEU е 
(5.123) X(jw) 1+ H(ju) 


At the oscillation frequency оу, the oscillation condition is fulfilled, and it 
holds 


(5.124) H Go )lu шо = 
The transfer function thus is singular at the oscillation frequency, as expected. 
But phase noise is observed close to the carrier, at a frequency о = cg + Aw. 


Thus, approximating H by a Taylor series gives 
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Inserting this approximation into the formula for TF yields 
ГЕ (jw + Aw) = Ул t Au) s —— m 
А (300 + Aw) — 2HGw) Аш 

(5.126) Чы {ешо 

This formula describes how 1/f or white noise is transferred to become noise 
sidebands close to the carrier. The open-loop transfer function Н(јо), of course, 
needs to be defined and calculated differently for each location where a noise 
source is found in the circuit. 

When dealing with noise powers, it is of course required to use the square of 


the transfer function, as it is defined in terms of voltages and currents: 
2 


(5.127) | @ш |ш-ш | 

As а practical example, а Colpitts oscillator will be regarded, as discussed in 
greater detail in Ref. [12]. The equivalent circuit is shown in Figure 5.73. The 
bipolar transistor is represented in the figure by a noise-free two-port and its 
base resistance. The following noise sources are present in the oscillator: 


e thermal noise associated with the losses of the resonator, {li,,,|° ) = AkTB/R,, 


with the Boltzmann constant К, the actual temperature Т, the bandwidth В, 
and the loss resistance of the resonator, Ry; 

e thermal noise associated with the transistor's base resistance, 
(тағы 2) = АЕТ Bra, with the base resistance Ry; 

e transistor shot noise at the base, (іы) = 2eBI,, with the electron charge е, 
and the base current I; 

e transistor flicker (1/f) noise at the base, tlin 5?) = KBHF / fms with the 
parameters Ky and AF and the baseband frequency fm; 

e transistor shot noise at the collector, (|і |? = 2eBI,, with the collector 
current / .. 


As a further assumption, we consider the baseband noise to be completely 
upconverted to the oscillation frequency fọ = @)/(27). This assumption has no 


effect on the white noise sources, but shifts the flicker noise from K rê" / fm in 
baseband to the noise sidebands around K ; ^ /^ f. 

The phase-noise contributions can finally be given by the following formulas 
[12]. The formulas consist of two parts. The squared magnitude term gives the 
transfer function, as defined above in equation (5.126). The leading term on the 
right-hand side gives the noise spectral power density of the physical source, as 
introduced above. Please note that the bandwidth B is omitted in this description, 
since the phase noise is given in dBc/Hz. 

The phase-noise contribution of the resonator losses is given by 
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The following equation gives the phase-noise contribution of the transistor's 
P Nap (ido + Aw) = 4kT ry 


base resistance: 
| C 2) (5 (2 =a) (=. Lut) ‚| | 
(5.129) C3 Аш Jl 


The transistor's base shot noise and flicker noise sources are located at the 
same branch of the equivalent circuit, thus the transfer functions are identical. 


| - 1 ( "2 1 {фр Y |? 
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Finally, the phase-noise component caused by the collector shot noise reads 





to | = 


FPN insela + Aw) = 2ef, |- | mn x) Eom. — || 
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The transfer functions rely on an effective capacitance C, that is defined as 
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C ftom ы 
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For the given circuit, these equations allow for an estimation of the main 
contributors to the oscillator phase noise. 


5.6.3 AM-to-PM Conversion 


We went into more detail in dealing with the mechanism and influence of tuning 
diodes in the voltage-controlled oscillators section, where we evaluated the 
various methods of building voltage-tunable oscillators using tuning diodes. In 
this section, we limit ourselves to practical results. 

The loading effect of the tuning diode is due to losses, and these losses can be 
described by a resistor in parallel with the tuned circuit. 

It is possible to define an equivalent noise К, eg that, inserted in Nyquist's 


equation, 

(5.133) Vn = V4kToRAS 
where kT) = 4.2 х 10741 at about 300 К, В is the equivalent noise resistor, and Af 
is the bandwidth, determines an open-circuit noise voltage across the tuning 
diode. Practical values of А оо for carefully selected tuning diodes are in the 
vicinity of 200 © to 50 КО. If we now determine the noise voltage 
V, = \/4х 42 x 10-71 x 10,000, the resulting voltage value is 1.296 x 107% У,/ 2. 

This noise voltage generated from the tuning diode is now multiplied with the 
VCO gain Ko, resulting in the rms frequency deviation 

(5.134) (A fems) = Ko x (1.296 x 107°У) inl — Hzbandwidth 


To translate this into an equivalent peak phase deviation, 


Ko /2 " " _ 
ба = zu (1.296 x 10 | radinl — Hzbandwidth 
(5.135) rm 
or for a typical oscillator gain of 100 kHz/V, 
39 
B, = p radinl — Hzbandwidth 
(5.136) js 


For f,, = 25 kHz (typical spacing for adjacent-channel measurements for FM 
mobile radios), the 0, = 7.32 x 1079. This can be converted now into the SSB 


signal-to-noise ratio as 


H | Ё 
= = —149 dBc/Hz 


For the typical oscillator gain of 10 MHz/V found in wireless applications, the 
resulting phase noise will be 20 dB worse [10 log (10 MHz + 100 КН2)]. 
However, the best tuning diodes, like the BB104, have an R,, of 200 Q instead of 
10 КО, which again changes the picture. According to equation (5.133), with KT, 


= 4.2 x 107%, the resulting noise voltage will be 


(5.138) = 1.833 x 107 * VvV Hz 
From equation (5.114), the equivalent peak phase deviation for a gain of 10 
MHz/V in a 1-Hz bandwidth is then 


1x 107/2 m 
64 eA (1.883 x 10-9) rad 
(5.139) fm | | 
ОГ 
0.026 


Ө ‚+ 
= = —126 dBc/Hz 


The phase-noise value in equation (5.137) is that typically achieved in the 
Rohde & Schwarz SMDU or with the Hewlett-Packard 8640 signal generator, 
and considered state of the art for a free-running oscillator. It should be noted 
that both signal generators use a slightly different tuned circuit; the Rohde & 
Schwarz generator uses a helical resonator, whereas the Hewlett-Packard 
generator uses an electrically shortened quarter-wavelength cavity. Both 
generators are mechanically pretuned, and a tuning diode with a gain of about 
100 kHz/V is used for AFC and frequency-modulation purposes. It is apparent 
that, because of the nonlinearity of the tuning diode, the gain is different for low 
dc voltages than for high dc voltages. The impact of this is that the noise varies 
with the tuning range. 

If this oscillator had to be used for a synthesizer, its 1-MHz tuning range 
would be insufficient; therefore, a way had to be found to segment the band into 
the necessary ranges. In VCOs, this is typically done with switching diodes that 
allow the proper frequency bands to be selected. These switching diodes insert in 
parallel or series, depending on the circuit, with additional inductors or 


Capacitors, depending оп the design. 

In low-energy-consuming circuits, the VCO frequently is divided into a 
coarse-tuning section using tuning diodes and a fine-tuning section with a tuning 
diode. In the coarse-tuning range, this results in very high gains, such as 1—10 
MHz/V, for the diodes. The noise contribution of those diodes is therefore very 
high and can hardly be compensated by the loop. For low-noise applications, 
which automatically mean higher power consumption, it is unavoidable to use 
Switching diodes. 

Let us now examine some test results. Referring back to equation (5.106), 
Figure 5.74 shows the noise sideband performance as a function of Q, whereby 
the top curve with Q; = 100 represents a somewhat poor oscillator and the 


lowest curve with О, = 100,000 probably represents a crystal oscillator where 


the unloaded О of the crystal was in the vicinity of 3 х 10°. Figure 5.75 shows 
the influence of flicker noise. 


Figure 5.73 Schematic of the oscillator circuit with noise sources. 
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Figure 5.74 Noise sideband of an oscillator at 150 MHz as a function of the 
loaded Q of the resonator. 
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Figure 5.75 Noise-sideband performance as a function of the flicker frequency 
ос varying from 10 Hz to 10 kHz. 
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Corner frequencies of 10 Hz to 10 kHz have been selected, and it becomes 
apparent that around 1 kHz the influence is fairly dramatic, whereas the 


influence at 20 kHz off the carrier is not significant. Figures 5.76 and 5.77 show 
the influence of the tuning diodes on a high-Q oscillator. 


Figure 5.76 Noise-sideband performance of an oscillator at 150 MHz, showing 


the influence of various tuning diodes. 
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Figure 5.77 Noise-sideband performance of an oscillator at 147 MHz, showing 
the influence of a tuning diode operated at bias voltages from 1.8 to 2.4 V in 0.1- 
V increments. 
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Curve A in Figure 5.76 uses a lightly coupled tuning diode with a Ко of 10 


kHz/V; the lower curve is the noise performance without any diode. As a result, 
the two curves are almost identical, which can be seen from the somewhat 
smeared form of the graph. Curve B shows the influence of a tuning diode at 100 
kHz/V and represents a value of -143 dBc/Hz from -155 dBc/Hz, already some 
deterioration. Curve C shows the noise if the tuning diode results in a 1-MHz/V 
VCO gain, and the noise sideband at 25 kHz has now deteriorated to -123 
dBc/Hz. These curves speak for themselves. 

Figure 5.77 shows how the phase noise of a 147-MHz VCO varies with the 
bias applied to its tuning diode. Because a tuning diode's Q increases with the 
reverse bias applied to it, we expect a VCO's phase-noise performance to 
improve, even if only slightly, as its tuning voltage is increased. Yet Figure 5.77 
illustrates the reverse of this relationship. Inspecting this VCO's circuit (Figure 
5.78), we see that the diode is in series with the circuit's 220-nH resonator. All 
the RF current flowing through the resonator must flow through the relatively 
low-Q diode, and even small decreases in the diode's capacitance will 
significantly modify the tank's LC ratio. 


Figure 5.78 The VCO schematic. Because the tuning diode is in series with the 
resonator, it passes all of the tank's RF current and plays a disproportionately 
large role in determining the circuit's phase-noise performance. 
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Graphing the diode's ac load line (Figure 5.79), we see that as the tuning 
voltage increases (1.е., as the tuning diode capacitance decreases), the RF voltage 
across the diode becomes disproportionately high. We also note that at every 
value of tuning voltage, the RF voltage across the diode goes positive (relative to 
the anode) during part of each cycle. 


Figure 5.79 Graphing the tuning diode's ac load line reveals that increasing the 
diode's tuning bias (decrease its capacitance) results in a disproportionally large 
increase in the RF voltage across the diode. At all tuning voltages, the RF 


voltage across the diode is slightly positive (relative to the anode) during part of 
each cycle. 
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Modifying the oscillator tank to add capacitance in parallel with the tuning 
diode (Figure 5.80) reduces the tuning diode's effect on tank Q and LC ratio, and 
therefore its contribution to phase noise. With this arrangement, we now see the 
expected relationship between tuning bias and phase noise: the higher the tuning 
bias, the lower the phase noise (Figure 5.81). Figure 5.82 shows that the diode's 
ac load line is now virtually unchanged across the tuning-voltage range. The RF 
voltage across the diode still goes positive (relative to the anode) during part of 
each cycle. 


Figure 5.80 Adding capacitance across the tuning diode reduces the effect of its 
nonlinearities on phase-noise performance. We have also revalued the resonator 
to 120 nH to maintain oscillation near 147 MHz. 
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Figure 5.81 Now that the tuning diode passes only part of the tank's RF current, 
varying its capacitance does not result in the large change in phase-noise 
performance shown in Figure 5.77. Also note that the phase-noise versus tuning- 
bias relationship has reversed relative to that shown in Figure 5.77: the highest 


tuning voltage now corresponds to the lowest phase noise. 
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Figure 5.82 AC load line for the tuning diode in Figure 5.80. Now the voltage 
Swing across the diode is virtually the same at all tuning voltages. The RF 
voltage across the diode still goes positive (relative to the anode) during part of 
the cycle. 
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Figure 5.83 shows one more modification to the VCO tank. Now, the tuning 
diode is lightly coupled to the hot end of the tank, in parallel with the resonator. 
The result is phase-noise performance that is essentially unchanged across the 
1.8-2.4 V tuning-voltage range. Figure 5.84 compares this circuit's phase-noise 
performance with the worst-case performance of the tank configurations in 
Figures 5.78 and 5.80. Figure 5.85 compares the diode ac load lines that 
correspond to the phase-noise curves in Figure 5.84. The best phase-noise 
performance corresponds to the diode ac load line that exhibits the narrowest 
voltage swing and never goes positive relative to the anode. 


Figure 5.83 Tank circuit reconfigured per Figure 5.54 to lightly couple the 
tuning diode in parallel with the resonator, with the resonator inductance again 
decreased to maintain oscillation near 147 MHz. The 1000-pF capacitor and gate 
choke of Figure 5.78 (5.6 uH in series with 330 €2) are no longer needed. 
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Figure 5.84 Comparison of worst-case phase-noise performance obtained with 
the tank configurations of Figures 5.78 (Original), 5.80 (Rev 1), and 5.83 (Rev 
2). 





0.00 


Phase noise (dBc/Hz) 






1.00802 1 00E03 1.00E04 100E05 100606: 1 00Е07 1 00E08 
Offset from carrier (Hz) 


Figure 5.85 Comparison of the tuning diode's ac load line for the worst-case 
phase-noise curves of Figure 5.82. 
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It is important to keep in mind that we have not gained something for nothing 
in achieving the best phase-noise response in Figure 5.84. As we reduced the 
diode's phase-noise contribution, we also reduced the oscillator's tuning range— 
from 7.196 (Figure 5.78 circuit) to 1.896 (Figure 5.80 circuit) to 0.04696 (Figure 
5.83). Simultaneously, optimizing phase-noise performance and tuning range 
requires a combination of techniques. First, we would maximize diode Q by 
using as high a tuning voltage as feasible. Second, we would use antiseries- 
connected diodes to minimize the RF voltage swing across them (Figure 5.55). 
Both of these techniques work against the achievement of wide tuning ranges by 
minimizing the capacitance swing the diodes can contribute. As a result of this, 
and because hyperabrupt diodes are not available for the frequencies at which 
wireless VCOs operate, we would therefore use multiple antiseries diode pairs in 
parallel. 

It is of interest to compare various oscillators. Figure 5.86 shows the 
performance of a 10-MHz crystal oscillator, a 40-MHz LC oscillator, the 
HP8640 cavity-tuned oscillator at 500 MHz, the 310—640-MHz switched- 
reactance oscillator of the HP8662 oscillator, and a 2-6-GHz YIG oscillator at 6 
GHz. 


Figure 5.86 Comparison of noise-sideband performances of a crystal oscillator, 
LC oscillator, cavity-tuned oscillator, switched-reactance oscillator, and YIG 
oscillator. 
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5.6.4 Numerically Optimized Oscillators 


We will look at two examples where we compare predicted and measured data. 
Figure 5.87 shows the abbreviated circuit of a 10-MHz crystal oscillator. It uses 
a high-precision, high-Q crystal made by companies such as Bliley. Oscillators 
like this are intended for use as frequency and low-phase-noise standards. In this 
case, the circuit under consideration is part of the HP3048 phase-noise 
measurement system. 


Figure 5.87 Abbreviated circuit of a 10-MHz crystal oscillator. 
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Figure 5.88 shows the measured phase noise of this HP frequency standard and 
Figure 5.89 shows the phase noise predicted using the mathematical approach 
outlined above. 


Figure 5.88 Measured phase noise for this frequency standard by HP. 


Typical noise curve for a 10 MHz frequency standard 
(hp) 3048A Carrier: 10.E+6 Hz 12 Jan 1987 19:07:04 — 19:12:33 






10 100 1K 10K 100K 1M 2M 
L (f) (dBc/Hz) versus f(Hz) 


Figure 5.89 Simulated phase noise of the oscillator shown in Figure 5.87. 
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In corporation with Motorola, we also analyzed an 800-MHz VCO. In this 
case, we also did the parameter extraction for the Motorola transistor. Figure 
5.90 shows the circuit, a Colpitts oscillator that uses RF feedback in the form of 
a 15-Q resistor and a capacitive voltage divider consisting of 1 pF between the 
BJT's base and the feedback resistor, and 1 pF between the feedback resistor and 
common. Also, the tuned circuit is loosely coupled to this part of the transistor 
circuit. Figure 5.91 shows a comparison between predicted and measured phase 
noise for this oscillator. Figures 5.92 —5.94 show the oscillator's predicted output 
waveform, spectrum, and dc I-V and ac load line responses, respectively. 


Figure 5.90 Colpitts oscillator that uses RF negative feedback between the 
emitter and capacitive voltage divider. To be realistic, we have also used real 
components rather than ideal ones. The suppliers for the capacitors and inductors 
provide some typical values for the parasitics. The major changes are 0.8 nH and 
0.25 €2 in series with the capacitors. The same thing applies for the main 
inductance, which has a parasitic connection inductance of 0.2 nH in series with 
a 0.25-Q resistance. These types of parasitics are valid for a fairly large range of 
components assembled in surface-mount applications. Most engineers model the 
circuit only by assuming lossy devices, not adding these important parasitics. 


One of the side effects we have noticed is that the output power is more realistic 
and, needless to say, the simulated phase noise agrees quite well with measured 


data. This circuit can also serve as an example for modeling amplifiers and 


mixers using surface-mount components. 
ШЕН: 





ye eoK0H ŽL 1. : 


F B.BnH 


& 
8.25 
15 


NA 
iL. 1. GF 





ics | LPorasitic 
Me 3 ы Capacitance? 
' B. BnH 
5 pe 
2 0.25 > 224 


Figure 5.91 Comparison between predicted апа measured phase noise for the 
oscillator shown in Figure 5.90. 
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Figure 5.92 Predicted output waveform for the oscillator shown іп Figure 5.90. 
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Figure 5.93 Predicted output spectrum for the oscillator shown in Figure 5.90. 
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Figure 5.94 AC load line and dc I-V curves for the transistor in the oscillator 
shown in Figure 5.90. 
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5.6.4.1 Phase-Noise Optimization 


By allowing the simulator's optimizer to vary the oscillator's feedback and dc 
operating point, phase noise can be improved. The values that were allowed to 
vary were the values of the capacitors in the feedback voltage divider, the value 


of a negative-feedback resistor (starting value, 15 ©) that reduces AM-to-PM 
conversion, and the emitter resistor, which changes the transistor's dc bias and 
therefore affects its bias-dependent flicker noise. Figure 5.95 shows the 
improvement of the 800-MHz VCO as previously shown. While the close-in 
phase noise can be improved drastically by approximately 32 dB, the far-out 
noise at 20 MHz and beyond is deteriorated. This is due to the resistive 
feedback, which reduces AM-to-PM conversion [27—29]. 


— 5.95 Phase noise of the 800- MEE VCO о апа айег шш 





In testing an oscillator's resistance to frequency pushing (frequency shift with 
supply-voltage changes), variations in phase noise can be observed. Phase noise 
is also bias-dependent, and this fact can be used for phase-noise optimization. 
Figure 5.96 shows the phase noise of an oscillator as its supply voltage is varied. 


Figure 5.96 Calculated phase noise as a function of the supply voltage for a BJT 
oscillator. The graph shows a distinct minimum for a particular bias, which could 
be translated into a collector current change. Such phase-noise minimization 
could also be accomplished by changing just the voltage applied to the bias 
portion of the oscillator. 


ai a a 1 E 
zd € == 
OE ee 5 Bi" edm шит тити шшш 


L 
u Е ғ п н 1 + 
H Е a ғ 1 Н a i | | i4 I 
= [222222] ааа sese БыБы БЕБЕ ЕЕРЕЕ ны паны deeem {тн ити БЕРЕР РРР дарии bassa ad m m 
F а 4 | + + ГЫ п u E 
i i 4 i ў i н à : 1 | . : 
" F ғ п П 


+ т 
III 
' П 


" + " в a Е 
тетйт-ттиня Раншымаыа и ашына 
" 1 Е = 
a " b 
L 
+ 


d 
EBHEGH EE 


Phase noise (dBc/Hz) 


1 
Ц 
4 
1 
E] 


Г a à 
Fem eee ee Septetee : 
a a 1 П 
4 
a 
Ц 
Е t 
E B. 3 1 
ип шаша шш: ш -1:&рё анана ры ш ы uma pum 
в и 1 


a 
г H п à E 
Py TETTE а |е т-ттит{ҥттшшшъ [ажа 
к Е a a 
Б u а 


a 
a 
Ц E = E 
- ать Еч нчи не ши иси пиш NE S maa i ыы 
ғ в 
е E 
r u 
4 
1 


5.0 
supply (V) 





5.7 Oscillators in Practice 


5.7.1 Oscillator Specifications 


Although we have tended to emphasize phase noise as a critical indicator of 
oscillator quality, phase noise is only one of a number of oscillator performance 
criteria that must be considered in wireless system design. In addition to phase 
noise, the following characteristics are used by commercial companies to 
describe oscillator performance. 

Frequency pushing characterizes the degree to which an oscillator's frequency 
is affected by its supply voltage. A sudden current surge caused by activating a 
transceiver's RF power amplifier may produce a spike on the VCO's dc power 
supply and a consequent frequency jump. Like tuning sensitivity (below), 
pushing is specified in frequency/voltage form, and is tested by varying the 
VCO's ас supply voltage (typically +1 V) with its tuning voltage held constant. 

Harmonic Output Power. The harmonic content is measured relative to the 
output power. Typical values are 20 dB or more suppression relative to the 
fundamental. This suppression can be improved by additional filtering. 


Output Power. The output power of the oscillator, typically expressed in 
dBm, is measured into а 50-0 load. The output power is always combined 
with a specification for flatness or variation. A typical specification would 
be 0 dBm +1 dB. 

Output Power as a Function of Temperature. All active circuits vary in 
performance as a function of temperature. An oscillator's output power over 
a temperature range should vary less than a specified value, such as 1 dB. 
Post-Tuning Drift. After a voltage step is applied to the tuning diode input, 
the oscillator frequency may continue to change until it settles to a final 
value. This post-tuning drift is one of the parameters that limits the 
bandwidth of the VCO input. 

Power Consumption. This characteristic conveys the dc power, usually 
specified in milliwatts and sometimes qualified by operating voltage, 
required by the oscillator. 

Sensitivity to Load Changes. To keep costs down, many wireless 
applications use a VCO alone, without the buffering action of a high 
reverse-isolation amplifier stage. In such applications, frequency pulling, the 
change of frequency resulting from partially reactive loads, is an important 
oscillator characteristic. Pulling is commonly specified in terms of the 
frequency shift that occurs when the oscillator is connected to a load that 
exhibits a nonunity VSWR (such as 1.75, usually referenced to 50-Q), 
compared to the frequency that results with a unity-VSWR load (usually 50- 
Q). Frequency pulling must be minimized, especially in cases where power 
stages are close to the VCO unit and short pulses may affect the output 
frequency. Such feedback may make phase locking impossible. 

Spurious Outputs. A VCO's spurious output specification, expressed in 
decibels, enumerates the strength of unwanted and nonharmonically related 
components relative to the oscillator fundamental. Because a stable, properly 
designed oscillator is inherently clean, such spurs are typically introduced 
only by external sources in the form of radiated or conducted interference. 
See harmonic output power. 

Temperature Drift. Although the synthesizer is responsible for locking and 
maintaining the oscillator's frequency, the VCO's frequency change as a 
function of temperature is a critical parameter and must be specified. Its 
value varies between 10 КН2/° C to several hundred kHz/? C depending on 
the center frequency and tuning range. 


Tuning Characteristic. This specification shows the relationship, depicted as 
a graph, between a VCO's operating frequency and the tuning voltage 
applied. Ideally, the correspondence between operating frequency and tuning 
voltage is linear. See tuning linearity. 

Tuning Linearity. For stable synthesizers, a constant deviation of frequency 
versus tuning voltage is desirable. It is also important to make sure that there 
are no breaks in the tuning range—for example, that the oscillator does not 
stop operating with a tuning voltage of 0 V. See tuning characteristic. 

Tuning Sensitivity, Tuning Performance. This datum, typically expressed in 
megahertz per volt (MHz/V), enumerates how much a VCO's frequency 
changes per unit of tuning-voltage change. 

Tuning Speed. This characteristic is defined as the time necessary for the 
VCO to reach 90% of its final frequency on the application of a tuning- 
voltage step. Tuning speed depends on the internal components between the 
input pin and tuning diode—including, among other things, the capacitance 
present at the input port. The input port's parasitic elements determine the 
VCO's maximum possible modulation bandwidth. 


5.7.2 More Practical Circuits 


Because of the need for integration, we will present three IC oscillators of 
increasing complexity. The circuit in Figure 5.97 is found in early Siemens ICs. 
Figure 5.98 shows its phase-noise performance. 


Figure 5.97 Schematic of the Siemens IC oscillator. 
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Figure 5.98 Phase noise of the Siemens IC oscillator. The frequency of 
oscillation is 1.051 GHz. 
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Figure 5.99 shows the basic push-pull oscillator topology underlying the 

circuit in Figure 5.97. The omission of the current source and active bias 

components improves the simpler circuit's phase-noise performance over that of 

the circuit shown in Figure 5.97. Figure 5.100 compares the phase noise of this 
basic circuit to the integrated version in Figure 5.97. 


Figure 5.99 Basic push-pull oscillator underlying the circuit shown in Figure 
m. 
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Figure 5.100 The basic version of the oscillator (discrete curve) is a better 
phase-noise performer than the integrated version (monolithic curve). The 
frequency of oscillation is 1.039 GHz. 
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Figure 5.101 is for those who speculate on the possibility of replacing the BJTs 


in Figure 5.99 with LDMOS FETs ог JFETs. Figure 5.102 compares its phase 
noise to that of the BJT case. The rule of thumb is that FETs do not have enough 
gain for high-Q oscillation in oscillators above 400 MHz, and bipolar transistors 
are a better choice. Because of their higher flicker noise contribution, GaAsFETs 
should be considered only at frequencies above 4 or 5 GHz. 


Figure 5.101 1.04-GHz push-pull oscillator using LDMOS FETs instead of 
BJTs. (LDMOS FET parameters courtesy of David K. Lovelace, Motorola, Inc.) 
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Figure 5.102 Phase-noise comparison of the BJT and MOSFET oscillators. 
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Figure 5.103 shows a circuit based on two differential amplifiers and 
frequently found in Gilbert cell IC applications. Figure 5.104 shows its phase- 
noise performance. 


Figure 5.103 1.022-GHz IC oscillator based on two differential amplifiers. With 
an RF signal fed to the bases of Q1-Q4 and Q2-Q93 in push-pull, and IF output 
extracted from the collectors of Q1-Q3 and Q2—Q4 in push-pull, the circuit 
would act as a Gilbert cell converter. In the circuit shown, we have modified the 
differential amplifiers' collector circuitry to give single-ended output and avoid 
cancellation of the oscillator signal. 
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Figure 5.104 Phase noise of the two-differential-amplifier oscillator circuit. 
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Figure 5.105 is a validation circuit that demonstrates a comparison of 
measured phase-noise performance versus its prediction by circuit simulation 
software. The circuit is based on the core of Motorola s MC12148 ECL oscillator 
IC, the topology of which is derived from the superseded MC1648. Motorola 
specifies the MC12148's typical phase-noise performance as -90 dBc/Hz at an 
offset of 25 kHz. The close agreement between the measured and simulated 
results highlights the value of state-of-the-art CAD tools in wireless oscillator 


design (Figure 5.106). 


Figure 5.105 This validation circuit models the oscillator topology at the core of 
Motorola's MC12148 ECL oscillator IC. 





100 "| "n 5.5 pF 


Figure 5.106 Comparison of measured versus simulated phase noise of the 
MC12148 differential oscillator. The simulation (1.016 GHz) predicts a phase 
noise of —89.54 dBc/Hz at an offset of 10 kHz (real L and C curve), which 
agrees well with Motorola's specification of —89.54 dBc/Hz (typical at 930 
MHz) at this offset. The ideal L and C curve plots the simulation's phase-noise 
performance with ideal reactances, as opposed to the real L and C curve, which 
graphs the results with realistic Qs specified for its reactive components (О = 
250 for its C, and Q = 65 for its L, all at 1 GHz). 
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Figure 5.106 presents the results of two simulations: one with ideal L and C 
components and another with realistic values specified for these reactances. In 
using a circuit simulator to validate and compare oscillator topologies, it is 
important to start with ideal components because we are interested in comparing 
the inherent phase-noise performance of various circuits— particularly the role 
played by the nonlinear reactances in active devices. Because the Qs of practical 
components are so low in the microwave range (very generally, 200—300 for 
capacitors and 60—70 for inductors), the inherent merits of one topology, or one 
device, over another would be masked by loading effects if we conducted our 
investigations using nonideal reactances. Once initial evaluation is completed, 
realistic Qs should be specified for increased accuracy in phase-noise, output- 
power, and output-spectrum simulation. 

Finally, as evidence of how moving from lumped to distributed techniques can 
improve oscillator performance at frequencies where LC tanks become 
problematic, Figure 5.107 compares, for a simulated BJT Colpitts oscillator 
operating at 2.3 GHz, the difference in phase-noise performance obtainable with 
a resonator consisting of an ideal 2-nH inductor and a 1/4-A transmission line (11 
Q, 90: long at 2.6 GHz, attenuation 0.1 dB/m) with the transistor biased by 
constant-current and constant-voltage sources. 


Figure 5.107 Phase-noise performance of a 2.3-GHz BJT oscillator with a 
resonator consisting of an inductor (2 nH) and a 1/4-A transmission line (11 0, 


approximating the behavior of a dielectric resonator) with bias from a constant- 


current source and a low-impedance, resistive constant-voltage source. 
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5.7.2.1 Silicon/GaAs-Based Integrated VCOs and Possible Difficulties 


Due to process variations, the center frequency of the VCO cannot be repeated 
without trimming. Trimming can be avoided by making the VCO gain large 
enough to compensate for tank circuit variations, but this degrades phase-noise 
performance and increases the VCO susceptibility to unwanted spurs. Example: 
A VCO with a gain of 10 MHz/V has a phase noise of -80 dBc/Hz at 10 kHz 
while a VCO with a gain of 75 MHz/V has a phase noise of only -60dBc/Hz at 
10 kHz. All but the tank inductors are integrated. 

Tank inductors are generally not integrated for reasons of size and Q. The area 
of a 1-nH inductor is approximately 42,000 mm^, which is # 3.5% of a typical 
IC; the area of а 10-nH inductor is approximately 167,000 тт“, which is “14% 
of a typical IC. For GaAs substrate, the resulting Q would be about 5; for silicon, 
as we already saw, 20 is already a very high value. 

The customer can use PCB traces for the required inductance instead of 
external surface mount inductors (cost: &dollar;0.03/each, most expensive 
passive component). It must be pointed out that even for a nonintegrated 
approach, the higher VCO gain is noisier by definition. This was explained in 
Section 5.6.3. These problems are not unique to silicon; they apply to GaAs also. 


Figure 5.108 shows the size relationship of on-chip capacitors and inductors 
compared to the actual transistor; therefore, on-chip inductors should really be 
avoided because of reasons of space and Q. Just imagine how the picture would 
change if the 1.1-nH inductor had to be 11 nH instead! It would dominate the IC 
area, and therefore the IC cost as well. 


Figure 5.108 Same-scale comparison of space requirements for transistors, 
Capacitors, inductors, and bond pads. For reference purposes, the coil diameter is 


0.2 mm. 
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5.8 Phase-Noise Improvements of 


Integrated RF and Millimeterwave 


Oscillators? 


5.8.1 Abstract 


The generation of microwave and millimeterwave frequencies can be done by 
lower-frequency VCOs multiplied up in frequency, such as that provided by 
comb generators, by using hybrid GaAsFET-based oscillators with external 
resonators, or—for the best phase-noise obtainable—YIG oscillators whose 
physical size and cost does not always provide a practical solution. A significant 
improvement in oscillator noise performance can be obtained with a novel 


feedback circuit that uses internally generated noise and cancels the close-in 
noise in a bandwidth of up to 1 MHz. This results in more than 15 dB phase- 
noise improvement at microwave frequencies for the same topology and the 
feedback system can be made part of the biasing circuit. This feedback circuit 
can be used over a wide frequency range and works well at VHF/UHF 
frequencies and in the millimeterwave area. 


5.8.2 Review of Noise Analysis 


Section 5.6 of this chapter covered noise in oscillators in detail, so we will 
merely review oscillator noise issues here. The first linear model for a basic 
oscillator, without considering semiconductor noise, was developed by Leeson in 
1966 [9] and has been quoted in numerous applications. 

The phase noise of a VCO is completely determined by 


(f _ foe | | | fe.) FRE | 2kTRK? | 
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where £( fn) = ratio of sideband power in a 1-Hz bandwidth at f, to total power in 
dB, р, = frequency offset, fy = center frequency, |. = flicker frequency, Ола = 


loaded О of the tuned circuit, F = noise factor, КТ = 4.1 x 10721 at 300 К (room 
temperature), Р. = average power at oscillator output, А = equivalent noise 


resistance of tuning diode (typically 200 Q to 10 k€2), and Kj = oscillator voltage 
gain. 

When adding an isolating amplifier, the noise of an LC oscillator is determined 
by 


ке? = а R fà la El fo/ (3062), } М Hs 
* (2GFKT/ Po)Cfo/ (2Q1))?] / £2, 


where С = compressed power gain of the loop amplifier, F = noise factor of the 
loop amplifier, k = Boltzmann's constant, T = temperature in Kelvins, Ро = 


carrier power level (in Watts) at the output of the loop amplifier, fọ = carrier 
frequency in Hz, fm = carrier offset frequency in Hz, Qr(- лт) = loaded Q of 
the resonator in the feedback loop, and ар and ар = flicker noise constants for 
the resonator and loop amplifier, respectively. 

In 1978, Dieter Scherer from Hewlett-Packard added the (1 + f,/f,,) term, 
which addresses the 1/f noise or flicker corner frequency [30]. The 1/f frequency 


phenomenon is based оп the surface effects inside the semiconductor and varies 
from 50 Hz for silicon FETs, to 5 kHz and more for silicon microwave bipolar 
transistors, to 1 MHz and higher for GaAsFETs. As a rule of thumb, one can 
state that the higher the frequency of operation, the higher the fr for the active 


device, the higher the flicker corner frequency will be. Figure 5.109 shows the 
spectral distribution as a function of offset frequency. This linearization was first 
discovered by individuals from NIST, formerly the National Bureau of 
Standards, in Boulder, Colorado. The left corner is dominated by the flicker 
corner frequency and the oscillator itself shows at the output a combination of 
modulation and conversion noise. In addition to the 1/f noise, the real-life 
oscillator exhibits a wideband noise, which is due to nonlinearities—specifically, 
the AM-to-PM conversion resulting from nonlinear capacitance and 
transconductance of the transistor. This complete linear “noise equation” was 
first published in Ref. [2]. Therefore, the noise model for the transistor had to be 
enhanced by describing this mechanism. Essentially, it is equal to a tuning diode 
coupled to the resonator, which is modulated by thermal noise, and therefore, 
result in higher phase-noise contribution than the oscillator itself. This noise 
equation also has the Q playing a major role. The phase noise, therefore, 
ignoring other frequencies, is proportional to 1/07. In monolithic circuits, the 
loss of transmission lines, which determines the Q, is related to the substrate 
material. One has little choice of material, particularly in microwave and 
millimeterwave oscillators. Printed resonators provide sadly low Q at these 
frequencies. A similar problem related to the material is the choices of tuning 
diodes. In many, if not all, cases, one uses a GaASFET with the gate connected to 
the drain or to the source as a tuning diode, and the resulting Q is also 
disappointing. 


Figure 5.109 Reduction of transistor flicker-of-phase noise via use of local 
negative feedback (emitter resistance), showing, for a BJT, the flicker noise or 
corner frequency, as well as the phase noise that results from the flicker noise. 
The negative feedback from the unbypassed emitter resistor reduces the flicker 
noise by up 40 dB [31], [32]. 


Flicker noise 


carrier signal modulation Decreased via use of local 


HF negative feedback 


Low-frequency 
flicker (1/f) noise 





The example in Figure 5.109 takes advantage of a microwave bipolar 
transistor and also is applicable for HBTs (heterojunction bipolar transistors). 
The transconductance of the bipolar transistor, which is approximately 39 mA/V, 
increases to values up to 20 times larger than exhibited by GaAsFETs. This 
method of using negative feedback reduces the gain of the GaAsFET too much, 
and is therefore, not applicable. 


5.0.3 Workarounds 


When looking at the modes of operation of test sets for phase-noise 
measurement, the one method that requires only one signal generator is most 
desirable. Based on the frequency discriminator method, it uses a cable of 
appropriate length that acts as a delay line. The oscillator under test drives a 
double balanced mixer (one port directly [LO port]) and drives the RF port 
"delayed" via the delay line cable and the mixer is, therefore, driven by the same 
frequency with a different phase. This setup has been used for phase-noise 
measurements very successfully. One can easily connect a low-noise FFT-based 
audio spectrum analyzer to the mixer output and measure the signal-to-noise 
ratio as a function of offset. With modern FFT analyzers available up to 10 MHz 
and higher, a fast and reliable measurement can be done. The length of the cable 
determines the frequency range over which an accurate measurement is possible. 
This phase-noise information (dc and ac voltage) at the output can be used to 
modulate the VCO and improve the phase noise in the frequency range over 
which this method is applicable. Fluke and other companies have built signal 
generators based on this principle to improve the phase noise. The drawback of 
this method is that the delay line acts like a band-limiting filter, and therefore, 
one cannot compensate over a large range of frequencies. The delay line in 
question, responsible for the phase shift, can also be substituted by a high-Q 


resonator. By closing the loop, опе can “clean ир” the phase noise of the device 
under test (DUT). The difficulty with this is that it requires an external high-Q 
resonator. One might as well use the same resonator for the oscillator. Therefore, 
this method is not suitable for MMICs. See Figure 5.110 for more details. 


Figure 5.110 AFC stabilization of an external oscillator. 
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As far as the actual measurement is concerned, one has to observe certain 
limitations of the test setup as explained in Figure 5.111. When using the delay 
line instead of a high-Q resonator (low loss is assumed for coaxial cable), one 
needs to determine the physical length of the cable. The physical length of the 
cable determines the delay, and therefore, the discriminator noise floor as a 
function of the offset frequency. Typically, 8 feet of RG-8/U cable results in a 
delay of 12 ns. As can be seen from Figure 5.112, it is advisable to have several 
lengths of cable depending upon the range of frequency of which one wants to 
do the measurements under different lengths of cable [33]. 


Figure 5.111 Display of a typical phase-noise measurement using the delay line 
principle. This method is only applicable where x = sin (x). The measurements 
above the solid line violate this relationship, and therefore are not valid. 
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Figure 5.112 Dynamic range as a function of cable delay. 1 us is ideal for 
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Since we are primarily concerned about the flicker noise, here is another, 
similar, approach to “cleaning up” the flicker noise, as shown in Figure 5.112. 
The bandwidth over which this technique works depends on the bandwidth of 
the phase detector system, which can be made fairly wide. A derivative of this 
will provide a useful solution. 


5.8.4 Reduction of Flicker Noise 


From inspecting a device datasheet, one is always pleasantly surprised about 
very low spot noise figures, while the 1/f corner frequency is rarely specified at 
all. The mechanism that transforms the noise, which is generated by the 1/f 
contribution into what we referred to as modulation noise, is the AM-to-PM 
conversion. If one could “linearize” the transistor, the flicker noise effect would 
be drastically reduced. 

In the case of the bipolar transistor, you could sample the noise of the 56-Q 
resistor shown in Figure 5.114a, and consistent with the previous method, feed 
this back into the oscillator system in this case and modulate the base voltage of 
Q and Q». Тһе higher-power transistor, BFR93A, is used for the oscillator, 


which could equally be an HBT gate “stabilizer” via Q, in such a manner that all 


the sample noise across the emitter resistor is inverted, amplified, and brought 
back. This noise-canceling scheme works inside the loop bandwidth determined 
by the circuit of Q;. Figure 5.115 shows the Figure 5.114a circuit's phase-noise 


performance. 


Figure 5.113 Noise reduction in an oscillator whose signal flicker-of-frequency 
noise is primarily due to sustaining stage flicker-of-phase noise. A phase 
perturbation in the sustaining stage produces a frequency change in the 
oscillator, which produces a change in the signal phase shift through the 
resonator detected as the phase detector. The resonator may be simultaneously 
operated in transmission line and reflection modes in the oscillator and 
discriminator portions of the circuit, respectively. 
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Figure 5.114 BJ T-based oscillators with noise feedback. At (a), the noise 
sampling is done in the transistor emitter; at (b), the noise sampling is done in 
the collector using a variation of the active biasing circuit shown in Figure 
3.206. 
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Figure 5.115 Phase noise of the Figure 5.114a oscillator with and without noise 
feedback. 
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5.8.5 Applications to Integrated Oscillators 


Figure 5.116 shows a silicon-based bi-CMOS technology wireless oscillator. The 
three big inductors can be seen easily. This design by Motorola is a good 


candidate for using this innovative technology. Applying this feedback 
technology, we measure the phase noise shown in Figure 5.117. 


Figure 5.116 Layout of the Motorola 800-MHz monolithic differential oscillator 
IC in Si technology. 





Moving up into the millimeterwave area, one of the target oscillators is the Ka- 
band MMIC voltage-controlled oscillator designed for Ka-band smart munitions 
applications (Figure 5.118). This voltage-controlled oscillator MMIC employs 
0.25-um gate length, double-heterojunction, pseudomorphic, high-electron- 
mobility transistor (PHEMT) technology. This is a custom chip developed by 
Martin Marietta under the U.S. Government MMIC program. Ansoft Serenade 
tools were used in this design. 


Figure 5.118 Layout of the Ka-band voltage-controlled oscillator. 





Features. 


Fundamental-mode, differential-ring VCO 
Electronically tunable 

Output power >16 dBm 

13% power-added efficiency (PAE) 

Compact size for easy integration with power amplifier 
0.25-шп pseudomorphic HEMTs 


Specifications. 


e Frequency range: Ka band 
e Output power: 16 dBm minimum 


When applying the same technology as shown in the previous bipolar 
example, the phase noise can be significantly reduced. Since field-effect 
transistors require a negative gate voltage, it is possible to sample the noise in 
the drain current using a resistor, amplify the noise with an appropriate loop 
amplifier, and modulate the gate voltage within a 1-MHz bandwidth. 

A spectrum analyzer measurement of this oscillator type, as shown in Figure 
5.119, indicates a phase noise of —78.6 dBc/Hz at an offset frequency of 100 kHz 


at a center frequency of 38 GHz, while the closed-loop phase noise of Figure 
5.120 using the compensation scheme indicates a phase noise of about —108 
dBc/Hz at 100 kHz. This is consistent with reported results from other 
researchers who have used complicated phase-locked loops to achieve similar 
performance as seen in Figure 5.121. 


Figure 5.119 Spectrogram of the 38 GHz free-running push—pull VCO shown in 


Figure 5.118. 
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Figure 5.120 Phase-noise performance of a 38-GHz oscillator with phase-noise 
"clean up" system. 
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Figure 5.121 Showing a 47 GHz loop-stabilized VCO with phase-noise 
performance similar to that of Figure 5.120. 
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9.8.6 Summary 


A novel method of improving the phase noise of oscillators has been 
demonstrated. This approach works well for low-frequency oscillators such as 
1000 MHz up to the millimeterwave range. It only requires an additional 
wideband dc biasing circuit, which applies noise feedback. The theory has been 


demonstrated by showing appropriate validation. 


Notes 


1. Based on portions of the Philips Semiconductors/Signetics RF 
CommunicationsProducts Application Note AN1777, “Low-Voltage Front End 
Circuits:SA601, SA620,” August 20, 1997. Available at 
http://ics.nxp.com/support/documents/interface/pdf/an1777.pdf. Used with 
permission. 

2. This section is based on a paper given at the Fifth International Workshop on 
IntegratedNonlinear Microwave and Millimeterwave Circuits, sponsored by 
IEEE at Gerhard-Mercator-University, Duisburg, Germany, October 1-2, 1998. 
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Chapter 6 


Wireless Synthesizers 


6.1 Introduction 


Increasing integration has drastically narrowed the range of component choices 
open to wireless synthesizer designers. The design of a high-performance 
synthesizer is largely reduced to selecting the most advanced synthesizer IC and, 
if the synthesizer uses a phase-locked loop, designing or obtaining the best VCO. 
This chapter covers synthesizer theory, evaluation, and design, including PLL 
and direct digital synthesis (DDS) techniques. Going into all the details of 
frequency synthesizers would be beyond the scope of this book. For depth and 
background on this subject, we recommend Ref. [1]. 


6.2 Phase-Locked Loops 


6.2.1 PLL Basics 


Figure 6.1 shows a complete PLL synthesizer block diagram indicating the areas 
over which the designer actually has control. Once the VCO signal has been 
translated from analog to quasidigital (square-wave) form in circuitry similar to 
a line receiver, the synthesizer IC takes over. The VCO receives an analog 
control signal that results from the integration of digital pulses from a 
phase/frequency discriminator. Modern phase/frequency discriminators, which 
are part of the PLL IC, use edge-triggered loop locks and generate correcting 
pulses of either positive or negative sign. The output portion of such a phase 
detector is frequently referred to as a charge pump because the resulting dc 
control voltage, which ultimately determines the oscillator frequency, is 
processed by a loop filter containing at least one large capacitor that is charged 
or discharged as necessary to maintain the control-voltage level necessary for 
loop lock. 


Figure 6.1 Block diagram of an integrated frequency synthesizer. In this case, 
the designer has control over the VCO and the loop filter; the reference oscillator 
is part of the chip. In most cases (up to 2.5 GHz), the dual-modulus prescaler is 


also inside the chip. 
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special techniques are used, such as the fractional-N-division principle, the step 
size or channel frequency spacing is equal to the reference frequency. When 
describing frequency synthesizers mathematically, we usually use a linearized 
model. Because most effects occurring in the phase detector are highly 
nonlinear, only the so-called piecewise-linear treatment allows adequate 
approximation. 


Figure 6.2 Block diagram of a single-loop synthesizer. 
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We assume that the VCO shown in Figure 6.2 is tunable over the frequency 
range from 410 to 510 MHz. Its output is divided to the reference frequency in a 


programmable divider (i.e., divide by N) whose output is fed to опе of the input 
of the phase/frequency detector and compared with the reference frequency 
supplied to the other input. The loop filter at the output of the phase detector 
suppresses reference-frequency components while also serving as an integrator. 
The dc control voltage at the output of the loop filter tunes the VCO until the 
divided frequency and phase equal those of the reference. In this simple example 
with the divider set to 45,000 and the reference set to 1 kHz, the VCO is 
controlled to a frequency of 450 MHz. A fixed division of the frequency 
standard output produces the reference-frequency of the appropriate step size. 
Frequency standards are typically operated at 1, 5, or 10 MHz to take advantage 
of high crystal stability. A 5-MHz frequency standard would be divided by 500 
in the example. The operating range of the PLL is determined by the maximum 
operating frequency of the programmable divider, by its division-range ratio, and 
by the tuning range of the VCO. 

The PLL is nonlinear because the phase detector is nonlinear. However, it can 
be accurately approximated by a linear model when the loop is in lock. The 
response, when the loop is closed, may be expressed as 





Ө. (=) _ | Forward gain 
Ө, (5) ана + open-loop gain 
G (5) 


oscillator and the reference, respectively. 

When the loop is locked, it is assumed that the phase-detector output voltage is 
proportional to the difference in phase between its inputs, that is, 

(6.2) Va = Ko (8, — 6) 
where Ур is the output voltage of the phase detector, and 0, and 0; are the phases 
of the reference signal and the divided VCO signal, respectively. Kg is the phase- 
detector gain factor and has the dimensions of volts per radian. It is also assumed 
that the VCO can be modeled as a linear device whose output frequency differs 
from its free-running frequency by an increment of frequency 

(6.3) 276 f = KoV; 
where V, is the voltage of the output of the low-pass filter, and Kọ is the VCO 
gain factor with the dimensions of radians per second per volt. Because 
frequency is the time derivative of phase, the VCO operation can be described as 


(6. 4) 2mó f = 
With these о the PLL тау be represented by the linear model 
shown in Figure 6.3. 


Figure 6.3 Block urs bun of a шнш model of a PLL. 
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(6.6) Gs) = 
and the open-loop gain is 
LI Ka KoF (s) 
(6.7) G (s) H (s) = ol 


which leads to the transfer formula of equation (6.1). 

There are various choices of filter response F(s). Because the VCO by itself is 
an integrator, we can use a simple RC filter following the phase detector. This 
arrangement is called a Type 1 filter. Because the components used, together 
with feedthrough capacitors and other stray effects, can cause excess phase shift, 
it is necessary to ensure than stability criteria are satisfied. If the gain of a 
passive loop is too small to provide adequate drift stability of the output phase, 
especially if a high division ratio is used, the best solution to this problem is the 
use of an active amplifier as an integrator. In most frequency synthesizers, the 
active-filter-integrator approach is preferred to the passive one. Some frequency 
synthesizer chips have a single-ended output. In such cases, the use of an 
additional integrator requires some precautions. 


6.2.2 Phase-Frequency Comparators 


The phase/frequency comparator can be divided into two types. 
1. Phase detectors. 


2. Phase-frequency comparators. 

This means that the phase comparator has limited means to compare two 
signals and only accepts phase, not frequency, information. In this case, 
particular measures have to be taken to pull of the VCO into the locking range. 
The phase comparators require special locking help. Here we are analyzing only 
the performance. 


6.2.2.1 Diode Rings 


The diode ring is normally driven with two signals with sinusoidal waveform 
and also is some sort of mixer. Here it will suffice to derive the gain 
characteristic Kg of the device. If the input signal is 0; = A; sin ct, and the 


reference signal is 6, = A, sin (@,t + 0), where ф is the phase difference between 
the two signals, the output signal 6, is 








А; А AA 
- 6.6, = ——K cos ó — —— К cos (2w,t + ф) 


J | 
(6.8) % 2 2 
where К is the mixer gain. One of the primary functions of the low-pass filter is 
to eliminate the second-harmonic term before it reaches the VCO. The second 
harmonic will be assumed to be filtered out and only the first term will be 
considered, so 
A, Ar | 
а ŽE K сова 
(6.9) ГА 5 A cos d 
When the error signal is zero, ф = 7/2. Thus, the error signal is proportional to 
phase differences from 90°. For small changes in phase Аф, 
А; А, ; ^3 
7 К сов (= 4- ^e)| 


(610) ^ £^ K sin Аф 


For a small phase perturbation Аф, 
j. n~ AiArK 

(6.11) * 2 
since the phase detector output was assumed to be 
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x, ААК 
(6.13) " . 9 
The phase detector scale factor Kg depends оп the input signal amplitudes; the 


device сап be considered linear only for constant-amplitude input signals and for 
small deviations in phase. For larger deviations in phase, 


(6.14) б. = KasinAd 
which describes a nonlinear relation between 0, апа @. 


In frequency synthesizers, the reference is typically generated from a reference 
oscillator and is lower than the VCO frequency, which is divided by a 
programmable divider. Both signals, therefore, are square waves rather than sine 
waves, and theoretically, a diode ring can be driven by those two signals. 

A drawback to the diode-ring phase detector is that its output voltage is very 
small—several hundred millivolts at most. A post-detector dc amplifier, which 
will unavoidably introduce noise, is therefore required. 


6.2.2.2 Edge-Triggered JK Master-Slave Flip-Flops 


The fundamental idea of the sequential phase comparator we will be dealing 
with is that there are two outputs available, one to charge and one to discharge a 
capacitor. Output 1 then is high if the Signal 1 frequency is greater than the 
Signal 2 frequency, or of the two frequencies are equal, if Signal 1 leads Signal 2 
in phase. 

Output 2 is high if the frequency of Signal 2 is greater than that of Signal 1, or 
if the signal frequencies are the same and Signal 2 leads Signal 1 in phase. 

Figure 6.4 shows the minimum configuration to build such а phase 
comparator. It can be operated from -2л to +27, and an active amplifier is 
recommended as a charge pump. The Q output of the JK master-slave flip-flop is 
set to one by the negative edge of Signal 1, while the negative edge of Signal 2 
resets it to zero. Therefore, the output Q is the complement of О. The output 
voltage is defined as the weighted duty cycle of О and о. This means that a 
positive contribution is made when Q = 1 and a negative contribution (discharge) 
is made when Q = 0. The averaging and filtering of the unwanted ac component 
is done by a subsequent integrator. The integrator then is called a charge pump, 
as the loop capacitor is being charged and discharged depending on whether Q is 
high or low. 


Figure 6.4 Edge-triggered JK master-slave flip-flop. 





If the system using the J-K flip-flop is not in lock, and there is a large 
difference between frequencies f, and f; at the output, the output will not be zero, 


but instead will be positive or negative relative to one-half supply voltage. This 
is an advantage and indicates that this system is frequency sensitive. We 
therefore call it a phase/frequency comparator because it is capable of detecting 
both phase and frequency offsets. In its locking and pull-in performance, it is 
similar to an exclusive-OR gate. 

For better understanding, let us look at a few cases where the system is in lock. 
It should be noted that whereas the exclusive-OR gate sensitive to the duty cycle 
of the input signals, the J-K flip-flop responds only to the edges, and therefore 
the phase/frequency comparator can be used for asymmetrical waveforms. Let us 
first assume that the input signals 1 and 2 have the same frequency. Figure 6.5 
shows what happens if the phase error is about О, л, and 2л. In those cases, the 
duty cycle at the output is about 0, 5096, or 10096, respectively. The narrow 
output pulses may cause spikes on the power-supply line and lines in the 
vicinity, and precautions must be taken to filter them. 


Figure 6.5 Performance of the J-K phase/frequency comparator for different 
input signals. 






Q | | 
ó — 100% 
(c) 

The output voltage ў is the average of the signal Q, and is a linear function of 
the phase error. 

Now let us take a look at several cases where the system is not in lock. Figure 
6.6 shows the case where f, is substantially higher than f>. As a result, the output 
duty cycle is close to 10096 and the VCO frequency is being pulled up to higher 


frequencies. If the frequency at Input 2 is much higher than that at Input 1, the 
opposite is true. This proves that the device is sensitive to frequency changes. 


Figure 6.6 Phase detector output for two input frequencies that are substantially 
different. 
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In cases where both frequencies are about the same, as shown in Figure 6.7, 
the crossover area is not clearly defined. The first picture shows the case where 
[› is 1096 higher than f, and the duty cycle is changing periodically between 0 


and 10096. Therefore, the ac voltages look like a sawtooth, with a rate equal to 
the difference of both frequencies. The same holds true if the two inputs are 
reversed. In the case where both frequencies are identical, the JK flip-flop 
behaves the same as an exclusive-OR gate. From this discussion, it can be 
concluded that while this phase/frequency comparator was included to explain 
how it works, it is not a very desirable device for practical purposes because of 
the uncertainty of its behavior close to lock. 


Figure 6.7 Performance of the phase detector for small frequency errors. 
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6.2.2.3 Digital Tristate Comparators 


The digital tristate phase/frequency comparator is probably the most universally 


used and most important next to the sample/hold comparator. Although the diode 
ring and exclusive-OR gate phase detectors have some applications, the tristate 
phase/frequency comparator can be used widely. Even in cases where a 
sample/hold comparator theoretically could be used, it may be inferior as far as 
reference attenuation or noise is concerned, but it is generally well behaved. 
Unfortunately, the tristate system is very complex and shows a number of 
unusual phenomena. Such a digital tristate comparator is shown in Figure 6.8 
using two D flip-flops and a NAND gate. The О- output signal is filtered with 


the low-pass filter. The operation of this logic circuit is readily analyzed using 
the state-transition diagram as shown in Figure 6.9. The D flip-flop outputs go 
high on the leading edge of their respective clock inputs and remain high until 
they are reset. The reset signal occurs when both inputs are high. When both 
signals are in phase and of the same frequency, both outputs will remain low, and 
no signal will applied to the operational amplifier. When the two frequencies are 
the same, the dc output voltage transfer characteristic will be as shown in Figure 
6.10. If the two signal frequencies are not the same, the output voltage will 
depend on both the relative frequency difference and the phase difference. The 
timing diagram of Figure 6.11 illustrates the case in which f; = 3f,. In Figure 


6.11a, the leading edge of f, occurs just after that of f>, so that Q, is high 50% of 


the time, and the average value of the PD output is 50%. In Figure 6.11b, the 
leading edge of f, occurs just before that of f>, so Q, is high almost all the time 


and the average output voltage is approximately V. 


Figure 6.8 Phase detector with two D flip-flops and a NAND gate. In this text, 
this type of phase detector will be called a tristate comparator. 
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Figure 6.9 Logic diagram of the tristate detector. 
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Figure 6.10 Transfer characteristic of the tristate phase/frequency comparator. 
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Figure 6.11 Output waveform of the tristate frequency comparator for different 
input frequencies. 





The output voltage averaged over all of the phase differences is then 67% for 
Б = 3f,. In general, it can be said that the average output (averaged over all the 


phase differences) is given by 


Vave ES 1 TT == 
(6. 15)" fa 


provided that f; is greater than |). This expression is plotted in Figure 6.12 
together with the cases in which f, is greater than f>. 


Figure 6.12 Average output voltage as a function of frequency г ratio. 
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The digital network used in this realization is only one of a large number of 
logic circuits that could be used. Many IC manufacturers now produce a quad-D 
circuit that functions much like the dual-D flip-flop; the main difference is that 
when the frequency of one signal is more than twice that of the other signal, the 
correspond output will be high all of the time. Therefore, a larger voltage is 
applied to the VCO and the loop response is faster. An example of the quad-D 
circuit is shown in Figure 6.13. 


Figure 6.13 Example of a quad-D circuit. 
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The most popular digital tristate phase/frequency comparator on the market is 
the one used in the CD4046 PLL IC, shown in Figure 6.14. It contains an 
additional phase comparator, an exclusive-OR gate that can be used as a lock 
indicator. In addition, two FETs are used to sum the two outputs. A slightly faster 
version in TTL technique is the Motorola MC4044. The fastest version in ECL is 
the MC12040, also made by Motorola, shown in Figure 6.15. Sometimes it is 
convenient to build the phase-frequency comparator in discrete technique to add 
additional features. Figure 6.16 shows an example. 


Figure 6.14 Block diagram of CD4046 phase/frequency comparator. (Courtesy 
of Motorola Semiconductor Products, Inc.) 
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Figure 6.15 Block diagram of Motorola MC12040 phase/frequency comparator. 
(Courtesy of Motorola Semiconductor Products, Inc.) 
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Figure 6.16 Possible version of tristate phase/frequency comparator. 
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This particular tristate phase-frequency comparator has a peculiarity that was 
first mentioned by Egan and Clark [2]. When actually building a phase-locked 
loop with this phase-frequency comparator, or that of the CD4046 type, by going 
through the normal mathematical design routine, it becomes apparent that the 
expected performance and the actual results differ as follows. 

1. The reference suppression will be better than expected. 

2. The phase error or tracking will be worse than expected. 

3. The phase margin will differ and the system may not lock despite the fact 
that the calculation is correct. 

The reason for all this is due to two effects. 

1. The flip-flops are not absolutely alike, and as a result of this, the output in 
the crossover region is not zero. 

2. If there is no or very little correction voltage required, the gain of the 
phase detector will drop substantially. 

Let us assume the ideal situation where the output of the phase/frequency 


comparator feeding the charge pump does not have to correct any error, the 
system is drift free, and there are no leakage currents. The holding capacitor of 
the charge pump would maintain constant voltage and, as there is no drift, no 
correction voltage would be necessary. 

The flip-flops, however, introduce a certain amount of jitter, and a certain 
amount of jitter is also introduced by the frequency dividers, both the reference 
divider and the programmable divider. This jitter results in an uncertainly 
regarding the zero crossings, and extremely narrow pulses will appear at the 
output of the summation amplifier used in the CD4046. 

Under the ideal assumption that there are no corrections required and those 
pulses would not exist, the reference suppression would be infinite, as there is no 
output. Therefore, the reference suppression—disregarding the effect of the loop 
filter—depends only on how well this condition is met. 

The change of gain seems somewhat surprising, but as we think of it, if there is 
no correction and no update, there is also no gain. It is impossible to meet this 
condition, which is fortunate, but with regard to the temperature stability and 
aging characteristics of some devices, predicting actual performance may be 
difficult. 

There are several remedies to this problem. A simple version is to introduce a 
controlled amount of leakage. Although the electrolytic capacitor required in the 
charge pump will have some leakage, it is better to set a leakage current that is 
independent of temperature and aging. This can be accomplished by putting a 1- 
МО resistor from the output of the CD4046 to ground. The phase/frequency 
comparator then has to deliver an output current, and this output current is 
determined by a resistor that can be independent of temperature and other 
effects. As a result of this, the duty cycle of the output pulses of the phase- 
frequency comparator will change and the pulses will become wider. The wider 
the pulse, the more energy it contains; therefore, the wider the pulse, the more 
the reference suppression degrades. 

It is theoretically possible to put one side of the 1-MQ resistor, instead of to 
ground, to the wiper of a potentiometer, and set the voltage in such a manner that 
this offset is compensated but again, as the phase will shift theoretically, one 
must adjust the potentiometer according to the actual phase error. This is not a 
very convenient arrangement. 

A somewhat better method was proposed by Fairchild several years ago, and 
the hardware was possibly realized in newer ICs. It was proposed to insert a gate 
in one of the output arms of the phase/frequency comparator before the signal is 


fed to the summation amplifier and a periodic current disturbance introduced. 
This disturbance has the same rate as the reference frequency, and is of 
extremely short duration, such that the output contains only fairly high 
harmonics of the reference, which is easily filtered as it contains very little 
energy. This periodic disturbance upsets the output of the phase/frequency 
comparator and has an effect similar to that of a leakage resistor. The advantage 
of this method, however, is that this is done at a fairly high frequency and does 
not introduce low-frequency noise, which the 1-MQ resistor does. 

Figure 6.17 shows the circuit that accomplishes this and Figure 6.18 shows the 
effect on the output pulses. The charge pump output exhibits a short negative- 
going pulse followed immediately by a short positive-going pulse. This can also 
be called an antibacklash feature and it prevents operating in the dead zone. 
(This zone is not really a dead zone because of leakage currents in the tuning 
diode.) The duration and proximity of these pulses are such that they cause no 
net change in the charge of the integrator. Figure 6.19 shows the response of a 
phase/frequency detector near loop lock, including the dead zone; this may not 
be true for ECL. 
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Figure 6.18 Output of frequency/phase detector with antibacklash circuit. 
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Figure 6.19 Response of frequency/phase detector near loop lock, resulting in a 
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6.2.3 Filters for Phase Detectors Providing Voltage 
Output 


Figure 6.20 shows the passive RC filter for the second-order loop typically used 
in PLL synthesizers. The transfer characteristic of the filter is 
Vols) _ 1 + вт» 
(6.16) Vi(s) 1+=(т +7) 
where t, = А; Сапат, = К-С. 





Figure 6.20 Schematic diagram of a typical passive RC filter. 





Figure 6.21 shows the schematic for the active filter for the second-order loop. 
Its transfer characteristic is 
Vols) 1+ 8тә 





(6.17) Vi (s) 871 
where t, = R,C and t; = К-С. 


Figure 6.21 Schematic diagram of an active filter for a second-order loop. 
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If only one active integrator is used, we have a type 1 PLL. If two integrators 
are used, as in building an active filter, we have a type 2 second-order loop. 
Here, second-order refers to the denominator polynomial of the transfer function. 
If we insert a simple low-pass filter such as the one shown in Figure 6.20, but 
with R, = 0, we obtain 


If we let К = K)Ko/N, the transfer function B(s) becomes 
N 
(6.19) 9, 52 fwi --268/ш, + 1 
where о, -а/К/т and 2¢ =<ш„/К = 4/1/Kr. Неге, ¢ is the damping factor of the 
loop апа о, is the natural frequency. 








The frequency response of the second-order transfer function is determined by 
C. For С = 0.707, the transfer function becomes the second-order maximally flat, 
or Butterworth, response. For values of ¢ « 0.707, the gain exhibits peaking in 
the frequency domain. The maximum value of the frequency response can be 
found by setting the derivative of its maximum to zero. The frequency at which 
the maximum occurs is 


(6.20) Wp = Wn Тра) 
The 3-dB bandwidth В is found їо be 


where f, = о,/2л. 

The time required for the output to rise from 10% to 90% of its final value is 
the rise time t,. It is approximately related to the system bandwidth by the 
relation 


The RC time constant of this simple filter determines both the natural loop 
frequency and the damping factor ¢. To improve the performance of the filter, we 
need more flexibility. When the series resistor R, is not zero, we obtain the 
original RC filter of Figure 6.20. The transfer function of this filter is 
N [swn (20 — wy K) + w*l 
B(s) = ——ÉáÁ———á—2AÓL 

(6.23) | 84-- аа + we 
where о, = «/K/r and 2¢ = {1 + Kra) /v Kr and Tis written for t, + T». 

The determination of the 3-dB bandwidth for this general type 1 second-order 
loop is somewhat more complex than the earlier computation, but after 
calculation, we obtain 


where we have written 
ael, tum (AC — nd K) 
gos p __—— 
(6.25) | K 
The noise bandwidth of the type 1 second-order loop is 


1 
Бы = T Is (с |. x) 
(6.26) > ТД, 


In the case of the active filter, where we have two integrators, the closed-loop 
transfer function of the type 2 second-order PLL with a perfect integrator is 


where w,, = (K Rafn 3) 7, 2¢ = (Кт А/В) ?, апа К = KgKg/N, as usual. The 3- 
dB bandwidth of the type 2 second-order filter is 


| 1/2 1/2 
B = f, Es +14] (2¢7 41)? 1|. | 
(6.28) @ +) +1] | 


апа the noise bandwidth is 
в. — (ERST) + (1/7) 

(6.29) ” 4 

The type 2 third-order loop is defined by the active integrator, as shown in 
Figure 6.22. The additional capacitor across the second resistor increases 
suppression of the reference frequency. The advantage of the higher-order loop 
is that for the same loop bandwidth, it offers more reference-frequency 
suppression than the second-order loop. Conversely, for the same suppression, it 
offers a faster lock-in time. More details are given in Ref. [1]. 


Figure 6.22 Schematic diagram of an active filter for a third-order loop. 
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6.2.3.1 Transient Response 


The Laplace transform can be used to calculate the response of the PLL to a 
change in frequency. Figure 6.23 shows the normalized output response of the 
type 1 second-order loop, and Figure 6.24 shows the normalized output response 
of the type 2 second-order loop. We determine from both functions that a 
damping ratio of 0.707 will produce a peak overshoot of less than 10% for the 
type 1 second-order loop and of less than 20% for the type 2 second-order loop 
when о, > 4.5. The settling time is therefore determined to be t, = 4.5/@,. For 


more details on the actual design of synthesizer loops, the reader should refer to 


Ref. [1]. 


Figure 6.23 The error response of a type 1 second-order PLL to unit-step change 

in frequency for various damping ratios ¢ with K constant. The steady-state error 

2¢/@ = 1/K. 
a(t 
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Figure 6.24 The error response of a type 2 second-order PLL to unit-step change 
in frequency for various damping ratios ¢ with w, constant. The steady-state 
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The NXP UMA1018M is an example of the synthesizer implementations now 
available in IC form. Designed for use in portable radiotelephones, the 
UMA1018M contains two frequency synthesizers. One, intended for first-LO 
use, can operate at input frequencies from 50 MHz to 1.25 GHz; the second, 
intended for use as the second or “IF” LO in a double-conversion system can 


Operate at input frequencies from 20 to 300 MHz. Both loops use the same 
reference signal (3-40 MHz), which must be supplied by an external crystal 
oscillator. Figure 6.25 shows the UMA1018M's block diagram, Figure 6.26 
shows the block diagram of a sample UMA1018M application, and Figure 6.27 
shows a UMA1018M application schematic. Finally, Figures 6.28 and 6.29 show 
a UMA1018M-based system's close-in phase noise and reference suppression, 
respectively. 


Figure 6.25 Block diagram of the Philips UMA1018M dual-synthesizer chip. 
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Figure 6.26 Block diagram of a typical UMA1018M application. 
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Figure 6.27 Schematic of а typical ОМА 1018М application. 
Positiva Positive 
i dd 3.5 К) T 


UMAT018M d —7] 
1 20 | 
—l12 19 


Auxiliary PLL 


50 To demodulation 


1st mixer end mixer 

















MENES 116 12 








Values depend on apelication __ Values depend on application 100 nF 
2 100 
100 nF] I 
| j nF 
100 nF 3 18 I | i | 
Control | | | I | 6i * Control 
д ' 180 180 1nF : i (4 TP ian 180 сеа Е 
"M = lee йе у ay e ЕТЕ 
| 8 13 | 
Positive 18 о 18 0 
supply 12 
n темен 


To first 
at 


100 nF Tm 





і і L| 
3-hne bus 


Figure 6.28 Close-in noise of a UMA1018M-based system (principal 
synthesizer). 
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Figure 6.29 Wideband output spectrum of a UMA1018M-based system 


(principal synthesizer) showing reference-frequency breakthrough. 
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6.2.4 Charge-Pump-Based Phase-Locked Loops! 


The basic drawback of the conventional phase/frequency detector, expressed in 


V/rad, is its dead-zone phenomenon. The loop gain is really determined by the 
linearity of the phase detector. It can drop to zero when no correction is needed. 
One way around this had been to provide an external resistance, connected 
between the phase detector output and common that draws current but reduces 
the reference suppression. A more modern way to overcome this problem is to 
resort to a charge pump. Figure 6.30 uses a CMOS-based charge pump, with the 
resistor Ау limiting the available current. 


Figure 6.30 A basic charge-pump PLL. 
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If more control over the actual current is needed, here is а recommendation by 
National Semiconductor that improves the flexibility. 


6.2.4.1 External Charge Pump 

Figure 6.31 shows one possible architecture for an external charge-pump current 
source. The signals @, and @, in the diagram correspond to the phase-detector 
outputs of the National LMX1501/1511 frequency synthesizers. These logic 
signals are converted into current pulses, using the circuitry shown in Figure 
6.31, to enable either charging or discharging of the loop filter components to 
control the PLL's output frequency. 


Figure 6.31 External charge pump current source. 
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Referring to Figure 6.31, the design goal is to generate a 5-mA current that is 
relatively constant to within 5 V of the power-supply rail. To accomplish this, it 
is important to establish as large of a voltage drop across Rs and Rg as possible 


without saturating Q, and Q,. Approximately 300 mV provides а good 


compromise, allowing the current source reference generated to be relatively 
repeatable in the absence of good О, - О», О» - О, matching (matched 


transistor pairs are recommended). The ф, and @, outputs are rated for a 


maximum load current of 1 mA, while 5 mA current sources are desired. The 
voltages developed across R4 and Ко will consequently be approximately 258 


mV, or 42 mV < Rg - Rs, due to the current density differences [0.026 x Іп (5 
mA/1 mA)] through the О, — О», Q3 - Q; pairs. 

To calculate the value of R^, it is necessary to first estimate the forward base- 
to-emitter voltage drop (Ур, Ур) of the transistors used, the Vo, drop of @,, and 
the Voy drop of ф, under 1-mA loads (ф,5 Усу, < 0.1 V and ф,5 Voy < 0.1 V). 

Knowing these parameters along with the desired current allows us to design a 


simple external charge pump. Separating the pump-up and pump-down circuits 
facilitates the nodal analysis and gives the following equations: 


‘pmax у 


“ 


(6.30) EN 


Rs — Vr x In (уш) 


,inmax |j 





у= | 
l eink 


Re = Vrs x (Bp + 1) 
(6.32) | Í pmax AX (Bp + 1) = I source 
R. Vrs X (B, T 1) 
(6.33) i lji X (В, +1)— айра 
(Vp — Worg,) — (Vas + Vip) 


R 
(6.31) 


iie | 
ma ! pmax 
mm | a 

6.2.4.2 Example 


Typical device parameters: 5, = 100, p, = 50. 
Typical system parameters: Vp = 5.0 V; У = 0.5У -4.5 V; Ve, = 0.0 V; 
Ve, = 5.0 V. 

Design parameters: sink = Isource = 5.0 mA; Vg = Ур = 0.8 Vi Imax = ах = 1 


mA; Ұна шш Vn. = 0.3 V; Vore, = Vo Hé. = 100 mV, 
Therefore, select 
0.3 V — 0.026 x 1n (5.0mAÀ + 1.0mA)} : 
(6 36) На = Ra = ——— ы; = 51.6 12 
Е 0.3 V x (50 + 1) M 
(6.37) lO0mAx(50-1)—50mA 
m 0.3 V x (100 — 1) en 
hie = DSC — SILL 
(6.38) ^ 1.0mA x (100+ 1) — 50mA 
| | (57 —0.1V) —(0.32V +0.8%) aan 
R E II Re = = а - --3.510 
(6.39) ` | 1.0mA 


6.2.4.3 Design Example: A Passive PLL Filter 


Figure 6.32 shows the loop filter topology that we will use for this example. The 
advantage of a passive filter as opposed to an active filter is that the filter itself 
introduces no noise, while the active filter using an op-amp can frequently cause 


more harm than good because of its noise contribution. 


Figure 6.32 Schematic of the second-order loop filter. 
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The time constants that determine the pole and zero frequencies of the filter 

shown in Figure 6.32 are 
sug, CC 

(6.40) +6 
and 

(6.41) т: = #05 

The required values for т, and t; depend on the values we specify for loop 
bandwidth, оо, (equal to the frequency at which the loop's gain falls to 0 dB, or 
unity) and phase margin, ф,, which is defined as the difference between 180° and 
loop's phase shift at о. For best loop performance, we require a phase margin of 
45°. The loop bandwidth must be carefully chosen with regard to lock time, 
phase noise, stability, and the reference-energy suppression. In this example, we 
will design our loop based on 10% of the reference frequency (| 200 kHz), so 
о, = 2n x 20 kHz or 125.6 kHz. The required values for т) and т, сап be 
determined from 
Sec, — Lan фр 


(6.42) wp 


Ta = eee 
(6.43) т 
From the time constants, т) and т-, and the loop bandwidth Wp, We obtain the 
values for Су, C5, and R, as follows: 


2222 кыллы ыыы тазалы кыыла 


| - > |-- - 
(6.44) 72 WT] \ 1+ (topi F 


C, — € (2 - ) 
6.45 T / 


Пу Ry = E 
where Kyco = VCO tuning voltage constant (frequency versus voltage ratio) in 
MHZ/V, Kə = phase detector/charge pump gain constant (its ratio of current 
output to input phase differential) in mA, and N = main divider ratio. 

If additional suppression of the loop's reference-frequency is needed, a low- 
pass filter section can be added, resulting in the third-order loop filter shown in 


Figure 6.33. 


Figure 6.33 Third-order loop filter for greater reference-energy suppression. 
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The additional reference-frequency attenuation provided by АС» can be found 
from 

(6.47) Atten = 20 log (Ол feet RaCa) + 1| 

The low-pass section contributes an additional pole, which must be low 


enough to provide significant additional reference attenuation and high enough 
(250) not to compromise the loop's stability. The time constant тз of the added 


low-pass section can be found from 
(6.48) т: = Aas 
We can find t, for a given value of additional attenuation from 


T3 — 4] 55 ар; 
(6.49) \ (2m fret) 
To compensate for the added low-pass section, we recalculate the filter 
component values using the new loop bandwidth, @,, which can be found from 
Vo (5) 1+ st 








(6.50) И (5) 1+ s(n +72) 


2 
сап $ (Tj + тз) I (r3 +73)" + 173 
Y OO al T 


кеп шығ - (ті -р т)“ + 74 та) \ tan b(t, | 


We then reduce the phase-margin degradation caused by R3C3 by increasing 
С, and C, while slightly decreasing R,. Calculating new values for Су, С», and 
R, require that we first determine the value for t; as modified by РС. 

| 





We can calculate C, as 
2 1/2 
C= Ті Кә Кусо (1 + аста) | 
~) д T AT 74 LACUÜYT4 . 20 Y 
(6.53) т wIN  |(l- werz) (1+ 278) | 


As with the original second-order filter, C; and R, are calculated by means of 
equations (6.45) and (6.46), respectively. 

The values of R4 and C4 are somewhat arbitrary. The following rules of thumb 
apply. The value of C4 should be less than that of C, and С», and preferably 
<C,/10 to keep T, from interacting with т, and т». Also, Аз should be 22R;. Any 


capacitance already present on the VCO tuning line, including the input 
capacitance of the tuning diode(s), must be allowed for in selecting the value 
actually used for C, in the constructed loop filter. 


The conversion from the voltage gain of a VCO to the charge current as 
needed here can be obtained from the formula [3] 


A 


Ky 
(6.54) ` 
which сап be solved for the charge current, Icharges as 
(6.55) [charge = Kaan frr 
where K, is the phase detector/charge pump gain factor in V/rad, јр is the 
reference frequency, and Cp is the memory (“ramp”) capacitance, typically 0.1 
HF. The loop filters of Figures 6.32 and 6.33 include Cp as Сі. 


6.2.4.4 Example 


Design a third-order loop filter for a 900-MHz synthesizer with a 200-kHz 
reference based on the parameters: 
Kyco = 20 MHz/V 


Kg = > mA 


N = 4500 
соь = 2л x 20 kHz = 1.256 x 10° (Hz 
ф = 45 

Atten = 20 dB 

(656) ^ асық = 3.29 x 10-66 


(20/20) _ 
T3 = 2. = 2.387 x 10705 
(6.57) (Әл.200-103) 


(3.29.10-9--2.387-107%) 
VR шөп аа тат окт ны 
(8.29. 10-6 + 2.387 10-5)? + 3.29. 10-6 - 2.387 - 10-6 





(3.29 - 10-9 + 2.387 - 10-8)? + 8.29. 10-5. 2.387 - 10-8 
х bg | — | 


(3.29 - 10-5 + 2.387 - 10—6)]* 
(6.58) —т7.045.10* Hz 
1 





n= ao =3.549.10°°в 
(6.59) ^ (7.045104)? - (3.29 - 10-6 + 2.387 - 10-5) 
(6.60) 
c, 339.1079 | (5.0- 10-4) - 20- 10° 
177 3.549- 10-5 (7.045.104)? . 4500 
| | 1/2 
(1 + (7.045  10*)* - (3.54910? | 
[1 + (7.045 - 104)? . (3.29. 10-8)" [ + (7.045 - 104)? . (2.39. 10-6)? | | 
= 1.085 nF 
me 1—5 
C, = 1.085 nF x E —1| = 10.6nF 
(6.61) 3.29 - 1075 
3.55- 1075 
= 2-33 
(6.62) № = 106-109 pus 
If we choose R; = 22 КО, then 
£y 6 
234x107 | 106 pF 


(6.63) ^ ^ 22x 108 
Selecting the nearest standard value for each component gives C, = 1000 pF, 
В, = 3.3 КО, C; = 10 nF, Ry = 22 КО, and С = 100 pF. 


6.3 How to Do a Practical PLL Design 
Using CAD 


1. Have a modern CAD tool that give you a synthesized oscillator, such as a 
quarter-wave microstrip oscillator (Figure 6.34). Here we have used 
Compact Software's PLL Design Kit. (There are other similar programs in 
the market.) The loop synthesis program will ask you to specify the 
oscillator transistor's dc current, and others, and calculate the circuit's output 
power. 
2. Ask your design tool for the oscillator's open-and closed-loop phase noise 
as a function of other noise sources (Figure 6.35). The program must 
consider the tuning-diode as a major noise contributor. Here the loop 
bandwidth has been made too wide and makes the actual phase noise worse. 
This plot is valid only if the dividers are the only noise contributors. The 
phase/frequency detector also adds noise following the equation 

C = £g + 10 log(F;) 
where Го is a constant that is equivalent to the phase/frequency detector 
noise with F, = 1 Hz. г as a function of f, is given below for standard PLL 
chips: 
C(dBc/Hz) f. (Hz) 
-168 to -170 10k 
-164 to -168 30k 
-155 to -160 200k 
-150 to -155 1M 
-145 10 M 


3. Ask your synthesis program to design a loop filter for best performance, 
meaning a phase margin of 45° (Figure 6.37). Here, we have arbitrarily 
included an additional low-pass filter with a cutoff frequency of 30 kHz to 
illustrate its effect on the loop performance. 

4. Generate a Bode plot for the loop design and check the loop's phase 
margin at fọ, the frequency at which the loop gain is 0 dB. In this example, 


the plot (Figure 6.38) shows that because of the 30-kHz low-pass filter, we 
achieve only about 12° phase margin instead of the desired 45°. We can also 
see that the slope of the gain response through fọ is not maintained at 6 


dB/octave (20 dB/decade) over a sufficiently wide gain span. Maintaining 


the 6 dB/octave slope for loop-gain values of +10 to —10 dB is essential. 


We can determine from Figure 6.38 that the loop gain is —60 dB at 200 
kHz, the loop's reference frequency (f..;). Adding this to the phase detector's 


reference suppression (at least 40 dB) would appear to net us an overall 
reference suppression of 100 dB, but in any real implementation, crosstalk 
оп the PLL PC board would reduce this value to between 80 and 90 АВ. 


5. As a result of the insufficient phase margin, the loop rings (Figure 6.39), 
locking in 322 us instead of a possible 80 us—a lock time four times as long 
as intended. Achievement of a phase margin of 45?, sometimes 
characterized merely as a rule of thumb, minimizes locking time and 
overshoot. Values less than 45? result in excessive overshoot and ringing, as 
shown here, and values greater than 45? result in an overdamped loop that 
crawls into lock. 


Figure 6.34 To design a PLL, begin with a suitable CAD-generated oscillator. 
This 900-MHz circuit is similar to that of the ceramic-resonator oscillator shown 
in Figure 5.33. TRL1, TRL2, and TRL3 are coupled transmission lines; the 
resonator, TRL1, is slightly less than A/4 at the operating frequency. TRL2 
provides feedback and TRL3 provides output coupling. R4, R», and R4 must be 
specified; Cp must be determined according to the desired tuned range. 
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Figure 6.35 Predicted open-and closed-loop phase noise for the oscillator shown 
in Figure 6.28. The portion of the closed-loop curve up to 20 kHz represents the 
phase noise of the loop's crystal reference oscillator multiplied up. The VCO 
operates at 900 MHz; the reference frequency is 200 kHz. For references of 2 
and 20 MHz, the phase noise would drop by 20 and 40 dB, respectively. See 


Table 6.1 1 апа Figure 6.36. 
—70 | | | 
-30 | 





р" 0.Hz 100Hz 1. KHz 10.KHz 

Frequency in Hz 
Figure 6.36 Result of dividing a 50-MHz standard oscillator down to different 
reference frequencies and then multiplying these frequencies to 880 MHz. The 
continuing line below breakpoint Ғ; show the performance of the free-running 


50-MHz oscillator. 
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Figure 6.37 CAD-generated loop-filter design based on a reference frequency of 
200 kHz, a loop bandwidth of 20 kHz, and the optimum phase margin of 45°. 
We have arbitrarily included a 30-kHz low-pass filter to illustrate its effects on 
loop performance. 
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Figure 6.38 Bode plot for the PLL. The 30-kHz low-pass filter disallows a phase 


margin of 45 at fọ; instead, the margin is only about 20. 
Bode Plot of Sth-order PLL 
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Figure 6.39 Lock-in response of the PLL. As a result of the insufficient phase 
margin, the loop is underdamped and takes 322 ys to achieve lock. 


г 


Compact software Pil design kit 
Phase in deg. 









L. 8 PENN EESE JEPE GREF ee ee ' 
m T—T—— mm——^X—«—————— IPPPS 
" T = 
ёі 


dre 


oo ee 


LÁ. f+ ane kee И ЖИИ ИШ ron M eee 


ee fore Pee oy ‚= 


"ттт rr rrer rir 
н = i 


rr 


—«———— | a СШ н. Н ы ЫШ 


m = „2. — — ——— —— —— АЛ, — — — — — — — д, ee К к. А. 
add samuauccm nn annn m пип umucmernnuuuuuumuuuuuu . Oe 


. " " 
T TT тттттрЕтттүтг тта тит ыы [гг тө: еі. ELE к 


I P IM m ... a MM 
H Н Е Н т a H E] H Н E] E : 
. TIS aisle ЕТ PE DITE al sina m 
ттт ap E rii ME L. и Lis any 
б = È а || a t 8 = Н 3 Н Н Н 


Lil. 10 LI... 
Ен КҮЙЕ Ей БЕ кін тн Ші 


360 Ms 400 Ms 


ahaa ж.анш. 


Я i ... moe Ре ва" mmm вва an annin ана іше Т - 
80. Ms 5 гоо Ms 240Ms 280Ms 320 Ms 
Time Phase error «z 1 des. after 322 Ms 


Table 6.1 Phase noise vs. reference frequency derived from a high-performance 50-MHz crystal oscillator 
and multiplied to 880 MHz. 


Offset Phase Noise of 50- MHz 
from Standard Oscillator Phase Noise in dBc/Hz After 
Carrier (dBc/Hz) Dividing the Standard Down to 
25 kHz 1.25 MHz 50 MHz 
and Multiplying the Result 
to 880 МН? 
10 Hz -80 —55 255 —53 
100 Hz --110 —69 -83 —85 
1 kHz —140 —60 —103 —115 
10 kHz —160 —69 — 103 — 135 
100 kHz —160 —69 —103 —135 
І MHz —160 —69 —103 — 135 


6.4 Fractional-N-Division PLL Synthesis 


6.4.1 The Fractional-N Principle 


The principle of the fractional-N PLL synthesizer has been around for a while. In 
the past, implementation of this has been done in an analog system. It would be 
ideal to be able to build a single-loop synthesizer with a 1.25-MHz or 50-MHz 


reference and yet obtain the desired step size resolution, such as 25 kHz. This 
would lead to the much smaller division ratio and much better phase noise 
performance. 

An alternative would be for N to take on fractional values. The output 
frequency could then be changed in fractional increments of the reference 
frequency. Although a digital divider cannot provide a fractional division ratio, 
ways can be found to accomplish the same task effectively. 

The most frequently used method is to divide the output frequency by N + 1 
every M cycles and to divide by N the rest of the time. The effective division 
ratio is then N + 1/M, and the average output frequency is given by 


This expression shows that fy can be varied in fractional increments of the 


reference frequency by varying M. The technique is equivalent to constructing a 
fractional divider, but the fractional part of the division is actually implemented 
using a phase accumulator. The phase accumulator approach is illustrated by the 
following example. This method can be expanded to frequencies much higher 
than 6 GHz using the appropriate synchronous dividers. 


6.4.1.1 Example 


Considering the problem of generating 899.8 MHz using a fractional-N loop 
with a 50-MHz reference frequency, 


The integral part of the division N has to be set to 17 and the fractional part 
K/F needs to be 996/1000; (the fractional part K/F is not a integer) and the VCO 
output has to be divided by 996x every 1000 cycles. This can easily be 
implemented by adding the number 0.996 to the contents of an accumulator 
every cycle. Every time the accumulator overflows, the divider divides by 18 
rather than by 17. Only the fractional value of the addition is retained in the 
phase accumulator. If we move to the lower band or try to generate 850.2 MHz, 
N remains 17 and K/F becomes 4/1000. This method of using fractional division 
was first introduced by using analog implementation and noise cancellation, but 
today it is implemented totally as a digital approach. The necessary resolution is 
obtained from the dual modulus prescaling, which allows for a well-established 
method for achieving a high-performance frequency synthesizer operating at 


UHF and higher frequencies. Dual-modulus prescaling avoids the loss of 
resolution in a system compared to a simple prescaler; it allows a VCO step 
equal to the value of the reference frequency to be obtained. This method needs 
an additional counter and the dual modulus prescaler then divides one or two 
values depending upon the state of its control. The only drawback of prescalers 
is the minimum division ratio of the prescaler for approximately №. The dual 
modulus divider is the key to implementing the fractional-N synthesizer 
principle. Although the fractional-N technique appears to have a good potential 
of solving the resolution limitation, it is not free of having its own 
complications. Typically, an overflow from the phase accumulator, which is the 
adder with the output feedback to the input after being latched, is used to change 
the instantaneous division ratio. Each overflow produces a jitter at the output 
frequency, caused by the fractional division, and is limited to the fractional 
portion of the desired division ratio. 

In our case, we had chosen a step size of 200 kHz, and yet the discrete 
sidebands vary from 200 kHz for K/F = 4/1000 to 49.8 MHz for K/F = 
996/1000. It will become the task of the loop filter to remove those discrete 
spurious. Although in the past the removal of the discrete spurs has been 
accomplished by using analog techniques, various digital methods are now 
available. The microprocessor has to solve the following equation: 


6.4.1.2 Example 


For fg = 850.2 MHz, we obtain 
850.2 MHz 
a0 MHz 
Following the formula above 


№ = ( y uL Æ \ 17000 — 4) + (017 1) 4] 
1000 


Four = 50 MHz x | 
= 846.6 MHz + 3.6 MHz 
= 890.2 MHz 
By increasing the number of accumulators, frequency resolution much below 
1-Hz step size is possible with the same switching speed. 


There is an interesting, generic problem associated with all fractional-N 
synthesizers. Assume for a moment that we use our 50-MHz reference and 
generate а 550-MHz output frequency. This means our division factor is 11. 
Aside from reference-frequency sidebands (+50 MHz) and harmonics, there will 
be no unwanted spurious frequencies. Of course, the reference sidebands will be 
Suppressed by the loop filter by more than 90 dB. For reasons of phase noise and 
Switching speed, a loop bandwidth of 100 kHz has been considered. Now, taking 
advantage of the fractional-N principle, say we want to operate at an offset of 30 
kHz (550.03 MHz). With this new output frequency, the inherent spurious-signal 
reduction mechanism in the fractional-N chip limits the reduction to about 55 
dB. Part of the reason why the spurious-signal suppression is less in this case is 
that the phase-frequency detector acts as a mixer, collecting both the 50-MHz 
reference (and its harmonics) and 550.03 MHz. Mixing the 11th reference 
harmonic (550 MHz) and the output frequency (550.03 MHz) results in output at 
30 kHz; since the loop bandwidth is 100 kHz, it adds nothing to the suppression 
of this signal. To solve this, we could consider narrowing the loop bandwidth to 
10% of the offset. A 30-kHz offset would equate to a loop bandwidth of 3 kHz, 
at which the loop speed might still be acceptable, but for a 1-kHz offset, the 
necessary loop bandwidth of 100 Hz would make the loop too slow. A better 
way is to use a different reference frequency-one that would place the resulting 
Spurious product considerably outside the 100-kHz loop-filter window. If, for 
instance, we used а 49-MHz reference, multiplication by 11 would result in 539 
MHz. Mixing this with 550.03 MHz would result in spurious signals at +11.03 
MHz, a frequency so far outside the loop bandwidth that it would essentially 
disappear. Starting with a VHF, low-phase-noise crystal oscillator, such as 130 
MHz, one can implement an intelligent reference-frequency selection to avoid 
these discrete spurious signals. An additional method of reducing the spurious 
contents is maintaining a division ratio greater than 12 in all cases. Actual tests 
have shown that these reference-based spurious frequencies can be repeatably 
suppressed by 80-90 dB. 


6.4.2 Spur-Suppression Techniques 


Although several methods have been proposed in the literature (see patents in 
Refs. [4—9]), the method of reducing the noise by using a sigma-delta modulator 
has shown to be most promising. The concept is to get rid of the low-frequency 
phase error by rapidly switching the division ratio to eliminate the gradual phase 


error at the discriminatory input. By changing the division ratio rapidly between 
different values, the phase errors occur in both polarities, positive as well as 
negative, and at an accelerated rate that explains the phenomenon of high- 
frequency noise push-up. This noise, which is converted to a voltage by the 
phase/frequency discriminator and loop filter, is filtered out by the low-pass 
filter. The main problem associated with this noise shaping technique is that the 
noise power rises rapidly with frequency. Figure 6.40 shows noise contributions 
with such a sigma-delta modulator in place. 


Figure 6.40 The filter frequency response/phase noise analysis graph shows the 
required attenuation for the reference frequency of 50 MHz and the noise 
generated by the sigma-delta converter (three steps) as a function of the offset 
frequency. It becomes apparent that the sigma-delta converter noise dominates 


above 80 kHz unless attenuated. 
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On the other hand, we can now, for the first time, build a single-loop 
synthesizer with switching times as fast as 6 us and very little phase-noise 
deterioration inside the loop bandwidth, as seen in Figure 6.40. Since this system 


maintains the good phase noise of the ceramic-resonator-based oscillator, the 
resulting performance is significantly better than the phase noise expected from 
high-end signal generators. However, this method does not allow us to increase 
the loop bandwidth beyond the 100-kHz limit, where the noise contribution of 
the sigma-delta modulator takes over. 

Table 6.2 shows some of the modern spur-suppression methods. These three- 
stage sigma-delta methods with larger accumulators have the most potential [4— 
9]. 


Table 6.2 Modern spur-suppression methods. 


Technique Feature Problem 

DAC phase estimation Cancel spur by DAC Analog mismatch 
Pulse generation Insert pulses Interpolation jitter 
Phase interpolation Inherent fractional divider Interpolation jitter 
Random jittering Randomize divider Frequency jitter 


Sigma-delta modulation Modulate division ratio Quantization noise 


The power spectral response of the phase noise for the three-stage sigma-delta 
modulator is calculated from 
Цр) = —L—. 


"( | 2sin (| ° rad*/Hz 

where n is the number of the stage of the cascaded sigma-delta modulator [10]. 
Equation (6.66) shows that the phase noise resulting from the fractional 
controller is attenuated to negligible levels close to the center frequency, and 
further from the center frequency, the phase noise is increased rapidly and must 
be filtered out prior to the tuning input of the VCO to prevent unacceptable 
degradation of spectral purity. A loop filter must be used to filter the noise in the 
PLL loop. Figure 6.40 showed the plot of the phase noise versus the offset 
frequency from the center frequency. A fractional-N synthesizer with a three- 
Stage sigma-delta modulator as shown in Figure 6.41 has been built. The 
synthesizer consists of a phase/frequency detector, an active low-pass filter 
(LPF), a voltage-controlled oscillator (VCO), a dual-modulus prescaler, a three- 
stage sigma-delta modulator, and a buffer. Figure 6.42 shows the inner workings 
of the chip in greater detail. 





Figure 6.41 Block diagram of the fractional-N synthesizer built using a custom 
IC capable of operation at reference frequencies up to 150 MHz. The frequency 
is extensible up to З GHz using binary (+2, +4, +8, etc.) and fixed-division 
counters. 
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Figure 6.42 Detailed block diagram of the inner workings of the fractional-N- 
division synthesizer chip. 
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After designing, building, and predicting the phase noise performance of this 
synthesizer, it becomes clear that measuring the phase noise of such a system 
becomes tricky. Standard measurement techniques that use а reference 
synthesizer would not provide enough resolution because there are no 


synthesized signal generators on the market sufficiently good enough to measure 
such low values of phase noise. Therefore, we had to build a comb generator that 
would take the output of the oscillator and multiply this up 10—20 times. 

Passive phase noise measurement systems, based on delay lines, are not 
selective, and the comb generator confuses them, however, the Rohde & 
Schwarz FSEM spectrum analyzer with the K-4 option has sufficient resolution 
to be used for phase noise measurements. All of the Rohde & Schwarz FSE- 
series spectrum analyzers use a somewhat more discrete fractional-division 
synthesizer with a 100-MHz reference. Based on the multiplication factor of 10, 
it turns out that there is enough dynamic range in the FSEM analyzer with the K- 
4 option to be used for phase noise measurement. The useful frequency range off 
the carrier for the system is 100 Hz to 10 MHz perfect for this measurement. 

Figure 6.43 shows the measured phase noise of the final frequency synthesizer. 


Figure 6.43 Measured phase noise of the fractional-N-division synthesizer using 
a custom-built, high-performance 50-MHz crystal oscillator as reference, with 
the calculated degradation due to a noisy reference plotted for comparison. Both 


synthesizer and spectrum analyzer use the same reference. 
Measurement system: Rohde & Schwarz FSEM with comb line generator 


dBc Phase noise measurment at 800 MHz multiplied up x 10; correction factor 20 dB 
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During the measurements, we determined that we needed a 50-MHz crystal 


oscillator with better phase noise. Upon examination of the measured phase 
noise shown in Figure 6.43, it can been seen that the oscillator used as the 


reference was significantly better. Otherwise, this phase noise would not have 
been possible. Also, the loop filter cutoff frequency of about 100 kHz can be 
recognized by the roll-off in Figure 6.43. This fractional-N-division synthesizer 
with a high-performance VCO has a significantly better phase noise than other 
example systems in this frequency range. To demonstrate this improvement, 
phase noise measurements were made on standard systems, using typical 
synthesizer chips. Although the phase noise by itself and the synthesizer design 
is quite good, it is no match for this new approach as can be seen in Figure 6.44 
[11]. 


Figure 6.44 Measured phase noise of a 880-MHz synthesizer using a 
conventional synthesizer chip. Comparing this to Figure 6.43 shows the big 
improvement possible by fractional-N-division synthesizers as shown in this 


product description. 
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By combining the very best available technologies, such as using high-end 
VCOs with ceramic-resonator-based tuned circuits or high-Q LC arrangements 
including microstrips on Teflon material and modern fractional-N-division 
synthesizer blocks that can operate with a 50-MHz reference, it is possible to 
build an extremely high-quality system. 

We have also learned that its limits are determined by the reference crystal 
oscillator and possibly by the phase detector; these must be specially designed to 
match the synthesizer's performance. (Figure 6.45 shows a block diagram of the 


phase detector.) Due to the very high bandwidth, switching speeds at 6 us were 
made possible. The resolution of the synthesizer itself depends on the 
accumulator size. Step sizes of 25 kHz up to several megahertz were 
successfully tested. For wideband applications, some of the critical points are at 
10 kHz, where -120 dBc/Hz is desired, at 800 kHz, better than -153 dBc/Hz, 
and at 3 MHz, better than -155 dBc/Hz. 


Figure 6.45 Custom-built phase detector with a noise floor of better than —168 


dB. This phase detector shows extremely low-phase jitter. 
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As validation, three types of synthesizers have been built: one covering 75- 
105 MHz, with 1-Hz resolution, for an HF transceiver; another covering 700- 
2000 MHz, and a third covering 2700—3500 MHz, also with better than 1-Hz 
resolution. 


The fractional-N PLL implementations described so far are intended mainly 
for high-performance, base-station applications. Simplified, highly integrated 
versions are available for mass-market wireless applications. One solution, 
National Semiconductor's LMX235x family, implements a fractional-N RF 
synthesizer and an integer-N IF synthesizer in one ІС. The LMX2350's RF 
synthesizer can operate at input frequency up to 2.5 GHz and the LMX2352's up 
to 1.2 GHz. The IF synthesizer in both parts can operate from 10 to 550 MHz. 
Figure 6.46 shows the close-in output spectrum of ап LMX2350-based 
synthesizer at 1.965 GHz, and Figure 6.47 shows its lock time. A sample 
LMX2350 application is shown in Figure 6.48. 


Figure 6.46 Block diagram of an integrated frequency synthesizer. In this case, 
the designer has control over the VCO and the loop filter; the reference oscillator 
is part of the chip. In most cases (up to 2.5 GHz), the dual-modulus prescaler is 


also inside the chip. 
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Figure 6.47 Result of lock time measurement for an LM X2350-based 


synthesizers. 








Figure 6.48 LM X2350 sample application schematic. 





Fractional-N synthesizer chips are also available from Philips. Examples of 
Philips fractional-N parts include the SA7016DH (1.3 GHz), SA7025DK (main 
synthesizer, 1.0 GHz; auxiliary synthesizer, 150 MHz), SA7026DK (1.3 


GHz/550 MHz), SA8016DH (2.5 GHz), SA8025ADK (1.8 GHz/150 MHz), and 
SA8026DK (2.5 GHz/550 MHz). 


6.5 Direct Digital Synthesis 


Direct digital frequency synthesis (DDFS), also referred to as direct digital 
synthesis (DDS), consists of generating a digital representation of the desired 
signal and then using a D/A converter to convert the digital representation to an 
analog waveform. Recent advances in high-speed microelectronics, particularly 
the microprocessor, make DDS practical at frequencies in and below the high- 
frequency band (as of this writing). System can be compact, use low power, and 
provide very fine frequency resolution with virtually instantaneous frequency 
changes. DDS is finding increasing application, particularly in conjunction with 
PLL synthesizers. 

DDS uses a single-frequency source (clock) as a time reference. One method 
of digitally generating the values of a sine wave is to solve the digital recursion 
relation as follows: 


(6.67) Y, = [2cos (2nft)| ¥,-1 — Y4 2 
This is solved by Y, = cos (2л/,4). However, there are at least two problems 


with this method. The noise can increase until a limit cycle (nonlinear 
oscillation) occurs. Also, the finite word length used to represent cos (27tft) 
places a limitation on the frequency resolution. Another method of DDS, direct 
table lookup, consists of storing the sinusoidal amplitude coefficients for 
successive phase increments in memory. Advances in miniaturization and the 
lowering cost of ROM make this the most frequently used technique. 

One method of direct table lookup outputs the same N points for each cycle of 
the sine wave and changes the output frequency by adjusting the rate at which 
the points are computed. It is relatively difficult to obtain fine frequency 
resolution with this approach, so a modified table-lookup method is generally 
used. It is this method that we describe here. The function cos (27/t) is 
approximated by outputting the function cos (27fnT) for n = 1, 2, 3, ..., where T 
is the interval between conversions of digital words in the D/A converter and n 
represents the successive sample numbers. The sampling frequency, or rate, of 
the system is 1/T. The lowest output frequency waveform contains N distinct 
points in its waveform, as illustrated in Figure 6.49. A waveform of twice the 
frequency can be generated, using the same sampling rate, but outputting every 


other data point. A waveform К times as fast is obtained by outputting every kth 
point at the same rate 1/T. The frequency resolution, then, is the same as the 
lowest frequency, ѓу. 


Figure 6.49 Synthesized waveform generated by direct digital synthesis. 
A 





The maximum output frequency is selected so that it is an integral multiple of 
fı, that is, fy = kfr. If P points are used in the waveform of the highest frequency, 
N(= КР) points are used in the lowest frequency waveform. The number N is 
limited by the available memory size. The minimum value that P can assume is 
usually taken to be four. With this small value of P, the output contains many 
harmonics of the desired frequency. These can be removed by the use of low- 
pass filtering in the D/A output. For P = 4, the period of the highest frequency is 
AT, resulting in fy = 4f,. Thus, the highest attainable frequency is determined by 
the fastest sampling rate possible. 

In the design of this type of DDS, the following guidelines apply. 

e The desired frequency resolution determines the lowest output frequency fr. 

e The number of D/A conversions used to generate f; is N = 4k = АЙ] 

provided that four conversions are used to generate f; (P = 4). 

e The maximum output frequency fy is limited by the maximum sampling rate 

of the DDS, fy x 1/4T. Conversely, T < 1⁄4fy. 


The architecture of the complete DDS is shown in Figure 6.50. To generate 
nfr, the integer n addresses the register and each clock cycle kn is added to the 


content of the accumulator so that the content of the memory address register is 
increased by kn. Each knth point of the memory is addressed, and the content of 
this memory location is transferred to the D/A converter to produce the output 
sampled waveform. 


Figure 6.50 Block diagram of a direct digital frequency synthesizer. 


Desired 
frequency п 


Accumulator 


Memory 
address 
register 


Low-pass 
filter 


Memory 





To complete the DDS, the memory size and length (number of bits) of the 
memory word must be determined. The word length is determined by system 
noise requirements. The amplitude of the D/A output is that of an exact sinusoid 
corrupted with the deterministic noise due to truncation caused by the finite 
length of the digital words (quantization noise). If an (n + 1)-bit word length 
(including one sign bit) is used and the output of the A/D converter varies 
between +1, the mean noise from the quantization will be 


P ШШІ — = — жа = 
(6.68) 1212 3\2, 


The mean noise is averaged over all possible waveforms. For a worst-case 
waveform, the noise is a square wave with amplitude 1/2(1/2)" апа 
p? = 1/4(1/2)*". For each bit added to the word length, the spectral purity 
improves by 6 dB. 

The main drawback of the low-power DDS is that it is limited to relatively low 
frequencies. The upper frequency is directly related to the maximum usable 
clock frequency; today, the limit is about 1 GHz. DDS tends to be noisier than 
other methods, but adequate spectral purity can be obtained if sufficient low-pass 
filtering is used at the output. DDS systems are easily constructed using readily 
available microprocessors. The combination of DDS for fine frequency 
resolution plus other synthesis techniques to obtain higher-frequency output can 
provide high resolution with very rapid setting time after a frequency change. 


This is especially valuable for frequency-hopping spread-spectrum systems. 

Figure 6.51 shows the functional block diagram of a DDS system. In analyzing 
both the resolution and the signal-to-noise ratio (or rather signal-to-spurious 
performance) of the DDS, one has to know the resolution and input frequencies. 
As an example, if the input frequency is approximately 35 MHz and the 
implementation is for a 32-bit device, the frequency resolution compared to the 
input frequency is 35 · 10° + 232 = 35. 10° + 4.29496729610? or 0.00815 Hz ғ 
0.01 Hz. Given the fact that modern shortwave radios with a first IF of about 75 
MHz will have an oscillator between 75 and 105 MHz, the resolution at the 
Output range is more than adequate. In practice, one would use the 
microprocessor to round it to the next increment of 1 Hz relative to the output 
frequency. 


Figure 6.51 Block diagram of a DDS system. 
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As to the spurious response, the worst-case spurious response is approximately 
20 log 2R, where R is the resolution of the digital/analog converter. For an 8-bit 
A/D converter, this would mean approximately 48 dB down (worst case), as the 
output loop would have an analog filter to suppress close-in spurious noise. In 


our application, we will use an 8-bit external D/A converter. However, devices 
such as the Analog Devices AD7008 DDS modulator have a 10-bit resolution, as 
shown in Figure 6.52. Ten bits of resolution can translate into 20 log 210 or 60 
dB of suppression. The actual spurious response would be much better. The 
current production designs for communication applications, such as shortwave 
transceivers, despite the fact that they are resorting to a combination of PLLs and 
DDSs, still end up somewhat complicated. By using 10 MHz from the DDS and 
using a single-loop PLL system, one can easily extend the operation to above 1 
GHz but with higher complexity and power consumption. 


Figure 6.52 Functional block diagram of the Analog Devices AD7008 DDS 
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Figure 6.53 shows the necessary components of a single-PLL system. Some 
communications equipment uses this approach. 


Figure 6.53 Block diagram of a single-loop PLL synthesizer showing all the 
necessary components for microwave and RF application. 
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Figure 6.54 shows the combination of a standard PLL and a DDS, as 
implemented in the ICOM IC-736 HF/6-meter transceiver. This approach uses 
the DDS in a frequency range between 500 kHz and 1 MHz. This frequency is 
upconverted either to 60 MHz for the shortwave band or to 90 MHz for the 6-m 
ham band. The resulting frequency is used as an auxiliary LO to convert the 
frequency of the first LO (69.0415-102.0115 MHz) down to the synthesizer IF 
between 8.5 and 41.5 MHz. There is an additional divide-by-2 stage in the loop, 
which therefore requires a reference frequency of 250 kHz instead of 500 kHz. 
This is done to extend the operating range of the synthesizer chip, including its 
prescaler's capability of operating at much higher frequencies, although it does 
not have such a hybrid DDS approach incorporated (Figure 6.55). 


Figure 6.54 Synthesizer used in the ICOM IC-736 HF/6-m transceiver. The IC- 
736 combines the DDS and PLL approaches. 
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Figure 6.55 Hybrid synthesizer that provides output at about 455 kHz, and from 
75 to 105 MHz at approximately 0.01-Hz resolution. This synthesizer uses a 
combination of a standard PLL and DDS. 
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Although this approach obtains a fairly small division ratio, it is still a four- 
loop synthesizer. One loop is the DDS itself. The second is the translator loop 
that mixes the DDS up to 60 MHz. The third is the main loop responsible for the 
desired output frequency. The fourth loop, so to speak, is the generation of the 
auxiliary LO frequencies at 60 and 90 MHz, which are derived from the 30-MHz 
frequency standard. For reasons of good phase noise, it employs a total of five 
VCOs. Because this loop's division ratio varies between 80 and 17, its gain is 
subject to considerable variation. 

The 10.7-MHz signal from the crystal filter goes to a single-chip PLL (U5, a 
Motorola MC145170) that contains all the necessary dividers and the 
phase/frequency discriminator. The operational amplifier (U6, an OPA27), is 
driven from a 28-V source, and the negative supply of the OPA27 is connected 
as a voltage doubler, which receives its ac voltage from the synthesizer IC. This 
trick allows extension of the VCO control voltage. The output from the VCO is 
applied to a distribution-amplifier system (Q5, Q6, Q7). Q5, a dual-gate 
MOSFET, drives the PLL IC's fin input; Q6, a dual-gate MOSFET, and Q7, a 
BJT, supply *17 dBm LO drive for the first mixer. 


Note 


1. Portions of this section are based on information contained inthe National 
Semiconductor datasheet “LMX1501A/LMX1511 PLLatinum!M 1.1 GHz 
Frequency Synthesizerfor RF Personal Communications,” November 1995. 
Used with permission. 
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